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FOREWORD 


The  European  Microwave  Conference  dates  back  almost  30  years.  This 
year,  for  the  first  time,  EuMC  is  coming  to  Jerusalem.  We  in  Israel  are 
honoured  and  privileged  to  host  this  prestigious  Conference.  We  are 
working  hard  to  make  it  a  memorable  event,  both  scientifically  and 
culturally. 


Jerusalem  is  a  very  unique  city  with  a  history  of  3000  years,  breathtaking  beauty  and 
numerous  points  of  interest.  A  visit  in  Jerusalem  is  a  visit  in  history  and  religion.  Keeping  this 
in  mind,  we  are  offering  various  tour  packages  in  addition  to  the  excellent  scientific  program. 
In  fact ,  we  have  devoted  Tuesday  afternoon  to  a  visit  of  the  old  city  and  a  reception  by  the 
Mayor  in  the  famous  Israel  Museum. 


The  scientific  program  is  of  high  standard,  as  is  customary  in  EuMC.  We  are  accommodating 
around  250  papers  in  4  parallel  sessions  and  three  poster  sessions.  Following  the  decision  of 
the  Management  Committee  to  encourage  and  increase  industry  participation,  we  have 
introduced  this  year  for  the  first  time  a  new  categoiy  of  application -oriented  papers.  We  were 
very  glad  to  see  that  this  new  categoiy  was  very  successful,  and  comprises  about  25%  of  the 
accepted  papers.  I  am  sure  that  industry  experts  will  find  interest  in  them. 

An  exhibition  of  microwave  products  will  inn  in  parallel  to  the  Conference.  We  expect  the 
exhibition  to  be  very  successful.  In  Israel  we  have  both  a  strong  microwave  industry  and  a 
large  need  for  microwave  systems,  both  military  and  commercial.  Therefore  exhibition  booths 
were  rented  by  both  Israeli  industry  and  foreign  companies. 

The  Conference  program  includes,  in  addition  to  the  submitted  papers:  5  focused  sessions 
featuring  invited  talks  on  important  issues,  such  as  wireless  communications,  packaging, 
commercial  applications,  millimeter  waves  and  active  filters.  Also,  14  invited  speakers,  some  of 
the  best  microwave  experts  in  the  world,  have  agreed  to  share  their  knowledge  with  us  on  a 
variety  of  topics.  On  Friday,  4  workshops  and  a  short  course  will  take  place.  These  involve 
interesting  and  timely  topics,  and  I  am  sure  that  many  of  you  will  find  them  worth  attending. 

Thanks  to  the  importance  and  prestige  of  the  Conference,  we  were  able  to  raise  substantial 
sponsorship  from  Israeli  industry,  representatives  of  foreign  companies,  Israeli  government  and 
the  USA  Army.  These  donations  are  very  important,  and  enable  us  to  organize  a  respectable 
Conference,  and  strengthen  the  social  activities,  which  are  an  important  pari  of  the  event. 

I  wish  to  express  sincere  thanks  to  many  individuals  who  have  helped  to  make  this  event  a 
reality,  hi  particular,  I  am  grateful  to  the  TPC  members  and  members  of  the  Review  Board, 
who  devoted  them  time  to  evaluate  the  submitted  papers  and  enabled  the  construction  of  our 
strong  scientific  program.  Special  thanks  to  the  Conference  Secretary ,  Shmuel  Auster,  who 
carried  with  me  the  burden,  and  to  members  of  the  Local  Committee,  who  were  very  helpful  in 
promoting  the  Conference.  I  am  greatly  indebted  to  the  organizers  of  the  focused  sessions  and 
workshops,  who  put  together  an  excellent  program,  and  of  course,  I  thank  all  the  authors  who 
have  submitted  papers. 

I  warmly  welcome  you  to  Jerusalem  and  hope  you  brought  your  spouses.  I  can  assure  you  they 
will  not  be  bored  ...A  great  scientific,  as  well  as  cultural,  historical  and  touristic  experience  is 
awaiting  you. 


Asher  Madjar 

Conference  Chairman  DTIC  QUALITY  U?i  &TEUTE1D  & 
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MICROWAVES  IN  YOUR  FUTURE 


Leo  Young 
Filtronic-Comtek, 
31901  Comtek  Lane 
Salisbury,  MD  21801,  USA 


SUMMARY 


The  microwave  scene  is  changing  rapidly.  The  main  conclusions  may  be  summarized  as 
follows:  1.  Wireless  communications  rivals  Defense  applications  as  the  main  driver  of 
microwave  technology,  2.  The  internationalization  of  microwave  technology  continues, 

3.  Technology-wise  the  distinctions  between  microwaves  and  other  RF  are  beginning  to 
blur,  4.  U.S.  factory  sales  of  microwave  components  have  not  shared  in  the  growth  of 
electronics  products  sales  generally  (but  this  may  not  be  so  when  microwave  and  RF  are 
taken  together),  5.  To  be  successful,  the  microwave  engineer  must  complement  his 
specialized  knowledge  with  a  broader  understanding  of  related  areas  of  technology, 

6.  There  will  be  plenty  of  work  to  do  for  microwave  engineers  in  the  foreseeable  future. 
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1.  INTRODUCTION 

Microwaves  have  been  known  for  more  than  a  century,  mostly  as  electromagnetic  waves. 
Originally  scientific  and  experimental,  they  were  developed  and  applied  rapidly  during 
World  War  II.  Now  another  phase  of  rapid  development  has  set  in  because  of 
developments  in  wireless  communications.  New  semiconductor  devices,  high-Q  ceramic 
resonators,  high-temperature  superconductors,  nanomechanics,  and  other  previously 
undreamed-of  developments  are  constantly  enhancing  our  ability  to  design  more  capable 
microwave  systems.  Here  is  one  person’s  view,  seen  from  the  other  side  of  the  Atlantic. 

2.  MICROWAVES  AFTER  WORLD  WAR  II 

Radar,  discovered  just  before  World  War  II,  probably  did  more  than  any  other  scientific 
development  to  win  the  Battle  of  Britain.  During  the  “Cold  War”  that  followed,  the 
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momentum  of  microwave  R&D  was  kept  up  by  Defense  funding,  especially  in  the  United 
States.  With  the  end  of  the  Cold  War  a  decade  or  so  ago,  the  U.S.  government  sharply 
reduced  its  Defense  budget,  including  funding  of  microwave  R&D.  Students,  seeing  the 
writing  on  the  wall,  shunned  microwave  courses  and  voted  with  their  feet  in  favor  of 
software  and  other  courses  where  they  saw  better  job  opportunities.  To  quantify  these 
impressions  somewhat,  I  shall  attempt  to  relate  them  to  the  rise  and  fall  and  rise  (again)  in 
membership  of  the  Institute  if  Electrical  and  Electronics  Engineers  (IEEE),  in  particular 
its  Microwave  Theory  and  Techniques  Society  (MTT-S). 

The  Institute  of  Radio  Engineers  (which  merged  with  the  American  Institute  of  Electrical 
Engineers  in  1 962  to  become  IEEE)  approved  the  formation  of  the  MTT-S  on  March  7, 
1952.  In  that  year  only  one  Transactions  was  published,  consisting  of  48  pages.  The  first 
national  symposium  was  held  in  New  York  City  on  November  7, 1952,  attended  by  210 
people.  Ten  papers  were  presented  in  one  day.  In  January  1953  MTT-S  paid-up 
membership  stood  at  471 .  Today  MTT-S  membership  stands  at  9,200  (up  from  6,400  in 
1980)  and  comes  from  all  over  the  world.  The  1996  annual  international  symposium  in 
San  Francisco,  California,  attracted  some  9,000  people  to  the  exhibition  (up  from  2,000  in 
1980)  and  about  2,500  persons  to  the  technical  sessions  (up  from  1,000  in  1980).  This 
year,  the  1997  Symposium  in  Denver,  Colorado,  had  24  workshops  associated  with  the 
main  Symposium  (in  parallel  sessions),  spread  over  6  days.  Attendees  had  more  than  500 
papers  to  choose  from.  Whereas  Symposium  digests  had  remained  pocket  size  until 
about  the  mid  1960’s,  the  1997  Digest  and  workshop  proceedings  were  too  heavy  to  carry 
away,  and  a  special  mailing  service  was  opened  at  the  convention  site. 


3.  FROM  SLUMP  TO  UPTURN 

The  slump  in  microwave  fortunes  between  the  end  of  the  cold  war  and  today’s 
communications  upsurge  has  a  tail:  Student  membership  is  still  down.  Bottoming  at 
1 ,000  in  1982,  and  topping  out  at  1,600  in  1988,  student  membership  has  declined  since 
1989,  dipping  to  1,100  in  1996,  showing  that  the  stigma  of  job  shortages  still  attaches  to 
microwave  engineering  in  young  people’s  minds.  (Numbers  are  rounded  off  to  the 
nearest  100).  By  contrast,  the  corresponding  numbers  for  student  membership  in  the 
IEEE  Communications  Society  are  2,900  (in  1980),  2,800  (in  1982,  also  a  minimum),  and 
rising  steadily  from  there  to  4,900  (in  1996).  New  courses  at  universities  have  been 
broadened  from  Microwave  to  RF.  MTT-S  student  membership  trends  may  still  not  have 
caught  up  with  industry  realities.  Thus,  with  the  pipeline  not  filled,  it  seems  that  (at  least 
in  the  U.S.)  young  microwave  engineers  should  have  no  difficulty  finding  interesting  job 
opportunities  in  the  foreseeable  future. 


THE  INTERNATIONALIZATION  OF  MICROWAVE  TECHNOLOGY 

International  IEEE  student  membership  numbers  are  enlightening.  U.S.  student 
membership  in  1980  was  26,700,  peaked  in  1985  at  37,100,  and  declined  almost 
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constantly  every  year  down  to  20,400  in  1996.  This  is  in  stark  contrast  to  non-U. S. 
student  membership,  which  rose  from  8,100  in  1980  to  20,  400  in  1996,  when  it  reached 
parity  with  U.S.  student  membership  for  the  first  time.  IEEE  total  (all  grades)  U.S. 
membership  in  1980  was  176,400,  peaked  in  1990  at  243,500,  and  in  1996  stands  at 
217,200;  the  corresponding  total  non-U.S.  membership  shows  a  steady  rise  every  year 
from  37,500  in  1980  to  94,400  in  1996,  going  from  17-1/2  percent  in  1980  to  30  percent 
in  1996,  of  the  total  IEEE  membership  of  31 1,500.  I  don’t  have  the  corresponding 
numbers  for  MTT,  but  I  believe  the  trend  is  similar. 

The  internationalization  of  microwaves  is  reflected  in  the  top  leadership  of  the  MTT-S  as 
well.  Its  Administrative  Committee  (more  or  less  equivalent  to  a  Board  of  Directors)  has 
had  increasing  numbers  of  international  members  for  about  30  years,  but  its  first  non- 
American  President  was  elected  only  this  year.  He  is  Professor  Roger  Pollard  of  Leeds 
University,  England,  who  will  take  office  in  1998. 

Furthermore,  a  quick  look  at  the  MTT  Transactions  and  Symposia  Digests  shows  that  the 
percentage  of  non-American  contributors  keeps  rising  both  in  the  Transactions  and  at  the 
Symposia.  Microwaves  have  become  an  international  activity  with  strong  interactions 
from  all  over  the  world.  Part  of  this  is  due  to  better  communications,  which  itself  is 
facilitated  through  microwaves. 


5.  SOME  U.S.  INDUSTRY  NUMBERS 

In  the  U.S.  the  trend  in  total  factory  sales  of  microwave  components  has  not  kept  up  with 
total  factory  sales  of  electronics  products,  according  to  figures  published  by  the 
Electronics  Industries  Association  and  the  Department  of  Commerce.  To  summarize  the 
key  features,  whereas  the  dollars  for  microwave  components  have  remained  virtually 
constant  from  1986  to  1994  (averaging  $1.25  billion  +/-  10  percent,  and  showing  no  trend 
up  or  down),  the  corresponding  dollars  for  all  of  electronics  has  been  rising  steadily  in  the 
same  period  from  $218  billion  to  $321  billion,  an  increase  of  48  percent  in  8  years. 


6.  WHERE  DO  THE  OPPORTUNITIES  LIE? 

Thus,  forty  years  of  mostly  good  times  for  microwave  engineers  were  followed  by 
roughly  a  decade  of  uncertainty,  which  has  now  been  replaced  by  a  period  of  great 
opportunity.  However  the  current  emphasis  is  more  on  development  and  application 
under  commercial  sponsorship  than  on  R&D  under  government  auspices.  Hence  there  is 
less  emphasis  on  basic  research  (which  also  trains  engineers  and  builds  up  infrastructure, 
a  major  government  concern),  and  more  emphasis  on  commercial  applications  of 
microwaves  (that  depend  heavily  on  yesterday’s  government  spending  on  R&D). 

As  the  wheel  turns,  where  will  it  stop  next?  Just  as  there  are  business  cycles,  so  there  are 
technology  cycles,  some  random,  some  greatly  influenced  by  outside  events  not 
controlled  by  engineers,  such  as  the  Cold  War,  which  encouraged  microwave  technology. 
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Today  the  situation  is  very  much  in  a  state  of  flux.  Commercial  systems  abound  and 
compete,  especially  in  communications;  the  outcome  is  often  not  clear. 

Microwave  technology  narrowly  defined  is  too  small  an  area  to  detect  trends.  I  shall 
therefore  consider  also  1)  RF  so  long  as  the  techniques  are  similar  (mainly  frequencies 
from  100  MHz  to  100  GHz),  2)  areas  where  the  theory  owes  much  to  microwaves  (such 
as  optics,  electro-optics,  fiber  optics,  acoustics),  and  3)  technologies  critical  to  microwave 
work  (such  as  communications,  or  certain  components  or  materials). 

One  area  stands  out:  Communications.  In  fact,  many  of  the  other  areas  listed  below 
contribute  to  communications  technology,  or  depend  on  it,  or  use  it,  in  some  way. 

•  Communications,  both  Wireline  and  Wireless 
o  Fixed  Installations/Satellite  Broadcasts 

♦  Point-to-Point  Communications 

♦  Point-to-Multipoint  Communications 

♦  Multi-Channel  Video  Distribution  Systems 

♦  Millimeter  Waves  carried  over  Optical  Fibers 

♦  RF-to-Optics  and  Optics-to-RF  conversion 

♦  Direct  Broadcast  Satellites 

♦  Wireless  Local  Area  Nets  (LAN),  Wide  Area  Nets  (WAN) 

♦  Multiple  Access  Methods(FDMA,  TDMA,  GSM,  CDMA) 

♦  Digital  Signal  Processing 

♦  RF  Circuits  and  Filters 

♦  Antennas  (Phased  Arrays,  Adaptive  Antennas,  etc.) 

♦  Propagation  of  Radio  Waves 

o  Mobile  Telecommunications 

♦  Cellular  Telephones 

♦  Personal  Communication  Systems 

♦  Small,  Light-Weight  Devices 

♦  Light-Weight,  Long-Life  Batteries 

•  Transportation/Intelligent  Vehicles  &  Highways 
o  Traffic  Safety 

♦  Anti-Collision  Radar 

♦  Instantaneous  up-to-date  Information  (Road  conditions,  Weather) 

♦  Communications  (between  Mobile  and  Station;  Mobile  to  Mobile) 

♦  Emergency  Calls  with  Automatic  Vehicle  Location 
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o  Navigation  Aids 

♦  Using  the  Global  Positioning  System  (GPS) 

♦  Using  Cellular  Phone  Base  Stations 

o  Tagging,  Tracking,  Identification 

♦  Tracking,  ID  (of  people,  cars,  trucks,  railroad  cars) 

♦  Automatic  Toll  Collection 

♦  Data  Cards  (  as  for  Service  Records) 

•  Sensors  and  Sensing 

o  Radiometric  Sensing  from  Satellites  (Crops,  Water,  Snow) 
o  Millimeter  Wave  Radar 

o  Environmental  Monitoring  (for  Pollution,  e.g.,  by  Propagation  Attenuation) 
o  Medical  Diagnostics  (Imaging,  Infrared  Sensing) 
o  Security  Systems/Perimeter  Guarding 

•  Medical  Applications 

o  Communications  (as  with  distant  Experts  to  guide  Emergency  Surgery) 
o  Knowledge  Bases  connected  by  Microwave  Links 
o  Imaging  (MRI,  ultrasonic) 
o  Heating  Biological  Tissue  for: 

♦  Ablation  (removing  harmful  growth),  Necrosis  (killing  harmful  tissue) 

♦  Anastomosis  (rejoining  tissue  cut  by  surgery) 

♦  Angioplasty  (widening  obstructed  arteries  to  increase  blood  flow) 

•  Defense 

o  Electronic  Warfare 
o  Radar,  Sonar,  Radiometers 
o  Detection/Recognition/Identification  Techniques 
o  Tracking  and  Guidance 
o  High-speed  Coding/Computing  ■ 

•  Digital  Computers 

o  Microwave  Circuits  and  Phenomena  in  Digital  Computing 
o  Gigahertz  Clock  Rates 
o  Software 

o  Computer  Aided  Design  (including  design  of  complex  IC’s  from  the  physics) 
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•  Special  Materials,  Devices,  Components,  and  Techniques 
o  Optics/Electro-Optics  . 

o  Surface  Acoustic  Waves  and  other  Aon-Electromagnetic  Waves 
o  Emerging  Electronic  Materials  (Semiconductors,  High-Q  Ceramics) 
o  Microwave  Circuits  and  Filters 
o  Microwave  Lumped-Circuit  Elements 
o  Receivers  (Low-Noise,  Linear,  Constant  Time  Delay) 
o  High-Power  Amplifiers 
o  Optical  Amplifiers 
o  Antennas 

o  Non-reciprocal  Devices 
o  High-Temperature  Superconductors 
o  Nanomechanics 
o  Metrology 
o  Packaging 
o  International  Standards 

This  list  is  far  from  complete.  Some  particulars  could  be  listed  under  more  than  one 
heading.  Several  of  the  areas  listed  are  not  microwave  devices,  but  are  critical  to  the 
acceptance  of  microwave  systems.  Every  engineer  needs  to  make  his  or  her  own  list. 


7.  CONCLUSION 

Successful  engineers  must  be  aware  of  all  technologies  relating  to  their  own  area  of 
specialization,  and  should  be  ready  to  find  out  more  whenever  the  need  arises.  They  must 
not  only  keep  up  with  developments  in  their  own  technology  area,  but  they  should  also 
understand  how  competing  technologies  compare  with  their  own. 

That  is  the  double  challenge  which  makes  being  an  engineer  so  interesting. 
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Abstract:  Fifteen  years  after  their  fust  demonstration.  MMiCs  arc  now  rapidly  conquering  the  world 
of  space  electronics.  The  driving  force  behind  MMIC  development  have  been  miniaturization,  cost 
reduction  and  higher  reliability.  MMICs  have  first  been  introduced  into  GEO  Telecommunication 
satellites  with  a  new  generation  of  compact  equipment.  After  these  first  convincing  demonstrations. 

MMiCs  have  now  become  an  absolute  necessity  for  turning  into  reality  future  satellites  with  active 
antennas,  observation  radars  or  future  systems  such  as  LEO  constellations.  The  paper  presents 
several  major  achievements  for  space  programs  and  discusses  about  procedures  to  fly  these  advanced 
microelectronics. 

1.  INTRODUCTION 

Systems  designers  realize  better  nowadays  that  MMICs  can  fit  the  demanding  trends  of  the  very 
competitive  space  business:  manufacturing  of  payload  equipment  must  be  faster,  cheaper  and  more 
reliable  when  changing  from  one  generation  to  another  [1]. 

The  advantages  of  MMICs  are: 

=>  an  obvious  size  decrease  leading  to  a  mass  reduction  of  the  equipment 
=>  low  cost  and  a  good  uniformity  for  the  production  of  large  series  of  identical  circuits 
=>  low  cost  for  the  equipment  manufacturing  due  to  the  quasi-absence  of  tuning 
=>  reduction  of  parts  count  and  interconnects  which  improves  reliability 

However,  the  advantages  of  MMIC  insertion  could  only  be  drawn  after  a  large  amount  of  work  has  been 
carried  out  to  improve  design  techniques,  manufacturing  yield  in  foundries  and  packaging  methods. 

The  purpose  of  this  paper  is  to  present  several  major  achievements  for  space-borne  MMIC-based 
equipment. 

2.  MMIC  INSERTION  INTO  SPACE-BORNE  EQUIPMENT 

A  classical  telecom  payload  includes  several  units  were  MMICs  can  be  inserted: 

•  Receivers  transposing  the  input  frequencies  down  to  the  output  frequencies. 

•  Channel  Amplifiers  (CAMP)  adjusting  the  gain  of  each  channel  of  the  repeaters  and  operating  at  the 
output  frequencies.  The  CAMP  may  include  an  ALC  (Automatic  Level  Control). 
Also,  the  CAMP  may  be  followed  by  a  Linearizer  in  order  to  limit  the  effects  of  non-linearity. 

•  Solid  State  Power  Amplifiers  (SSPA)  mostly  up  to  C-Band  were  they  fairly  compete  with  Traveling 
Wave  Tube  Amplifiers  (TWTA).  The  later  is  more  used  at  Ku-Band  and  higher. 

•  TTC  (Telemetry',  Tracking  and  Command)  Receivers  and  Transmitters. 

Only'  the  two  first  functions  are  discussed  in  this  section  because  they  well  represent  the  evolution  with 
these  microelectronics. 

2.1  CAMPs  and  Linearizers 

In  most  space  companies,  MMICs  have  been  first  applied  in  CAMPs.  This  was  prompted  by  the  fact  that 
this  equipment  is  most  commonly  used  in  rather  large  numbers  for  commercial  satellites.  Another 
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motivation  for  this  choice  is  the  use  of  simple  low  level  circuits,  mainly  amplifiers  and  gain  controllers. 
Ku-Band  CAMPs  were  the  firsts  to  be  designed  and  manufactured  with  MMICs.  Three  types  of  circuits 
were  used:  Low  Level  Amplifier,  Variable  Attenuator  and  Flatness  Corrector  [2],  At  this  occasion,  a 
MMJC  process  has  been  formally  space-qualified  for  the  first  time  [3]  following  the  methodology 
proposed  by  the  French  Administration  [4], 

As  an  illustration,  the  Ku-Band  CAMP  on-board  AMOS  includes  7  MMICs.  Its  gain  is  adjustable  from 
51  dB  to  16  dB,  with  0.5  dB  step  resolution.  The  flatness  is  better  than  0.5  dBpp  from  10.9  to  1 1 .7  GHz 
and  the  DC  consumption  is  2  W.  This  CAMP  has  permitted  a  mass  and  cost  reduction  by  a  factor  2.5 
from  the  previously  employed  discrete  FETs  hybrid  families  in  satellites  EUTELSAT  2  while  keeping  the 
same  performance  rating  (Figure  1 ). 


Figure  1:  First  flight  model  ofMMIC  CAMP  (Alcatcl-Espacc) 

AMOS  has  been  the  first  to  be  launched  in  May  1996  and  has  been  quickly  followed  by  several  other 
programs  which  make  also  use  of  Ku-Band  MMIC  CAMP. 


Summon  of  Satellites  equipped  with  MMIC  CAMPs. 


Number  or  MMIC  per 
CAMP 

Number  of  CAMP  per 
satellite 

7 

9 

ARABSAT  2 

14/7 

24  /  34 

TURKSAT  1C 

24 

TELECOM  2D 

Ku 

HOTBIRD 

2  Plus.  3.  4.  5 

Ku 

It) 

4  n  28 

MABUBAY 

C/Ku 

5/  10 

38  /  32 

SINOSAT 

Ku 

10 

18 

NILESAT 

Ku 

in 

32 

STI 

C/Ku 

5  /  y 

20  /24 

M2A 

C/X 

5.  15/  16 

ASTRA  2  B 

Ku 

y 

C-Band  CAMPs  usually  go  along  with  pre-distortion  linearizers  to  improve  the  power  budget  of  the 
repeater.  Then  they  need  a  typical  number  of  12  MMICs  chips  including  a  Phase-Shifter  as 
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supplementary  function.  ARABSAT  2  iias  been  the  first  program  to  incorporate  such  a  sub-system.  Its 
launch  date  is  planned  for  1996.  For  currently  designed  CAMPs,  MMICs  have  become  common  in  C,  X 
or  Ku-Bands.  Such  experience  for  Aicatel-Espace  is  summarized  on  Table  2. 

2.2  Telecom  Receivers 

The  next  step  was  to  introduce  MMICs  in  Telecom  Receivers.  The  receiver  is  a  more  complicated  RF 
sub-system  and  it  can  be  considered  as  the  core  of  the  repeater.  It  consists  of: 

•  a  low  noise  amplifier  (LNA)  at  the  uplink  frequency, 

•  a  frequency  converter  which  is  a  microwave  mixer, 

•  a  local  oscillator  (LO)  generating  a  reference  frequency.  It  is  generally  stabilized  by  a  phase-locked 
loop  (PL.L) 

•  an  amplification  chain  at  the  downlink  frequency. 

Due  to  very  demanding  performance,  not  all  microwave  functions  use  MMIC  technology.  The  first  stage 
of  LNA.  for  instance,  is  still  based  on  discrete  PHEMT  hybrids.  However  the  situation  is  changing 
rapidly  with  the  progress  of  monolithic  technology  and  MMIC  have  already  conquered  functions  as 
frequency  conversion  and  linear  output  amplifier. 

An  MMIC  receiver  incorporates  about  10  MMIC  chips.  The  needed  MMIC  chips  are  :  LNA  and/or  Low 
Level  Amplifiers  at  input  frequency.  Balanced  Mixers  for  frequency  conversion  [5],  so-called 
«  Negations  »  (Negative  resistance  circuit  for  the  VCO),  Multipliers  when  necessary  for  the  LO  [6], 
Attenuators.  Low  Level,  Medium  Level  and  High  Linearity  Amplifiers  at  output  frequency.  Two  or 
three  different  foundries  or  processes  might  be  used  in  order  to  optimize  every  function: 

•  Standard  low  level  0.5  pm  MESFET  process  (same  as  for  CAMPs). 

•  High  level  process:  0.5  pm  Power  MESFET  or  FIFET,  (or  PHEMT  or  HBT  in  future) 

•  Very  low  noise  process  if  necessary  like  0.25  pm  PHEMT. 

Some  MMICs  have  been  already  inserted  in  receivers  for  programs  like  TELECOM  2D,  MABUHAY 
and  NILESAT  in  Ku-Band,  and  receiver  with  complete  set  of  MMICs  are  now  implemented  in  coming 
programs  in  C-Band  (ST  I  - 1 ),  Ku-Band  (ASTRA-2)  and  Ku+  (18/12  GHz)  for  DBS  application.  Again 
for  comparable  performance,  the  weight  of  the  monolithic  version  of  the  receivers  is  about  50  %  to  60 
%  lower  than  the  hybrid  version. 

2.3  Satellite  Constellations 

The  telecommunication  satellite  market  is  quite  exploding  with  spectacular  announcements  of  several 
satellite  clusters  for  the  end  of  the  century.  LEO  constellations  like  IRIDIUM,  66  satellites  and 
GLOBALSTAR,  48  satellites  (plus  8  spares)  represent  a  first  «  generation  »  devoted  to  worldwide 
cellular  personal  communication  services.  Both  programs  are  expected  to  start  their  services  in  1998. 
Each  IRIDIUM  satellite  will  'use  more  than  1600  MMIC  chips  [7], 
For  GLOBALSTAR,  Aicatel-Espace  has  manufactured  C/S  downconverters  (16  per  payload,  shown  on 
Figure  2),  2  telemetry  transmitters  and  2  telemetry  receivers  which  give  a  total  of  94  MMICs  per 
satellite  (Low  level  amps.  Mixers,  VCOs.  Multipliers  and  Power  amps). 

The  total  number  of  MMICs  assembled  in  this  program  by  Aicatel-Espace  comes  to  5264.  Such  high 
numbers  represent  a  real  break  in  the  work  organization  of  the  production  of  space-borne  equipment. 
With  sub-systems  from  other  partners,  the  count  part  number  of  MMICs  will  exceed  800  per 
GLOBALSTAR  satellite.  The  total  number  of  chips  necessary  for  those  two  major  mobile  telephone 
programs  exceed  1 50  000  chips. 
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Figure  2:  C/S  Convener  for  GLOBALSTAR  (Alcatcl-Espacc) 

A  second  «  generation  »  of  satellite  constellations  is  making  the  headlines  nowadays.  They  are  systems 
which  plan  to  offer  interactive  video  and  multimedia  communications  services  beginning  in  2001  or  2002 
(See  Table  4). 

First  to  be  announced  has  been  the  astonishing  system  of  TELEDESIC  with  840  active  in  orbit  (700 
km)!  Recently  this  number  has  been  revised  to  a  more  realistic,  but  still  impressive  288  satellites. 

Its  competitor  systems  in  Low  Earth  Orbit  (LEO)  are  M-STAR  from  Motorola  and  SKYBRIDGE 
promoted  by  Alcatel-Telecom.  The  latter  consists  in  a  60-satellite  constellation  operating  at  Ku-Band 
(14/12  GHz)  [8],  With  higher  orbit  (geostationary),  other  systems  are  less  demanding  in  term  of  satellite 
quantity.  For  these  constellation  programs,  the  most  applied  frequency  is  Ka-Band  (30/20  GHz). 
Performance  at  such  high  frequencies  is  made  possible  by  the  emerging  of  commercial  0.25  pm  PHEMT 
foundry.  Such  a  process  is  currently  under  a  space-qualification  program  managed  by  the  French 
Administration  (CNET/CNES/DGA). 

Tublc  4:  Satellite  constellation  systems  announced  for  multi-media  applications. 
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Those  concepts  will  be  based  on  steerable  active  antennas  having  very  large  numbers  of  microwave 
modules.  It  is  most  likely  that  those  will  be  extremely  compact,  demanding  a  lot  of  efforts  for  higher 
integration  at  MMIC  design  and,  above  all.  at  packaging  level 

All  These  programs  impose  severe  cost  restraints  and,  therefore,  give  a  real  opportunity  for  MMIC 
technology. 

2.4  T/R  Modules 

Another  area  of  concern  for  MMICs  space  application  is  Earth  obsei^ation.  MMIC  technology  with 
increasing  manufacturing  yield  has  made  possible  to  consider  active  antennas  with  large  numbei  ot 
Transmit/Receive  modules  for  synthetic  aperture  radar  (SAR). 

Three  main  programs  have  been  recently  conducted  at  Alcatel-Espace.  the  SPOT  RADAR  demonstratoi 
in  X-Band  supported  by  the  CNES  [9],  a  military  radar  program  and  ASAR.  The  later  is  the  second 
veneration  of  SAR  instrument  promoted  by  ESA.  The  first  generation  was  ERS1  (launched  in  1991)  and 
ERS?  (launched  in  1995).  Offering  additional  advantages  (as  dual  polarization,  wide  swath  capability- 
greater  coverage,...).  ASAR  will  be  the  C-Band  (5.33 1  GHz)  radar  of  the  ENVISAT  payload  of  ESA.  It 
will  be  launched  in  2000  and  will  be  the  first  space-borne  SAR  with  active  T/R  modules  in  Europe 
The  ASAR  active  antenna  will  incorporate  320  T/R  modules  (TRM)  which  make  use  of  15  MMICs 
each,  designed  by  either  Alcatel-Espace  or  Matra  Marconi  Space.  The  microwave  component 
technologies  are  discrete  PHEMTs  for  the  LNAs.  power  MESFETs  for  the  SSPAs  and  MESFET 
MMICs "  for  all  other  functions.  All  manufacturer  sources  are  European. 
Each  TRM  weights  170  gr.  Their  main  performance  is  about  10  W  Output  Power  with  0  to  40  dB 
Transmit  Gain  and  about  3  dB  Noise  Figure  with  -10  to  30  dB  Receive  Gain.  The  mean  consumption 
(with  6%  Tx  and  60%  Rx  duty  factors)  is  3.2  W  [10], 


Figure  V  Photograph  of mi  ASAR  Tile'  ASAR  will  employ  20  tiles.  c;ich  embedding  16  T/R  Modules.  (Alcalcl-Espncc) 

3.  PROCESS  EVALUATION  AND  SPACE  QUALIFICATION 

The  space  industry  experiences  a  strong  industrial  and  technological  transition  from  the  yesterday 
private  market  with  proven  technologies  to  the  tomorrow  competitive  market  with  advanced 
technologies  and  reduced  cycles.  In  this  situation  various  contradictions  are  revealed  like  the  addition  of 
margins  against  performance,  long  duration  life  test  evaluations  against  short  time  to  market,  strict 
procedures  against  continuous  improvement,  specific  packages  against  low  cost. 
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The  extensive  introduction  ofiMMICs  in  space- bo  me  electronics  is  a  response  to  the  market  evolution. 
MM1C  designs  may  not  be  considered  as  isolated  tasks  and  the  equipment  supplier  has  to  implement  a 
methodology  which  covers  from  the  feasibility  evaluation  phase  to  the  production  and  procurement 
phases. 

The  component  evaluation  .  qualification  and  procurement  procedures  for  space  are  specified  in  the 
ESA/SCC  and  MIL  standards  for  Europe  and  the  United  States,  respectively.  Apart  from  the  detailed 
requirements  .  one  of  the  particularities  for  space  is  the  Lot  Acceptance  Test  required  along  with  the 
screening.  When  MMICs  are  considered,  compared  to  standard  ICs,  the  relevance  of  the  product 
qualification  approach  is  questioned  and  process  line  qualification  approaches  are  preferred.  This 
because  the  GaAs  technology  is  new.  the  failure  mechanisms  are  not  fully  understood  and  the  equipment 
supplier  usually  procures  dice  for  hybrids  production 

The  first  MMIC  flown  in  space  were  qualified  in  the  product  qualification  approach  but  a  worldwide 
approved  procedure  was  rapidly  needed  to  avoid  prohibitive  acceptance  testing  efforts  .  A  major 
advance  in  this  direction  has  been  made  by  the  French  industries  and  administrations  [4],  This 
methodology  has  been  applied  by  Alcatel-Espace  to  qualify  the  HAV  process  of  TriQuint  [3],  The 
TriQuint  evaluation  program  consisted  in  two  phases.  Phase  I  was  the  evaluation  of  the  technology  via 
the  life  test  of  a  Technological  Characterization  Vehicle.  Phase  2  was  the  evaluation  of  a  functional 
domain  via  the  life  test  of  a  Representative  IC.  The  evaluation  of  Alcatel-Espace  hybrid  line  was 
conducted  in  parallel  on  the  same  MM1C  modules.  Out  of  this  evaluation,  it  was  possible  to  procure  new 
MMIC  functions  with  limited  acceptance  tests,  based  on  the  verification  of  the  degradation  kinetics  after 
a  short  burn-in. 

European  manufacturers  have  initiated  similar  efforts  with  the  support  of  European  Space  Agency  or 
National  French  Agencies  and  discussions  have  been  initiated  in  the  United  Sates  by  the  NASA,  JPL  and 
DoD  with  an  international  participation  to  issue  a  GaAs  MMIC  reliability  and  qualification  guide  [II], 

4.  PROSPECTIVE  AND  CONCLUSION 

MMICs  are  now  clearly  unavoidable  for  space-borne  equipment  design.  When  used  on  classical 
equipment  they  have  demonstrated  that  mass  and  cost  can  be  divided  by  a  factor  2.5. 

As  an  illustration,  the  Ku-Band  CAMP  of  Telecom  2D  weights  210g  where  the  one  of  EUTELSAT  2 
was  about  550g  for  a  comparable  performance.  The  miniaturization  is  continuing,  the  next  generation 
will  be  the  MCM  (Multi  Chip  Module)  technology  which  employs  multilayer  RF  substrates  to 
interconnect  ASICs  and  MMICs  into  a  single  housing.  A  MCM  CAMP  has  been  developed  and  is  under 
industrialization.  Its  weight  has  been  reduced  to  95g  for  the  same  functionality.  A  comparison  of  size 
between  the  three  generations  is  showm  on  Figure  4. 

Also  of  importance  is  the  fact  that  MMICs  have  allowed  the  emerging  of  new  concepts  which  require 
very  large  numbers  of  compact,  reproducible  and  reliable  circuits  at  the  least  cost.  This  type  of 
production  is  already  a  reality  with  satellite  constellation  for  mobile  communication  as  for 
GLOBALSTAR  or  radar  active  antenna  as  for  ENVISAT/ASAR  In  telecommunication  also,  active 
antennas  represent  the  natural  evolution  to  respond  to  the  increasing  demand  of  operational  flexibility. 
Power-sharing  among  the  beams,  reconfigurability,  steerability,  beam-hopping,  beam-scanning  are  some 
of  the  new  possibilities  offered  with  the  active  antennas. 

Multimedia  projects  like  TELEDESIC  or  SKYBRIDGE  will  many  large  number  of  satellites  and  active 
antenna  leading  to  the  need  of  a  tremendous  number  of  MMIC  modules.  For  those,  it  is  clear  that  one  of 
the  most  important  challenge  of  the  coming  years  is  to  demonstrate  and  produce  very  advanced  high 
density  packaging. 


-12- 


Figure  4  Three  ecncralions  of  CAMP:  «  Hybrid  »  willi  55<>g.  «  MMIC  »  with  2IOg  and  «  MCM  »  with  95g.  Tins 

represents  about  in  years  of  evolution. 

Also,  the  Hi-Re!  methodologies  will  have  to  be  less  normative  and  more  driven  by  physics  principles  to 
account  for  actual  needs  and  requirements.  Then,  we  are  convinced  that  MMICs  have  just  entered  the 
world  of  space  electronics  and  that  their  future  is  undoubtedly  bright  in  this  field. 
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Abstract 

Three  dimensional  (3-D)  MMMC  technology  effectively  increases  the 
integration  levels  of  multifunctional  MMICs  and  achieves  masterslice  MMICs.  The 
3-D  masterslice  MMIC  technology  can  be  used  as  an  advanced  design  method  of 
MMICs  as  well  as  high  integration  levels.  This  paper  discusses  the  feasibility  of 
microwave  design  automation  software  based  on  the  3-D  masterslice  MMIC 
technology. 

1.  Introduction 

The  forthcoming  multimedia  era  requires  highly  integrated  and  cost-effective 
multifunctional  MMIC’s  for  mobile  communications,  satellite  communications, 
wireless  LAN  etc.  The  rapid  growth  of  these  applications  also  require  short  time  to 
market.  In  meeting  these  objectives,  it  is  important  designers  to  be  more  productive 
as  well  as  cut  down  fabrication  turn  and  cycle  time.  The  design  process  of  digital  LSI 
is  almost  totally  automated,  but  MMIC  design  is  still  manual  with  the  designer 
creating  each  element  individually.  This  requires  much  knowledge  and  experience. 
The  reason  is  that  MMIC  performance  is  strongly  related  to  pattern  layout  because 
MMIC  is  an  analog  high  frequency  circuit  and  parasitic  components  strongly  degrade 
performance.  Another  reason  is  that  circuit  components  are  not  effectively  reused  due 
to  the  lack  of  effective  concepts  such  as  macro  and  core.  MMIC  design  tools  must  be 
created  that  eliminate  high  level  design  skill  and  increase  design  productivity. 

In  this  paper,  the  feasibility  of  3-D  masterslice  MMIC-base  microwave  design 
automation  software  that  makes  designers  more  productive  is  discussed. 

2.  Three-Dimensional  MMIC  and  Masterslice  MMIC 

We  have  been  proposing  a  three-dimensional  (3-D)  MMIC  technology 
[1]-[10]  which  effectively  enhances  the  integration  levels  of  multifunctional  MMICs. 
Figure  1  shows  the  calculated  characteristics  of  TFMS  lines  which  are  the  basic 
elements  of  the  3-D  MMIC.  The  characteristic  impedances  of  single  TFMS  lines  are 
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shown  in  (a)  as  a  function  of  strip  width  w.  A  wide  range  of  characteristic 
impedances  from  10  to  100  Q  is  obtained  with  very  narrow  line  widths  under  30  pm. 
Figure  1  (b)  shows  the  maximum  coupling  between  two  identical  TFMS  lines  located 
side  by  side  with  line  spacing  s.  Better  than  25  dB  isolation  can  be  obtained  when 
line  spacing  s  wider  than  3h.  Thus,  TFMS  lines  offer  very  dense  layouts. 

Figure  2  shows  a  microphotograph  of  an  X-band  image-rejection  mixer  [4] 
constructed  with  a  miniaturized  quadrature  hybrid  [2],  Wilkinson  divider,  and  two 
unit  mixers.  The  3-D  MMIC  technology  effectively  reduces  the  passive  circuits.  The 
areas  occupied  by  both  passive  circuits  and  active  circuits  are  almost  same,  around 
0.1-0.4mm2. 


Figure  3  shows  C-,  X-,  and  K-band  amplifiers.  The  intrinsic  areas  of  the 
amplifiers  are  only  0.5  x  0.7  mm.  As  shown  in  this  figure,  similar  performance  can  be 
obtained  with  same  circuit  topology  and  same  small  circuit  size  regardless  of  their 
operation  frequency. 

The  technology  also  achieves  masterslice  MMICs  that  offer  shorter 
development  TAT  and  lower  cost.  The  masterslice  MMIC  is  constructed  with  a 
master  array  and  3-D  passive  circuit  on  a  wafer  as  shown  in  Fig.  4.  The  unit  cells, 
each  of  which  includes  active  devices,  resistors,  and  lower  electrodes  of  MIM 
capacitors,  are  arranged  in  matrix  on  a  wafer  to  form  a  master  array.  Ground  metal 
‘GND1,  which  creates  enough  space  for  3-D  transmission  lines.  Since  GND1  also 
isolates  the  wafer  properties,  such  as  conduction,  from  the  3-D  passive  circuits,  this 
technology  allows  us  to  design  circuits  uniformly  regardless  of  wafer  material  [8]. 

Figure  5  shows  a  design  and  fabrication  flow  of  the  3-D  masterslice  MMIC. 
The  designer  selects  a  masterslice  wafer  suitable  for  his  specification,  and  designs  3-D 
passive  circuits  using  the  information  offered  by  masterslice  vendors.  Complete  3-D 
multifunctional  MMICs  can  be  fabricated  using  foundries.  Circuit  design  can  be 
easily  reused.  Thus  the  3-D  masterslice  MMIC  technology  achieves  semi-custom 
design  similar  to  LSI  gate-arrays,  and  allows  the  MMIC  users  to  design  their  own 
MMICs. 

3.  Application  to  Microwave  Design  Automation 

The  features  of  the  3-D  masterslice  MMIC  technology  are  as  follows: 

1)  Active  devices  are  arranged  in  advance. 

2)  Many  unit  cells  are  arranged  in  a  matrix. 

3)  Similar  performance  is  obtained  with  same  circuit  topology  over  wide 
frequency  range. 

4)  Circuit  performance  can  be  modified  by  changing  transmission  line 
parameters. 

5)  3-D  structure  offers  parasitic  free  layout  and  high  density  circuits. 

6)  The  technology  is  suitable  for  frequencies  from  several  GHz  to  the 
millimeter  band. 

7)  Circuits  on  several  kinds  of  wafers  (GaAs  or  Si)  can  be  designed  in  the 
same  way. 
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for  circuit  synthesis.  Features  (3)  and  (4)  may  be  effectively  used  for  circuit 
synthesis.  Features  (6)  and  (7)  show  that  this  technology  can  be  sued  for  wide  variety 
of  applications  Thus,  the  3-D  masterslice  MM1C  technology  takes  us  one  step  closer 
to  MM1C  design  automation. 

4.  Conclusion 

Since  the  3-D  MM1C  has  high  degree  of  freedom  in  transmission  line  routing, 
the  design  flexibility  of  the  3-D  MMIC  is  not  degraded  even  when  active  devices  are 
placed  in  advance.  Accordingly,  we  can  use  the  3-D  masterslice  MMIC  technology  as 
an  advanced  MMIC  design  method.  The  technology  effectively  eliminates  the  need  for 
high  level  design  skill  and  increases  MMIC  design  productivity.  The  technology 
promises  to  achieve  microwave  design  automation  software  and  allow  MMIC  users  to 
design  their  own  MMICs 
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(a)  Cross-sectional  view 


Fig.  1:  Calculated  characteristics  of  TFMS  lines. 
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Fig.  2:  Microphotograph  of  an  X-band  image-rejection  mixer.  (Chip  size:  1.2  x  1.28  mm) 
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Gain  (dB) 


(a)  Circuit  topology 


C-Bancl  X-Band  K-Band 

(b)  Microphotograph  (Chip  size:  0.5  x  0.7  mm) 


Normalized  frequency  (f/f0) 


(c)  Measured  performance 

Fig.  3:  Three-dimensional  MM1C  amplifiers  for  C-,  X-,  and  K-band. 
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(a)  Master  array 


Fig.  4:  Three-dimensional  masterslice  MMIC. 
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MMIC  DESIGN  (USERS) 


Fig.  5:  3-D  masterslice  MMIC  design/fabrication  flow. 
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ABSTRACT 

Future  packaging  technology  is  driven  by  key  parameters,  such  as  volume  and  mass  of  the  T/R  module,  interconnect 
technology  and  overall  efficiency.  These  parameters  and  their  effects  on  the  radar  system  are  discussed.  Further, 
enabling  technologies  to  achieve  performance  and  cost  objectives  are  listed,  an  overview  of  European  T/R  module 
technology  is  given  and  some  examples  of  advanced  packaging  technologies  are  presented. 

L  INTRODUCTION  . 

Active  phased  array  antennas  have  three  major  applications  areas.  First  there  is  a  growing  demand  for  active  arrays  in 
communication  satellite  systems.  The  volume  of  required  T/R  modules  in  this  market  segment  is  considerably  high. 
Secondly  there  are  the  space  based  radar  instruments,  which  have  shown  their  usefulness  for  a  large  number  of 
applications  in  the  recent  years.  Especially  the  Synthetic  Aperture  Radar  (SAR)  instruments  are  utilized  widely  for  civil 
and  military  earth  observation  and  global  economic  monitoring  applications.  The  third  important  application  for  active 
phased  array  antennas  are  the  ground  based,  naval  and  airborne  military  radar  systems.  The  utilization  of  the  active 
antenna  technology  offers  significant  advantages  compared  to  traditional  radar  system  designs.  Adaptive  beamforming, 
improved  target  detection,  missile  defense,  increased  system  performance  and  multimode  operation  besides  better 
reliability  and  efficiency  are  the  major  benefits.  Common  to  all  T/R  module  applications  in  active  phased  arrays  is,  that 
the  available  prime  power,  the  thermal  management  (heat  dissipation),  the  mass  and  the  size  are  the  most  limiting  and 
hence  demanding  factors  for  future  T/R  module  technology  developments. 

2.  REQUIREMENTS  AND  FUTURE  TRENDS 

Comparing  the  typical  performance  specifications  given  in  Table  1  for  space  and  airborne  radar  systems,  the  T/R 
module  requirements  are  very  similar  for  both  applications.  These  requirements  are  also  applicable  for  future  naval  radar 
systems.  Some  of  the  driving  factors  are  directly  related  to  future  packaging  technologies,  such  as  antenna  size,  volume 
and  mass,  others  are  only  indirectly  related  and  not  so  obvious  as  overall  efficiency,  RF  losses  or  life  time  of  the 
module.  The  most  important  common  requirements,  driving  factors  and  trends  for  the  future  are  discussed  in  the  next 
paragraphs. 

Volume  and  Size 

The  operating  frequency  and  the  antenna  grid  (i.e.  distance  between  the  individual  radiating  elements  which  is  typically 
Ml  at  the  highest  operating  frequency)  determine  the  foot  print  of  T/R  modules.  For  space  applications  one  T/R  module 
typically  drives  several  antenna  radiators  located  in  one  subarray  [Zahn,  1).  Therefore  only  one  dimension  of  the  module 
has  to  be  compatible  with  the  element  spacing  of  the  antenna.  In  addition,  for  some  satellite  systems  (e.g.  RADAR  SAIL 
proposed  by  CNES,  [Aguttes  et  al,  2])  the  thickness  of  the  antenna  panel  is  of  great  concern  and  limits  the  height  of  the 
T/R  modules.  In  airborne  radar  systems  every  radiating  element  is  controlled  by  a  separate  T/R  module.  Hence  a  ‘stick 
type’  assembly  for  the  radar  antenna  has  to  be  chosen  and  two  dimensions  of  the  module  have  to  be  compliant  to  the 
antenna  grid.  Figure  1  shows  a  typical  arrangement  of  T/R  modules  in  an  airborne  radar  taken  from  the  AMSAR 
(Airborne  Multirole  Solid-state  Active  array  Radar)  program  of  GTDAR  (GEC  Thomson  DASA  Airborne  Radar  EEIG) 
[Albarel  et  al,  3].  For  future  Conformal  antennas  the  integration  depth  is  important  and  hence  all  3  dimensions,  i.e.  the 
volume  of  the  T/R  module  has  to  be  minimized. 

Mass 

Concerning  the  mass,  a  rule  of  thumb  for  airborne  radar’s  is,  that  for  every  kg  in  mass  for  the  active  radar  antenna  the 
gross  aircraft  take  off  weight  will  increase  by  3.5  kg.  The  maximum  allowed  mass  for  a  nose  radar  is  roughly  200  kg  and 
will  not  increase  in  the  future,  hence  is  a  real  challenge  for  the  T/R  module  designers.  For  satellite  systems  every  kg  that 
has  to  be  lifted  into  space  translates  into  US$  100.000  additional  cost.  Of  course  there  is  an  absolute  upper  limit  in  mass 
for  radar  instruments  carried  on  satellite  platforms  too,  broken  down  to  the  T/R  module  level  the  short  term  goal  for 
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space  based  systems  is  about  70  g  per  module,  for  airborne  radars  the  goal  is  less  then  50  g.  These  requirements  to 
reduce  volume  and  mass  mainly  will  drive  future  packaging  technology. 

Thermal  Management  and  Cooling 

Modern  technologies,  such  as  multilayer  substrates,  3D  assembly  structures,  core  chip  MMICs  and  ASICs  enable  a 
higher  integration  level  of  the  T/R  modules  and  hence  cause  a  higher  power  density  of  the  active  radar  antenna.  For 
airborne  radars  with  about  2500  T/R  modules  assembled  in  a  90  cm  diameter  radar  antenna  and  an  average  dissipated 
power  of  lOkW  to  20kW,  it  becomes  evident  that  efficient  cooling  is  a  major  issue  and  a  technological  challenge.  In 
space  the  active  radar  antennas  are  exposed  to  steep  temperature  gradients.  Therefore  new  efficient  heat  sinking 
techniques  (e.g.  diamond  structures)  have  to  be  developed.  The  integration  of  highly  dissipative  MMICs  and  power 
devices  in  a  very  densely  packed  environment  will  be  the  challenge  for  future  packaging  technology. 

Overall  Efficiency 

Overall  power  added  efficiency  of  a  T/R  module  is  not  only  a  question  of  the  device  (drain-)  efficiency  of  the  power 
amplifier,  but  is  also  strongly  related  to  a  number  of  other  components  and  their  operating  mode  in  the  module.  The 
module  overall  efficiency  is  defined  as  the  ratio  of  the  RF  output  power  to  the  supplied  DC  input  power  to  the  module 
(the  RF  input  power  is  neglected  for  the  time  being),  averaged  over  time.  Assuming  a  typical  duty  cycle  of  10%,  the  T/R 
module  is  in  the  transmitting  mode  only  10%  of  the  time,  hence  the  efficiency  of  the  transmit  power  amplifier 
contributes  only  10%  to  the  overall  efficiency,  although  with  the  highest  DC  power  consumption.  Whereas  the  receiving 
components,  the  switches  and  the  digital  control  circuits  are  switched  on  90%  to  100%  of  the  time.  Their  contribution  is 
a  significant  portion  of  the  overall  efficiency.  The  use  of  low  power  consumption  technologies  and  a  stand-by  mode  for 
analog  and  digital  components,  a  smart  architectural  design  and  the  optimization  of  the  Tx  and  Rx  components  timing 
will  further  enhance  overall  efficiency. 

Looking  at  the  transmit  path  of  the  radar  module,  the  RF  signal  is  conditioned  in  amplitude  and  phase,  amplified  by 
driver  amplifiers  and  the  power  amplifier  and  finally  routed  to  the  radiating  antenna  elements.  Several  components  after 
the  power  amplifier  contribute  to  the  overall  losses,  these  are  mainly  the  transitions  inside  the  package,  the  losses  of  the 
interconnecting  lines,  the  losses  of  the  circulator  and  if  required  the  T/R  switch,  the  transition  to  the  connector,  the 
connector  itself  and  finally  the  distribution  network  to  the  antenna  radiators.  Assuming  a  power  added  efficiency  of  the 
isolated  power  amplifier  of  50%  and  2.5dB  overall  losses  along  the  output  path,  the  overall  module  transmit  efficiency  is 
reduced  to  26%.  If  the  output  network  is  redesigned  and  the  losses  improved  to  1.5dB,  the  overall  efficiency  becomes 
34%.  This  is  an  improvement  of  8  points  which  has  a  significant  impact  on  the  system  design.  It  is  easy  to  show  that 
when  the  RF  output  power  is  kept  constant  an  improvement  of  8  points  in  efficiency  translates  to  a  reduction  of  one  third 
(factor  0.68)  in  overall  dissipated  heat.  If  the  thermal  conductivity  of  the  assembly  and  package  remains  unchanged,  the 
device  temperature  typically  would  drop  by  more  than  30°C,  which  would  increase  the  life  time  by  a  factor  of 
magnitude!  A  reduction  of  the  losses  in  the  transmit  path  will  of  course  also  reduce  the  inherent  losses  in  the  receive 
mode  and  hence  significantly  improve  the  noise  figure  of  the  T/R  module.  An  improved  noise  figure  has  a  direct  impact 
on  the  system  design  (e.g.  RF  output  power  can  be  reduced  to  achieve  the  same  system  performance). 

The  overall  radar  antenna  and  supporting  system  equipment  mass  is  also  strictly  related  to  the  T/R  module  overall 
efficiency.  McQuiddy  [4]  has  shown  that  for  a  typical  airborne  radar  (5kW  radiated  RF  power)  an  increase  in  efficiency 
from  15%  to  20%  would  reduce  the  gross  overall  take-off  weight  from  1250  lbs  to  500  lbs,  a  factor  of  2.5.  Similar 
numbers  are  true  for  space  applications. 

The  above  paragraphs  have  shown  that  the  overall  efficiency  is  strongly  related  to  most  of  the  important  radar 
parameters.  Therefore,  besides  mass  and  volume  constraints,  the  overall  efficiency  is  a  crucial  design  parameter  for 
space  and  airborne  radar  systems. 

Clever  high  efficiency  design  techniques  (harmonic  matching,  class  E  operation,  etc.)  and  the  rapidly  emerging 
technologies  for  solid  state  devices  will  soon  enable  power  amplifier  designs  in  X-band  with  10W  output  power  and 
50%  power  added  efficiency.  New  materials  and  device  technologies,  such  as  SiGe,  InP,  SiC  and  GaN  will  further 
increase  the  RF  output  power  and  the  operating  frequency,  but  it  will  be  very  difficult  to  reach  amplifier  efficiencies  in 
excess  of  60%.  This  number  will  significantly  be  reduced  by  external  circuit  and  interconnect  losses.  Because  there  is  a 
predictable  upper  limit  in  amplifier  efficiency  it  is  even  more  important  to  emphasize  other  areas  of  efficiency 
improvement.  Especially  new  module  architectures,  low  power  digital  technologies  and  low  loss  transitions, 
interconnects  and  assembly  technologies  have  a  high  potential.  Optimizing  the  module  efficiency  has  an  immense  impact 
on  the  radar  system  and  is  a  big  challenge  for  future  packaging  and  integration  technology. 
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Interconnects  and  Connectors 


In  the  future  more  and  more  functions  will  be  integrated  onto  a  single  ASIC  or  MMIC  chip.  Mixed  analog  and  digital 
signal  chips  will  be  the  standard  for  new  developments.  This  higher  integration  level  leads  to  multiple  and  even  denser 
spaced  interconnects.  Hence  modern  assembly  technology  has  to  address  complex  mixed  technology  chips  and  very 
densely  spaced,  low  loss  interconnecting  lines  on  multilayered  substrates.  But  not  only  interconnects  inside  the 
microwave  package,  but  also  the  interface  to  the  outside  world  on  the  digital,  control  and  analog  RF  side  is  very 
demanding  in  view  of  the  necessary  volume  and  size  reduction.  The  newest  trends  are  pressure  contacts  or  connectorless 
RF  interfaces,  based  on  electromagnetic  coupling,  to  the  distribution  and/or  radiating  elements.  Besides  other 
advantages  this  technique  significantly  eases  the  integration  of  active  antennas  holding  several  thousands  of  T/R 
modules.  It  also  provides  a  good  reparability  of  the  active  arrays.  Unfortunately  these  new  interconnecting  techniques 
are  not  space-qualified  yet. 

The  increasing  demand  for  bandwidth,  the  immunity  towards  electromagnetic  interference,  size  and  low  weight  are 
factors  that  are  well  addressed  by  modern  fiberoptic  technology  [see  Banerje  et.  al.  6].  The  distribution  of  RF  and  digital 
signals  by  fiberoptics  will  also  affect  future  T/R  module  packaging  technology. 

3.  MARKET  IMPOSED  CONSTRAINTS  (COST  &  AFFORDABILITY) 

Although  new  civil  and  military  radar  systems  that  are  based  on  active  antenna  array  technology  offer  an  increased  radar 
system  performance,  the  potential  customer  will  not  accept  a  significant  increase  in  price  compared  to  the  already 
existing  traditional  systems.  Hence  there  is  a  firm  price  limit  for  future  radar  systems  that  has  to  be  reached  within  the 
next  few  years.  The  major  cost  factor  of  an  active  radar  system  are  the  T/R  modules  [McQuiddy  et  al,  5].  Reducing  the 
cost  of  the  T/R  modules  is  the  main  driving  factor  for  semiconductor  device,  new  packaging  and  manufacturing 
technologies.  The  cost  is  mainly  a  factor  of  performance  (efficiency,  output  power  and  noise  figure),  complexity  and 
quantities  of  modules  produced  [Funck  et  al,  7]. 

4.  ENABLING  TECHNOLOGIES  TO  ACHIEVE  PERFORMANCE  AND  COST  OBJECTIVES 
Microwave  Integrated  Circuits  (MMIC)  Technology 

Without  the  current,  batch  process  oriented,  MMIC  manufacturing  technology  the  realization  of  active  phased  array 
radar  and  communication  systems  would  not  be  possible.  Especially  the  reproducibility,  the  consistent  amplitude  and 
phase  tracking  and  the  high  integration  level  guarantee  a  proper  operation  of  the  active  array.  In  the  future  improved 
semiconductor  materials,  a  better  understanding  of  physical  long  term  effects  related  to  reliability  issues,  and  an 
improved  manufacturing  yield  will  enhance  the  performance  and  reduce  the  costs  of  the  T/R  modules.  In  addition,  better 
circuit  design  techniques  that  consider  production  related  parameters,  more  efficient  software  to  perform  sensitivity 
analysis  and  the  use  of  electromagnetic  simulators  are  important  factors  to  be  considered.  On  the  MMIC  manufacturing 
side,  automated  RF  on  wafer  probing  and  the  standardization  of  probe  patterns  reduce  overall  module  testing  costs. 
Furthermore,  modern  statistical  probing  techniques  (Known  Good  Die)  and  database  sampling  strategies  [M/A-COM, 
North,  8]  as  well  as  data  and  chip  tracking  are  essential  for  high  volume  low  cost  T/R  module  production. 

Assembly  and  Packaging  Technology 

Traditionally  T/R  modules  were  manufactured  utilizing  microwave  hybrid  technology  where  the  substrates  are  mounted 
on  carriers  and  integrated  into  milled  metallic  boxes,  hermetically  sealed  with  ceramic  coaxial  feedthroughs.  As  a  result 
of  the  maturing  MMIC  technology  and  the  emerging  market  for  T/R  modules  an  increased  emphasis  is  put  on  assembly 
and  packaging  technologies.  The  driving  factors  are  performance,  size,  mass  and  cost  [Midford  10],  [  Funck  7],  [Wein 
11], 

The  package  of  a  T/R  module  must  serve  several  interrelated  electrical,  mechanical  and  thermal  functions.  Individual 
functions,  such  as  mechanical  stiffness  and  stability,  thermal  conductivity  and  heat  spreading,  hermetically  sealed 
feedthroughs  and  RF  signal  distribution  are  traditionally  accomplished  by  separate  materials  and  particular  components 
forming  the  package.  Modern  material  technology  can  combine  some  of  these  functions  and  even  take  over  tasks  that 
were  not  attributed  to  the  package  in  the  past. 

A  first  example  is  the  ‘direct  die  attach’  technology,  where  naked  MMICs  and  digital  chips  directly  are  assembled  onto 
the  substrate,  which  is  CTE  matched  to  the  GaAs  chips.  It  provides  thermal  heat  spreading  and  is  an  integral  part  of  the 
package.  Hence  the  number  of  parts  and  consequently  the  assembly  costs  are  reduced.  Utilizing  the  ‘known  good  die’ 
concept  only  one  final  test  of  the  T/R  module  is  performed  and  no  intermediate  RF  testing  is  necessary.  Figure  2 
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illustrates  an  RF  signal  processor  with  integrated  logic  on  a  7  layer  polyimide  substrate  [Feldle,  9].  An  advanced  C-Band 
T/R  module  is  shown  in  Figure  3. 

Secondly  there  are  single-  and  multilayer  LTCC  and  HTCC  substrates  combined  with  MCM-D  technologies  possibly 
embedded  in  metal  matrix  composite  materials.  The  ceramic  and  polyimide  substrates  provide  multilayer  RF  and  digital 
interconnects  and  signal  distribution.  Planar,  hermetically  sealed  feedthroughs  for  RF  and  digital  signals  replace  the 
costly  coaxial  solutions.  Figure  4  shows  an  advanced  technology  proposed  by  Dasa  Ulm. 

A  third  example  are  the  metal  coated  plastic  packages  manufactured  by  injection  molding  technology  with  metal  inserts 
which  provide  sufficient  heat  spreading.  These  packages  are  cost-effectively  fabricated  in  complex  geometric  shapes, 
thus  connectors,  radiating  elements,  diplexers,  filters,  distribution  networks,  and  mode  suppressing  structures  are  an 
integral  part  of  the  package.  Figure  5  shows  an  automotive  sensor  package  with  integral  radiating  elements. 

Design  and  Process  Related  Issues  to  Reduce  Cost  (Microwave  Factory) 

In  a  yield  and  cost  driven  T/R  module  design,  both  RF  and  digital  chip  design  and  package  design  should  be  a  joint, 
coordinated  effort  within  one  team,  and  not  run  through  independent  teams  as  it  is  often  the  case  [Wein,  11].  An 
integrated  CAD  design  tool  should  enable  the  design  engineer  to  analyze  the  effects  of  module  fabrication  tolerances  on 
yield  and  module  performance.  A  3D  analysis  of  electromagnetic  coupling  and  the  simulation  of  thermal  effects  under 
pulsed  conditions  are  additional  future  CAD  requirements. 

The  mature  statistical  methods  developed  to  control  and  qualify  an  MMIC  production  process  should  be  extended  within 
a  ‘Microwave  Factory  Line’  to  the  fabrication  of  T/R  modules.  Automated  testing,  binning  and  matching  of  components 
will  enhance  the  overall  module  performance.  The  traceability  of  all  parts,  guaranteed  by  a  common  database,  helps  to 
qualify  the  fabrication  process  to  MIL  or  space  standards. 

One  of  the  biggest  cost  saving  forces  is  the  batch  oriented  (‘wafer  scale’)  processing  of  T/R  modules.  Standardization  of 
components  and  parts,  automated  assembly  (pick  and  place,  automated  wire  bond  and/or  flip-chip),  automated 
inspection  procedures  and  automated  testing  and  probing  capabilities  are  obligatory  for  a  reproducible,  high  volume, 
low  cost  fabrication  process.  Most  of  the  fabrication  cost  reduction  in  the  near  future  will  be  based  on  automatization 
and  standardization.  Only  the  dual  use  for  military  and  civil  applications,  for  radar  and  communication  systems  will 
leverage  the  capital  expenses  necessary  for  a  fully  automated  microwave  module  fabrication  line. 

5.  EUROPEAN  T/R  MODULE  TECHNOLOGIES 

An  overview  of  current  European  T/R  module  technologies  and  the  expected  future  evolution  is  given  in  Table  2.  The 
information  summarized  in  this  table  was  contributed  by  several  European  companies.  Dassault  Electronique  is  involved 
in  microwave  remote  sensing  activities  of  ONES  and  has  engineered  in  collaboration  with  Alcatel  Espace  an  X-Band 
T/R  module.  They  are  also  developing  packaging  technologies  based  on  multilayer  ceramic  and  organic  substrates,  and 
T/R  module  packages  which  provide  a  high  integration  density  and  interconnect  capabilities.  Alcatel  Espace  has  a  long 
experience  in  T/R  module  design.  Currently  C-Band  T/R  modules  are  fabricated  (jointly  with  MMS)  for  a  European 
space  based  SAR  project  (ASAR)  to  be  lunched  in  the  year  1999,  In  collaboration  with  Thomson  CSF,  Alcatel  Espace 
has  also  designed  and  successfully  manufactured  several  T/R  modules  for  the  military  demonstrator  project  OSIRIS. 
They  are  also  engaged  in  flip-chip  and  future  3D  packaging  technology  studies.  Besides  other  radar  projects  GEC 
Marconi  is  involved  in  the  airborne  radar  project  AMSAR  and  is  evaluating  new  assembly  and  interconnect  technologies 
(e.g.  flip-chip  and  connectorless  interconnects).  Daimler  Benz  Aerospace  is  currently  developing  C-Band  and  X-Band 
T/R  modules  for  airborne,  space  based  and  ground  based  active  radar  systems.  They  are  also  working  on  advanced 
packaging  technologies  based  on  metalized  plastic  or  metal  matrix  composite  packages,  multilayer  ceramic  substrates 
and  high  density  interconnects.  They  are  setting  up  a  qualified  pilot  line  for  T/R  module  volume  production.  Their  thin 
film  technology  is  in  the  process  of  being  space  qualified  by  ESA.  The  semiconductor  company  ums,  a  joint  venture 
between  Thomson,  Daimler  Benz  Aerospace  and  Temic  is  delivering  most  of  the  MMICs. 
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7.  CONCLUSIONS 


The  requirements  of  T/R  modules  related  to  future  packaging  technologies  for  space,  airborne,  naval  and  ground  based 
radar  systems  are  very  similar.  Mass,  volume  and  interconnect  technology  are  directly  related  and  important  parameters 
to  be  considered.  Radar  system  performance  is  strongly  affected  by  the  overall  module  efficiency,  which  is  also  related 
to  the  applied  packaging  and  assembly  technology.  A  big  challenge  for  future  packaging  technology  is  the  cost  reduction 
of  the  T/R  module  fabrication.  Only  a  higher  level  of  integration  when  utilizing  multifunction  MMICs  and  ASICs, 
multilayer  substrates,  automated  assembly  and  test  procedures,  and  newly  engineered  packaging  materials,  will 
guarantee  a  low  cost  production  of  advanced  T/R  modules. 
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Subject 

Current  Technology 

Future  Evolution 

T/R  Module  RF  control 

Single  chip  functions  (6) 

Multifunction  core  chip  (2)(4)(5) 

circuits 

MESFET  Process  (6) 

Multifunction  demonstrators 

Optical  phase  shifting  (4) 

RF  /  LF  MCMs  ( 1  )(2) 

LNA  technology 

0.25um  HEMT  technology  (6) 

0.1  um  InP  P-HEMTs  (1),  HBTs  (4) 

Limiter  technology 

Reflective  and  non-reflective  limiters 
using  discrete  diodes  (6) 

MMIC  limiter  (4) 

Power  Amplifier 

MESFETs,  HFETs,  P-HEMT  (1) 

HBTs  (2)(4)  and  HFETs 

Substrates 

Thick  and  thin  film  on  alumina  (6) 
Multilayer  polyimid  for  logic 
Multilayer  organic  substrates  (1)(3) 

LTCC  and  HTCC  substrates  (3) 

Increased  exploitation  of  AIN  ( 1  )(4) 
Substrate  integral  part  of  the  package  (6) 

2 Vi  and  3D  packaging  (6) 

Assembly  Technology 

Automated  pick  &  place 

Chip  &  wire  (6) 

Semi  automated  test 

Flip-chip  (1)(4) 

Fully  automated  Test 

Packaging  &  Housing 

Milled  alloys 

Hermetic  coaxial  feed-throughs 
Metalic  micropackages  (1) 

Meta!  Matrix  Composites  (AlSiC)  (6) 
Planar  feed-throughs  (6) 

LTCC  with  integrated  cavities 

Metal  coated  plastic  packages  (2) 

Interfaces  & 

Coaxial  connectors 

Planar  connections 

Connectors 

Optical  distribution  demonstrator 
(2)(4> 

Vertical  interconnects 

Pressure  contacts  and  RF  field  coupling 
(2)(4) 

Size  {for  X-Band) 

35mm  x  160mm  x  15mm  (2) 

13mm  x  13mm  x  50mm  (2) 

Mass  /  Channel 

70g  (2) 

30g  (2) 

Table  2:  Overview  of  European  T/R  Module  Technology 
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Space  based  SAR 
Radar 

Airborne  Nose 
Radar 

Centre  Frequency 

9.6  GHz 

X-Band 

Bandwidth 

eebbheis 

Q22BEB3E!39^IIIHIiii 

QQ3E3^^H| 

5-10% 

up  to  35% 

Overall  Power  Added 

Efficiency 

better  25  % 

belter  25  % 

Tx/Rx  Path  Gain 

30  dB 

30  -  40  dB 

Rx  Gain  Control  (Range  & 
Resolution) 

20  dB.  5  or  6  bits 

Rx  /Tx  Phase  Control  (Range 

&  Resolution) 

Operation  Temperature  Range 

-20"C ...  +60”C 

-20"C ...  +80‘’C 

Size  per  Rx  /  Tx  Channel 

35  x  160  x  15  mm5 

15x15x60  mm3 

Mass 

<70  g 

<50  g 

T/R  Modules  /  System 

900 

KXK1-2500 

Active  Antenna  Area 

8-  12m1 

0.3  -  0.65  mJ 

Active  antenna  mass 

650  kg 

200  kg 

Average  radiated  RF  Power 

400  -  800  W 

3  -  6  kW 

Available  prime  power 

2-4  kW 

15-30kW 

Table  1 :  Typical  T/R  Module  and  active  antenna 
related  requirements 


Figure  1:  Airborne  active  array  antenna  and  supporting 
units  (courtesy  of  GTDAR) 


Figure  2:  RF  signal  processor  on  a  ceramic  substrate 
with  multilayer  polyimide  structure  on  top 
(courtesy  of  Dasa) 


Figure  4:  Metal  matrix  package  with  ceramic 
substrate  and  multilayer  polyimide 
(courtesy  of  Dasa) 


Figure  3:  Advanced  C-Band  T/R  Module  with  planar 
hermetic  feed-throughs  (courtesy  of  Dasa) 


Figure  5:  Plastic  package  for  automotive  radar  module 
with  integrated  radiators  (courtesy  of  Dasa) 
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Abstract 

The  protection  of  active  devices  against  mechanical  and  environmental  influences  is  necessary  to  guarantee 
a  proper  performance  and  life  time.  Packaging  of  the  devices  however  is  a  very  cost  intensive  factor  and 
therefore  it  is  very  important  to  search  for  more  economical  packaging  methods  for  RF-applications,  too. 

In  order  to  investigate  the  influence  of  epoxy  encapsulation  material  we  have  characterized  active  and 
passive  devices,  which  are  wire  bonded  with  subsequent  glob  top  encapsulation  as  well  as  flip  chip  bonded 
with  underfill  encapsulation.  The  devices  have  been  measured  up  to  70  GHz  in  order  to  evaluate  the  change 
of  RF-transmission  line  characteristics  and  device  parameters  due  to  mounting  and  encapsulation.  With  a 
parameter  extraction  method  the  elements  of  an  equivalent  electrical  circuit  for  the  inner  active  device  and 
the  parasitics  are  determined.  A  change  of  impedance  for  encapsulated  transmission  lines  of  about  3  Q  for 
a  50  Q  line  was  found.  Wire  bonded  devices  exhibit  a  stronger  variation  of  parasitics  due  to  encapsulation 
in  comparison  to  flip  chip  bonded  devices,  a  reduction  in  Gmax  of  1.2  dB  and  0.2  dB  at  20  GHz  were 
found,  respectively.  For  both  HEMT  and  MESFET  the  inner  device  was  unchanged.  For  MMIC  and 
hybrid  circuit  packaging  epoxy  encapsulation  is  suitable  even  for  mmwave  range.  For  circuit  design 
modified  parameters  should  be  considered. 


Introduction 

Glob  top  encapsulation  as  a  low  cost  packaging  method  is  well  known  for  silicon  devices  die-  and  wire 
bonded  as  well  as  underfilling  and  subsequent  glop  top  encapsulation  for  flip  chip  mounted  devices.  For 
GaAs  high  frequency  components  traditionally  hermetic  packages  based  on  metal  or  ceramic  housings  are 
used,  which  are  fairly  expensive.  The  increased  application  of  RF-moduls  in  radiolinks  for  telecom  and 
computer  applications  demands  a  reduction  of  costs  especially  for  packaging.  One  approach  to  reduce  costs 
is  to  use  glob  top  encapsulation  for  environmental  protection  of  GaAs  wire  bonded  transistors  or  even  to 
use  flip  chip  mounted  devices  with  underfilling.  MMICs  are  usually  designed  for  air  with  a  permittivity  of 
er  =1  as  the  medium  above  the  circuit.  If  the  permittivity  of  the  surrounding  medium  is  increased  due  to 
encapsulation  material  the  line  and  device  characteristics  as  well  as  the  parasitics  have  to  be  proved.  The  line 
impedance  and  electrical  length  as  well  as  the  device  parameters  including  parasitics  are  considered  in 
MMIC  and  hybrid  circuit  development.  These  values  determine  essentially  gain  and  bandwidth  of 
amplifiers.  Therefore  a  detailed  analysis  of  these  parameters  including  the  changes  due  to  mounting  and 
encapsulation  is  necessary  to  adapt  the  MMIC  design  rules.  Whereas  the  design  of  lines  should  be  adapted 
to  the  permittivity  of  encapsulation  material,  the  change  of  parasitics  and  the  inner  device  has  to  be 
considered  for  RF-design. 


Realization  of  device  structures 

To  compare  the  RF-performance  of  different  chip  connection  methods  wire  bond  assemblies,  Fig.  1,  as 
well  as  flip  chip  assemblies,  Fig.  2,  were  prepared  using  the  same  active  and  passive  devices  with 
subsequent  encapsulation  by  glob  top  and  underfilling,  respectively.  Passive  coplanar  lines  on  alumina 
ceramics  (chip).  Fig.  1c,  flip  chip  bonded  on  an  alumina  submount  are  used  to  investigate  line  and 
interconnection  characteristics.  A  reference  line  with  the  same  length  was  used  to  investigate  the  influence 
of  flip  chip  bonding.  The  lines  on  the  substrate  and  on  the  chip  are  designed  as  50  Q.  coplanar  waveguides. 
As  active  devices  the  MESFET,  JS8S30,  with  0.25  pm  gatelength  and  220  pm  gatewidth,  and  the  HEMT, 
JS8910,  with  0.1  pm  gatelength  and  120  pm  gatewidth,  from  Toshiba  were  used.  MESFET  and  HEMT 
were  mounted  die  and  wire  bonded  as  well  as  flip  chip  bonded  on  an  alumina  submount. 
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The  wire  bond  assemblies  were  realized  by  die  attachment  with  an  epoxy  glue  and  bonding  with  a  17  pm 
thick  Au  wire.  Flip  chip  bonding  is  a  well  established  technology  for  standard  IC  with  an  increasing 
application  also  for  RF  devices  with  extremely  small  bump  dimensions,  Fig.  3,  /Ferling  (3)/.  The  realization 
of  the  flip  chip  assemblies  is  based  on  the  formation  of  galvanic  Au-microbumps  on  the  substrate  and  flip 
chip  mounting  by  Au/Au  thermocompression  bonding  onto  the  submount,  /Richter  {2)1 .  The  formation  of 
Au-microbumps  is  integrated  in  the  standard  thin  film  process  flow  for  substrate  manufacturing,  whereas 
the  GaAs  device  is  used  "as  processed"  without  any  additional  preparation  step  prior  to  flip  chip  bonding. 
An  Au  pad  metallization  is  required,  but  it  is  usual  applied  for  RF  devices  to  enable  Au  wire  bonding.  The 
applied  bumping  method  enables  the  formation  of  bumps  with  heights  up  to  40  Jim  and  diameters  down  to 
25  jim.  With  this  method  GaAs  semiconductors  with  contact  pad  sizes  down  to  e.g.  30  x  40  Jim  (gate 
contact  pad  of  Toshiba  MESFET  JS  8830)  could  be  bonded  in  a  reliable  way.  Flip  chip  bonding  was 
performed  with  a  commercially  available  flip  chip  bonder  at  a  temperature  of  275°C  and  a  bond  pressure  of 
110N/mm2. 

For  epoxy  encapsulation  two  materials  have  been  applied.  The  first  is  a  glob  top  encapsulation  as  shown  in 
Fig.  lb.  Wire  bonded  devices  were  encapsulated  with  a  standard  glob  top  material  in  a  two  step  process. 
First  a  dam  was  placed  with  a  high  viscosity  epoxy  material  around  the  chip  edges  with  subsequent  second 
step  with  the  same  encapsulant  but  with  a  modified  viscosity.  Application  of  the  encapsulants  was  done  wet 
in  wet  followed  by  a  common  curing  operation.  Another  important  issue  is  the  dielectric  constant  of  the 
underfill  material,  which  should  be  as  low  as  possible  to  avoid  deterioration  of  RF-performance  at 
millimeter  wave  frequencies.  The  dielectric  constant  of  glob  top  material  was  3.2. 

In  a  second  way  the  flip  chip  assemblies  have  been  encapsulated  with  an  epoxy  underfiller,  Fig.  2c.  Using 
this  method,  one  has  to  take  into  account  a  very  low  height  between  the  semiconductor  and  substrate 
surface  (app..  20  Jim)  and  often  very  close  spacings  between  the  bond  studs  (e.g.  30  Jim).  For  single  chips 
the  area  to  underfill  is  very  small  (e.g.  300  x  400  Jim) .  These  applications  require  an  underfill  material  with 
low  viscosity  and  very  small  sized  filler  particles  to  fill  all  spacings  reliable.  For  these  small  dimensions  a 
very  carefully  adapted  dispense  technique  and  equipment  are  needed  in  the  case  of  tiny  chips.  For  our 
investigations  we  have  used  an  epoxy  material  with  particle  size  of  1  -  5  Jim  and  a  dielectric  constant  of 
3.2.  The  cross  section  of  the  flip  chip  assembly  in  Fig.  4  shows  the  good  underfill  result  in  the  narrow  gap 
between  chip  and  substrate. 

As  a  reference  flip  chip  assemblies  with  glob  top  encapsulation  /Sturdivant  (1)/  were  prepared  according  to 
Fig.  2b.  In  this  variant  however  air  is  enclosed  between  the  chip  and  the  substrate. 


Passive  device  structures 


The  RF-measurements  were  performed  on  a  wafer  prober  with  coplanar  probes.  Scattering  parameters  are 
measured  in  the  frequency  range  up  to  70  GHz  with  a  HP  8510C  and  HP8510B  network  analyzer. 

Fig.  5  shows  the  return  loss  S\  i  of  the  reference  coplanar  waveguide.  A  return  loss  of  less  than  -20  dB  is 
due  to  a  good  adaptation  of  the  50  Q  impedance.  The  flip  chip  bonded  coplanar  waveguide  with  the  same 
design  and  length  has  an  increased  return  loss  especially  at  frequencies  above  20  GHz.  The  flip  chip 
bonded  device  has  the  additional  bump  interconnect  between  submount  and  the  waveguide  on  chip  is 
detuned  due  to  the  submounts  permittivity  /Tsunetsugu  (4)/.  The  influence  of  flip  chip  bonding  and 
detuning  on  insertion  loss,  Fig.  6,  is  negligible. 

Figs.  7  and  8  present  data  for  glob  top  and  underfill  encapsulated  flip  chip  bonded  waveguides  with  the  non 
encapsulated  line  as  reference.  For  the  underfilled  line  the  return  loss  deteriorates  as  a  result  of  change  of 
permittivity.  This  can  be  explained  by  detuning  of  the  CPW  line  on  the  chip.  Simulations  indicate  that 
characteristic  impedance  decreases  by  1 1%,  which  causes  the  higher  level  of  reflection.  Also  phase  constant 
and  attenuation  increases  by  12%  resulting  in  shorter  intervals  between  the  resonance  peaks  in  Fig.  7.  On 
the  other  hand,  the  dielectric  underfill  improves  the  microwave  properties  of  the  bumps  by  reducing  the 
characteristic  impedance  mismatch.  As  a  consequence,  the  increase  in  reflection  with  frequency  is  only 
weak  and  at  frequencies  above  40  GHz  all  versions  exhibit  the  same  return  loss  level.  The  calculated 
parameters  of  the  flip  chip  bonded  and  underfilled  coplanar  waveguides  are  listed  in  Table  1.  For  the  glob 
top  variant  a  characteristic  comparable  to  the  underfilled  line  was  found,  /Sturdivant,(l)/.  The  insertion  loss 
of  encapsulated  waveguides,  both  glob  topped  and  underfilled,  is  increased  due  to  waveguide  detuning  and 
increased  losses  of  the  line,  Fig.  8.  Measurements  have  shown  that  the  line  impedance  of  a  coplanar  line  is 
only  detuned  of  about  3  Ohms  at  50  GHz,  if  there  is  a  glob  top  encapsulation  over  the  line.  For  a  CPW 
transmission  line  an  additional  loss  of  0.6  dB/cm  has  been  extracted. 
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Active  Devices 


The  MESFET  devices  were  measured  after  mounting  and  after  encapsulation.  Initial  on  wafer 
measurements  were  not  possible  due  to  absence  of  coplanar  contact  pads.  The  measured  RF-performance 
after  wire  bonding  and  after  glob  top  encapsulation  for  the  wire  bonded  versions  is  shown  in  Fig.  9.  The 
transit  frequency  ft  goes  down  from  32  GHz  to  23  GHz  due  to  encapsulation.  The  reduction  of  Gmax 
caused  by  the  glob  top  material  lies  in  the  range  of  about  1.2  dB  at  20  GHz,  with  decreasing  difference  in 
Gmax  for  higher  frequencies. 

The  measurements  of  flip  chip  mounted  devices  after  device  mounting  and  after  underfilling  are  shown  in 
Fig.  10.  The  transit  frequency  ft  for  the  flip  chip  version  goes  down  from  31  GHz  to  25  GHz,  without 
and  with  underfiller,  respectively.  The  reduction  in  Gmax  lies  in  the  range  of  0.2  dB  at  20  GHz. 

For  the  flip  chip  devices  we  have  found  a  reduced  influence  of  encapsulation  on  RF-characteristics.  In  the 
case  of  flip  chip  bonding.  Fig.  2c,  only  the  chip  is  encapsulated,  whereas  in  the  case  of  wire  bonding  a 
500  Jim  long  line  is  glob  topped  to  protect  the  whole  bond  wire,  Fig  lb.  The  influence  of  encapsulation  on 
the  passive  feed  lines  at  input  and  output  is  increased  for  the  wire  bond  version. 

In  order  to  determine  the  parasitics  of  an  electrical  circuit  we  have  applied  a  parameter  extraction  method 
/Anhold,  (5),  (6),  Dambrine,  (7)/.  Measurements  of  the  "cold"  transistor  without  amplification  as  well  as  of 
the  "hot"  active  transistor  were  performed  to  evaluate  the  parasitics  and  the  circuit  elements  of  the  inner 
device.  With  "cold"  measurements  at  V,js=0  V,  Vgs  at  pinch  off  and  VgS  forward  biased,  the  pad 
capacitances  Cpg  and  Cpd>  the  inductivities  Lg,  Ls,  Ld,  and  the  resistors  Rg,  R°,  Rd  are  determined.  With  a 
"hot"  measurement  all  the  intrinsic  elements,  as  Cgs,  Ri,  Cgd,  Cds,  gm  ana  T  are  determined,  Fig.  12.  The 
evaluated  elements  are  listed  in  Tables  2  and  3  for  MESFET  and  HEMT,  respectively. 

For  the  MESFET,  Fig.  11,  due  to  glob  top  encapsulation  the  pad  capacitances  are  increased  drastically  to 
about  70  %.  The  resistances  are  increased  by  about  30%  due  to  the  losses  of  glob  top  material,  whereas  the 
inductances  are  nearly  unchanged  as  well  as  the  transconductance. 

In  the  flip  chip  version  the  underfiller  increases  the  pad  capacitances  Cpg  and  Cpd  of  about  50  %.  The 
increase  of  resistances  was  about  15  %  and  the  inductances  and  the  transconductance  are  nearly 
unchanged. 

For  the  HEMT  versions  we  have  found  a  behavior  similar  to  the  MESFET.  Even  for  the  HEMT  the  inner 
device  is  nearly  unchanged  due  to  encapsulation.  The  parasitics  show  a  similar  behavior  for  the  flip  chip 
and  wire  bonded  HEMT  in  comparison  to  the  MESFET.  The  pad  capacitances  increase  in  both  cases,  the 
increase  of  resistances  is  not  so  high  compared  to  the  MESFET  and  the  inductances  are  nearly  unchanged. 
Comparing  flip  chip  and  wire  bonding,  flip  chip  bonding  leads  to  drastic  reduced  inductances,  a  reduction 
of  65  %  was  found.  The  pad  capacitances  are  of  the  same  order  for  both  variants,  but  the  resistances  are 
increased  for  flip  chip  mounting  by  13  %. 


Conclusions 


In  conclusion  both  types  of  low  cost  packaging  are  viable,  glob  top  encapsulation  for  wire  bonded  devices 
as  well  as  underfilling  for  flip  chip  mounted  devices.  We  have  found  an  influence  of  encapsulation  material 
on  transmission  line  characteristics,  the  characteristic  impedance  was  reduced  by  6  %  and  the  loss  was 
increased  by  about  0.6  dB/cm.  For  the  first  time  a  parameter  extraction  method  was  applied  to  extract  the 
parasitic  elements  of  encapsulated  RF-transistors.  For  the  active  devices  an  increase  of  pad  capacitances  and 
resistances  due  to  the  permittivity  and  losses  of  the  encapsulation  material  was  found.  Similar  results  were 
achieved  for  MESFET  and  HEMT  devices.  The  inner  active  device  is  not  influenced  by  encapsulation. 
Glob  top  encapsulation  of  wire  bonded  devices  and  flip  chip  mounted  components  with  underfilling  exhibit 
a  reduction  of  transit  frequency  by  28  %  and  19  %,  respectively.  For  wire  bonded  devices  with 
encapsulation  a  higher  variation  of  parasitics  compared  to  flip  chip  assemblies  has  to  be  considered. 
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Fig.  lb:  Wire  bonded  chip  with  glob  top 
encapsulation. 


Fig.  lc:  Dimensions  of  the  CPW 
line. 


Fig.  la:  Wire  bonded  chip 
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Fig.  3:  Substrate  with  Au-bumped  chip  interconnect  sites 
(Bump  height  /  diameter  25  /  35  pm) 


Fig.  4:  Crossection  of  a  flip  chip  mounted  device  with  epoxy 
underfill 
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3/30  @  1  GHz 
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Real(Z)  \Q]  @  50  GHz 

47.9 

42.8 

42.8 

Table  1 :  Calculated  parameters  of  flip  chip  bonded  coplanar  structure,  see  Fig.  2a  and  Fig.  2c. 
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Fig.  5:  Measured  return  loss  of  flip  chip  bonded  chip  in 
comparison  with  a  coplanar  waveguide  of  identical  line 
length,  acc.  Fig.  la,  c. 
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Fig.  7:  Measured  return  loss  of  a  flip  chip 
bonded  CPW  transmission  line,  acc.  Fig.  2  with 
glob  top  and  underfiller. 
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Fig.6:  Measured  insertion  loss  of  a  flip  chip  bonded  chip 
in  comparison  with  a  reference  line  of  identical  line  length. 
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Fig.  8:  Measured  insertion  loss  of  a  flip  chip 
bonded  CPW  transmission  line,  acc.  Fig.  2  with 
glob  top  and  underfiller. 
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Fig.  9:  Measured  Gmax  and  H21  of  the  MESFET  JS8830  Fig.  10:  Measured  Gmax  and  H21  of  the  MESFET  JS8830 

in  wire  bond  version,  with  and  without  glob  top.  in  flip  chip  version,  with  and  without  underfiller. 


Fig.  11:  Layout  of  the  MESFET  JS8830. 
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0.014 
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0.13 

0.118 

0.018 
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62.5 
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Table  2:  Elements  of  equivalent  circuit  for  a  MESFET  JS8830.  Table  3:  Elements  of  equivalent  circuit  of  a  HEMT  JS9810. 
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ABSTRACT 

A  high  performance  organic  multilayer  structure  has  been  developed  and  manufactured  for  an  active 
phased  array  antenna.  The  driving  factors  were  cost  reduction  and  high  integration.  To  satisfy 
these  requirements,  the  same  multilayer  structure  mixing  aluminum  and  Teflon®  laminates  is  used 
as  a  mechanical  support  of  microwave  functions,  RF  and  DC  interconnects,  power  divider  including 
planar  resistors,  thermal  dissipator,  ASIC’s  and  MMIC  packages.  Key  technological  developments 
that  have  been  realized  are  planar  resistors  in  stripline  configuration  using  Ohmega  ®  Foil 
technology  with  10%  tolerance,  fusion  bonding  multilayer  technology,  starting  with  thick  aluminum 
backed  laminates  (plated  through  holes  connected  to  aluminum,  plated  through  holes  unconnected 
to  aluminum)  and  MMIC’s  and  ASIC’s  integration  (chips  or  ceramics). 

This  approach  has  proved  to  be  efficient  in  terms  of  cost  and  performances  by  reducing  RF 
discontinuities,  reducing  bonding  and  wiring,  minimizing  interface  parasitic,  eliminating  prasitic 
resonance  and  reducing  coaxial  connectors. 

Further  developments  are  in  progress:  passive  function  integration  such  as  filters,  couplers,  ...  or 
dielectric  loss  reduction  using  suspended  stripline  propogation. 

INTRODUCTION 

Dassault  electronique  has  developed  a  technological  and  electrical  test  vehicle  of  a  wide  band  active 
phased  array  antenna. 

A  new  technology  for  power  splitter  has  been  developed  to: 

•  minimize  weight  and  volume 

•  minimize  the  number  of  electrical  discontinuities  (change  in  microwave  propagation  modes) 

•  minimize  thermal  gradient  to  keep  accurate  phase  and  amplitude  balance  of  the  different 
microwave  channels  in  the  temperature  range 

•  minimize  recurring  costs 

•  maximize  testability,  modularity,  reworkability. 

To  satisfy  these  constraints  it  was  decided  to  integrate  on  the  same  multilayer  structure  the 
low  noise  amplifiers  and  the  power  divider.  This  structure  was  called  «active  barrette». 

Technical  requirements,  technological  developments  and  results  of  this  «active  barrette»  will  be 
described  further  on  in  this  article. 
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«ACTIVE  BARRETTE» 
DEVELOPMENT 


Electrical  requirements 


Each  «active  barrette»  (fig.  1)  has  9  inputs  and  one  microwave  output.  It  integrates  : 

•  9  low  noise  amplifiers  (MMIC  and  chip  capacitors  mounted  on  a  ceramic  substrate)  as  close  as 
possible  to  the  radiating  element, 

•  the  9  ports  unbalanced  power  divider 

•  one  layer  for  power  supply  of  amplifiers  (multivoltage) 

•  one  filter  to  control  power  supplies  stability. 

The  standard  solution  for  this  type  of  packaging  in  Dassault  Electronique  is  a  double  sided  aluminum 
chassis: 

•  one  being  the  microwave  side  :  bare  chips  on  ceramic  substrates  are  interconnected  by  microstrip 
lines  printed  on  Teflon  boards  and  buried  into  the  mechanical  housing. 

the  other  being  the  DC  side  :  surface  mount  components  are  soldered  on  a  standard  printed  circuit 
board.  This  side  provides  microwave  side  with  power  and  commands. 

The  hermeticity  is  accomplished  by  soldered  gals  beads,  and  by  a  laser  welded  lid  that  is  used  for 
grounding  between  microwave  channels. 

This  well  known  solution  is  not  compatible  with  interconnection  density,  antenna  pitch,  weight  and 
cost,  needed  by  this  new  application. 

One  answer  to  the  technical  problem  is  : 

•  the  development  of  a  multilayer  structure  used  as  simultaneously  : 

*  mechanical  support 

*  electromagnetic  grounding 

*  thermal  dissipator 

*  electrical  interconnection  between  microwave  functions  (RF,  DC) 

*  hermetic  enclosure  for  MMIC ’  s 

*  power  divider 

•  the  direct  connection  of  functions  by  removing  standard  coaxial  connectors. 

The  proposed  solution  is  based  on  a  multilayer  heavy  metal  backed  structure  with  milled  cavities  for 
amplifiers  integration.  The  microwave  layer  is  in  stripline  configuration  to  minimize  losses  with 
ground  to  ground  plated  through  holes.  The  power  divider  is  a  resistive  Wilkinson  type.  A  picture 
of  the  finished  test  vehicle  and  the  lay  up  of  the  corresponding  structure  are  described  in  the  next 
two  figures  (2-3). 
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RT  Duroid®  6002  with  fusion  bonding  has  been  selected  because  it  combines  excellent  microwave 
properties  with  a  Z  axis  coefficient  of  thermal  expansion  similar  to  copper  that  allows  very  high 
reliability  of  plated  through  holes.  In  order  to  minimize  size  and  losses  of  the  power  divider,  stripline 
technology  has  been  chosen. 

Three  major  technological  problems  had  to  be  solved  for  the  manufacture  of  these  «active  barrettes»; 

integrated  resistors  in  stripline  configuration,  plated  through  holes  in  aluminum  heavy  metal 
backed  multilayers,  integration  of  low  noise  amplifiers. 
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RESISTORS  IN  STRIPLINE  CONFIGURATION 


The  nine  ports  power  divider  has  been  designed  using  8  two  ports  unbalanced  power  dividers  with  3 
cells  each.  Consequently,  each  «  barrette  »  requires  24  resistors  within  the  range  of  100  to  300  Q. 
/a  tolerance  of  ±  10%  is  needed  on  each  resistor.  Different  technical  solutions  have  been  studied: 

•  chip  resistors  soldered  in  milled  cavities  in  the  multilayer  structure 

Chip  resistors  have  been  vapor  phase  soldered  in  such  cavities  and  have  been  submitted  to  500 
thermal  shocks  (-55°C  to  125°C)  and  500  hours  storage  at  125°C  without  any  degradation.  This 
was  a  convenient  solution  in  terms  of  reliability.  It  has  several  advantages  :  100%  control  of 
resistor  values,  easy  reworkability,  wide  range  of  resistors  possible  on  the  same  board.  However,  it 
has  many  disadvantages  :  expansive  milling,  reducing  the  connectivity  of  the  multilayer  ;  many 
soldered  connections,  reducing  global  reliability;  parasitic  radiation;  local  discontinuity  of  line 
impedance  due  to  the  size  of  the  chip  resistor  bonding  pads  which  are  wider  than  the  size  of  the 
divider  conductive  lines. 

•  screen  printing  of  polymer  inks 

Extensive  study  has  been  made.  Results  have  been  disappointing.  Resistors  values  are  not 
reproducible : 

.  After  screening,  tolerance  is  ±  40%. 

.  After  laser  trimming,  less  than  1% 

.  Thermal  coefficient  of  resistance  0.3% 

.  Variation  after  100  thermal  cycles  in  microstrip  configuration  +3% 

.  Variation  after  100  thermal  cycles  in  stripline  configuration  +  14%.  This  clearly  indicates  a 
chemical  degradation  of  the  ink  during  lamination. 

In  conclusion,  polymer  inks  can  be  used  only  in  microstrip  configuration  with  laser  trimming. 

•  Ohmega®  Foil  technology 

A  two  years  study  sponsored  by  the  D.G.A.  has  been  carried  out,  the  results  of  which  are  the 
following: 

-  etching  tolerance  :  ±  5% 

-  minimum  resistor  width  :200  pm 

-  tolerance  after  fusion  bonding  :  ±  7% 

-  no  influence  of  the  Ohmega  ®  foil  layer  on  microwave  properties 

-  shift  of  resistor  values  after  500  thermal  cycles  (-55°C,  +125°C): 

.  microstrip :  +2% 

.  stripline  :  +  3% 

-  thermal  coefficient  of  resistance  within  the  range  (-55°C ,  +125°C) 

.  microstrip  :  ±  6% 

.  stripline  :  ±  7% 

-  power  handling  :  300mW 

No  shift  in  microwave  performance  of  tested  two  ports  power  divider-  (chip  resistors,  Ohmega  ® 
Foil  technology)  has  been  noticed  following  : 

-  500  thermal  cycles  (-55°C ,  +125°C) 

-  500  hours  at  125  °C 

-  40  days  40%C,  95%HR 

-  48  hours  salt  spray 
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All  results  clearly  show  that  with  a  -3%  correction  of  the  drawings,  high  reliability  Ohmega®  Foil 
resistor  with  ±  10%  can  be  produced  in  stripline  configuration. 

Key  points  for  manufacture  are  the  following  ones: 

-  chip  shape  and  orientation 

-  over  etching  compensation 

-  resin  protection  of  resistors  after  etching  :  a  polyimide  resin  was  selected. 

According  to  these  results  Ohmega®  Foil  technology  has  been  selected  to  produce  the  power 
divider.  Today,  with  the  established  process,  we  have  100%  resistors  in  the  10%  tolerance. 

(24  test  resistors  with  the  same  values  as  the  functional  resistors  are  manufactured  and  tested  on  the 
same  sheet  of  material). 

PLATED  THROUGH  HOLES  IN  ALUMINUM  HEAVY  METALBACKED 

MULTILAYERS 

The  second  technological  problem  that  had  to  be  solved  to  produce  these  boards  was  to  realize  high 
reliability  plated  through  holes  in  aluminum  and  Teflon  ®  for  ground  to  ground  connections.  The 
following  parameters  have  been  optimized  : 


*  drilling 


Drilling  Diameter 
(mm) 

Spindle  Speed 
(RPM) 

Infeed  Rate 
(mm/mn) 

Retract  Rate 
(mm/mn) 

0.4 

70  000 

1.5 

0.5 

50  000 

0.1 

0.1 

0.65 

50  000 

0.1 

0.1 

0.75 

0.1 

0.1 

0.85 

0.1 

0.1 

40  000 

0.1 

0.1 

1.25 

35  000 

1 

5 

1.55 

35  000 

2 

9 

•  Adhesion  improvement  between  aluminum  and  6002  material : 

The  best  results  are  obtained  by  a  chemical  activation  of  aluminum  and  an  ammonium  persulfate 
etching  of  copper  on  the  Teflon®  raw  material. 

•  Metallisation  of  plated  through  holes  : 

Two  standard  commercial  lines  of  metallisation  based  on  double  zincate  process  have  proved  to  be 
efficient.  A  precise  control  of  operating  conditions  is  essential  (for  example,  the  water  rinse 
between  different  bathes  must  be  very  efficient  to  obtain  good  results). 

Plated  through  holes  in  contact  with  or  isolated  from  aluminum  have  been  produced  and 
proved  to  be  very  reliable  (500  thermal  cycles  -55°C,  +125°C) 
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LOW  NOISE  AMPLIFIERS 
INTEGRATION 


The  amplifier  of  the  «active  barrette»  is  a  thin  film  ceramic  substrate  that  integrates  the  MMIC  chip, 
microstrip  lines  for  I/O’s  connections  and  tuning  of  the  MMIC,  circuits  for  polarization,  decoupling 
and  protection  (fig.  4). 


Two  types  of  integration  have  been  tested  :  bare  chip  on  ceramic  (fig.  5),  and  ceramic  in  a  microstrip 
hermetic  micropackage  (cofired  ceramic  or  metallic  with  ceramic  feedthrough)  (fig.  6). 

In  both  cases,  good  results  have  been  obtained  ,  up  to  X  band. 

For  this  test  vehicle,  integration  of  amplifiers  in  metallic  micropackages  with  microstrip 
feedthrough  was  finally  selected  as  the  most  appropriate  (no  problem  of  mermeticity,  good 
electrical  results,  efficient  surface  ratio  between  the  ceramic  and  the  finished  package).  For 
commercial  applications,  bare  chip  should  be  more  effective  as  regards  to  cost  consideration 
(micropackages  are  very  expansive). 
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CONCLUSION 
FURTHER  DEVELOPMENTS 


This  concept  of  integration,  patented  by  DASSAULT  ELECTRONIQUE  has  proved  to  be  very 
efficient.  A  30%  save  in  weight  and  price  has  been  found  compared  with  the  more  traditional 
packaging  technology  (buried  microstrip  lines). 

The  active  power  splitter  is  convenient  for  many  applications  (space,  aircraft,  civilian...).  The 
concept  has  been  developed  for  X  band  applications.  It  is  possible  to  imagine  higher  frequencies 
configurations  for  this  process. 

Further  developments  are  in  progress  allow  the  use  of  this  concept  of  packaging  to  more 
sophisticated  functions. 

•  Integration  of  passive  components  such  as  filters,  couplers 

•  suspended  air  lines  or  filters  for  dielectric  losses  reduction 
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ABSTRACT 


An  existing  94  GHz  pulse  radar  system  for  autonomous  mobile  robots  has  been  extended  by  a  CW 
Doppler  unit  for  fast  motion  monitoring.  The  extension  is  set  up  with  low  cost  components  and  works 
independently  from  the  pulse  system.  Until  now  the  capabilities  for  motion  detection  has  been  validated 
in  several  environments. 

1  INTRODUCTION 

This  work  is  part  of  a  special  research  programme  towards  the  development  of  autonomous  mobile  robots 
which  can  fulfil  service  and  transport  tasks  in  structured  environments  like  office  buildings  and  industrial 
plants. 

Though  a  radar  sensor  in  the  field  of  robotics  seems  to  be  very  uncommon,  there  are  a  lot  of  benefits 
using  millimeter  waves  for  perception  tasks  like  collision  avoidance,  localization  and  exploration  [6]. 
Since  the  propagation  of  microwaves  is  nearly  independent  of  atmospheric  conditions  and  coherent  signal 
processing  allows  high  sensitivity,  it  is  possible  to  cover  distances  up  to  100  m  at  reasonable  transmitted 
power.  Combined  with  the  direct  access  to  the  object’s  velocity,  this  feature  lets  a  microwave  radar 
usefully  enhance  the  sensing  capabilities  of  an  autonomous  system,  as  other  self-illuminating  sensors 
like  laser  scanners  and  ultrasonic  sensors  hardly  exceed  a  detection  range  of  15  m. 

This  paper  is  organized  as  follows:  Starting  with  a  brief  description  of  the  existing  radar  system  in  section 
2,  an  overview  over  the  problem  of  motion  monitoring  radar  system  follows  in  section  3.  There  the 
contribution  focusses  on  an  extension  for  fast  motion  detection,  which  is  based  on  a  continuous  wave 
Doppler  unit.  Finally  the  signal  and  information  processing  of  the  Doppler  data  is  validated  in  various 
examples  shown  in  section  4. 

2  SYSTEM  DESCRIPTION 

We  have  developed  and  evaluated  an  experimental  94  GHz  sensor  for  the  use  on  autonomous  vehicles 
(figure  1).  It  is  designed  to  measure  distances  as  well  as  velocities  of  objects.  The  distances  are  determined 
via  the  time  of  flight  of  single  pulses  in  a  detection  range  of  80  m.  A  very  short  pulse  width  of  2  ns  results 
in  a  radial  resolution  of  25  cm.  The  distance  of  resolved  objects  can  be  measured  with  an  accuracy  of 
2  cm.  The  velocity  is  directly  accessible  via  the  Doppler  effect.  This  effect  requires  a  coherent  signal 
source  to  guarantee  a  fixed  relation  between  transmitted  and  reflected  signal.  In  our  case  an  IMPATT 
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oscillator,  phase-locked  by  a  Gunn  oscillator,  guarantees  high  phase  stability  at  sufficient  peak  power. 
The  carrier  frequency  of  94  GHz  yields  corresponding  Doppler  frequencies  of  625  Hz  per  1  m/s,  which 
permit  accurate  velocity  measurement  within  a  short  observation  time. 

For  the  angular  resolution  of  2. 1  °  the  radar  beam  is  focussed  by  a  Fresnel  type  lens,  1 10  mm  in  diameter. 
This  sharp  beam  is  deflected  by  a  mirror  for  three-dimensional  imaging  of  the  surroundings.  The  imple¬ 
mentation  of  the  sensor  is  described  in  detail  in  [2],  the  most  important  system  parameters  are  shown  in 
table  1 .  Based  on  this  system  various  applications  like  navigation  and  observation,  which  correspond  to 
typical  perception  tasks  of  an  autonomous  robot,  have  been  implemented  in  the  last  years  [4] [5]. 

Even  if  the  object’s  velocity  can  be  extracted  out  of  the  pulse  Doppler  signal  as  well,  the  result  refers  to 
only  one  range  gate  at  a  time.  Scanning  the  range  of  sight  by  this  method  would  be  a  very  time  consuming 
approach  and  is  not  practicable  for  fast  motion  detection.  Since  a  pure  motion  monitoringdoes  not  need 
a  range  resolution,  the  system  has  been  extended  by  a  continuouswave  (CW)  Doppler  unit.  This  unit 
is  completely  independent  of  the  pulse  system  and,  in  contrast  to  it,  it  requires  much  less  and  cheaper 
components. 

Figure  2  shows  the  system  extension.  The  motion  detector  uses  the  quadrature  demodulator  like  the  pulse 
unit  to  yield  amplitude  and  phase  of  the  motion  signal.  The  Doppler  signal  of  typical  objects  in  indoor 
environments  hardly  exceeds  a  bandwidth  of  10  kHz.  Therefore  a  standard  signal  processing  unit  can  be 
used.  To  switch  the  operating  mode  between  pulse  and  CW,  a  simple  digital  signal  has  to  be  generated 
by  the  control  unit.  A  concurrent  use  of  both  modes  seems  possible,  since  the  CW  signal  is  not  entirely 
suppressed  by  the  ultra  fast  PIN  switch. 

3  MOTION  MONITORING 

In  principle  there  are  two  methods  for  motion  detection:  directly  via  the  Doppler  effect  and  by  tracking  the 
object’s  location.  The  latter  method  requires  a  sensor  system  with  a  high  radial  resolution  and  sufficient 
signal-to-noise  ratio,  since  the  objects  have  to  be  detected  for  a  longer  time.  Experiments  with  laser  and 
millimeter  wave  sensors  for  intelligent  cruise  control  have  shown  that  this  method  is  not  robust  enough 
for  industrial  applications. 

Unlike  that  the  direct  access  to  the  velocity  is  a  very  efficient  way  to  obtain  velocity  information.  However, 
to  exploit  the  Doppler  effect  a  coherent  measurement  system  is  needed.  Millimeter  wave  sensors  offer 
a  high  carrier  frequency  which  yield  conveniently  high  Doppler  frequencies  of  about  500  Hz  per  1  m/s. 
In  addition  to  a  quantitative  evaluation  of  the  signal,  an  analysis  of  the  spectral  distribution  may  allow  a 
classification  of  movements  e.g.  a  man/machine  distinction. 

The  Doppler  signal  of  an  object  within  the  detection  range  of  a  coherent  system,  as  shown  in  figure  2, 
can  be  described  as  follows. 

ua(t)  = 

The  amplitude  A  only  depends  on  the  distance  and  the  reflectivity  of  the  illuminated  object.  The  object’s 
velocity  causes  a  range  independent  frequency,  the  well-known  Doppler  frequency 


To  obtain  the  motion  information,  data  processing  is  performed  using  either  a  fast  fourier  transform  (FFT) 
or  a  phase  evaluation  of  the  convolution  term  (PACF).  The  latter  is  much  faster,  but  it  fails,  if  there  is 
more  than  one  object  in  the  radar  beam  at  a  time. 
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4  EXPERIMENTS  AND  RESULTS 


Stationary  deflection  mirror  To  validate  the  capabilities  of  the  CW  Doppler  unit,  it  is  tested  in  various 
environments.  Figures  3  and  4  show  the  Doppler  signal  of  a  comer  reflector  mounted  on  a  motor  driven 
linearaxis.  The  velocity  is  nearly  constant  and  the  spectmm  is  only  limited  by  the  system’s  resolution.  In 
contrast  to  it  a  moving  person  causes  a  signal  as  shown  in  figure  5.  Accordingto  its  varying  velocity  it 
yields  a  spread  spectmm  in  the  frequency  domain  (figure  6).  In  addition  to  a  quantitative  evaluation  of  the 
signal,  an  analysis  of  the  spectral  distribution  may  allow  a  classification  of  movementse.g.  a  man/machine 
distinction.  This  would  be  a  very  useful  feature  for  busy  environments. 

Rotating  deflection  mirror  With  regard  to  the  moving  objects  there  is  no  difference  in  the  received 
signal  between  a  non  rotating  and  a  rotating  deflection  mirror.  As  long  as  the  object  remains  in  the 
scanning  radar  beam,  its  velocity  information  can  be  determined.  In  the  rotating  case  the  immobile  scene 
causes  an  additionly  slow  varying  signal,  since  amplitude  and  phase  of  the  reflected  signalvary  while  the 
beam  is  scanning  the  surroundings  (figure  7).  This  signal  is  periodic  with  one  revolution  of  the  mirror  and 
thereforeit  can  easily  be  calibrated.  Thus  the  sensor  is  able  to  detect  small  variations  of  the  environment 
(moving  and  stationary  objects)  with  an  extremly  high  sensitivity,  since  an  object  shift  of  1.5  mm  causes 
a  phase-shift  of  360°  (figure  8). 

5  CONCLUSION 

An  existing  94  GHz  pulse  radar  system  has  been  extended  by  a  CW  Doppler  unit  for  fast  motion 
monitoring.  The  extension  is  set  up  with  low  cost  components  and  works  independently  from  the  pulse 
system.  Until  now  the  capabilities  for  motion  detection  are  validated  in  several  environments.  In  addition 
to  the  motion  monitoring  especially  the  experiments  with  a  rotating  mirror  let  expect  a  operation  of  the 
system  for  self-localization  on  natural  landmarks  [1][3]. 
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System  Parameters 


Fig.  1  Photograph  of  the  94  Ghz  Radar  Sensor. 
Dimensions:  28  cm  X  33  cm  X  45  cm. 


Frequency 

94  GHz 

Wavelength 

3.2  mm 

PRF 

1  MHz 

Pulse  width 

1.7  ns 

Pulse  bandwidth 

700  MHz 

Pulse  peak  power 

10  mW 

Radiated  mean  power 

20  fiW 

Detection  range 

0 ...  80  m 

Radial  resolution 

25  cm 

Distance  accuracy 

2  cm 

Angular  resolution 

1.5° 

Angular  accuracy 

0.15° 

Velocity  range 

±8  m/s 

Velocity  accuracy 

lOmm/s 

Deflecting  system 

stepper  mot. 

Deflection  angles: 

Azimuth 

360° 

Elevation 

±18° 

Table  1 
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Amplitude  ,  Amplitude 


Fig.  2  Extension  of  the  existing  system  by  a  continuous  wave  Doppler  unit 


Zeil  [s] 


Fig.  3  Stationary  deflection  mirror:  Time  domain  si¬ 
gnal  of  a  moving  comer  reflector 


Fig.  5  Stationary  deflection  mirror:  Time  domain  si¬ 
gnal  of  a  moving  comer  reflector 


Fig.  4  Stationary  deflection  mirror:  Doppler  spec¬ 
trum  of  a  moving  comer  reflector 


velocity  [nVs) 


Fig.  6  Stationary  deflection  mirror:  Doppler  spec¬ 
trum  of  a  moving  person 
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Fig.  7  Rotating  mirror:  The  signal  is  caused  by  the  Fig.  8  Rotating  mirror:  The  response  of  the  statio- 
stationary  scene  and  is  periodic  with  one  re-  nary  scene  (fig.  7)  is  calibrated.  Detection  of 

volution  of  the  deflection  mirror.  two  environmental  variations.  At  100°  a  new 

stationary  object  and  at  1 90°  a  moving  object. 
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ABSTRACT 

The  Collision  Avoidance  Radar  Colarado  (Co/lision  Avoidance  Radar  Able  to  Discriminate  Objects)  is  a 
multistatic  frequency  modulated  continuous  wave  (FMCW)  radar  system  developed  for  use  in  the  control 
system  of  an  autonomous  vehicle.  The  aim  of  the  system  is  to  detect  the  presence  of  obstacles  (targets)  in  the 
surrounding  area  and  in  addition  to  determine  their  positions  and  ultimately  follow  their  movements.  The 
advantage  of  using  radar  for  this  purpose  is  that  unlike  the  sensors  based  on  other  physical  principles  (optical, 
ultrasound),  its  performance  is  insensitive  to  the  illumination  level,  atmospheric  disturbances  (like  fog)  or 
acoustic  noise  in  the  environment.  In  the  next  a  laboratory  prototype  system  version,  the  demonstrator,  is 
described  and  first  results  are  presented. 

1.  INTRODUCTION 

The  Colarado  project  aims  are  the  realisation  and  demonstration  of  a  very  flexible  advanced  anti-collision  radar 
(Obstacle  Warning  Radar,  OWR)  with  real-time  FMCW  radar  signal  processing.  The  Delft  collision  avoidance 
radar  is  designed  for  use  on  automatic  guided  vehicles,  Jacobs  (1)  and  Staalduinen  (2).  The  radar  is  developed  at 
the  International  Research  Centre  for  Telecommunications-transmission  and  Radar,  IRCTR.  The  RF  and  LF 
parts  are  made  by  the  Telecommunication  and  Teleobservation  Technology  group,  the  real-time  radar  signal 
processing  development  is  carried  out  in  co-operation  with  the  laboratory  of  Computer  Architecture  and  Digital 
Techniques,  both  at  the  department  of  electrical  engineering  of  Delft  University.  Project  funding  is  provided  by 
the  Netherlands  Technology  Foundation. 

The  realised  demonstrator  is  one  of  the  experimental  radar  facilities  at  IRCTR.  The  FMCW  radar  system  has  a 
rather  high  spatial  resolution  that  is  needed  because  of  the  multistatic  antenna  configuration  on  a  relatively 
small  base  to  achieve  three-dimensional  'imaging'  of  the  target  area.  The  chosen  strategy  and  original  concept 
puts  a  large  demand  on  real-time  signal  processing.  The  demonstrator  validates  the  system  concept  and  forms 
the  instrument  to  arrive  at  systems  of  practical  use.  The  parallel  multi-processor  development  system  allows  for 
reconfigurable  prototyping. 

Spin-off  are  mobile  collision-avoidance  systems  (road,  rail,  shipping  and  aviation)  based  on  initial  use  on 
automatically  guided  -container-  vehicles  for  the  European  Combined  Terminals  company  in  the  Rotterdam 
harbor  area.  The  real-time  signal  processing  algorithms  are  another  important  Colarado  spin-off. 

2.  COLARADO  SYSTEM 

The  radar  is  of  the  FMCW  type  and  uses  a  multistatic  antenna  system  consisting  of  two  transmit  and  three 
receive  antennas.  The  transmit  signal  is  produced  by  a  voltage  controlled  oscillator  that  is  sawtooth  steered  over 
a  1.5  GHz  bandwidth  around  9.75  GHz,  resulting  in  10  cm  range  resolution,  in  256  ps  sweeptime  followed  by 
an  idle  time  of  32  ps.  The  RF  signal  to  the  two  transmit  antennas  is  time-multiplexed  on  a  per  sweep  basis.  The 
three  receiver  channels  work  in  parallel.  Thus  with  5  antennas  6  propagation  paths  of  different  length  are 
obtained  to  enable  the  location  of  objects  in  3-D  space. 

The  antennas  are  located  in  the  vertical  plane  on  a  support  of  2.5  m  width  and  1  m  height  on  the  front  of  the 
automatically  guided  vehicle.  The  bottom  of  the  antenna  frame  is  0.5  m  above  the  ground.  The  antennas  are 
MLA  (microstrip  like  waveguide  antennas)  small  open-ended  dielectric  filled  waveguides,  Tian  et  al  (3).  The 
azimuth  opening  angle  of  the  transmit  antennas  is  108°,  the  elevation  3  dB  beamwidth  is  80°.  The  antenna 
directivity  is  7  dB.  The  effective  isotropically  radiated  power  is  10  mW.  Specifications  are  listed  in  Table  1,  the 
system  block  diagram  is  given  in  Fig.  1 . 

The  real-time  signal  processing  tracking  and  tracing  algorithms,  scene  display  and  collision  avoidance  signal  are 
implemented  on  a  parallel  PowerPC’s  computer.  The  processing  aims  at  real-time  reconstruction  of  3-D  scenes 
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as  sensed  by  the  system.  After  sampling  and  FFT  processing  of  the  FMCW  radar  beatsignal  into  128  range  bins, 
i.e.,  a  maximum  range  at  12.8  m,  the  beatfrequency  spectra  are  scanned  for  peaks  corresponding  with  individual 
objects  (Peak  Tracking  and  Tracing).  The  results  from  the  three  receiver  channels  are  then  used  to  reconstruct 
the  spatial  coordinates  of  each  object  as  located  in  the  scene  (Object  Tracking  and  Tracing).  Switching  between 
the  two  transmit  antennas  results  in  two  complete  target  maps  that  are  finally  matched  to  eliminate  false  targets 
resulting  from  combinations  of  spectral  peaks  belonging  to  different  true  targets,  Schier  et  al  (4). 

The  signal  source  is  one  single  VCO  (Radian  type  2829A)  with  20  dBm  output  power  that  is  within  0.5  dB 
constant  from  9  to  10.5  GHz.  Phase  noise  is  specified  as  -85  dBc/Hz  at  100  kHz.  The  VCO  non-linearity 
amounts  to  only  0.5  percent  which  however  was  found  still  to  result  in  a  spectral  leakage,  i.e.,  resolution 
degradation,  that  is  too  large  with  respect  to  the  Colarado  system  requirements.  After  correction  using  a  RAM 
table  input  to  the  sawtooth  steering  generator  overall  linearity  is  within  0.025  percent  with  a  good  long  term 
stability.  The  1.5  GHz  bandwidth  gives  a  range  resolution  of  10  cm  and  depending  on  the  placement  of  the 
antennas  on  the  2.5  by  1  m  mounting  frame  this  results  in  azimuth  and  elevation  angle  resolutions  around  10 
respectively  20  degrees.  This  may  be  improved  by  using  the  spectral  phase  information. 

The  transmit  antenna  inputs  and  the  receiver  antenna  external  mixer  LO  inputs  are  connected  with  3  m  length 
SMA  cables  to  the  VCO  output  signal.  The  cable  attenuation  is  around  1  dB/m  at  10  GHz.  The  RF  level  at  the 
transmit  antenna  input  is  3  dBm.  The  mixer  LO  input  is  about  6  dBm.  The  mixer  down-converts  the  received 
RF  signal  to  the  beatsignal  frequency  band  of  35  to  535  kHz.  The  minimum  received  signal  based  on  the  RCS 
of  a  human  at  the  maximum  range  distance  of  12.8  m  equals  -101  dBm.  Without  the  use  of  low-noise  RF 
preamplifiers  the  noise  level  at  the  output  of  the  receive  antenna  is  -1 18  dBm.  Since  in  practice  a  S/N  ratio  of 
17  dB  was  not  reached  (mixer  isolation,  reflections,  VCO  phase  noise,  AM,  LF-amplifier,  12  dB/oct  dynamic 
range  compression)  RF  pre-amplifiers  are  placed  at  the  receive  antenna  outputs  (20  dB  gain,  4  dB  noise  figure). 

The  dynamic  range  in  object  RCS  is  set  to  30  dB.  An  extra  20  dB  is  needed  for  maximally  10  objects  in  the 
scene.  Accounting  furthermore  for  the  antenna  diagram  and  the  deviation  from  12  dB/oct  spatial  spreading  loss 
due  to  the  multistatic  antenna  configuration  the  total  dynamic  range  is  60  dB.  The  minimum  S/N  ratio  is  20  dB. 

3.  CURRENT  STATUS 

The  Colarado  anti-collision  radar  demonstrator  is  operational  since  begin  1997,  a  photograph  is  shown  in  Fig.  2. 
The  radar  (X-band)  RF-part,  LF-part,  analog  to  digital  conversion,  FFT,  interfacing  and  processing  hardware 
(Arcobel  4x  transputer-PowerPC)  are  complete  and  function  within  the  imposed  specifications  (real-time).  The 
RF-part  and  the  (one  of  three  identical,  cyclic  phase-locked  printed  circuit  boards)  receiver  digital  part  are 
shown  in  Figs.  3  and  4.  The  radar  was  linearised,  system-parameters  were  measured  followed  by  modifications 
mainly  to  reach  the  required  system  sensitivity  (detection  of  a  human  being).  A  full  calibration  of  the  radar 
(amplitude  and  phase  over  the  complete  range)  remains  to  be  done.  Digitalisation,  FFT  spectrum  determination, 
data  transport  to  the  processing  part  for  the  three  parallel  receiver  channels  with  optional  windowing  and 
complex  or  polair  format  output  are  in  every  detail  working  properly  (6  Mbyte/s).  For  the  demonstrator 
processing  (parallel  processor)  and  simulator  (sequential,  workstation(s))  a  uniform  software  environment  has 
been  developed  in  such  a  way  that  algorithms  designed  for  and  tested  on  the  simulator  can  directly  be  used  also 
in  the  demonstrator  and  vice  versa  so  that  radar  data  recorded  with  the  demonstrator  can  be  played  back  on  the 
simulator  where  results  on  the  same  data  with  various  algorithms  can  be  intercompared. 

Thus,  a  very  flexible  advanced  anti-collision  radar  (Obstacle  Warning  Radar,  OWR)  and  data  processing  system 
is  available.  The  system  offers  three-dimensional  multi-target  scene  information  of  which  the  geometric 
resolution  can  be  improved  by  additional  phase  processing,  and  possible  velocity  measurement. 

4.  MEASUREMENTS 

To  verify  the  system  specifications  and  to  provide  data  sets  for  further  processing  algorithm  development,  test 
measurements  are  performed.  Extensive  testing  of  the  system  is  partly  carried  out  in-door  in  a  room  of  9  x  6.5  x 
3  m.  The  actual  system  coverage  area  of  12.8  x  10  x  5  m  exceeds  the  available  space  and  as  a  consequence 
many  large  reflections  from  the  walls  and  ceiling  as  well  as  multi-path  signals  severely  mask  the  contributions 
of  targets  under  test.  To  partly  overcome  this  problem  and  yet  to  remain  in  a  very  well  controllable  laboratory 
situation  a  transponder  is  used  in  stead.  The  in-door  measurement  setup  of  the  system  and  some  early  results  are 
given  in  Fig.  5.  From  these  in-door  experiment  results  it  is  concluded  that  the  detection  algorithms  based  on 
only  amplitude  range  data  gives  already  reasonable  results. 
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An  initial  out-door  test  showed  that  the  system  sensitivity  is  well  above  the  RCS  of  a  human  being  (0.4  m2), 
more  exact  quantification  will  be  based  on  a  recently  acquired  large  in-door  (sports  hall)  data  set  for  various 
multi-target  scenes  including  reflectors,  persons  and  transponder.  First  qualitative  results  are  given  in  Fig.  6. 

5.  FUTURE  PLANS 

In  the  coming  year  the  demonstrator  is  intended  to  be  shown  to  work  at  the  ECT  (European  Combined 
Terminals)  terrain  at  the  Rotterdam  harbor  area  mounted  on  an  AGV  (automatic  guided  -container-  vehicle). 

As  stated  previously  up  to  now  only  spectral  amplitude  data  is  used  in  the  transformation  of  range  to  angular 
information.  Although  the  system  has  a  10  cm  range  resolution  the  obtained  angular  resolutions  of  10  and 
20  degrees  in  azimuth  and  elevation  respectively  are  rather  poor.  This  is  due  to  the  relatively  small  distances 
between  the  antennas  by  the  size  limitation  of  the  available  mounting  area  of  2.5  by  1  m.  Resolution 
improvement  is  therefore  required  and  maybe  obtained  by  additional  processing  of  the  spectral  phase  data  that 
is  available  also.  To  this  aim  the  phase  change  caused  by  distance  changes  between  target  and  radar  may  be 
used  in  a  first  angular  resolution  refinement  step,  i.e.,  SAR-processing,  although  this  requires  a  priori 
knowledge  of  the  velocity  of  the  target  with  respect  to  the  radar.  Then  a  further  resolution  improvement  is 
possible  based  on  phase  differences  in  the  same  way  as  using  beatfrequency  differences.  The  latter  method 
suffers  however  from  the  2n  phase  ambiguity  and  this  is  the  reason  for  preceeding  this  by  the  mentioned  first 
step  to  avoid  resulting  angle  ambiguity.  The  angle  ambiguity  may  also  be  reduced  by  decreasing  antenna 
spacing  (wavefront  reconstruction,  inverse  phased  array)  whereas  the  antenna  spacing  should  be  large  for  the 
resolution  based  on  beatfrequency.  The  use  of  a  multistatic  antenna  configuration  allows  for  both  large  and 
small  spacings. 

The  current  X-band  Colarado  system  was  needed  to  show  the  principle  of  high  resolution  multistatic  sparse 
array  radar  being  able  to  differentiate  objects.  Now  that  the  soundness  of  the  concept  is  proved,  the  used 
frequency  has  to  be  shifted  to  the  bands  allocated  to  automotive  application.  Based  on  this  and  other 
considerations  Colarado  is  going  to  be  upgraded  to  35  and  77  GHz.  Two  follow-up  co-operation  projects 
between  IRCTR  and  the  universities  of  Aachen  and  Leeds  were  started  this  year  with  a  duration  of  three  years. 
In  these  projects  millimeter  wave  radar  modules  will  be  developed,  radar  system  integration  will  be  carried  out 
at  IRCTR.  For  the  35  GHz  radar  front-end  monolithically  integrated  circuits,  maybe  single-chip,  and  for  the 
77  GHz  modules  hybrid  technology  will  be  used. 

The  real-time  signal  processing  algorithms  are  in  the  demonstrator  implemented  in  software.  In  a  next  project 
the  large  and  costly  parallel  transputer-PowerPC  computer  used  for  this  aim  is  to  be  replaced  by  small  and  likely 
low-cost  Application  Specific  Processing  integrated  circuits. 

6.  CONCLUSIONS 

Multistatic  wideband  radar  used  in  the  described  way  can  provide  three-dimensional  position  and  velocity 
information  of  a  multi-target  scene  with  a  high  repetition  frequency.  This  approach  relies  on  the  real-time 
processing  of  large  amounts  of  data.  A  demonstrator  system  version  is  operational  and  first  results  are  obtained. 
Future  versions  of  the  system  include  upgrades  of  the  RF-part  to  Ka-band  and  W-band,  and  development  of 
Application  Specific  Processing  circuits  to  improve  on  real-time  performance  versus  costs. 
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application 

Table  1.  Specifications 

anti-collision  radar  system  on  AGV,  3D-imaging 

frequency 

9.0-10.5  GHz 

modulation 

FM-CW  sawtooth  PRF  3.47  kHz 

signal  source 

VCO  Radian  type  2829A 

EIRP 

10  mW 

location 

Delft  University,  electrotechn.  eng.,  in  /  out-door 

antenna  type 

MLA  2  step  air-gap,  directivity  7  dB 

antenna  height 

multistatic,  between  0.5  and  1 .5  m  above  ground 

maximum  range 

12.8  m 

radar  cross  section  range 

0.4  -  400  m2  (30  dB) 

maximum  number  of  targets 

10  (dynamic  range  max.  +20  =  50  dB) 

maximum  target  velocity 

10  m/s 

resolution  (based  on  amplitude  data  only)  range  0. 1  m;  azimuth  9°;  elevation  22° 


Figure  2.  Colarado  demonstrator 
-48- 


Figure  3.  RF-part  of  the  Colarado  system  (X-band) 


Figure  4.  Analog  to  Digital  Converter,  FFT  and  computer  interface  printed  circuit  board 
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Figure  5.  Colarado  in-door  test  set  up  and  object  detection  results 


Figure  6.  Colarado  large  in-door  (sports  hall)  test  results 
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ABSTRACT: 

The  topology  of  proposed  phase  discriminator  circuit  involves  the  elements  of  one  type  in  the  form  of 
quadrature  couplers.  The  structure  is  symmetric  and  does  not  include  either  transmission  line  crossings  or  phase 
shifters,  typically  required  under  such  circumstances.  The  complete  phase  discriminator  can  be  made  as  one 
planar  IC.  Such  a  structure  of  the  microwave  phase  discriminator  is  introduced  for  the  first  time. 


INTRODUCTION 

The  microwave  phase  discriminator  (MPD)  is  a  device  intended  for  measurements  of  the  phase  difference 
<$>  of  the  two  microwave  signals.  In  a  general  case  the  MPD  consists  of  an  interferometer  and  a  block  of 
microwave  detectors.  Depending  on  the  interferometer  structure  various  ranges  of  unambiguous  phase 
measurement  within  the  interval  ±90°  or  ±180°  may  be  achieved. 

An  important  feature  of  interferometers  intended  for  use  in  up-to-date  radar  and  measuring  devices  is 
their  ability  to  be  implemented  on  a  single  substrate  in  the  form  of  microwave  integrated  circuits  (MIC).  All  the 
known  MPD  versions  (e.g.  [2,  3,  4,  5,  6])  have  crossing  connections.  In  results  in  that  they  have  to  be 
constructed  as  some  spatial  structures.  Furthermore,  the  crossing  of  connection  lines  requires  a  suitable  number 
of  auxiliary  connectors  between  the  microstrip  line  and  the  coaxial  cable.  Such  connections  insert  into  a  circuit 
some  unwanted  reactances  worsening  discriminator  parameters. 

The  circuit  shown  in  Fig.l  has  been  made  on  a  single  substrate  as  a  MIC,  using  the  microstrip  line 
technology.  The  microwave  interferometer  consists  of  six  identical  directional  couplers.  The  couplers  are  Lange 
type  proximity  couplers  with  two  pairs  of  coupled  lines.  The  interferometer  utilises  the  properties  of  two 
quadrature  couplers  in  tandem  connection  with  coupling  factor  equal  to  3dB. 


CHARACTERISTICS  OF  THE  CROSSING 

The  tandem  connection  of  directional  couplers  is  used,  amid  the  other  applications,  in  case  where  the 
strong  coupling  is  not  possible  (not  obtainable)  with  only  one  coupler.  For  example,  to  obtain  3dB  coupling  one 
may  connect  two  8.34dB  couplers.  Connection  of  two  3dB  couplers  in  tandem  way,  however  forms  so  called 
‘cross  connection’. 

The  circuit  of  such  type  (Fig.2.)  has  ports  10-14,  10-11,  15-14,  15-11  isolated,  and  the  modulus  of  the 
transmittance  between  the  ports  on  diagonals  (i.e.,  10-15,  11-14)  equals  1.  An  additional  important  feature  of  the 
circuit  is  that  its  relative  (differential)  phase  shift  equals  about  45°  for  wide  band  of  frequency.  It  makes  possible 
to  use  tandem  connection  of  the  3dB/90°  couplers  at  the  same  time  as  a  planar  connection  of  two  microstriplines 
and  as  a  wideband  +45°  phase  shifter.  Therefore  the  couplers  QC1  and  QC2,  together  with  properly  selected 
transmission  lines  TL1  and  TL2,  replace  jointly  line  crossing  and  -45°  phase  shifters  (Fig.2b.)[l]. 

Measured  values  of  the  transmittance  modulus  and  the  relative  phase  shift  for  the  tandem  connection  of  the 
3dB/90°  couplers  are  shown  in  Fig.  3. 
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THE  MPD  PRINCIPLE  OF  OPERATION 

The  observed  signal  us  and  reference  signal  ur  can  be  connected  to  any  pair  of  ports  1-4  (Fig.  1 .). 
Depending  on  the  selected  pair  of  input  ports  an  algorithm  for  calculations  phase  difference  of  compared  signals 
is  changed.  If  the  observed  signal  is  connected  to  ports  1-3,  2-4,  2-3  or  1-4  the  range  of  an  unambiguous  phase 
measurement  covers  ±180°.  In  other  cases  the  range  of  an  unambiguous  phase  measurement  decreases  to  ±90°. 

Assuming  identical  transmittance  moduli  to  coupled  ports  and  direct  ports  of  quadrature  couplers,  the 
signal  us  and  ur  are  given  to  the  ports  2  and  3,  respectively: 


ur  =U  -sm(mt  +  (pr) 

us  =  U-sm(o)t  +  <ps)  ^ 

On  the  microwave  detectors’  inputs  DRD4  arrive  voltages: 

%  =  Uj  -smOjrt  +  ^j) 

u2  =U2-sin(6*  +  ^2) 

u3  =U3  •sin(<0t  +  ^3)  ' 

u4  =  U4  *sin(0t  +  yr4) 

where: 

£/,  =^0i-J72+03-l/2-cos((pr-(p,-^) 

U2=J 0.5-U2  +0 5-U2  -cos(<p,  -<p, --%) 

- <3> 

U,  =  J0.5-U2  +  05U2  *cos((pr -<p,  +^tc) 

U4  =^0.5-{/2+05-C/2-cos((pr-<pJ+i) 
if/ { -  denotes  signal  phases  at  output  ports  of  the  interferometer 


At  the  detectors’  outputs,  after  square-law  detection,  the  voltages  proportional  to  the  amplitudes  and  phases  of 
the  input  signal  arrive: 


Udl  =  k  ■  {/,  =  03  •  k  •  U2  +  0.5- k  ■  U2  ■  cos(<p,  -  <p,  - -) 

4 

Ud2  =  k-U2  =  0.5-k-U2  +  05-k-U2 -cos(p, -<p, --x) 

4 

U„  =  k  ■  u3  =  0.5  •  k  ■ U2  +  0.5 • . *  •  U 2  ■  cos (tpr  -<p„+-x) 

4 

UdA  =  k-U4  =  05 -k-U2  +05-k-U2  -  cos (<pr  -ps+—) 

4 

where:  k  -  proportionality  factor,  depending  on  detectors  parameters 
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(4) 


Subtracting  in  pairs  the  detector  output  voltages  results  in  getting  voltages  with  sine  and  cosine  dependency  on 
measured  phase  difference. 


Uy=Udl-Ud2=k-U*-S io(<p,-q>.~) 

Ux=Ud4-Ud3  =  k-U1- cos(<pr  - <P,  - 7) 

4 


(5) 


Taking  the  ratio  of  these  voltages,  the  input  signals  phase  difference  <X>  can  be  obtained  as: 


A  V,  * 

®  =  <pr-(ps=ctrctg-^  +  - 


(6) 


The  constant  factor  n/4  is  an  attribute  of  the  crossing  realised  with  couplers  QC1  and  QC2. 


THE  PARAMETERS  OF  THE  PLANAR  MPD 

The  accuracy  of  the  microwave  interferometer  depends  on  the  phase  relations  between  its  outputs  and 
inputs.  The  experimental  results  of  phase  measurements  between  input  ports  1,  2,  and  output  ports  5,  6,  7,  8,  are 
given  in  Fig.4.  The  monotony  of  the  phase  change  confirms  proper  behaviour  of  the  circuit. 

The  phase  measurement  error  of  the  described  MPD  is  a  function  of  frequency  and  measured  phase 
difference  (see  Fig.  5.),  much  the  same  as  in  other  known  version  of  phase  discriminators. 

The  bigger  are  differences  of  transmittance  moduli  to  direct  ports  and  coupled  directional  couplers,  the 
more  significant  are  measurement  errors.  It  means  that  near  to  the  centre  frequency  of  couplers’  bandwidth 
measurement  errors  are  close  to  zero  and  do  not  depend  on  measured  phase  difference.  However,  as  frequency 
comes  near  to  the  lower  or  upper  limit  of  the  bandwidth,  the  error  goes  up. 

The  measured  phase  difference  error  for  the  built  model  of  the  circuit  over  one  octave  bandwidth  did  not 
exceed  ±1.5°  (Fig.6.).  This  error  may  be  furthermore  decreased  by  proper  calibration  of  the  circuit  and 
application  of  extended  algorithms  for  processing  output  voltages  of  the  detectors. 


CONCLUSIONS: 

The  presented  MPD  can  be  constructed  in  an  integrated  form  what  makes  possible  its  application  in 
miniature  radar  devices,  communication  systems  and  measuring  sets.  The  device  may  measure  phase  of 
continuous  and  pulsed  signals.  It  may  be  also  used  in  the  radioelectronic  war  systems  as  a  part  of  microwave 
frequency  discriminator  or  as  a  wideband  phase  meter  in  phased  direction  bearing  circuits. 
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Fig.  1 .  An  integrated  version  of  the  microwave  phase  discriminator 


a)  b) 


Fig.2.  The  tandem  connection  of  3dB/90°  couplers  and  its  schematic  diagram 


Fig.  3.  Characteristics  of  the  tandem  connection  of  the  3dB/90°  couplers 
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Fig.  4.  Relative  phase  shift  between  interferometer  ports  as  a  function  of  frequency 

(measurement  results) 


Fig.  5.  Estimated  measurement  error  for  various  phase  difference  values  Ob  versus  frequency 


Fig.  6.  Output  voltages  (measured)  for  detectors  D1-D4  and  the  phase  measurement  error  versus  frequency 
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Abstract.  In  this  work  noise  analysis  of  parallel  feed  structures  for  active  antenna  arrays  are  presented.  Signal  and 
noise  behaviour  of  the  feed  structures  are  signified  by  the  newly  introduced  concepts  of ’’coherent”  and  ’’incoherent” 
impedance  match  of  power  combining  structures.  It  is  also  shown  that  a  feed  structure  can  be  re-designed  for  low 
noise  operation  without  affecting  its  radiation  characteristics.  Optimum  design  of  parallel  feed  structures  for  low 
noise  operation  is  explained.  Also  an  optimum  use  of  active  elements  in  such  structures  is  investigated  to  have  a 
low  overall  noise  temperature  of  the  antenna  array  with  minimum  number  of  active  elements.  In  the  analysis  a  new 
method  is  introduced  where  a  ’’noise  equivalent  line  length”  is  defined.  This  definition  which  unifies  the  contribution 
of  noise  from  different  array  elements,  is  used  in  the  design  of  a  parallel  feed  structure  and  as  an  active  circuit 
replacement  criteria  in  passive  arrays. 

I.  INTRODUCTION 

An  important  figure  of  merit  for  receive  antennas  is  noise  performance.  Since  1960’s  antenna  arrays  have  been 
investigated  for  better  signal-to-noise  ratios,  Lo  et  al.  (1),  including  the  recent  active  antenna  structures,  Grabherr 
and  Menzel  (2).  However,  in  these  analysis,  feed  lines  are  not  studied  for  their  noise  performance.  Moreover,  explicit 
methods  for  low  noise  design  of  feed  structures  do  not  appear  in  the  literature. 

Receive  antenna  array  design  for  certain  radiation  characteristics  is  related  to  the  case  where  all  elements  receive 
coherent  signal.  Feed  structure  designs  that  are  appearing  in  the  literature  are  mainly  concerned  with  impedance 
matching  for  coherent  excitation.  However,  impedance  matching  for  coherent  excitation  does  not  imply  the  incoherent 
impedance  matching  which  is  the  case  where  the  signal  that  are  combined  in  the  structure  are  incoherent.  The 
response  of  a  feed  structure  to  excitations  from  incoherent  sources  such  as  internal  noise  of  the  antenna  array,  is 
totally  different  and  such  a  concept  is  not  considered  previously.  In  our  work,  incoherent  matching  of  the  feed 
structures  is  accounted  for  the  first  time.  Moreover,  a  novel  concept,  ’noise  equivalent  line  length’,  is  introduced 
and  utilized  for  noise  analysis  of  feed  structures.  Without  loss  of  generality,  feed  structures  that  are  constructed  by 
transmission  lines  are  investigated. 

Using  analysis  above  a  low  noise  large  scale  antenna  array  design  guide  is  presented  where  the  critical  point  to  insert 
a  low  noise  gain  element  for  improved  noise  performance  is  identified.  In  our  analysis,  it  is  also  shown  that  insertion 
of  low  noise  active  elements  in  an  antenna  array  improves  the  noise  performance,  however  where  to  insert  the  active 
elements  is  a  design  problem  from  point  of  view  of  labor,  cost  and  improvement  in  performance.  We  defined  node, 
branch,  virtual  node,  virtual  branch,  and  level  concepts  for  parallel  feed  structures.  A  weighted  equivalent  line  length 
function  is  introduced.  This  novel  function  which  carefully  combines  the  analysis  results  of  the  previous  works,  stands 
for  the  noise  contribution  of  a  line  segment  in  a  parallel  feed  structure  to  the  output  noise  power  and  utilized  for 
comparing  different  feed  network  structures  of  large  scale  antenna  arrays. 

II.  PARALLEL  FEED  STRUCTURE  NOISE  ANALYSIS 

The  noise  analysis  of  feed  structures  is  based  on  the  noise  analysis  of  a  low  loss  transmission  line,  Collin  (3). 
Characteristic  impedance,  Zch  ,  attenuation  per  unit  length,  a,  and  length  of  the  line,  /,  and  the  ambient  temperature, 
T,  determine  the  generated  noise  power.  The  attenuation  factor  of  the  line  introduces  an  imaginary  part  to  the  Zch 
but  it  is  assumed  that  line  is  low  loss  and  therefore,  Zch  remains,  practically,  real.  The  source  and  load  reflection 
coefficients  are  defined  with  respect  to  the  characteristic  impedance  of  the  line.  Available  noise  power  of  a  low  loss 
transmission  line  is  obtained  for  Zi  =  Z*ui,  where  L  —  e2al  : 


Pn, 


tTA/i— 


[r,IVt-i  +  |r,|» 
(i-|r,/j,|»)L 


(i) 


Available  noise  power  of  a  low  loss  transmission  line  is  a  function  of  source  mismatch  and  loss  factor.  This  power 
increases  with  increasing  magnitude  of  source  reflection  coefficient.  The  upper  limit  of  this  available  power  is: 


P n.available.rrmT  —  ^TA/  (2) 

This  means  that  in  the  limit  of  mismatch,  a  low  loss  transmission  line  introduces  an  available  noise  power  equal  to 
the  available  noise  power  of  a  resistor.  Therefore  matching  is  of  ultimate  importance  from  point  of  view  of  noise 
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generation  which  corresponds  to  incoherent  impedance  matching  of  the  feed  structure  of  the  antenna  array. 

Above  noise  analysis  is  used  towards  the  definition  of  a  noise  equivalent  line  length  which  simplifies  the  noise 
performance  evaluation  of  the  feed  structures  considerably.  In  doing  so,  the  noise  contributions  from  different 
elements  of  a  feed  structure  to  the  output  noise  power  is  expressed  in  terms  of  a  single  parameter  which  puts 
explicitly  the  strength  of  the  contribution  relative  to  the  theoretical  minimum.  Simple  addition  of  these  equivalent 
line  lengths  is  a  good  comparison  criteria  for  the  overall  noise  performance  of  the  feed  structure.  Moreover,  this 
uncomplicated  parameter,  is  used  as  a  replacement  criteria  of  active  circuits  in  an  antenna  array  for  the  optimum 
noise  performance. 

Let  L  be  the  loss  factor  of  the  line  under  investigation  which  has  a  source  reflection  coefficient,  T5,  and  loss  coefficient, 
a,  then  its  available  noise  power,  Pune)  is  given  by  (1).  Let  Lneqv  be  the  loss  factor  of  a  line  which  has  a  line  length 
Ineqv  and  has  the  same  loss  coefficient,  a.  Furthermore  let  this  line  be  impedance  matched  at  its  source  side,  then 
its  available  noise  power  is  given  by: 


(3) 


For  the  line  under  investigation,  let  us  define  an  equivalent  line  which  is  matched  and  therefore  has  the  available 
noise  power  in  (3).  If  Lneqv  is  obtained  such  that  Peqv  =  Pu, 


Lneav  —  ' 


&  -  jrff|2 


ne<?*  (L*-|rfl*)-(i-i)(2i  +  |r#p) 

Consequently,  noise  equivalent  line  length,  lneq „,  of  the  line  turns  out  to  be: 


lneqv  —  ~ —  In 


l 2  -  |rs!2 


2*  V(£2  -  lrsP)  -iL~  !)(£+  |rfli2) 


(4) 


(5) 


Using  the  equivalent  line  length,  output  noise  temperature  can  be  obtained  through  (3).  Noise  equivalent  length 
of  a  mismatched  line  is  longer  than  its  physical  length  where  minimum  noise  equivalent  length  which  corresponds 
to  matched  case  is  equal  to  its  physical  length.  Without  comparing  the  actual  noise  temperatures,  one  can  deduce 
the  effect  of  mismatch  on  noise  generation  by  comparing  the  noise  equivalent  and  physical  lengths.  In  Fig.  1,  noise 
equivalent  line  length  normalized  with  its  physical  line  length  is  given  as  a  function  of  the  source  reflection  coefficient. 

Noise  contributions  of  different  segments  can  be  superposed  in  terms  of  their  noise  equivalent  line  lengths  to  give 
an  approximate  value  for  the  total  noise  equivalent  length.  Let  us  consider  two  line  segments  with  noise  equivalent 
line  length,  loss  factor  and  noise  power  which  are  represented  with  /*,  L\  and  Pi  and  l2,  L2  and  P2,  respectively. 
Noise  power  of  the  first  line  section  will  be  attenuated  in  the  second  one  and  the  resultant  noise  power  of  cascaded 
connection  is  given  by: 


That  is: 


Ptatai  =  kTAflp- — +  kTAf—^j — - 

L\  •  L2  L 2 

=  kT  A  f 

L^tqv 


Peqv  —  £>i  '  L2 

leqv  =  ll  +  h 


(6) 


(7) 


A  parallel  feed  structure  is  composed  of  a  number  of  transmission  line  sections  which  sometimes  function  as  impedance 
transformers,  and  junction  points  of  line  sections  which  function  as  power  combiners.  Noise  equivalent  line  lengths 
of  these  individual  structures  can  be  added  to  find  the  overall  noise  equivalent  line  length  of  the  feed  structure.  For 
a  1  :  q2  double  section  quarter  wave  impedance  transformer,  noise  equivalent  line  length  is  obtained  through  the 
generated  noise  power  by  the  line  segments: 


Pm 


kTAf  - 


L{(zg-z1r-(za  +  z1y)\ 
(zg-z1y-L^(zg  +  z1y  ) 
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(8) 


j((z»-gz,)2-(z,,+iZim 

(z,-qzly--mz,+,zly  ) 


The  total  noise  power  at  the  output  is: 


Protal  =  7j-  +  pna  (9) 

and  noise  equivalent  line  length  of  the  impedance  transformer  is  given  by: 

=  (10) 

For  a  1  :  p2  power  combiner  structure,  the  equivalent  line  length  is  calculated  based  on  the  noise  power  at  the  output 
port.  For  a  transmission  line  power  combiner,  the  output  power  is  the  sum  of  the  available  power  at  the  input  ports 
if  the  input  signals  are  coherent  and  have  the  proper  power  ratio  Parad  and  Moynihan  (4).  Otherwise,  if  the  signals 
are  incoherent,  the  output  power  is  the  weighted  summation  of  the  input  powers  where  the  weights  are  the  power 
combination  ratios.  The  following  is  the  noise  equivalent  line  length  of  the  power  combiner  where  port  1  is  the  output 
arm,  and  port  2  and  3  are  the  input  arms: 


1  p2 

lneqv,comb  ™  lneqv,l  +  j  ^2  J  "+  p2  ^ne?v>3 


(11) 


For  the  case,  where  the  thermal  noise  powers  of  the  two  arms  are  equal,  the  noise  equivalent  line  length  is  given  by: 


lneqv,comb  —  Intqv.l  +  farm  (12) 

These  individual  structures  are  used  to  construct  a  parallel  feed  structure.  The  main  frame  of  a  parallel  feed  structure 
is  a  parallel  arm  where  sub  arrays  are  connected  to  form  an  array.  The  sub  arrays  might  be  antenna  elements  and 
the  formed  array  might  be  a  sub  array  to  be  used  in  the  succesive  level  of  the  parallel  feed  network.  The  line  segment 
between  the  sub  array  and  the  parallel  arm  is  named  as  a  Branch  (Br).  The  junction  point  of  a  branch  and  the 
parallel  arm  is  the  Connection  Point  (CP)  of  the  sub  array  and  a  Virtual  Connection  Point  (VCP)  of  the  parallel 
arm.  The  sections  of  the  parallel  arm  between  consecutive  VCPs  are  named  as  Virtual  Branches  (VBr).  A  parallel 
arm  array  has  a  single  branch  and  a  single  connection  point  at  its  ouput  side,  but,  have  more  than  one  VCP  and  VBr 
depending  on  the  number  of  antenna  elements  connected  to  the  arm.  In  a  parallel  feed  structure,  all  the  antenna 
elements  are  virtually  connected  to  the  same  point,  output  of  the  array,  with  complex  weights  to  create  the  required 
radiation  pattern.  The  Br’s  are  used  to  obtain  the  necessary  complex  weight  of  the  antenna  element  (sub  array)  and 
VBr  are  usually  of  nA/2  length  and  used  to  supply  the  connectivity  of  the  antenna  elements.  VBrs  can  be  used  to 
create  a  tapered  feed  by  means  of  quarter- wave- length  impedance  transformers. 

Contribution  of  available  noise  power  of  a  lossy  line  segment,  Pune,  to  the  output  noise  power  depends  on  signal 
power  contribution  weight  factor  of  the  line,  w ,  to  the  output  signal  power.  Hence,  the  noise  contribution  of  a  line 
to  the  noise  power  at  the  output  is: 


P outline  —  IV  X  Pline  (13) 

For  this  noise  power  at  the  output,  a  weighted  noise  equivalent  line  length  wLneqv,  is  defined  similiar  to  the  noise 
equivalent  line  length  definition  as: 

-Vlnf  L2~  lr«l2 _ \  n4, 

”e”  2a‘  V  (£2  -  |r,|4)  -w{L  -  l)(i  +  lr,|  V  (14) 

By  this  definition  weighted  equivalent  length  of  each  line  segment  in  a  structure  can  be  calculated.  These  weighted 
equivalent  lengths  explicitly  give  the  strength  of  each  noise  source  in  the  structure,  which  enables  the  designer  to 
see  the  relatively  noisy  parts  of  the  feed  structure.  Summation  of  noise  temperatures  corresponding  to  these  noise 
equivalent  line  lengths  will  give  the  overall  noise  temperature.  On  the  otherhand,  the  sum  of  the  individual  noise 
equivalent  lengths  yields  the  noise  equivalent  line  length  of  the  feed  structure. 

The  impedance  at  the  output  of  the  array  decreases  rapidly  with  the  increasing  number  of  parallel  connected  antenna 
elements,  which  makes  it  difficult  to  match  for  coherent  and  incoherent  operation.  This  situation  is  prevented  by 


implementing  impedance  transformers  at  the  connection  points  of  sub  arrays.  In  a  corporate  feed  the  number  of 
these  connection  points  is  a  maximum.  Therefore,  coherent  and  incoherent  matching  is  solved  with  less  problem  in  a 
corporate  feed  structure.  Weighted  noise  equivalent  line  length  formulation  is  applied  to  a  N  =  2"  element  uniform 
corporate  fed  microstrip  rectangular  patch  antenna  array  which  is  incoherent  impedance  matched.  The  following  is 
the  noise  equivalent  line  length  for  this  structure  based  on  (7): 


Itotal.n  < 


ltotal,n  odd 


n/2 

k= 1 

A  .  2"/2  -  f  A 

4 

hotal.n-l  +  2^  '  2^n_1^2 


(15) 


Because  of  spurious  radiation  losses  and  conductor  losses,  realizable  microstrip  transmission  lines  widths  are  lim¬ 
ited.  Consequently,  characteristic  impedances  required  for  incoherent  impedance  match  in  parallel  arm  structures 
are  impractical  and  incoherent  mismatch  is  unavoidable.  Such  a  structure  may  be  coherent  impedance  matched 
but  because  of  incoherent  impedance  mismatch  its  noise  equivalent  line  length  will  be  much  worse  than  minimum 
attainable  length.  Weighted  noise  equivalent  line  length  of  a  2  x  p  element  uniform  fed  parallel  arm  structure  has 
the  following  approximate  noise  equivalent  line  length,  including  the  incoherent  mismatch: 


where, 
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A  two  level  parallel  arm  structure  has  the  shortest  physical  line  length  but  because  of  the  incoherent  mismatch,  the 
noise  equivalent  line  length  might  be  several  times  longer  than  the  physical  line  length.  For  a  corporate  feed  structure, 
the  total  physical  line  length  is  a  maximum,  but  because  of  easy  integration  of  impedance  transformers,  incoherent 
impedance  can  be  attained,  and  noise  equivalent  line  length  can  be  made  a  minimum.  The  noise  equivalent  line 
length  is  a  measure  to  decide  the  structure  of  the  array  for  low  noise  operation  from  this  point  of  view. 

HI.  ACTIVE  ANTENNA  ARRAY  DESIGN 

For  the  line  segments  in  the  structure,  line  lengths  are  determined  with  phasing  requirements  and  characteristic 
impedances  should  be  chosen  for  the  incoherent  impedance  match.  However,  in  the  cases  where  incoherent  impedance 
match  is  not  attained,  noise  performance  will  be  degraded.  For  a  large  antenna  array,  active  circuit  integration  might 
be  a  solution  for  low  noise  operation.  In  that  case  lneqv  will  be  a  design  guide  to  determine  the  insertion  level  of  the 
active  devices  in  the  feed  structure.  This  level  will  depend  on  the  noise  figure  and  gain  of  the  active  circuit  and  the 
loss  of  the  line  segments.  Fig.  2  shows  schematically,  levels  in  a  corporate  feed  structure  where  active  elements  are 
placed  at  one  of  them.  Replacing  active  devices  at  level  1  is  the  best  for  lowest  noise  performance  at  the  expense  of 
large  number  of  active  circuits,  i.e.,  2n.  However,  there  will  be  a  level  in  the  structure  where  noise  improvement  is 
just  achieved  with  decreased  number  of  active  elements  compared  to  a  passive  antenna  array. 

In  order  to  see  this  fact  let  us  consider  the  two  cases  given  in  Fig.  3.  In  this  figure  the  connection  point,  A,  of  two 
successive  levels,  k  and  k  +  1  are  shown  with  noise  equivalent  length  /„e?vi  corresponding  to  levels  1  to  &  of  the 
structure  shown  in  Fig.  2,  and  noise  equivalent  length  lneqv 2  corresponding  to  levels  k  + 1  to  n.  A  feed  structure  with 
noise  temperature,  Tj  and  efficiency,  rjj ,  can  be  partitioned  into  two  consecutive  sections  with  noise  temperatures 
and  efficiencies,  T\,  rj\  and  T2,  i] 2,  respectively,  where  Tj  =  T\  x  i)2  +  T2  and  tjj  =  T}\  x  772,  and  to  improve  the 
performance,  an  LNA  can  be  placed  between  these  two  partitions  as  shown  in  the  Fig.  3.b.  Depending  on  t}2  and 
T2  distributed  amplification  may  yield  even  a  better  G/T  compared  to  ( G/T)pas3ive .  Notice  that,  when  comparing 
noise  powers  of  these  two  systems,  active  system’s  noise  power  should  be  normalized  since  signal  power  of  active 
system  is  G  times  more  than  the  passive  system’s.  Distributed  amplification  yields  a  better  G/T  than  the  passive 
case  when  the  following  equation  yields  a  result  greater  than  zero  : 
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D  Pout.dist  rp  /rjl  .  rr t\  r2 

r0ut,pasfive - ^ -  —  i /  ~  W* LNA  +  -t  1 )  ~  ~q 

=  T2(\-±)-t}2TLNa  (18) 

To  satisfy  this  condition,  high  G  and  low  Tina  are  required.  This  equation  also  implies  that  active  circuit  integration 
is  necessary  for  low  efficiency  systems.  Using  this  calculation  maximum  length  of  noise  equivalent  line  of  the  second 
partition  of  the  feed  structure  can  be  determined,  where  an  active  circuit  with  a  certain  G  and  Tina  should  be 
inserted  for  better  noise  performance.  This  point  will  be  the  optimum  point  where  the  number  of  required  LNAs  is 
a  minimum  and  the  noise  performance  of  the  passive  array  is  improved. 

IV.  ACTIVE  ARRAY 

A  16  x  16  corporate  fed  microstrip  antenna  array  on  a  RT-DUROID  5880  substrate  is  designed.  Quarter-wave-line 
impedance  transformers  are  placed  acording  to  the  results  of  section  III,  to  the  feed  structure  to  decrease  the  noise 
generation  by  the  lossy  feed  lines.  The  rectangular  patch  antennas  are  resonant  at  10  GHz  having  a  276  fl  resistive 
input  impedance.  The  uniform  fed  antennas  are  equi-separated  by  a  distance,  d,  which  is  determined  by  radiation 
pattern  considerations.  The  total  weighted  equivalent  line  length  of  this  16  x  16  patch  array  is  calculated  to  be 
about  14.8  A  which  corresponds  to  T  —  101°  I<  for  Tamb  =  290 °I<.  Using  microstrip  matching  elements  and  an  ultra 
low  noise  pHEMT,  NEC  32484A,  a  low  noise  amplifier  is  designed.  The  noise  figure  of  the  amplifier  is  0.6dB  and 
gain  is  14dB.  It  is  assumed,  and  shown  that  appropriate  matching  circuits  whose  total  physical  length  will  be  about 
A/2  can  be  designed  independent  of  wherever  the  amplifier  is  inserted  in  the  feed  structure,  Demir  et  al.  (5).  In 
case,  this  amplifier  is  connected  to  the  output  of  the  16  x  16  passive  array,  noise  temperature  at  the  output  of  the 
amplifier  turns  out  to  be  T  —  35.6<LB-A'.  Using  weighted  equivalent  line  length  method  and  the  results  of  section  V, 
the  noise  temperatures  corresponding  to  different  amplifier  placement  levels  are  calculated  and  presented  in  Table  1. 
The  improvement  of  noise  performance  with  the  added  number  of  amplifiers  is  clearly  seen  from  this  table. 

Using  Table  1,  above  equations  yield  that  active  antenna  has  a  better  G/T  than  the  passive  antenna  for  connection 
level  7  which  is  also  implied  by  (18).  It  can  be  said  that  for  this  structure  and  the  amplifiers  concerned,  the  level 
where  the  improvement  is  just  achieved  is  level  7  where  four  active  elements  are  required.  Further  improvements  can 
be  achieved  using  more  active  elements  at  the  different  levels  as  can  be  seen  from  Table  1. 


Level 

i 

2 

3 

4 

5 

mm 

7 

8 

output 

#  of  amp. 

mum 

MW'M 

mm 

mvm 

mm 

mm 

4 

mm 

1 

Tlevel  (dB-K) 

iliM 

ItitiKfl 

1TW 

mv*m 

»hbm 

testa 

wzxm 

35.6 

Table  1:  Number  of  amplifiers  and  the  output  noise  temperature  for  different  levels  as  connection  points  of  amplifiers. 

V.  CONCLUSION 

Noise  analysis  of  feed  structures  of  antenna  arrays  are  not  considered  in  detail,  previously.  In  this  work,  noise  analysis 
of  low  loss  transmission  lines  are  given  and  a  new  concept  named  as  ’’noise  equivalent  line  length”  is  introduced. 
Through  the  signification  of  coherent  and  incoherent  impedance  matching  concepts,  noise  sources  in  a  parallel  feed 
antenna  array  are  identified  and  strength  of  these  sources  are  expressed  in  terms  of  their  noise  equivalent  line  lengths. 
This  provided  the  means  to  apply  the  noise  equivalent  line  length  as  a  low  noise  parallel  feed  structure  design  guide. 
Coherent  impedance  matching  which  is  important  for  efficient  radiation  characteristics  does  not  imply  incoherent 
impedance  matching  which  is  important  for  noise  generation  of  the  feed  structure.  Moreover,  noise  equivalent  line 
length  is  also  utilized  as  an  active  circuit  replacement  criteria  in  antenna  arrays  which  showed  that  G/T  performance 
of  a  passive  antenna  array  may  be  improved  by  inserting  active  circuits  to  certain  levels  in  the  feed  structure. 
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Magnitude  of  source  reflection  coefficient,  |rg| 

Fig.  1.  Variation  of  noise  equivalent  line  length  with  the  source  reflection 
coefficient,  normalized  with  its  physical  line  length. 


Total  2n  elements 


Fig.  2.  Schematic  representation  of  aN=2n  element  corporate  feed  structure. 


levels  1  to  k  A  levels  k+1  to  n 


Fig.  3.  Active  circuit  integration  with  antenna  arrays:  (a)  LNA  connected  to  level  n+1  (b) 

LNAs  connected  to  level  k+1 . 
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ABSTRACT 

A  high  precision  analog  frequency-ramp-generator  has  been  developed.  The  highly  linear  frequency-ramp  is  gen¬ 
erated  using  a  Phase-Locked-Loop  (PLL)  circuit  design.  It  features  a  smooth  analog  ramp  without  any  step 
behaviour  normally  expected  of  a  PLL-system.  In  order  to  obtain  such  an  analog  ramp  exact  timing  conditions 
have  to  be  ensured  when  programming  the  variable  divider.  A  synchronizing  circuit  is  used  to  obtain  this  precise 
timing.  As  the  ramp  generator  works  well  only  if  all  parts  are  designed  carefully,  simulations  are  required. 

The  ramp  linearity  was  determined  indirectly  using  a  modified  FMCW-system  (Frequency  Modulated  Continuous 
Wave)  especially  built  for  these  measurements  and  additionally  by  examining  the  synchronism  of  two  PLL- 
linearization  circuits  with  different  VCOs  which  have  significantly  different  tuning  curves. 

INTRODUCTION 


Various  applications  need  fast  linear  frequency  ramps.  Such  analog  frequency  ramps  are  often  the  only  way  to 
obtain  very  short  measurement  times  when  stepped  synthesizers  are  not  fast  enough  and  conventionally  linearized 
oscillators  do  not  reach  the  required  high  level  of  linearity.  For  example  if  a  ramp-time  of  100ps  and  1000  measuring 
points  are  required  the  settling  time  of  a  stepped  ramp  generator  has  to  be  less  than  100ns.  Such  short  settling 
times  can  only  be  obtained  with  a  very  complex  syntheziser  structure.  Furthermore  in  some  applications  an  analog 
ramp  can  be  the  better  choice.  An  important  example  for  the  advantageous' use  of  such  a  linear  analog  frequency 
ramp  is  in  the  field  of  measurement  systems  based  on  the  FMCW  principle.  The  FMCW  principle  is  primarily 
used  in  RADAR-systems  and  also  many  industrial  applications  like  moisture  measurements  and  tank  level  control 
rely  on  this  method. 

The  implementation  of  an  analog  ramp  generator  in  a  FMCW-system  allows  the  easy  use  of  a  spatial  filter  in  the 
IF-path  to  compensate  for  the  free  field  attenuation.  The  spatial  filter  has  the  effect  of  equalizing  the  different 
signal  levels  of  targets  at  different  distances  so  that  the  resolution  of  the  analog  to  digital  converter  which  digitizes 
the  IF-signal  can  be  reduced.  With  a  stepped  frequency  generator  this  filter  cannot  be  employed  resulting  in  the 
necessity  of  a  high  resolution  analog  to  digital  converter.  As  the  frequency  of  the  IF-signal  in  a  fast  FMCW-system 
can  be  quite  high  the  analog  to  digital  converter  has  to  have  a  high  sample  rate.  This  can  be  a  problem  because 
a  high  sample  rate  and  a  high  resolution  of  an  analog  to  digital  converter  are  conflicting  parameters. 

One  possible  way  of  generating  the  analog  frequency  ramp  is  to  drive  a  VCO  with  an  analog  voltage  ramp.  As 
VCOs  normally  show  quite  a  nonlinear  tuning  behaviour,  an  analog  linearization  circuit  is  necessary.  This  is 
the  common  way  of  generating  an  analog  frequency  ramp  but  the  linearity  achievable  will  sometimes  not  be  good 
enough  for  a  high  precision  measurement  system  where  the  ultimate  linearity  is  desirable.  Using  a  PLL  to  linearize 
the  VCO  can  fulfill  the  requirements. 

DESCRIPTION  OF  THE  PLL-RAMP-GENERATQR 

The  PLL-ramp-system  uses  a  crystal  oscillator  for  generating  the  reference  frequency.  Therefore  the  ramp  fre¬ 
quency  is  determined  very  accurately  and  drift  effects  in  the  analog  parts  of  the  circuit  do  not  affect  the  ramp- 
frequency.  The  block  diagramm  in  figure  (1)  shows  the  simplified  structure  of  a  single  loop  PLL  (Phase-Locked- 
Loop)  linearization  circuit. 
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The  division  factor  N  of  the  frequency  divider  is  increased  or  decreased  in  integer  unity  steps  at  equidistant 
time  intervals.  The  division  ratio  of  the  frequency  divider  is  determined  by  the  micro-controler  /jlP.  As  the 
programming  of  the  frequency  divider  needs  a  precise  timing,  a  synchronizing  circuit  is  implemented  to  provide 
the  divider  with  a  new  division  value  just  in  time.  If  the  strict  timing  conditions  are  violated,  the  ramp  linearity 
will  be  clearly  deteriorated.  The  divider  is  programmed  synchronously  with  the  reference  frequency  so  that  the 
following  equations  (1)  can  be  derived,  describing  the  dependence  of  the  reference  frequency  fre}  and  the  number 
of  division  ratios  Z  on  the  frequency  ramp,  the  VCO  sweep  bandwith  B  -  fmax  -  fmin  Umax,  fmin  maximum 
amd  minimum  VCO  frequency)  and  the  sweep  time  T  of  the  ramp.  With  Nmax  and  Nmin  being  the  maximum 
and  minimum  division  factors,  Z  =  Nmax  —  Nmin,  one  can  obtain 


Z  =  N/iTT 


Normally  the  ramp  time  T  and  the  bandwith  B  are  given  by  the  system  application.  Then  the  number  of  division 
ratios  Z  and  the  reference  frequency  /re/  are  clearly  fixed  and  there  is  no  degree  of  freedom  in  the  choice  of  these 
values. 

If  the  loop  filter  F(s)  in  the  loop  feedback  is  designed  correctly  a  smooth  analog  ramp  will  be  obtained.  The  loop 
filter  should  have  at  least  a  single  integral  behaviour  because  otherwise  the  phase-error  at  the  Phase-Frequency- 
Discriminator  (PFD)  could  exceed  its  limits. 

DESCRIPTION  OF  THE  MEASUREMENT-SYSTEM 


One  way  to  proof  the  good  linearity  of  the  analog  frequency  ramp  is  the  use  of  a  modified  FMCW-system.  The 
PLL-ramp-generator  is  feeding  a  FMCW-radar  using  a  low  dispersion  delay-line  as  the  device  under  test.  The 
IF-spectrum  of  such  a  test  assembly  is  a  good  indicator  of  the  linearity  since  every  nonlinearity  causes  an  expansion 
of  the  spectral  peak.  Figure  (2)  shows  the  FMCW-system. 

To  get  a  realistic  result  the  frequency  response  of  the  circuit  should  be  flat  with  the  delay-line  being  as  long 
as  possible  and  having  low  dispersion.  Then  the  shape  of  the  IF-spectral  peak  gives  a  good  idea  of  the  ramp 
linearity.  The  mechanical  length  of  the  delay-line  used  in  this  system  is  100m.  This  kind  of  measurement  does  not 
deliver  a  precise  value  of  the  nonlinearities.  On  the  other  hand  the  FMCW-measurement  is  close  to  an  important 
application  usually  requiring  highly  linear  frequency  ramps  so  that  the  results  derived  by  this  system  give  a  good 
guess  about  the  usefulness  within  a  FMCW-radar  system. 

In  order  to  measure  the  frequency  deviation  from  an  ideal  ramp  more  sensitively  than  with  the  FMCW-method  we 
used  a  system  with  two  identical  ramp  PLL-circuits  having  different  VCOs  with  different  tuning  characteristics. 
These  two  linearisation  ciruits  are  synchronized  using  a  single  cristal  reference  oscillator.  The  block  diagramm  of 
this  measurement-system  is  shown  in  figure  (3). 

The  two  PLLs  produce  identical  ramps  which  start  with  a  very  small  time  offset,  so  that  in  the  case  of  perfectly 
linear  analog  ramps  the  IF-signal  given  to  the  DSO  (Digital  Storage  Oscilloscope)  should  have  a  constant  frequency 
while  both  ramps  are  running  parallel.  The  IF-frequency  /*/  is  determined  by  the  difference  frequency  between 
the  two  ramps.  This  difference  frequency  can  be  calculated  from  the  ramp  slope  /  and  the  delay  r<f  between  the 
ramps  using  a  mixer.  With  B  =  320MHz,  T  =  204.8/iS  and  =  700ns  one  gets: 

f  =  ^  =  1.5625  ■  1012Hz/s  =>  fif  =  fTd  =  1. 09375MHz  (2) 

Equation  (1)  determines  the  values  for  the  number  of  points  on  the  ramp  Z  =  256  and  the  referency  frequency 
fref  =  1.25MHz, 

If  the  two  ramps  are  not  perfectly  linear  the  IF-frequency  varies  depending  on  the  difference  frequency  between 
VCOi  and  VCO2.  To  get  an  idea  of  this  variation  the  IF-signal  is  transformed  into  the  frequency  domain  using 
a  FFT  (Fast  Fourier  Transform).  By  inspecting  the  peak  in  the  IF-spectrum  one  gets  a  good  information  of  the 
IF-frequency  stability.  In  the  measurements  section  the  results  derived  by  this  method  are  shown. 

SIMULATIONS 
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Several  simulations  have  been  made  in  order  to  obtain  a  good  circuit  behaviour  and  to  estimate  the  improvement  in 
linearity  using  such  a  PLL-linearization.  The  first  simulation  shown  in  figure  (4)  compares  the  frequency  deviation 
from  the  ideal  ramp  when  giving  a  simple  analog  voltage  ramp  to  the  VCO  input  (upper  figure)  to  the  frequency 
deviation  in  the  closed  loop  (lower  figure) . 

The  upper  figure  is  based  on  a  measured  tuning  curve  of  one  VCO  used  within  the  linearisation  PLL.  The  frequency 
deviation  is  quite  large  reaching  80MHz  in  its  maximum.  Using  the  PLL  to  control  the  same  VCO  the  simulation 
shows  that  the  frequency  linearity  error  is  much  smaller  compared  to  the  ’’free  running”  case.  This  simulation 
shows  the  potentials  of  such  PLL-linearisation  circuits. 

The  results  are  not  so  impressive  if  the  tuning  characteristic  of  the  VCO  shows  a  slight  oscillating  behavior.  In 
this  case  the  PLL  has  to  generate  a  VCO  tuning  signal  which  is  changing  quickly.  Because  of  the  finite  bandwith 
the  PLL  can  not  perfectly  control  such  a  fast  tuning  signal  with  the  result  of  a  larger  frequency  deviation.  The 
VCOs  used  in  the  two- loop  measurement-system  show  such  a  slight  oscillatoric  tuning  behaviour  resulting  in  a 
variing  difference  frequency  between  the  two  VCOs.  To  simulate  this  difference  frequency  within  the  closed  PLL 
the  two  tuning  curves  were  measured  and  the  resulting  difference  frequency  with  and  without  a  PLL-linearisation 
is  shown  in  figure  (5) . 

The  frequency  deviation  between  the  two  oscillators  /»/  is  measured  with  the  two-loop  system.  Without  the  PLL- 
loops  the  oscillators  have  quite  a  large  difference  frequency  because  there  tuning  curves  have  significantly  different 
shapes.  Within  the  closed  loops  on  the  other  hand  the  difference  frequency  is  quite  small,  but  slightly  higher  than 
with  the  VCO  having  a  flat  tuning  characteristic. 

MEASUREMENTS 

To  proof  the  high  linearity  predicted  by  the  simulations  some  laboratory  prototyps  of  the  PLL  circuit  have  been 
built.  These  circuits  have  been  tested  using  different  principles  of  measurement  to  determine  the  ramp  linearity. 
An  exact  direct  linearity  measurement  is  hard  to  perform  since  the  predicted  linearity  error  is  extremely  small.  As 
described  before  two  measurement  principles  were  used  to  test  the  ramp  quality.  Figure  (6)  shows  the  IF-spectrum 
of  the  FMCW-measurement.  A  simulation  with  a  nonlinearity  of  1%  is  printed  as  a  dashed  line  together  with 
the  measured  curve  to  get  an  impression  of  the  effect  that  a  small  nonlinearity  can  cause. 

The  other  measurement  method  uses  two  identical  PLL-circuits  that  linearize  two  VCOs  with  different  tuning 
characteristics  which  are  shown  in  figure  (8).  The  curves  show  the  tuning  voltage  of  the  VCOs  versus  the  oscillating 
frequency.  Obviously  their  tuning  characteristic  is  different  producing  a  difference  frequency  between  the  two 
oscillators  that  has  to  be  corrected  by  the  ramp-PLLs. 

The  mixer  in  figure  (3)  produces  an  IF-signal  which  is  the  difference  frequency  of  the  two  VCOs.  The  IF-signal  has 
been  digitized  and  transformed  into  the  frequency  domain.  The  predicted  IF-frequency  is  1. 09375MHz.  Looking 
at  the  measured  IF-spectrum  in  figure  (8)  it  is  quite  obvious  that  the  spectral  purity  of  the  IF-signal  is  very  good. 
The  result  of  a  precise  IF-frequency  measurement  is  a  deviation  of  the  predicted  (equation  (2))  and  the  measured 
IF-frequency  of  less  than  20kHz  which  is  in  the  range  of  the  simulated  deviation.  The  measured  linearity  error 
between  the  two  ramps  is  in  the  order  of  10~4  related  to  the  bandwith  of  320MHz.  The  more  precise  two-loop 
method  proofs  again  the  excellent  linearity  of  the  PLL-linearized  VCOs  which  by  themselves  have  quite  a  poor 
linearity. 

CONCLUSION 

A  PLL-linearization  circuit  for  generating  an  extremely  linear  frequency  ramp  has  been  developed.  In  order  to 
reach  an  optimum  in  circuit  performance  and  to  estimate  the  frequency  error  several  simulations  have  been  made. 
The  results  of  these  simulations  have  been  proofed  by  various  measurements.  One  of  these  measurements  is  close 
to  a  useful  application  since  it  employs  a  modified  FMCW-radar-system.  The  other  method  uses  two  PLL-circuits 
leading  to  more  sensitive  results.  All  the  simulations  and  measurements  underline  the  good  performance  of  such 
a  PLL-linearization  circuit. 
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Figure  1:  Simplified  block  diagramm  of  a  single  loop  PLL-system 
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Figure  2:  Block  diagramm  of  the  FMCW-system 


Figure  3:  Simplified  block  diagramm  of  the  two  loop  measurement-system 
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Figure  8:  Measured  IF-spectrum  of  the  two-loop  test  circuit 


Dual  Shaped  Reflector  Antenna  for  Airport  CW  radar 

Jacob  Meshy,  Michael  Negev  -  Antenna  Dept.  ELTA 


Modem  airports  require  an  accurate  search  radar  to  control  the  ground  traffic  in  an  airfield  environment. 
The  radar  uses  the  CW  mode  to  help  operate  in  a  high  clutter  area,  covered  with  buildings  and  other 
obstacles.  Two  collinear,  separate  antennas  are  used  for  transmit  and  receive,  requiring  high  isolation 
between  them. 

The  following  article  describes  an  approach  to  design  of  a  low  cost,  dual  inverted  COSEC  reflector 
antenna  The  method  combines  manual  design  with  hevy  graphical  display  and  accurate  analysis  program. 
This  approach  was  used  to  develop  the  antenna  for  the  Elta  ASDR  EL-M2125  radar,  which  was  tested  at 
the  Salt  Lake  City  airport.  The  article  describes  the  design  procedure  and  the  test  results. 


Main  requirements 

The  dual  reflector  antenna  should  meet  the  following  requirements. 

-  Inverted,  (below  the  horizon)  specially  defined  coverage  shape  in  elevation  with  a  steep  slope  at  the  end 
of  the  elevation  pattern. 

-  Constant  azimuth  beamwidth  in  elevation  angles,  to  keep  the  radar  resolution  at  all  distances. 

-  High  isolation  between  the  two  adjacent  antennas,  better  than  -85dB. 

-  Circular  Polarized  with  low  ellipticity. 

-  Low  level  Sidelobes. 

-  Low  cost  production. 


Design  concept  and  tools 

Shaped  reflector  antennas,  mostly  COSEC2,  are  well  known  for  many  years,  with  good  results.  The  main 
interest  in  this  work  is  the  way  and  tools  we  used.  It  was  needed  to  accomplish  the  task  in  short  time,  as 
well  as  to  maintain  tight  requirements  and  flexibility  of  the  design  to  fit  to  new  requirements. 

The  design  method  was  based  on  two  concepts: 

-  Manually  design  of  most  parts,  including  extensive  use  of  graphical  display . 

-  Using  accurate  and  reliable  analysis  program.  This  helps  to  conceive  to  an  accurate  solution. 

In  this  work  we  used  two  computer  programs: 

a.  GRASPC/7  -  reflector  analysis  software  from  TICRA,  Denmark 

b.  MATLAB  -  powerful  mathematical  software  with  strong  graphical  capabilities. 


Design  procedure 

The  shaped  reflector  is  designed  in  two  steps  -  the  central  curve  and  the  surface  based  on  it. 

There  are  several  methods  based  on  Geometrical  Optics  to  design  the  central  curve.  In  this  work,  we  used 
the  method  of  Thourel  [1].  The  result  of  this  step  is  regarded  as  raw  output.  We  implemented  vanous 
mathematical  smoothing  methods  in  combination  with  GRASP  analysis  program.  This  approach 
accelerates  the  design  and  helps  control  the  contribution  of  each  part  of  the  reflector. 

The  reflector  surface  is  calculated  analytically,  directly  from  the  central  curve.  For  a  shaped  reflector,  there 
are  many  available  surfaces,  depending  on  the  definition  of  the  equi-phase  planes,  [2], 

In  this  part,  we  used  a  combined  manual  design,  using  a  very  powerful  graphical  display  and  analysis 

program. 

It  can  be  seen,  in  the  following  figures,  the  various  views  and  the  simplisity  of  identifying  unusual  result, 
and  obtaining  the  limits  of  each  solution 

The  main  effect  of  the  surface  shape  is  on  the  azimuth  cuts  in  elevation.  Since  this  antenna  contain  two 
different  surfaces,  as  well  as  it  is  inverted  COSEC,  it  was  important  to  analyze  the  results  carefully.  The 
conclusion  of  this  work  was  a  different  type  for  reflector.  The  results  show  different  radiation  pattern 
characteristics,  but  the  azimuth  beamwidth  in  elevation  was  kept  quite  constant  for  both  reflectors. 
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Antenna  structure 

The  design  of  two  offset  reflectors,  one  above  the  other,  was  chosen  to  meet  the  low  level  side  lobes 
requirement.  This  arrangement  is  compact,  and  fit  to  be  covered  with  a  radome,  but  it  increases  the 
coupling  between  the  antennas. 

The  direct  radiation  of  the  feeds  is  the  main  contributor  to  the  coupling,  so  they  were  separated  by  an 
isolation  plate.  The  size  and  materials  of  the  plate  were  chosen  to  reduce  the  coupling  to  -90dB. 

The  asymmetric  solution  led  to  the  design  and  manufacture  of  two  .different  reflectors,  see  fig.  5. 

The  reflectors  were  designed  by  using  the  GRASPC7/GRASPC  -  reflector  pattern  analysis  programs  of 
TICRA,  Denmark,  and  they  manufactured  were  from  epoxyglass  sandwich. 

Two  cylindrical  circular  polarizers  are  attached  to  the  feeds.  They  consist  of  4  meanderline  layers. 

Results 

The  electrical  characteristics  of  the  antenna  were  tested  on  the  outdoor  Elta  antenna  test-range. 

The  measured  results  show  a  very  good  fit  to  the  specifications: 

-  Elevation  coverage  of  both  reflectors  are  very  similar  and  close  to  the  requirements. 

-  Horizontal  cuts  in  elevation  are  almost  constant,  and  even  slightly  shortened. 

-  Ellipticity  is  below  ldB  at  all  frequencies. 

-  Isolation  is  better  than  -90dB, 

Figures 

The  attached  figures  show  a  few  examples  of  the  many  drawings  of  the  design.  The  drawings  represent  the 
extensive  use  of  graphical  aids. 

Fig.  1.x  shows  some  aspects  of  the  design  of  the  central  curve,  the  GO  design  and  mathematical 
smoothness.  Various  views  of  the  control  of  several  geometrical  parameters  of  the  surface  in  fig.  1.3  and 
the  contribution  on  the  pattern  in  fig.  1.2. 

Fig.  2.x  show  some  views  of  the  various  surface  characteristics  and  limitations.  A  ‘"twist”  is  shown  in 
several  views.  The  view  of  radius  of  curvature  was  very  effective  to  analyze  the  regularity  of  the  surface. 
Fig.  3.x  are  calculated  patterns  of  both  antennas  in  Elevation  and  Azimuth.  Different  surface  type  influence 
the  elevation  pattern.  The  most  important  control  is  in  the  beginning  and  the  end  of  the  shaped  beam,  in 
fig.  3. 1 .  Azimuth  cuts  in  elevation  in  “UP”  reflector  are  much  more  sensitive  to  the  surface  type,  fig.3.2. 

Fig.  4  includes  final  measured  patterns  of  UP  and  DOWN  antennas. 

Fig.  5  is  a  photograph  of  the  complete  antenna  system  at  the  radar  evaluation  site  in  Salt  Lake  City  airport. 
Summary 

In  this  work  we  introduced  a  unique  design  and  measurements  of  an  accurate,  circularly  polarized,  dual 
shaped  reflector  antenna  system.  The  isolation  between  the  two  antennas  is  around  -90dB  to  enable  CW 
operation.  The  antenna  is  circularly  polarized  with  an  A.R  better  than  ldB. 

We  introduced  a  design  method  based  on  a  combination  of  manual/  mathematical  design,  with  extensive 
use  of  graphical  views,  and  accurate,  reliable  analysis  program.  This  method  was  proved  as  fast,  giving 
good  results  and  flexible. 

Two  different  reflectors  were  designed  from  scratch  in  a  short  time  which  gave  very  similar  coverage, 
inverted  COSEC  with  a  constant  azimuth  beamwidth  in  elevation. 

Two  prototypes  of  the  antenna  assembly  were  built  and  integrated  with  the  Elta  ASDR  EL-M2125  radar 
which  was  tested  at  the  Salt  Lake  City  airport. 
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Fig.  2.1  Surface  different  shapes  and  limits  -  Front  view 


a.  “twist”  in  cut  no.  i 


b.  changes  in  surface  curvature 


3.  Pattern  analysis 


Fig.  3.1  Control  of  Elevation  coverage  with  surface  type  -  a.  UP  b.  DOWN  reflectors 


Fig.  3.2  Improvement  of  Azimuth  cuts  with  surface  type  -  a.  UP  b.  DOWN  reflectors 
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4.  Actual  antenna 


Fig.  4  Antenna  measured  patterns  -  a.  UP  b.  DOWN  antennas 


Fig.  5  Antenna  at  Salt  Lake  City  airport 
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Abstract 

The  design,  development  and  test  activities  performed  on  the  Ku-band  antenna  subsystem  for  the  Israeli  communication  satellite 
AMOS  are  presented.  Starting  from  AMOS  mission  requirements  like  service  areas  and  EIRP  in  conjunction  with  mechanical  con¬ 
straints  imposed  by  the  ARIANE  44  MINI  SPELDA,  the  different  steps  of  both  electrical  and  mechanical  antenna  design  optimi¬ 
zations  during  the  development  phase  are  summarized.  The  antenna  gain,  reflector  diameter  and  focal  length  are  the  results  of  the 
trade-off  analyses,  done  during  the  design  phase. 

The  antenna  subsystem  has  been  designed,  manufactured  and  qualified  by  Domier  Satellitensysteme  GmbH  (DSS),  Germany,  be¬ 
tween  1992  and  1995.  Its  design  has  been  verified  by  a  number  of  qualification/acceptance  tests  starting  at  component  level  with 
tests  demonstrating  the  performance  of  the  mechanisms  at  different  temperatures  or  with  RF-tests  of  feed  system  components.  Fi¬ 
nally  the  test  sequence  culminated  in  overall  subsystem  tests,  e.g.  RF-pattem  measurements  in  a  Compact  Test  Range  and  hot/cold 
deployment  tests  of  the  reflector  under  thermal  vacuum  conditions. 

1  Introduction 

Since  the  launch  by  Ariane  44L  in  May  1996  the  Israeli  communication  satellite  AMOS  is  operating  successfully  at  the  geostation¬ 
ary  orbital  postion  4°  West.  With  a  total  mass  of  less  than  1000kg  offering  seven  Ku-band  transponders  of  35  Watt  this  new  space¬ 
craft  type  will  be  an  interesting  alternative  especially  for  customers  from  developing  countries.  AMOS  provides  diversifying  com¬ 
munication  and  broadcasting  services  over  the  Israeli  territory  while  its  coverage  area  enables  Israel's  neighbouring  countries  to 
take  advantage  of  its  high  performance.  Moreover  a  second  spot  beam  can  be  switched  either  to  Hungary  or  to  Portugal.  Basically 
the  AMOS  communication  antenna  provides  services  in  the  middle  East  and  Eastern  Europe  with  an  EIRP  of  some  55dBW. 

2  AMOS  Mission  Requirements 

The  antenna  subsystem  of  AMOS  has  to  perform  telecommunication  services  in  the  1 1/14  GHz  frequency  bands  from  the  geosta¬ 
tionary  arc  at  4°  West.  Three  high  gain  spot  beams  have  to  be  provided,  one  pointing  to  Israel/Middle  East,  one  to  East 
Europe/Hungary  and  one  to  Portugal.  Only  two  beams  shall  be  operated  simultaneously,  the  Israel/Middle  East  beam  and  either 
that  to  Hungary  or  that  to  Portugal.  The  selection  of  the  active  beam  shall  be  done  by  RF-switching  within  the  antenna  subsystem. 
Dual  linear  polarisation  has  been  required.  The  requirements  are  summarised  in  Tab.  1. 

3  Electrical  Antenna  Design 

The  design  of  the  combined  transmit  (10.95-1 1.70  GHz)  /  receive  (14.0-14.5  GHz)  antenna  (Fig.  1)  has  been  driven  by  the  main 
requirements  of  41.1/42.2  dBi  (Tx/Rx)  gain  over  Israel  and  39.9  dBi  (Tx  and  Rx)  over  Hungary.  Therefore  an  offset  parabolic  re¬ 
flector  of  1.70m  diameter  and  1.20m  focal  length  has  been  chosen.  The  feed  assembly  (Fig.  2)  has  been  composed  of  three  individ¬ 
ual  feed  systems,  each  one  consisting  of  a  conical  corrugated  horn  (aperture  diameter  70mm),  a  square  to  circular  waveguide 
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Frequency  band 

Ku-Band 

Uplink: 

14.00  to  14.50  GHz 

Downlink: 

10.95  to  11.70  GHz 

Service  areas 

1.  Israel  and  the  Middle  East 

2.  East  Europe  with  the  beam  center  over  Hungary 

Antenna  polarisation 

linear 

Uplink: 

Vertical  (European  Beam)  &  Horizontal  (Middle  East  beam) 

Downlink: 

Horizontal  (European  Beam)  &  Vertical  (  Middle  East  beam) 

No.  of  Transponders: 

7  active,  out  of  9 

up  to  6  active  in  the  Middle  East  beam 
up  to  4  active  in  the  European  beam 

Transponder  Bandwidth: 

72  MHz 

EIRP: 

55  dBW  at  beam  center 

G/T: 

14  dB/K  at  beam  center 

Antenna  gain 

Uplink: 

41.5  dBi  over  Israel/Middle  East,  41.0  dBi  over  Hungary 

Downlink: 

41.7  dBi  over  Israel/Middle  East,  40.4  dBi  over  Hungary 

Antenna  beam  isolation: 

23  dB  (sidelobes,  cross-polarization) 

Tab.  1  AMOS  Technical  Specifications 


transition  and  an  orthomode  transducer  to  separate  the  two  senses  of  linear  polarisation.  The  feed  systems  dedicated  to  the  Hungary 
and  the  Portugal  beams  can  be  selected  via  two  waveguide  switches  (Tx  and  Rx). 

During  the  running  program  a  widening  of  the  Israeli  beam  has  been  requested  by  the  customer  to  adapt  the  coverage  to  the  politi¬ 
cal  changes  in  the  middle  East  in  the  mid  nineties.  In  the  frame  of  this  action  the  Hungarian  beam  has  been  widened,  too.  For  the 
beam  widening  the  two  conical  corrugated  horns  of  Israel  and  Europe  have  been  replaced  by  rectangular  horns  (Fig.  3).  The  new 
feeds  have  been  designed,  manufactured  and  qualified  within  less  than  six  months  and  exchanged  at  the  integrated  spacecraft. 

The  antenna  electrical  design  optimisations  have  been  performed  using  high  standard  and  well  proven  computer  routines.  Sophisti¬ 
cated  horn  software  has  been  applied  for  the  optimization  of  the  feed  horns.  The  antenna  radiation  pattern  have  been  computed 
using  the  GRASP  7  program  package,  developed  by  TICRA,  Copenhagen. 

The  feed  systems  were  designed  to  be  compatible  with  the  cross-polar  specifications,  to  provide  low  insertion  and  return  losses  and 
to  handle  the  power  levels  required.  As  far  as  possible  components  were  applied,  which  have  been  qualified  and  used  for  similar 
space  missions,  or  which  could  be  adapted  to  the  AMOS  mission  with  minor  modifications.  This  held  for  the  corrugated  horn(s) 
and  the  orthomode  transducers,  which  were  direct  derivations  of  feed  system  components  for  the  Ku-band  antenna  of  the  German 
Communication  Satellite  DFS  Kopernikus. 


4  Mechanical  Antenna  Design 

The  mechanical  design  of  the  antenna  was  based  on  the  heritage  gained  by  DSS  during  several  space  programs  in  the  scientific  as 
well  as  the  communication  business. 

In  order  to  comply  with  the  volume  constraints  given  by  the  use  of  the  Ariane  4  Mini  Spelda  shroud  the  reflector  had  to  be  stowed 
for  launch  and  deployed  in  orbit  into  its  operational  configuration.  This  was  accomplished  by  a  pyrotechnical  release  of  the  two 
hold-down  points  and  a  subsequent  reflector  rotation  driven  by  a  spring  actuated  mechanism. 

Both  the  stowed  and  the  deployed  configuration  are  depicted  in  Fig.  4  and  Fig.  5  together  with  the  associated  S/C  panel. 


4.1  Reflector  Dish 

The  offset  reflector  shown  in  Fig.  6  with  a  circular  aperture  and  a  parabolic  contour  consists  of  a  thin  sandwich  shell  stiffened  by 
horizontal  and  longitudinal  sandwich  ribs. 

The  main  geometrical  characteristics  of  the  reflector  are: 


•  Aperture  diameter: 

•  Offset 

•  Focal  length 


D  =  1700  mm 
d  =  170  mm 
f  =  1200  mm 
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Both  shell  and  ribs  are  made  from  ultra-high  modulus  GY70/Epoxy  skins  on  an  aluminium  honeycomb  core.  Whereas  the  dish  skin 
lay-up  is  a  four  layer  orthothropic  one  the  rib  skin  laminate  is  made  from  six  layers  [07±60°]s .  In  combination  with  an  appropriate 
adjustment  of  the  aluminium  core  thickness  and  density  the  CTE’s  of  both  sandwich  types  was  adjusted  to  the  range  between 
0.6xl0'6  K  1  and  0.8xl0'6  K'1  depending  on  the  direction. 

The  connection  between  shell  and  ribs  is  performed  by  continuous  CFRP  wedges  which  are  laminated  and  cured  in  place.  The  rib 
crossings  are  reinforced  by  CFRP  nodal  plates  which  assertains  a  high  strength  load  path.  At  the  extending  ends  of  the  two  longi¬ 
tudinal  ribs  Titanium  brackets  are  spliced  in  which  build  the  interface  to  the  Deployment  and  Latch  Mechanism  (DLM). 

In  order  to  provide  a  strong  and  stiff  interface  the  two  housings  of  the  Hold-Down  and  Release  Mechanism  (HRM)  are  installed  at 
the  central  rib  crossings.  The  optical  alignment  of  the  dish  in  deployed  configuration  is  performed  with  reference  to  a  mirror  cube 
being  glued  onto  the  side  face  of  the  longitudinal  rib  close  to  the  outer  rib  intersection. 

The  thermal  control  of  the  reflector  is  achieved  by  white  paint  on  the  front  side  and  a  single  layer  of  a  VDA  Kapton®  blanket  rein¬ 
forced  by  a  scrim  on  the  rear  side.  The  attachment  of  the  blanket  relies  on  stand-offs  along  the  rim  and  additional  Velcro®  patches 
along  the  ribs. 

The  electrical  grounding  is  performed  by  connecting  all  elements  via  straps  and  conductive  glue  to  the  aluminium  honeycomb  core 
of  both  shell  and  ribs. 

4.2  Reflector  Release  and  Deployment  Mechanism 

As  is  visible  in  Fig.  4  and  Fig.  5  the  Reflector  Release  and  Deployment  Mechanism  consists  of 

•  a  Deployment  and  Latch  Mechanism  (DLM) 

•  two  Hold  Down  and  Release  Mechanisms  (HRM’s) 

4.2.1  Deployment  and  Latch  Mechanism 

The  Deployment  and  Latch  Mechanism  (DLM)  is  a  spring  driven  mechanism  deploying  the  reflector  from  the  stowed  into  the  de¬ 
ployed  configuration  by  a  rotation  of  some  65°  about  its  hinge  axis.  As  depicted  in  Fig.  7  it  consist  of  a  Drive  &  Latch  Hinge 
(DLH)  and  a  Support  Hinge  (SH)  being  attached  to  the  reflector  interface  brackets  on  the  antenna  side  and  to  the  west  panel  inter¬ 
face  bracket  on  the  satellite  side.  Both  DLH  and  SH  are  equipped  with  two  angular  contact  bearings  being  pre-stressed  for  high 
stiffness  and  zero  backlash. 

The  rotation  is  actuated  by  two  helical  springs  located  on  the  DLH  -  see  Fig.  7  and  Fig.  8.  Full  redundancy  is  provided  since  one 
spring  alone  can  safely  perform  the  deployment  under  worst  case  friction  conditions.  At  the  completion  of  deployment  the  reflector 
is  latched  in  an  end  stop  in  the  DLH  the  position  of  which  can  be  adjusted  during  antenna  alignment.  Contrary  to  most  of  the  de¬ 
ployment  mechanisms  used  in  space  constructions  the  AMOS  DLM  has  no  dedicated  damping  element.  The  deployment  energy  of 
the  reflector  is  solely  dissipated  by  structural  damping  in  the  mechanism  and  the  reflector  as  well.  This  philosophy  leads  to  a  com¬ 
parably  high  end  shock  during  latching  which  -  once  the  drive  torque  is  defined  with  appropriate  margins  -  is  determined  by  the 
eigenfrequency  of  the  deployed  reflector.  It  has  the  advantage  of  making  the  mechanism  simple  and  lightweight  and  to  increase  its 
reliability  since  a  damper  not  being  present  is  not  subject  to  failure. 

The  Support  Hinge  carries  two  redundant  micro  switches  monitoring  the  latched  configuration. 

Four  flat  Copper  flexleads  connect  the  Aluminium  base  bracket  of  each  hinge  to  the  S/C.  Apart  from  acting  as  a  multiply  redundant 
grounding  path  these  flexleads  couple  the  DLM  temperatures  to  those  of  the  West  Panel.  In  addition  the  Titanium  reflector  brack¬ 
ets  are  connected  by  two  flexleads  each  to  the  associated  base  brackets  and  the  individual  hinges  are  entirely  covered  by  a  thermal 
insulation  box.  This  combination  of  measures  keeps  the  temperature  range  as  well  as  the  temperature  gradients  small  resulting  in  a 
maximum  thermoelastic  stability  of  the  deployed  configuration. 

4.2.2  Hold  Down  and  Release  Mechanism 

The  fixation  of  the  stowed  reflector  and  its  release  at  begin  of  deployment  is  accomplished  by  two  Hold  Down  and  Release 
Mechanisms  the  design  of  which  can  be  seen  in  Fig.  9. 

The  interface  between  reflector  and  satellite  is  designed  as  a  cone  mating  a  cup  which  allows  to  transfer  both  axial  and  transversal 
loads.  The  reflector  is  held  by  pre-tensioned  bolts  mounted  in  separation  devices  which  can  pyrotechnically  open  a  segmented  nut. 
Supported  by  a  helical  spring  the  bolt  is  ejected  and  captured  by  a  cap  on  top  of  the  housing  which  is  mounted  on  the  reflector.  The 
two  HRM’s  are  ignited  sequentially  in  order  to  guarantee  a  safe  release. 

4.3  Feed  Assembly 

The  conical  corrugated  horn  as  well  as  the  two  rectangular  horns  are  made  from  aluminium  using  standard  milling  and  eroding 
techniques.  Inner  and  outer  surfaces  are  alodyne  treated,  the  flange  areas  are  silver  plated  to  reduce  the  risk  of  passive  intermodu¬ 
lation  products  (PIMP).  The  apertures  are  covered  by  white  painted  Kapton  sunshields.  The  waveguide  transition  and  the  ortho¬ 
mode  transducers  are  also  made  from  aluminium,  standard  milling  and  eroding  processes  have  been  applied.  A  complex  aluminium 
structure  interfacing  with  the  S/C  West  panel  supports  the  three  feed  systems  in  the  focal  plane.  Each  feed  system  is  defocused 
w.r.t.  the  reflector's  focal  point  such  that  the  corresponding  beam  meets  its  dedicated  coverage  area.  The  output  ports  of  the  ortho- 


-77- 


mode  transducers  are  connected  via  tailor  made  waveguide  runs  to  the  waveguide  sv/itches  and  to  the  repeater  I/P  on  the  spacecraft 
North  panel,  respectively. 

5  Antenna  S/S  Qualification 

The  qualification  program  of  the  antenna  subsystem  comprised  a  mechanical  and  electrical  verification  of  the  feed  assembly  and 
reflector  assembly  performance  taking  into  account  the  environmental  conditions  during  launch  and  in  orbit.  Apart  from  the  geo¬ 
metrical  measurements  and  alignments  this  included  thermal  vacuum  tests  for  the  feeds  (+81°C  to  -35°C)  and  the  reflector  (+90°C 
to  -  180°C),  sine  and  random  vibration  of  the  DLM,  the  HRM,  the  feed  assembly.  The  reflector  assembly  had  to  undergo  a  sine 
vibration  test  along  with  several  deployment  tests  in  air  as  well  as  in  vacuum.  An  acoustic  test  was  performed  on  S/C  level  since 
the  interaction  of  the  antenna  S/S  with  the  S/C  panel  can  hardly  be  simulated  properly  on  S/S  level. 

Extensive  measurements  of  the  RF-parameters  have  been  performed,  starting  with  radiation  pattern  tests  on  feed  system  level  such 
as  measurements  of  insertion  loss,  return  loss  and  decoupling/isolation  between  the  neighbouring  feeds.  The  feed  assembly  has 
been  tested  to  be  free  of  generating  passive  intermodulation  products  in  thermal  vacuum  within  the  qualification  temperature  range 
from  -35°C  to  +81°C.  For  the  antenna  subsystem,  integrated  on  the  spacecraft  West  panel,  radiation  pattern,  gain,  VSWR  and  the 
isolation  between  the  three  beams  have  been  measured  in  the  antenna  compact  test  range  of  Domier  Satellitensysteme  GmbH  at 
Ottobrunn.  After  exchange  of  the  feed  systems  on  spacecraft  level  for  the  beam  widening  the  RF  acceptance  tests  have  been  re¬ 
peated  at  the  far- field  test  range  of  Alcatel  Espace,  Toulouse. 

6  Performance 

The  EIRP  contours  of  the  Middle  East  and  European  beams  are  shown  in  Fig.  10  and  Fig.  1 1.  The  main  electrical  and  mechanical 
performance  parameters  of  the  antenna  elements  are  summarised  in  Tab.  2  and  Tab.  3,  respectively.  All  requirements  have  been 
fulfilled,  partly  with  a  considerable  margin. 


Parameter 

Middle  East  Beam 

European  Beam 

uplink/downlink 

uplink/downlink 

Min.  gain 

41.8  dBi/42.1  dBi 

41.9  dB  i/4 1.8  dBi 

Min.  X-polar  discrimination 

23.5  dB/27.2  dB 

33.1  dB/25.6  dB 

Co-polar  beam  isolation 

45  dB/35  dB 

32  dB/35  dB 

X-polar  beam  isolation 

52  dB/46  dB 

45  dB/43  dB 

Tab.  2  Electrical  Performance  of  the  AMOS  Communication  Antenna 


Parameter 

Reflector  Dish  incl.  HRM 

DLM 

Feed  Assembly 

Mass  w/o  thermal  blankets 

8.42  kg 

3.76  kg 

5.23  kg 

Contour  accuracy  at  20°C 

0.05  mm  rms  (best  fit) 

N/A 

N/A 

Ir  -Orbit  thermal  distortions 

0.05  mm  rms  (best  fit) 

0.0001  deg/°C 

N/A 

Reproducibility  of  deployed  angle 

0.001  deg 

N/A 

Fundamental  eigenfrequency 

76  Hz  (stowed)  /  5.5  Hz  (deployed) 

153  Hz 

Functional  temperature  range 

-180°C  to  +  90°C 

-40°C  to  +50°C 

-35°C  to  +81°C 

Tab.  3  Mechanical  Performance  of  the  AMOS  Communication  Antenna 


7  Concluding  Remarks 

The  design  and  qualification  procedures  for  the  AMOS  antenna  subsystem  have  been  described.  Test  results  exceeded  the  contrac¬ 
tual  requirements.  All  that  ensured  AMOS  successful  operation  in  orbit. 


Fig.  3  AMOS  Feed  Assembly,  Flight  Configuration 


Fig.  4  AMOS  Ku  Antenna,  Stowed  Configuration 


Fig.  5  AMOS  Ku  Antenna,  Deployed  Configuration 
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ABSTRACT 

This  paper  presents  two  novel  active  antenna  architectures  for  retrodirective  beam  formation 
which  rely  on  heterodyne  phase  techniques  for  their  operation.  Both  the  methods  use  the  phase 
conjugate  properties  of  a  mixer  driven  with /o  and  2fo  signals  for  retrodirective  beam  formation. 
In  the  first  approach  frequency  diversity,  coupled  with  power  divider  circuits  is  used  as  a  quasi 
circulator  to  provide  isolation  between  incident  and  retransmitted  signals.  In  the  second  method 
a  dual  linearly  polarised  microstrip  patch  antenna  provides  the  complementary  function  of 
radiator  and  isolation  element  by  virtue  of  its  polarisation  diversity  response.  Two  element 
arrays  using  both  approaches  were  made  for  1  GHz  operation.  Results  and  theoretical 
performance  figures  for  the  retrodirective  antenna  architectures  are  presented  in  the  paper  and 
are  compared  to  a  passive  2  element  array  which  is  used  as  a  reference  for  discussion. 


INTRODUCTION 

A  retrodirective  antenna  array  reflects  any  incident  signal  back  in  the  direction  from  which  it 
was  sourced.  The  most  well  known  retrodirective  antenna  is  the  comer  reflector  where  the 
geometry  of  the  structure  results  in  retrodirective  beam  formation  [1],  The  planar  equivalent  of 
the  comer  reflector  is  the  Van  Atta  array  [2,  3].  A  modification  to  the  Van  Atta  Array,  called 
the  bilateral  Van  Atta  retrodirective  array  makes  use  of  amplifier  gain  introduced  in  the 
transmission  line  paths  interconnecting  the  antenna  elements[4].  Retrodirective  antenna  arrays 
find  applications  in  various  commercial  and  military  systems  where  limited  tracking  without  a 
priori  knowledge  of  the  source  is  required.  Electronic  traffic  and  toll  management,  freight 
management  and  channel  markers  are  to  name  but  a  few. 

Retrodirective  beam  formation  is  a  result  of  phase  conjugancy  of  an  incident  wavefront  i.e. 
each  element  in  the  array  delivers  an  outgoing  wavefront  component  which  is  phase  shifted 
with  respect  to  a  reference  phase  by  exactly  a  much  as  the  incoming  wavefront  was  advanced. 
In  this  case  the  total  path  length  from  the  source  to  the  array  element  and  back  to  the  source  is 
constant  for  all  of  the  elements  in  the  array  resulting  in  maximum  field  retransmission  in  the 
direction  of  the  source.  The  array  factor  for  this  class  of  antenna  can  be  stated  as  in  equation  1. 


Ert  «  ej(ox+<t>) 
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where. 


N  -  number  of  elements  in  the  array, 

0t  -  Position  of  the  transmitter  measured  from  the  broadside, 
0r  -  Position  of  the  receiver  measured  from  the  broadside,  and 
Xr  -  Wavelength  of  the  received  signal, 

-  Wavelength  of  the  transmitted  signal,  and 
Xj  -  Distance  of  ith  element  from  array  phase  centre. 


Both  the  methods  presented  here  use  microstrip  patch  antenna  for  transmitting  and  receiving 
the  signal.  In  both  the  approaches  a  mixer  along  with  a  local  oscillator  operating  at 
approximately  twice  the  incident  frequency  is  used  to  get  the  required  phase  conjugate  signal 
necessary  for  retrodi recti ve  operation  [5].  In  practice  a  small  frequency  offset  between  incident 
and  retransmitted  waveforms  is  introduced  to  facilitate  frequency  discrimination  incoming  and 
outgoing  signals  at  the  detection  apparatus. 


SCHEME  1  :  RETRODIRECTIVE  ANTENNA  ARRAY  USING  POWER  DIVIDERS 

In  the  proposed  scheme  shown  in  figure  1,  phase  conjugancy  is  obtained  by  mixing  the 
received  signal  with  a  reference  signal  at  approximately  twice  the  incident  frequency  (  i.e. 
1.99GHz).  The  mixer  output  signal  at  1GHz  is  then  amplified  and  retransmitted  by  the  patch 
antenna  after  passing  through  a  power  divider.  Due  to  the  narrow  bandwidth  of  the  microstrip 
patch  antenna  (~5%)  only  the  difference  product  of  the  mixer,  which  bears  the  phase  conjugate 
relationship  with  respect  to  the  incident  signal,  is  retransmitted,  this  results  in  retrodirective 
beam  formation.  The  power  divider,  at  the  expense  of  a  3dB  path  loss,  acts  as  a  quasi-circulator 
[6]  to  provide  isolation  between  incident  and  retransmitted  signal  pathways.  Using  equation(l) 
the  theoretical  azimuthal  response  of  the  retrodirective  antenna  array  was  constructed  This  is 
plotted  in  figure  6,  the  agreement  obtain  shows  that  the  model  used  in  the  equation(l) 
represents  clearly  the  actual  behaviour  of  the  antenna. 


SCHEME  2:  RETRODIRECTIVE  ANTENNA  USING  A  DUAL  POLARISED  PATCH 

This  scheme,  shown  in  figure  2,  works  on  a  similar  principle  as  scheme  1.  Here  the 
combination  of  microstrip  patch  antenna  and  power  divider  is  replaced  with  a  dual  polarised 
patch  antenna.  The  dual  polarised  microstrip  patch  antenna  used  in  this  application  is  designed 
to  operate  in  two  linear  orthogonal  modes,  TMio  and  TMoi,  at  approximately  the  same 
frequency.  Isolation  between  the  polarisation  diverse  signals  ensures  minimum  interference 
between  received  and  transmitted  signals,  hence  low  cross  polar  levels  are  important.  For  the 
dual  polarised  microstrip  patch  antenna  used  in  this  scheme  ,  E  and  H  field  cross  polarisation 
levels  are  better  than  that  21  dB,  (figure  3)  while  the  port  isolation  over  the  frequency  range  of 
interest  is  better  than  22dB  as  shown  in  figure  4. 

This  arrangement  of  retrodirective  beam  formation  has  lower  path  loss,  but  also  slightly  poorer 
isolation  between  retransmitted  and  incident  signals  when  compared  to  the  first  scheme.  This 
manifest  itself  in  terms  of  the  decreased  azimuthal  flatness  response  of  the  system,  figure  7,  as 
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compared  to  that  in  figure  6.  Another  difference  in  this  scheme  is  that  it  uses  two  different 
linear  orthogonal  polarisations  for  receiving  and  retransmission  of  the  signal.  This  means  the 
transmit/receive  antenna  must  have  capability  to  operate  in  two  orthogonal  modes  for 
transmission  of  the  signal  and  reception  of  the  retransmitted  signal  from  the  retrodirective 
antenna  array. 


TEST  AND  MEASUREMENT 

Each  of  the  schemes  described  above  were  tested  at  1GHz  using  a  two  element  microstrip 
patch  antenna  array  as  the  transmit/receive  sensor,  figure  5  shows  the  measurement  set-up. 
Here  a  Transmit/Receive  antenna  makes  an  azimuthal  cut  from  -90  to  90  degrees,  a  circulator 
is  used  to  extract  the  received  signal  from  the  transmitted  one.  The  small  frequency  offset 
between  transmit  and  receive  frequencies  provides  additional  isolation  for  the  architecture  in 
figure  1  and  for  the  arrangement  in  figure  2  additionally  enhances  isolation.  Results  shown  in 
figure  6  and  7  present  normalised  comparative  performance  of  a  simple  array  and  retrodirective 
array  using  scheme  1  and  2  respectively.  As  evident  from  these  figures,  for  a  simple  in-phase 
passive  array  the  peak  occur  at  broadside  (0°)  irrespective  of  the  position  of  the  transmitting 
antenna,  whereas  in  the  case  of  the  retrodirective  arrays  the  maximum  response  peak  occurs  at 
different  positions  aligned  with  the  transmitter  position  due  to  the  return  beam  being  redirected 
towards  the  transmitter.  This  results  in  the  flatter  overall  antenna  pattern  compared  to  the 
pattern  of  the  simple  two  element  array,  the  3dB  beamwidth  for  the  passive  array  is  ±30 
Whereas  with  the  power  divider  retrodirective  array  of  figure  1  ±50°  of  retrodirection  can  be 
achieved  before  the  beam  strength  decreases  by  3  dB.  For  the  dual  polarised  patch 
retrodirective  antenna  array  shown  in  figure  2,  ±45°  beam  width  can  be  achieved  for  the  same 
condition. 

CONCLUSION 


Two  new  types  of  retrodirective  antenna  architectures  using  heterodyne  phase  technique  were 
designed,  tested  and  modelled  at  1GHz.  The  results  obtained  for  these  prototypes  shows  that 
the  schemes  proposed  here  are  capable  of  retrodirective  beam  formation.  The  architecture 
described  here  are  compact,  and  suitable  for  monolithic  integration.  In  addition,  although  not 
described  here,  suitable  encoding  can  be  easily  added  to  the  return  path  signal  making  the 
antenna  types  shown  here  suitable  for  vehicle  tracking  and  other  transponder  type  applications. 
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FIGURES 


Figure  1  -  Retrodirective  antenna  using  power  divider. 


Figure  2  -  Retrodirective  antenna  using  Dual  Polarised  Patch  antenna 
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Figure  3  -  E  and  H  field  radiation  patterns  of  dual  polarised  patch  antenna 
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Figure  4  -  Isolation  measurement  of  dual  polarised  patch  antenna 
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Figure  5  -  Test  Set-up 


Figure  6  -Antenna  pattern  for  Retrodirective  antenna  using  Power  Divider 


Figure  7-  Antenna  pattern  for  Retrodirective  antenna  using  Dual  Polarised  Patch  antenna 
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ABSTRACT 


Arrays  of  coupled  active  antenna  oscillators  are  used  for  power-combining  at  microwave  and 
millimetre-wave  frequencies.  The  mutual  coupling  between  array  elements  determines  the 
operational  mode  of  the  array  and  hence  its  far-field  radiation  pattern.  Separately  it  is  known 
that  enhanced  oscillator  modal  stability  can  be  achieved  by  coupling  oscillators  through  lumped 
capacitive  elements.  In  this  paper  lumped  element  and  mutual  element  coupling  are  employed 
concurrently.  The  arrangement  takes  the  form  of  a  ring  coupled  oscillator  used  to  excite  a  2x2 
array  whose  sources  are  coupled  by  capacitive  elements  and  whose  loads,  the  actual  microstrip 
patch  antenna  elements,  are  mutually  coupled.  In  this  paper  the  effect  of  these  couplings  are 
evaluated  using  a  time  domain  analysis.  Experimental  results  for  a  2x2  array  are  presented 
which  validate  the  theoretical  predictions  made. 


INTRODUCTION 


The  quest  for  high  power,  high  efficiency  solid  state  devices  for  mobile  wireless  communication 
basestation  applications  is  ever  increasing  with  the  consequence  that  the  output  from  many 
devices  can  be  now  spatially  power  combined  using  quasi-optical  techniques  [l]-[2].  Such  a 
system  can  be  configured  from  active  antenna  elements  where  the  mutual  coupling  between 
elements  induces  mutual  injection-locking  [3].  In  this  paper  a  novel  array  arrangement  is 
presented  where  coupling  not  only  takes  place  in  the  air  space  above  the  patch  antenna 
elements,  but  also  the  actual  oscillator  elements  are  coupled  using  lumped  capacitive  elements 
[4].  By  this  method  two  forms  of  coupling  are  simultaneously  employed  to  help  stabilise  a 
locked  entrained  array  frequency.  A  time  domain  simulation  algorithm  has  been  developed 
whereby  a  time  delayed  and  attenuated  coupled  signal  can  be  applied  to  the  other  capacitively 
coupled  oscillators  in  the  array  i.e.  representing  free  space  mutual  coupling.  Thus  the  array  can 
be  simulated  in  the  time  domain.  In  addition,  the  reactively  coupled  oscillator  dynamics  are 
computed  independently  using  an  analytical  formulation. 


THEORETICAL  CONSIDERATIONS 

The  non-linear  circuits  for  the  individual  elements  in  a  4-element  ring  antenna  array 
configuration  can  be  shown  to  be  modelled  by  the  following  equations  [5]  which  have  been 
adapted  from  the  separated  peak  amplitude  and  phase  components  of  a  parallel  resonant  circuit 
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Van  der  Pol  [6]  equivalent  model  of  the  oscillator,  where  the  non-linear  device  G(v)  is  fitted 
from  the  simulated  oscillator  model  according  to  the  expression:- 


i  =  -av  +  bv 3 


(1) 


From  Kirchoff  s  laws  and  after  the  approach  used  in  [7]  to  decouple  amplitude  and  phase 
dynamics  has  been  applied,  the  individual  peak  amplitude  and  phase  expressions  for  the 
arrangement  in  Figure  1  in  the  absence  of  the  time  delayed  mutual  coupling  artefact  become:- 
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where  represents  the  injection-locking  element  at  radian  frequency  o)L  from  an 

external  source  to  the  ith  oscillator.  A;  is  the  oscillator  peak  amplitude,  <j>,  the  oscillator  phase 
and  the  lumped  element  coupling  admittance  Yik,  is  equal  to  Gik  +  jBik.  The  radian  frequency 

coj  is  equal  to  — ===  of  the  equivalent  oscillator  model.  The  inclusion  of  the  terms  in  Dt 
yLici 

enables  a  single  oscillator  (or  several  oscillators)  to  be  injection-locked  and  this  effect  on  the 
ring  oscillator  arrangement  evaluated.  It  is  noted  that  for  the  condition  examined  here  the 
terms  in  Di  will  all  be  zero.  Equations  (2)  and  (3)  are  also  seen  to  be  valid  for  non-identical 
oscillators  in  the  array. 

From  equations  (2)  and  (3),  two  numerical  methods  can  be  applied  whereby  the  ring  oscillator 
arrangement  can  be  estimated.  The  first  method  is  to  numerically  solve  the  differential 
equations  (2)  and  (3)  using  Runge-Kutta  methods  [8].  This  yields  useful  start  up  information. 
The  second  method  can  be  used  to  determine  only  the  steady-state  array  output  behaviour  of 
the  system,  since  in  this  condition :- 


d^ 

dt 


(4) 
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and:- 


(5) 


d & 

dt 


0 


Thus  in  the  steady  state  case  the  entrained  frequency  col,  the  individual  peak  amplitudes  A* 
and  the  relative  phases  (to  the  first  oscillator)  <J>i,  can  be  calculated  by  least  squares 
optimisation.  Results  obtained  by  direct  integration  of  equations  (2)  and  (3)  and  the  steady 
state  solution  found  after  imposing  equations  (4)  and  (5)  are  seen  to  be  self  consistent  with 
the  full  time  domain  circuit  simulation  results  all  of  which  predict  identical  start-up  times  and 
steady-state  operation,  Figure  2. 

The  time  domain  Van  der  Pol  circuit  model  [6]  has  been  further  developed  to  include  a 
Richards  model  [9]  of  a  patch  antenna  designed  to  operate  at  the  Van  der  Pol  circuit  resonant 
frequency.  In  addition  the  time  delayed  and  attenuated  coupling  signal  [10]  is  applied  to  each 
antenna  across  the  ring  array,  Figure  1 . 

In  order  to  confirm  the  theoretical  predictions,  four  of  the  1  GHz  MIC  oscillators  in  reference 
[4]  were  used  to  drive  a  2x2  array  of  0.5  wavelength  spaced  microstrip  patch  antennas 
constructed  on  er  =  4.55,  1.5  mm  thick  substrate,  with  each  antenna  matched  for  50f2 
operation.  This  frequency  was  selected  for  ease  of  experimental  confirmation.  The  normalised 
E-Plane  predicted  and  measured  patterns  are  shown  in  Figure  3.  The  predicted  pattern  is 
obtained  by  measuring  the  individual  power  levels  of  each  oscillator  in  the  ring  coupled 
arrangement  separately,  then  as  different  oscillator  pairs  and  finally  with  all  four  oscillators 
power  combined.  For  each  arrangement  a  vector  diagram  was  constructed  using  the 
appropriate  pairs  of  resultant  power  measurements.  From  these  considerations  the  amplitudes 
and  phase  relationships  between  each  oscillator  in  the  coupled  network  can  be  derived,  Table 
1 .  These  are  compared  to  those  predicted  by  the  analytical  solution  described  by  equations  (2) 
and  (3)  and  to  Van  der  Pol  model  time  domain  simulation  results  for  a  system  modelling  the 
experimental  procedure.  Oscillator  3  was  detuned  relative  to  the  other  oscillators  so  that  a 
maximum  phase  error  was  introduced  at  frequency  entrainment  in  order  to  establish  a  worst 
case  entrained  frequency  result.  The  resulting  experimentally  derived  amplitudes  and  phases 
are  then  used  as  unbalanced  excitation  signals  in  a  conventional  passive  array  factor 
calculation  algorithm.  Here  the  antenna  pattern  for  an  actual  patch  antenna  was  used  to 
construct  the  array  group  pattern.  The  resultant  pattern  match  illustrates  that  in-phase  power 
combining  is  occurring  and  that  apart  from  edge  diffraction  effects  the  maximum  observed 
difference  between  the  measured  and  theoretical  radiation  patterns  is  less  than  2  dB.  It  was 
noted  that  without  the  presence  of  the  capacitive  ring  coupling  network  structure  the  array 
presented  here  could  not  be  stabilised  for  spatial  power  combining  on  the  basis  of  mutual  free 
space  coupling  alone. 

The  time  domain  simulation  results  for  the  non  identical  oscillators  calibrated  to  the 
experimental  arrangement  used  in  the  previous  experiment  are  compared  to  a  simulated  array 
with  identical  oscillators  in  Figure  4.  Here  it  is  noted  that  the  use  of  identical  oscillators 
results  in  a  perfect  in-phase  condition  whereas  the  non-identical  oscillators  deviate  from  this 
condition.  In  addition  the  non-identical  arrangement  shows  good  correlation  to  that  observed 
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experimentally,  Table  1.  When  the  distributed  mutual  coupling  algorithms  are  removed  from 
the  Time  Domain  simulation,  similar  results  occur.  Thus  it  can  be  concluded  that  the  free- 
space  coupling  has  little  effect  on  the  overall  operation  of  the  lumped  coupled  array.  From 
these  results  the  presence  of  the  lumped  capacitive  coupling  elements  appear  to  ensure  that 
the  active  array  always  stays  in  an  approximately  in-phase  power  combining  mode. 


CONCLUSIONS 


It  is  seen  that  array  stability  is  introduced  when  individual  oscillators  are  placed  in  a  ring 
coupled  network.  With  this  condition  a  current  is  introduced  across  the  lumped  element 
impedances  (8  pF  capacitances  in  this  case)  causing  an  in-phase  condition  to  be  invoked.  The 
time  domain  simulation  and  the  analytical  model  presented  here  are  seen  to  consistently 
predict  in-phase  array  mode  operation.  Experiments  carried  out  on  a  frequency  scaled  array  at 
1  GHz  confirm  the  predictions  even  though  the  4  coupled  oscillators  are  non-identical  and 
have  maximum  static  phase  error  introduced  at  the  frequency  entrainment  condition. 


REFERENCES 

[  1  ]  J.D.  Mink,  “Quasi-optical  power  combining  of  solid-state  millimetre-wave  sources,” 
Feb.  1986,  IEEE  Trans.  Microwave  Theory  Tech.,  vol.  MTT-34,  pp.273  -  279. 

[2]  J.C.  Wiltse,  J.D.  Mink,  “Quasi-optical  power  combining  of  solid-state  sources,” 

Feb.  1992,  Microwave  Journal,  pp.144  -  156. 

[3]  D.E.J.  Humphrey,  V.F.  Fusco,  S.  Drew,  “Active  Antenna  Array  Behaviour,”  Aug.  1995, 
IEEE  Trans.  Microwave  Theory  Tech.,  vol.  43,  no.  8  pp.  1819  -  1825. 

[4]  D.E.J.  Humphrey,  V.F.  Fusco,  “Capacitively  Coupled  Oscillator  Array  Behaviour,” 

April  1996,  IEE  Proc.  Circuits,  Devices  and  Systems,  vol.  143  no.  3  pp.  167  -  170. 

[5]  K.D.  Stephan,  W.A.  Morgan,  “Analysis  of  Interinjection-Locked  Oscillators  for 
Integrated  Phased  Arrays,”  July  1987,  IEEE  Trans,  on  Antennas  and  Propagation,  vol. 
AP-35,  no.  7,  pp.  771  -781. 

[6]  B.  Van  der  Pol,  “The  Non-linear  Theory  of  Electric  Oscillations,”  Sept.  1934,  Proc. 

IRE,  vol.  22,  pp.  1051  -  1085. 

[7]  R.  A.  York,  “Nonlinear  Analysis  of  Phase  Relationships  in  Quasi-Optical  Oscillator 
Arrays,”  Oct.  1993,  IEEE  Trans.  Microwave  Theory  Tech.  vol.  41,  No.  10,  pp.  1799  - 
1809. 

[8]  R.L.  Burden,  J.D.  Faires,  “Numerical  Analysis,”  1989,  PWS-Kent  Publishing  Company, 
Boston. 

[9]  W.F.  Richards,  Y.T.  Lo,  D.D.  Harrison,  “An  Improved  Theory  from  Microstrip 
Antennas  and  Applications,”  Jan  1981,  IEEE  Trans.  Antennas  and  Prop.,  vol.  AP-29, 
no.  1,  pp.38  -  46. 

[10]  R.A.  York,  R.C.  Compton,  “Measurement  and  Modelling  of  Radiative  Coupling  in 
Oscillator  Arrays,”  March  1993,  IEEE  Trans.  Microwave  Theory  Tech.,  vol.  41,  no.  3 
pp.438  -  444. 


-90- 


■92 


NONLINEAR  MODELING  INCLUDING  THE  SELF  HEATING 
EFFECT  AND  LOAD-PULL  MEASUREMENTS  OF 
GalnP/GaAs  POWER  HBTs 


M.  Akpinar,  R.  Follmann,  T.  Sporkmann  and  I.  Wolff 

Institut  fur  Mobil-  und  Satellitenfunktechnik 
Carl-Friedrich-Gaufl-Strafie  2,  D-47475  Kamp-Lintfort,  Germany 
Tel:  +49-2842-981-200,  Fax:  +49-2842-981-299 


Abstract 

A  practical  method  to  model  HBTs  including  the 
self-heating  effect  has  been  developed  and 
implemented  in  the  utilized  software  package 
LIBRA  as  a  simple  test  bench.  This  method  is 
based  on  a  practical  thermal  feedback  circuit, 
which  is  combined  with  the  standard  BJT 
Gummel-Poon  model  to  account  for  the  self¬ 
heating  effect.  The  Self-Heating  Effect  has  a 
remarkable  influence  on  the  large  signal 
behaviour  of  the  device  especially  at  high  power 
conditions.  This  fact  has  been  demonstrated  with 
power  and  load-pull  measurements  and  verified 
with  the  developed  model.  Excellent  agreement 
between  the  modeled  and  the  measured  power 
performance  has  been  achieved. 

Summary 

Thermal  effects  in  GaAs  HBTs,  like  self-heating 
and  thermal  runaway  play  a  significant  role  in  the 
prediction  of  the  device's  large  signal  behaviour, 
because  of  the  low  conductivity  of  GaAs  and  high 
power  density  of  HBT.  The  existing  bipolar 
transistor  models  do  not  take  into  account  these 
thermal  effects.  Several  approaches  to  include  the 
self-heating  effect  in  the  large  signal  model  have 
been  reported  in  the  past.  Many  of  these  methods 
are  based  on  the  modification  or  extension  of 
the  standard  Gummel-Poon  model  to  account  for 
several  effects,  which  are  common  in  HBTs  [2], 
[3],  [4]. 

The  modifications  in  LIBRA’S  built-in  bipolar 
transistor  model,  which  is  based  on  the  Gummel- 
Poon  model,  require  some  modifications  in  the 
extensive  source  code,  which  can  be  done  only  by 
senior  LIBRA  users. 

From  the  practical  point  of  view,  there  is  a  demand 
to  develop  a  LIBRA  test  bench,  which  can  easily  be 


implemented  by  each  LIBRA  user  to  model  HBTs 
including  Self-Heating  Effect  by  using  the  existing 
built-in  Gummel-Poon  model. 

A  practical  test  bench  to  do  this  has  been  developed 
and  implemented  in  LIBRA  as  shown  in  Fig.l.  It 
consists  of  the  standard  BJT  Gummel-Poon  model 
and  a  feedback  circuitry  to  realize  the  coupling 
between  the  thermal  and  electrical  circuit. 

First,  the  standard  Gummel-Poon  model  is  used  to 
model  the  idealized  DC-  and  microwave 
performance  of  the  device.  The  idealized  IV-curves 
with  zero  slope  (base  width  modulation  is  ignored) 
can  be  modeled  by  making  the  Forward  Early 
Voltage  (model  parameter  Va)  very  large  [5], 

The  device's  total  dissipated  power  PDC  will  be 
calculated  by  multiplying  the  external  supply 
voltages  Vcs  and  VBS  with  the  bias  currents  Ic  and  IB 
as  can  be  seen  in  Fig.  1 : 

PDC  =  lCVCS  +  1 BVBS  ■ 

PDC  is  then  converted  to  a  thermal  current  IP  , 
which  represents  the  power  flow  in  the  thermal 
circuit  and  which  is  supplied  to  the  known  thermal 
resistance  R^.  The  voltage  across  RTO  gives  the 
temperature  rise  AT  in  the  device.  The  temperature 
rise  AT  (thermal  voltage)  will  be  multiplied  with  a 
weighting  factor  w,  which  is  dependent  on  the  base 
current  IB  and  the  collector-emitter  voltage  VCE  and 
transformed  to  an  electrical  current  source  JF 
through  a  transformation  factor  8: 

Ip  -  dw&T. 

The  direction  of  the  feedback  current  IF  is  opposite 
to  the  direction  of  the  base  bias  current  IB,  reducing 
the  total  base  current  flow  in  the  transistor.  The 
reduced  base  current  with  increased  temperature 
causes  a  reduction  in  the  collector  current,  thereby 
giving  rise  to  a  negative  slope  of  the  device's  IC*VCE 
characteristics. 
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Input 


Fig.  I  :  Modeling  the  HBT  Self-Heating 


If  VF  is  the  thevenin  equivalent  voltage 
corresponding  to  the  feedback  current  1F,  so  that 

Vf  =  SnATRjr  , 

the  total  base  current  flowing  into  the  transistor  and 
the  collector  current  are  given  as: 

,  VBS  -  VF 


yc  =  bf]b  • 

It  is  assumed  that 

Rp  «  Rb 

where,  is  the  model  parameter,  which  represents 
the  forward  current  gain  of  the  device. 

The  multiplication  factor  w  can  be  seperated  into 
two  parts:  the  base  current  dependent  part  (base 
current  correction),  and  the  collector  voltage 
dependent  part  (collector  voltage  correction). 

The  HBT's  IC-VCE  characteristics  exhibit  a  higher 
negative  slope  as  the  base  current  becomes  higher, 
which  is  a  phenomenon  caused  by  the  Self-Heating 
effect  and  which  is  commonly  observed  in  DC- 
measurements.  We  have  found  that  the  dependency 
of  the  slope  of  the  IC-VCE  characteristics  on  the  base 
current  can  be  empirically  approximated  as 

2 

-A/c  ~  wj  IB  , 

where  -Alc  is  the  negative  slope  of  I-V  curves  and 
w,  is  a  fitting  parameter. 

Furthermore  the  HBT's  IC-VCE  characteristics 
exhibit  a  negative  slope  only  in  the  saturation 


region  (VCE  >  VK),  where  VK  is  the  knee  voltage  of 
the  IC-VCE  characteristics. 

This  fact  can  be  modeled  by  a  piecewise-linear 
diode  element,  which  is  supplied  by  the  collector- 
emitter  voltage  and  whose  built-in  potential  V0  is 
equal  to  the  knee  voltage  VK  of  the  measured  DC- 
characteristics.  The  collector  voltage  correction 
factor  w2  can  be  defined  as  the  current,  which 
flows  through  this  diode: 

w2=o,  if  vCE  s  v0, 

”2  =l  diode  VCE>V 0- 

For  the  case  VCE  <  V0,  it  will  be  assumed  that  no 
self  heating  occurs  and  therefore  IF-0.  For  VCE  > 
VK,  the  w2  is  equal  to  the  diode  current,  which  is  a 
linear  function  of  the  collector-emitter  voltage. 

The  above  temperature  dependent  HBT  model  is 
verified  by  comparison  with  measured  I-V  curves 
of  an  GalnP/GaAs  HBT,  with  an  emitter  area  of 
2x60pm2  processed  with  the  UMS  HBT  process. 
This  device  is  modelled  initially  with  the  standard 
Gummel-Poon  Model  ignoring  the  Self-Heating 
Effect  (with  the  parameter  V4  very  large).  The 
model  is  then  replaced  into  the  test  bench  shown 
in  fig.  1  to  fit  the  negative  slopes  of  the  measured 
I-V  curves. 

Fig.  2  shows  the  measured  and  simulated  1c‘VCf. 
characteristics  of  the  device.  An  excellent 
agreement  between  the  measured  and  simulated 
results  is  achieved. 

The  measured  and  the  simulated  S-Parameters  of 
the  device  at  a  bias  point  of  VCE=3V  and  Ic=55mA 
are  shown  in  Fig.  3.  The  model  exhibits  also  a  good 
agreement  with  the  measured  microwave 
performance  up  to  20  GHz.  The  maximum 
discrepancy  between  the  measured  and  the 
simulated  gain  S21  is  less  than  ldB. 


i 

i 
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Fig.  4  shows  the  measured  and  simulated 
fundamental  power  and  power  gain  at  1.8  GHz. 
Good  agreement  between  the  measured  and 
simulated  power  performance  is  achieved. 

In  order  to  show  the  influence  of  the  self-heating 
effect  at  high  power  conditions,  another  HBT 
device  with  an  emitter  area  of  12x40pm2  also 
processed  by  UMS  was  measured  and  modeled. 

In  Table  1,  the  values  of  the  extracted  Gummel- 
Poon  model  parameters  and  the  additional  fitting 
parameters  ‘DELTA’,  ‘RF’  and  ‘Wl’  are  listed.  An 
excellent  agreement  between  measured  and 
modeled  IC-VCE  characteristics  has  also  been 
achieved  for  this  device  as  can  be  seen  in  fig.  5. 

A  series  of  load  pull  measurements  at  various  bias 
points  and  at  1.8  GHz  have  been  done  on  this 
device  by  means  of  the  load-pull  measurement 
stand  at  IMST.  The  developed  model  including  the 
self-heating  effect  is  verified  at  high  power  levels 
by  comparing  the  results  of  load  pull  simulation 
and  the  load  pull  measurement  at  1 .8  GHz. 

In  Fig.  6,  the  measured  and  modeled  constant 
output  power  contours  at  1 .8  GHz  and  an  available 
input  power  of  6  dBm  are  compared  at  a  bias  point 
of  Uce=3V,  Ic=185mA. 

The  measured  maximum  delivered  output  power  to 
the  load  is  21.7  dBm  at  an  output  reflection  factor 
of  r=0.64/175°.  The  simulated  maximum  output 
power  by  using  the  model  including  the  seif¬ 
heating  effect  is  21.68  dBm  at  an  output  reflection 
coefficient  of  T=0.61/164°.  The  simulated 
maximum  output  power  by  using  the  model 
ignoring  the  self  heating  effect  is  22.54  dBm  at  an 
output  reflection  coefficient  of  p=0.62/163°. 

The  developed  model  including  the  self-heating 
effect  is  able  to  predict  the  maximum  output  power 
and  the  optimal  output  reflection  coefficient  with 
great  accuracy.  The  discrepancy  between  the 
measured  and  estimated  maximum  output  power  is 
only  0.02  dB.  The  model  ignoring  the  self-heating 
effect  estimates  the  maximum  output  power  0.84 
dB  higher  than  the  measured  value.  This 
discrepancy  is  not  very  big  but  remarkable.  At 
higher  collector  currents  the  Self-Heating  Effect 
will  be  greater  and  its  influence  on  the  power 
performance  of  the  device  also  greater. 


Conclusion 

A  thermal  feedback  circuitry,  which  is  combined 
with  the  standard  Gummel-Poon  model  is  used  to 
model  the  HBT  Self-Heating  Effect.  This  method  is 
implemented  as  a  LIBRA  test  bench,  without  any 
attempt  to  change  the  extensive  source  code. 

Good  agreement  between  measurements  and 
simulations  are  demonstrated  for  the  DC, 
microwave  and  power  characteristics. 


Vce  N 

Fig.2  :  Measured  and  simulated  I-V  Characteristics 
(2  Finger  HBT) 
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Fig.3  :  Measured  and  Simulated  S-Parameters 
(2  Finger  HBT) 


Available  Input  Power  /  dBm 


Fig.  4  :  Measured  and  Simulated  Power  Performance 
(2  Finger  HBT) 
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Tab.  1  :  Values  of  the  Model  Parameters 
(12  Finger  HBT) 


’  CESAB  12.2.2.3.4  ^ 

-Hb=2mA,meas. 
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0  0.5  1  1.5  2  2.5  3  3.5  4  4.5  5 

Vce/V 

Fig.  5  :  Measured  and  Simulated  I-V  Characteristics 
(12  Finger  HBT) 

The  developed  model  is  also  verified  at  high  power 
and  low  output  impedance  conditions  by 
comparison  with  the  in  house  load-pull 
measurements.  At  high  power  conditions  the  self¬ 
heating  effect  has  a  remarkable  influence  on  the 
power  performance  of  HBTs  and  hence  must  be 
taken  into  account. 
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Fig.  6  :  Measured  and  Simulated  Constant  Output 
Power  Contours  of  the  12  Finger  HBT 
a)  measured;  b)  simulated  including  Self- 
Heating;  c)  simulated  ignoring  Self-Heating. 
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Abstract 

A  new  equivalent  circuit  parameter  extraction  method  for  HBT  is  proposed. 
An  accurate  analytical  expression  for  thermal  capacitance  (Clh)  is  derived.  This 
equation  shows  the  previous  expression  for  Clh  is  deprived.  This  equation  shows  the 
previous  expression  for  Clh  is  erroneous.  And  a  direct  extraction  scheme  for  the 
current  source  model  parameter,  without  any  trimming  process,  is  proposed.  This 
scheme  uses  the  Gummel-plot  in  which  the  thermal  effect  and  voltage  drop  in 
parasitic  resistance  are  removed. 

Introduction 

An  accurate  HBT  large  signal  model  is  very  important  for  the  design  of  nonlinear 
circuits  such  as  microwave  power  amplifiers.  Hetrojunction  bipolar  transistors  have 
very  sensitive  characterstics  to  the  junction  temperature,  and  many  models  and 
parameter  extraction  procedures,  considering  the  thermal  effects,  have  been 
developed.  We  propose  a  new  extraction  method  for  thermal  capacitance  and  current 
source  model  parameters  which  is  more  accurate,  reliable,  and  consistent  to  the 
measured  DC,  S-parameter,  and  thermal  data. 

Model  description 

The  extended  Ebers-Moll  model  for  HBT,  shown  in  fig.l,  is  widely  used,  and 
the  corresponding  current  models  are  represented  in  the  fig.l.  The  most  important 
temperature  dependent  static  electrical  characteristics  of  an  HBT  are  the  base  (ID2)  and 
collector  current  (Icc).  These  characteristics  are  modeled  by  the  three  temperature 
dependent  parameters  Vbex(Tj),  Vbcx(Tj)  and  Isen(Tj)  as  shown  in  the  fig.  1.  The 
junction  voltage  drop  by  the  temperature  is  considered  through  the  parameter  a 
b=dVbe/dTj  and  a  bc=  dVf)CldTj .  We  introduce  a  model  parameter  extraction 

method  step  by  step. 


-97- 


Thermal  Parameters 


The  thermal  resistance  (Rth)  and  the  junction  voltage  degradation  rate  to 
temperature  (abe  and  abc)  are  extracted  by  the  previously  reported  methods  [1].  The 
thermal  time  constant  is  an  important  parameter  for  the  inter-modulation  analysis  of 
HBT  and  can  influence  the  IM3  value  strongly [2].  The  constant  base  current  pulse 
method  under  the  constant  collector  DC  bias  voltage  is  widely  used  for  the  thermal 
capacitance  parameter  (Cth)  extraction  [1].  We  have  measured  a  typical  shape  of 
collector  current  as  shown  in  fig.  2  for  2x10  um-AlGaAs/GaAs  HBT.  The  collector 
current  decays  exponentially  from  the  state  Ici  to  Icf .  The  time  constant  of  collector 
current  can  be  measured,  and  the  previous  method  adopts  this  time  constant  as  a 
thermal  time  constant.  However,  collector  current  time  constant  is  not  thermal  time 
constant,  as  a  thermal  time  constant.  However,  collector  current  time  constant  is  not 
thermal  time  constant,  because  the  internal  power  dissipation  is  not  constant  and 
varies  with  the  collector  current  levels.  We  analyzed  this  switching  problem  and 
derived  a  new  expression  for  thermal  capacitance  and  thermal  time  constant.  The 
thermal-electrical  differential  is 


d(TAt)-T) 

Tj  (/)  =  Tam  +RthP(t)  -  RthCth  — - 

at 

p(o«ieity„ 


(i) 


The  collector  current  decreases  with  junction  (Tj)  temperature  increment 
(AT=Tj(t)-Tam)  from  the  ambient  temperature  (Tam)  under  the  constant  base  current 
{ho)  Using  the  first  order  approximation  of  current  gain  degradation,  p(T}>p0-p,AT, 
the  time  evolution  of  collector  current  in  this  switching  problem  is 

4(0  =  hoHOifo  -PiiTj  -  Tam))  (2) 

where  u(t)  is  unit  step  function.  The  solution  of  equation  (1)  and  (2)  is 
Tj(0  =  Tam  +  Ts(  l-e~t,T) 


RthCth 


l+W'ceho 


Ts=PoKehoT/Clh 


(3) 


where  T,  is  steady  state  junction  temperature  increment  and  x  is  collector  current  time 

constant.  Thermal  capacitance  is  _  r  „  „  „„ 

F  C,h=—(l  +  RlhftVceIbo)  (4) 

Rth 

If  we  neglect  the  second  term  of  Eq.  (4)  ,  the  widely  used  simple  form  x=R,h  C,h  is 
obtained.  However,  in  many  cases  the  second  term  of  eq.  (4)  can  not  be  negligible.  A 
simple  calculation  of  p}  shows  these  characteristics  very  well. 


Ap  Vci-Itf)!  ho  (4~4/)/40 

Ar  Tj-Tam  RthVceIcf 


(5) 


Where  Ici  is  initial  collector  current  before  self  heating  under  unit  step  base  current  and 
Icf  is  steady  state  (final  collector  current  as  shown  in  fig.2.  Putting  Eq.  (5)  into  Eq.  (4), 
Cth  and  x  th  become 


Q=— (l+- 

Rth 


In 


(6) 


Tth  -RthC.h  —  t  1+ 


(7) 
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where  x  ,h  thermal  time  constant.  The  second  terms  of  Eq.  (6)  and  (7)  are  the  current 
degradation  ratio  due  to  the  thermal  effect  under  the  constant  base  pulse.  If  the 
degradation  ratio  is  0.3,  the  simple  calculation  (Cth=x/Rth)  underestimates  the  real 
thermal  capacitance  with  30%  error. 

Parasitic  Resistance,  Inductance  and  Pad  Capacity 


Emitter,  Base,  and  collector  resistance  are  extracted  from  the  measured 
S-Parameters  using  the  analytical  expression  for  the  low  frequency  simple  equivalent 
circuit  of  HBT  [3,4],  The  parasitic  inductances  and  pad  capacitances  can  be  extracted 
using  the  cold  S-parameter  measurements  [4,5], 

Voltage  Controlled  Sources 

Current  source  parameters  (Isen  ncn  Ise0i  XA,  nen,  Isct>  ncLi  IseL>  neL  Isf  nf>  Isr  nr)  can 
be  extracted  from  the  measured  Gummel-Plot.  Two  major  existing  methods  are  direct 
extraction  using  the  slop  and  magnitude  of  currents  in  the  ideal  exponential  region 
(region  II  in  fig.  3)  of  Gummel-Plot,  and  optimization  or  numerical  fitting  process  up 
to  the  high  current  region  (region  III  in  fig.  3).  However,  the  direct  extraction  method 
can  generate  small  errors  of  the  extracted  values  due  to  the  finite  thermal  resistance 
and  electrical  resistance  which  cause  the  non-ideal  exponential  current  curve.  The 
optimization  methods  can  also  generate  various  values  of  errors  depending  on  the 
different  fitting  processes,  optimization  regions,  or  optimization  goals.  A  small  error 
of  extracted  nf  and  Isf  by  these  methods  is  not  shown  in  the  semi-log  scaled  Gummel 
plot.  However,  in  the  linear  scaled  plot,  the  modeled  Ic’s  based  on  the  similar  I’s  or  n’s 
shows  quite  different  values,  especially  in  high  current  region.  The  sensitivities  of  the 
modeled  Ic  t0  nf  and  Isf  are  very  high.  These  errors  make  a  bad  prediction  of 
base-emitter  voltage  (under  the  constant  base  current  model  and  the  terminal  current 
(under  the  constant  base-emitter  voltage  mode").  The  best  current  model  parameters 
are  the  parameters  which  are  extracted  from  the  measured  data  in  the  actual  and  high 
current  levels  of  HBTs  operating  as  amplifiers.  The  voltage  and  current  relationship 
in  forward  bias  Gummel-Plot  is 

w.y -  n„  -[(*,  +-^>+af  rtv«)i. 


w.f) 


=  Vbtt  ~  (Rbet  +Reqt)le  +“ 


(8) 


1 


where  V*  is  applied  base-emitter  external  voltage,  Rbet  is  resistance  between  base  and 
emitter,  looking  into  the  emitter  port,  and  Reqt  is  effective  negative  electrical  resistance 
due  t  the  thermal  effect.  Using  Eq.  (8)  de-embedding  the  electrical  resistance  and 
thermal  resistance  effect  in  Gummel-plot,  an  ideal  exponential  curve  up  to  the  high 
current  level  can  be  plotted.  Figure  4-a  shows  the  measured  data  (collector  current  vs. 
Base-emitter  terminal  voltage)  from  the  region  II  and  III  of  fig.  3.  Figure  4-b  shows 
the  measured  collector  current  vs.  V^.R^,  x  Ie.  In  the  figure,  the  thermal  effect  by  the 
non-zero  thermal  resistance  is  removed.  The  collector  current  fly-forward  is  due  to 
the  electrical  resistance  effect  only.  Finally,  a  Gummel  plot,  removing  the  electrical 


resistance  and  thermal  resistance  effects,  is  shown  in  the  fig.  4-d.  This  figure  shows 
ideal  exponential  behaviors  (a  straight  line)  up  to  the  high  and  actual  current  level. 
The  parameter  Isf  and  nf  can  be  directly  extracted  from  the  fig.  4-d.  The  best 
parameters  nf  and  Isf ,  which  can  predict  the  measured  I-V  curve  range  from  1mA  to 
resistance  anc!  tnermai  resistance  ettects,  is  shown  in  the  tig.  4-d  This  figure  shows 
ideal  exponential  behaviors  (a  straight  line)  up  to  the  high  and  actual  current  level  .  The 
parameter  Is(  and  nf  can  be  directly  extracted  from  the  fig.  4-d.  The  best  parameters  nf 
and  I,r  ,  which  can  predict  the  measured  I-V  curve  range  from  1mA  to  10mA  of 
collector  current  as  shown  in  fig,  4-d,  are  the  parameters,  extracted  from  the  straight 
line,  connecting  the  two  points  of  collector  current  (1mA  and  10mA)  in  the 
Gummel-plot  fig.  4-d.  From  the  higher  point  (IcA.  VbcA)  and  the  lower  point  (Icb>  VbeB) 
in  fig.  4-d,  nf  and  Isf  can  be  directly  extracted. 


_  9  W1ca)~Wcb) 


kT 


V  =  exP| 


I  beA  ^  beB 


Wca)~ 


(9) 


The  other  current  parameters  can  be  extracted  by  similar  procedures  from  the 
measured  reverse  and  forward  Gummel  plot.  Next,  we  introduce  a  method  for  the 
extraction  of  parameter  XA,  At  one  ambient  temperature  (TanU),  from  the  base 
current  of  fig.  4-d  (this  figure  implies  Gummel-plot  under  T^T**,),  Iscn  is  calculated 
(Un.i)  The  calculated.  Isell  i  implies  Iseo  i.e.  Isen.i=ISeo  .i  .  At  different  ambient 
temperature  (Tam  2),  the  value  of  Isen.2  should  be  predicted  with  the  parameter  XA  and 


,  =/ 


seo,  1 


exp 


qAE\ 

f_! _ 1  ) 

k  1 

l  T„,,  TmJ 

(10) 


The  parameter  XA  is  calculated  from  Eq.  (10),  where  AE  is  a  constant  representing  the 
band  gap  difference  between  emitter  and  base  layer.  The  modeled  currents  predict  the 
measured  data  exactly  as  shown  in  fig.  5  in  the  linear  scale  and  predict  well  the 
measured  constant  current  mode  DC-IV  data  in  fig.  6. 


Internal  Capacitance 


After  de-embedding  the  parasitic  inductances,  pad  capacitances,  emitter,  and 
collector  resistances  we  make  a  small  signal  equivalent  circuit  with  transconductance 
gm  from  (Icc)  and  junction  dynamic  resistance  r„  (from  Id2)*  Using  this  small  signal 
model  and  the  net  S-parameters  without  parasitic  components  (de-embedded  from  the 
measured  S-parameters),  the  unknown  parameter  Cbcx  Cbc  and  Cbc  can  be  extracted  at 
all  measured  bias  points  using  some  optimization.  The  full  model  constructed  by  our 
method  predicts  the  measured  AC  and  DC  data  very  well.  This  model  was  applied  to 
the  1-stage  power  amplifier  at  1.8GHz.  The  simulation  result  predict  well  the 
measured  output  harmonics. 
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Conclusion 


We  proposed  the  temperature  dependent  nonlinear  current  source  model  of 
HBT,  which  has  the  three  temperature  dependent  parameters,  and  a  novel  extraction 
method.  The  main  distinctive  features  of  our  work  are  ;  (1)  an  accurate  first  order 
analytical  thermal  capacitance  equation  and  a  thermal  time  constant  equation  are 
derived.  (2)  A  systematic  procedure  for  the  current  source  model  parameters  (Is’s  and 
n’s)  is  proposed.  The  parameters  can  be  extracted  from  the  measured  data  without 
any  optimization  or  trimming  processes. 
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Figure  Caption 

Figure  1.  Large  signal  Model  of  HBT 

Figure  2.  Time  evolution  of  collector  current  pulse  (1^=350^,  Vce=6V) 

Figure  3.  The  measured  Gummel-Plot  of  2x10pm  AlGaAs/GaAs  HBT 

Figure  4.  The  measured  collector  current  is  plotted  in  four  independent  axis  (a) 
measured  terminal  voltage  V*,  (b)  V^V^-R^,  +le,  (c)  Vbc2  =  V^-R^,  Ie  and 
(d)  net  junction  voltage  Vbej=  V^R*,-  Rcql)  Ie 

Figure  5.  The  measured  (point  and  modeled  (line  base  and  collector  currents  in  linear 
scale. 

Figure  6.  Measured  (point  and  modeled  (line  collector  current  (Ice),  lb=50pA~350pA 
with  50pA  step. 

Figure  7.  Measured  (point  and  modeled  (line)  S-parameter  from  0.5-18  GHz  at 
Vce=5V,  Ib=250pA. 
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<NonIinear  Current  Source  ModeI> 


<Temperature  Dependent  Parameters> 

^bex  =  ^be  ~  abe(Tj  ~  hm)  *  ^bcx  ~  ^ be  ~  abc(Tj  —  Tam) 


<Thermal  Equivalent  Circuit  Model> 

PT=VJC+Vbelb 


her, 


Fig.  2  Time  evolution  of  collector  current 
pulse  (lbo=350uA,  Vce=6V) 


Fig.  3  The  measured  Gummel-Plot  of 
2x1  Oum  AIGaAs/GaAs  HBT 
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Fig.  4  The  measured  collector  current  is  plotted  in  four  different  independent  axis 
(a)  mesured  terminal  voltage  Vbet,  (b)  Vbe1=Vbet-Rbet  le,  (c)  Vbe2=Vbet-Reqt  le, 
and  (d)  net  junction  votage  Vbej=Vebt-(Rbet-Reqt)  le 


(e) 


Fig.  5  The  measured  (point)  and 
modeled  (line)  base  and 
collector  currents  in  linear  scale 
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Fig.  6  Measured  (Point)  and  Modeled  (Line)  Collector 
Current  (Ice),  lb=50uA~350uA  with  50uA  Step 


Fig.  7  Measured  (point)  and  Modeled  (line) 
S-Parameter  from  0.5-18  GHz  at  Vce=5V,  lb=250  uA 
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Abstract 

The  thermal  characteristics  of  power  HBT  devices 
are  considered.  The  analysis  includes  emitter  finger 
coupling  and  limitation  in  power  operation  due  to 
selfheating.  An  essential  part  of  the  generated  heat 
is  dissipated  through  the  top  device  layers  and  metal 
contacts.  A  strongly  uneven  temperature  distribu¬ 
tion  in  the  emitter  finger  of  multi-finger  devices  is 
the  result  of  not  sufficient  temperature  drain  through 
the  emitter  air-bridge.  Sufficient  thermal  dissipation 
can  be  additionally  obtained  by  temperature  drain 
through  the  base  and  collector  metallised  areas  on 
top  of  the  device.  An  optimum  distance  between  in¬ 
dividual  emitter  fingers  exists  for  maximum  thermal 
coupling.  This  yields  better  thermal  homogeneity. 

Introduction 

Heterojunction  Bipolar  Transistors  (HBT)  are  con¬ 
sidered  to  be  especially  useful  for  microwave  power 
amplification,  because  of  their  high  theoretical  power 
density  operation  and  high  microwave  gain,  which 
yield  a  high  power-added  efficiency  in  power  am¬ 
plifiers.  However,  this  advantage  can  not  be  fully 
utilised  because  of  the  heat  generation  of  HBT  de¬ 
vices,  which  considerably  degrades  the  high  power 
performance  of  the  devices  and  circuits  [1,  2,  3,  4,  5, 
6].  A  particularly  severe  problem  is  the  inhomoge¬ 
neous  temperature  distribution  ultimately  leading  to 
current  breakdown  observed  in  HBT  power  devices. 
The  inhomogeneous  temperature  distribution  origi¬ 
nates  from  self  heating  in  the  device,  which  can  be 
studied  with  appropriate  device  models. 

Previously  a  DC  and  AC  physical  analytical  HBT 
model  has  been  developed  [4,  7,  8],  which  has  been 
successfully  implemented  into  the  commercial  simu¬ 


lation  environment  LIBRA.  The  model  includes  tem¬ 
perature  effects  such  as  thermal  coupling  between 
different  emitter  fingers  and  selfheating  and  temper¬ 
ature  dependent  material  parameters  for  GaAs,  Al- 
GaAs,  and  InGaP.  Currently  the  HBT  model  consid¬ 
ers  only  Joule  heating  generation,  although  it  is  fore¬ 
seen  to  upgrade  the  model  for  further  heat  sources 
such  as  carrier  transients  etc.  [9].  Results  for  the 
power  operation  of  HBT  devices  have  been  demon¬ 
strated  in  [4].  Based  on  these  simulations  an  analyti¬ 
cal  HBT  model  has  been  developed,  which  is  capable 
of  simulating  double  heterojunction  bipolar  transis¬ 
tors  (DHBT).  It  is  based  on  the  Ebers-Moll  model 
and  incorporates  additional  current  sources  for  tem¬ 
perature  dependent  operation  as  indicated  in  fig.  1. 
The  added  current  sources  and  resistances  Iav,  Ith, 


collector 


Figure  1:  Large-signal  equivalent  circuit  for  the  HBT 
model. 

7sp,  Rbc,  and  Rbe  are  the  avalanche  current,  ther¬ 
mally  generated  current,  base-collector  hetero  junc¬ 
tion  current  ,  and  base-emitter  and  base-collector 
leakage  resistances,  respectively. 

The  avalanche  current  is  defined  as  Iav  = 
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Ic{M{\ ce)  -  1)  where  the  multiplication  factor  M 
can  be  evaluated  using  an  approximating  function  ac¬ 
cording  to 

M  =  M„exp(^)  (1) 

with  Mq  and  Vo  being  model  constants.  The 
avalanche  current  of  HBT  devices  exhibits  a  nega¬ 
tive  temperature  coefficient  for  the  breakdown  volt¬ 
age  of  approximately  —  lV/lOO  K  up  to  200°  C.  At 
higher  temperatures  carrier  multiplication  increases 
at  low  base-collector  voltages  due  to  thermal  carrier 
generation.  A  heterojunction  base-collector  junction 
is  modelled  by  the  current  source  I$p  according  to 
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I$p  =  C\Ict  In 


\ 


1  +  exp 


V"bc\ 
C2  )  J 


(2) 


where  C\  and  C2  are  model  parameters  and 
thermionic  emission  has  been  assumed  as  the  current 
mechanism  at  the  heterojunction. 

Comparison  of  the  experimental  and  simulated  re¬ 
sults  for  an  InGaP  DHBT  are  provided  in  fig. 2 
at  room  temperature  and  300°  C  ambient  operating 
temperatures.  A  good  agreement  has  been  achieved 
between  experimental  and  simulated  results.  At 
higher  operating  temperatures  thermal  generation  of 
carriers  becomes  important  as  indicated  in  fig. 2. 


Temperature  characterisation  of  individual 
emitter  fingers 


Figure  2:  Output  I/V  characteristic  and  Gummel 
plot  for  a  DHBT. 


The  HBT  model  described  above  together  with  a 
thermal  model  have  been  used  to  determine  the  tem¬ 
perature  distribution  across  and  along,  an  individ¬ 
ual  emitter  finger.  The  intrinsic  temperature  has 
been  determined  by  measuring  the  base  current  of 
the  device.  The  thermal  runaway  can  be  explained 
by  a  local  shift  of  the  turn-on  voltage  of  the  base- 
emitter  junction  with  increasing  local  temperature. 
The  voltage  shift  is  aleviated  by  an  increase  in  the 
thermal  resistance  of  approximately  a,  factor  of  4 
with  a  temperature  increase  from  room  tempera¬ 
ture  to  200°  C.  This  is  essentially  due  to  an  in¬ 
crease  in  the  specific  thermal  conductance  of  the  ma¬ 
terial  with  temperature.  The  value  at  room  temper¬ 
ature  for  GaAs  is  uih  0.45  W/cm  ■  K  and  at  200° 
<7 th  «  0.19  W/cm  •  K. 

Thermo-electrical  simulations  have  been  performed 
by  dividing  the  HBT  top  layer  structure  into  40  HBTs 
with  lxl  11m2  area  connected  in  parallel  according 
to  fig.  3  and  using  the  thermal  model  indicated  in 
fig.  4.  The  simulations  consider  a  two  emitter  fin- 


Figure  3:  Schematic  drawing  of  the  discretisation 
used  in  thermal  simulation.  The  simulated  region 
is  indicated  by  the  hatched  area. 

ger  device  with  an  air-bridge.  A  two  finger  config¬ 
uration  obeys  an  uneven  distribution  of  the  thermal 
resistance  R4  due  to  asymmetry  in  the  structure.  A 
comparison  between  the  measured  temperature  and 
the  simulated  maximum  and  minimum  temperatures 
within  th  emitter  finger  is  demonstrated  in  fig.  5  At 
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Figure  4:  Cross-sectional  view  indicating  the  thermal 
model.  The  shaded  resistors  are  calculated  for  the 
overall  HBT  structure. 
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Figure  5:  Measured  and  simulated  temperatures 
for  an  InGaP  DHBT  as  a  function  of  dissipated 
DC  power.  The  maximum  and  minimum  temper¬ 
atures  indicate  the  respective  temperatures  deter¬ 
mined  from  simulations  across  an  emitter  finger. 

lower  power  levels  the  temperature  is  homogeneously 
distributed  in  the  emitter  and  agrees  well  with  the 
measured  temperature.  At  large  power  levels  the 


measured  temperature  resembles  the  simulated  max¬ 
imum  emitter  temperature  because  the  major  part 
of  the  emitter  current  flows  through  the  high  tem¬ 
perature  region.  The  difference  between  the  mini¬ 
mum  and  maximum  values  for  the  temperature  be¬ 
comes  large.  At  very  high  power  levels  the  measured 
temperature  is  higher  than  the  simulated  maximum 
temperature  because  the  temperature  dependence  of 
the  material  thermal  conductivity  has  been  ignored 
in  the  simulations.  The  temperature  profile  and  the 
normalised  current  distribution  are  provided  in  fig.  6 
for  a  power  dissipation  of  80  mW.  In  these  simula- 


Figure  6:  Simulated  temperature  and  current  distri¬ 
bution  in  an  emitter  linger  of  a  two  emitter  finger 
HBT  as  a  function  of  the  geometrical  dimensions. 
The  current  is  normalised  to  the  maximum  current. 
The  dissipated  power  is  80  mW. 

tions  the  thermal  conduction  through  the  air-bridge 
has  been  assumed  negligible.  A  temperature  differ¬ 
ence  of  40°  C  can  be  observed  in  fig.  (i.  This  deter¬ 
mines  the  inhomogeneity  in  the  current  distribution 
due  to  the  temperature  dependence  of  I  he  diode  char¬ 
acteristic.  The  dominating  contribution  to  the  total 
emitter  current  is  located  near  the  emitter  side  facing 
the  second  emitter  finger. 
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Heat  dissipation  in  the  emitter  is  restricted  to  heat 
drain  through  the  air-bridge  footprint.  However,  the 
air-bridge  footprint  should  be  smaller  than  the  met¬ 
allised  emitter  area,  resulting  in  a  small  cross-section 
and  poor  thermal  properties.  The  poor  thermal  con¬ 
ductivity  gives  rise  to  the  inhomogeneous  temper¬ 
ature  distribution.  The  impact  of  air-bridge  ther¬ 
mal  conduction  on  the  device  performance  can  be 
depicted  from  fig.  7,  where  the  temperature  distribu¬ 
tion  is  illustrated  for  emitter  fingers  with  and  without 
thermal  conduction  through  the  air-bridge.  When 


Figure  7:  Simulated  temperature  in  an  emitter  finger 
of  a  two  emitter  finger  HBT  as  a  function  of  the  ge¬ 
ometrical  dimensions.  In  the  left  figure  it  is  assumed 
that  no  heat  flows  through  the  air-bridge.  The  dissi¬ 
pated  power  is  80  mW. 

the  air-bridge  thermal  conductance  is  poor,  then  the 
temperature  rise  is  high  because  the  heat  can  not 
escape  from  the  emitter.  However,  if  an  air-bridge 
footprint  covering  the  entire  emitter  contact  can  be 
realised  the  temperature  distribution  is  homogeneous 
and  the  temperature  increase  is  30°  C  in  contrast  to 
50°  C  for  the  poorly  conducting  air-bridge. 


Calculation  of  the  thermal  coupling  of 
emitter  fingers 

It  has  been  shown  above  that  thermal  coupling  is  re¬ 
sponsible  for  the  thermal  runaway  in  HBT  devices.  It 
is  therefore  important  to  obtain  an  optimised  design 
of  the  HBT  device  with  respect  thermal  coupling. 
The  thermal  resistance  of  a  HBT  device  can  be  ob¬ 
tained  from  calculations  of  the  electrical  capacitance 
of  an  equivalent  electrical  structure.  The  geometrical 
structure  of  multi-finger  HBT  devices  resembles  that 
of  multiple  coupled  striplines  with  inhomogeneous 
layered  dielectric.  The  thermal  resistance  is  then  the 
inverse  of  the  electrical  capacitance  Rth  — »■  1/C  if 
the  substitution  e  -4  1/pth  is  made  in  the  capaci¬ 
tance  formula.  This  equivalence  can  be  utilised  for 
the  determination  of  the  coupling  coefficient  between 
adjacent  emitter  fingers. 

The  calculation  presented  in  [10]  assume  perfectly 
conducting  top  and  bottom  metallisations  with  an 
inhomogeneous  dielectric  filling  of  the  structure  as 
indicated  in  fig.  8.  Assuming  that  both  emitter  fin- 


Figure  8:  Schematic  drawing  of  the  coupling  struc¬ 
ture  used  in  simulations. 


gers  have  equal  widths  W\  =  W2  the  formulas  for  the 
thermal  coupling  are  given  by  [10]: 
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The  coupling  coefficient  indicates  the  fraction  of 
temperature  from  the  neighbouring  emitter  fingers 
coupled  to  the  emitter  finger  under  consideration.  A 
factor  of  kc  =  1  results  in  complete  coupling.  The 
above  formula  can  be  used  for  determination  of  the 
optimum  spacing  between  adjacent  emitter  fingers. 
As  indicated  in  the  discussion  the  optimum  spacing  is 
a  trade-off  between  minimum  coupling  and  maximum 
thermal  conductance  of  the  structure. 


Conclusions 

Results  for  the  temperature  distribution  across  and 
along  emitter  fingers  of  multi-finger  HBT  devices 
have  been  discussed.  The  simulations  have  been  per¬ 
formed  with  an  improved  HBT  model  coupled  to  a 
thermal  circuit.  It  could  be  shown  that  heat  dissipa¬ 
tion  through  the  air-bridge  is  essential  for  low  oper¬ 
ating  temperatures  as  well  as  homogeneous  distribu¬ 
tion  of  temperature  in  the  emitter  finger.  Thermal 
runaway  can  be  explained  by  the  nonhomogeneous 
temperature  and  current  distribution. 

Thermal  coupling  to  neighbouring  fingers  creates  an 
uneven  distribution  of  thermal  resistances  and  hence 
temperature  and  should  therefore  be  avoided  in  de¬ 
vice  design.  Formulas  for  the  calculation  of  the  ther¬ 
mal  coupling  of  individual  emitter  fingers  have  been 
provided. 
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ABSTRACT 

In  the  recent  past  we  have  measured  the  noise  and  the  scattering  parameters  of  several  series  of 
double  polysilicon  BJTs  over  the  2-6  GHz  frequency  range  at  different  collector  current 
values,  according  to  their  emitter  finger  number.  From  the  experimental  data,  a  noisy  circuit 
model  has  been  extracted  based  on  a  T-equivalent  network.  By  means  of  the  correlation  matrix 
techniques,  novel  analytical  expressions  of  the  noise  parameters  have  been  derived.  As  a 
second  step,  a  sensitivity  analysis  has  been  performed  for  evaluating  the  influence  of  each 
model  element  on  the  noise  performance.  The  results  show  how  to  improve  the  characteristics 
of  such  devices  for  a  better  performance  when  employed  in  microwave  low-noise  amplifiers. 

INTRODUCTION 

The  double-polysilicon  self-aligned  (PSA)  process  has  definitively  emerged  as  the  most 
effective  technique  for  the  realization  of  high  speed  silicon  devices.  The  PSA  bipolar  transistors 
offer  remarkable  improvements  in  the  gain-bandwidth  product,  maximum  oscillation  frequency, 
low-noise  performance  and  component  integration  level  in  VLSI  application.  Such  components 
are  also  being  increasingly  used  in  wireless  communication  systems  at  microwave  frequencies. 
As  far  as  the  noise  performance  is  concerned,  we  refer  to  the  representation  in  terms  of  the 
noise  parameters  which  appear  in  the  following  relationship 


F(TS  )  =  F0  +  4  rn 


Ifs-fol2 


ii  +  r0i2(i-trs|2) 


where  F  and  Ts  are  the  noise  figure  and  the  source  reflection  coefficient  of  the  device  under 
test,  respectively,  and  F0  (minimum  noise  figure),  T0  (value  of  the  complex  source  reflection 

coefficient  fs  at  which  F0  occurs)  and  rn  (noise  resistance  normalized  with  respect  to  50  Q)  are 
the  four  noise  parameters. 

We  have  recently  performed  the  complete  characterization  in  terms  of  scattering  and  noise 
parameters  of  several  PSA  transistors  having  different  emitter  finger  number  ne  over  the  2-6 
GHz  frequency  range  at  different  low-voltage  bias  conditions,  as  suggested  by  the 
manufacturer  [11. 

We  here  refer  to  the  results  relevant  to  the  Q2  family  (4  emitter  fingers)  tested  at  the  fixed 
voltage  condition  of  Vce=2.8  V  and  at  the  collector  current  values  of  Ic=2  and  8  mA.  After 
measurements,  a  T-equivalent  circuit  including  noise  sources  has  been  extracted  by  minimizing 
the  difference  between  measured  and  computed  performance  on  the  basis  of  a  decomposition 
approach  [2]. 

The  circuit  model  has  then  been  employed  for  determining  new  analytical  expressions  of  the 
noise  parameters  F0,  IToi  and  rn  as  a  function  of  the  model  elements. 

Such  expressions  are  here  exploited  in  a  sensitivity  analysis  aimed  at  determining  the  influence 
of  the  model  elements  on  the  noise  performance  of  the  device.  The  effects  attributable  to 
variations  of  the  polysilicon  resistance  lead  to  some  interesting  remarks  which  may  help  in 
"tayloring"  a  transistor  structure  optimized  for  use  in  microwave  low-noise  amplifiers  (LNA). 


This  work  was  supported  by  Italian  Space  Agency  (ASI),  National  Research  Council  (CNR)  and  a  European 
Scientific  Project  (POP). 
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MODEL  EXTRACTION  FROM  MEASUREMENTS 

By  means  of  a  fully  automated  system  whose  measuring  procedure  has  been  extensively 
described  in  several  papers  we  perfonn  the  complete  characterization  of  the  device  by  noise 
figure  measurements  only  ([3]  and  references  therein).  From  the  noise  data  we  derive  all  the 
noise,  gain  and  scattering  parameters  thus  acquiring  a  complete  knowledge  of  the  device 
performance  at  microwave  frequencies . 

As  a  general  result  concerning  the  present  investigation,  we  have  observed  that  F0  takes  on 
very  low  values  as  compared  to  conventional  bipolar  transistors,  i.e.  less  than  1  dB  at  2  GHz 
for  the  Q3  senes  (8  emitters)  and  about  2  dB  up  to  5  GHz  for  all  families  with  a  typical  cutoff 
frequency  of  10  Ghz  (at  the  lower  bias  current). 

Since  the  measured  datafor  each  family  exhibited  reduced  spread,  by  use  of  simple  statistics 
we  determined  the  performance  of  a  typical  device  to  be  employed  during  the  modeling  step 
As  tar  as  the  equivalent  circuit  is  concerned,  we  decided  to  employ  the  Hawkins  noise  model 
and,  as  a  first  step  we  analyzed  the  performance  of  the  simple  T-structure  reported  in  [41 
fOUnd  thais,uc^  a  m°del  faded  in  reproducing  both  the  small-signal  and  the  noise 
behavior  of  the  measured  devices  since  it  neglects  some  important  high-frequency  effects.  This 
is  mainly  due  to  the  absence  of  either  the  emitter  resistance  generated  by  the  polysilicon  layer 
and  the  collector-to-base  capacitance  which  has  a  profound  influence  on  the  Sn  and  So, 
scattering  parameters  of  the  chip  device. 

A  more  suitable  structure  has  been  found  to  be  that  reported  in  Fig.l,  include  two 
uncorrelated  noise  current  generators  inj  and  in2  and  the  thermal  noise  voltages  associated&to  the 
base  resistance  Rb  and  to  the  polysilicon  layer  resistance  R <*.  The  model  element  at  the  lower 
bias  current  (Ic=2  mA)  are  reported  in  Tab .  1 . 

LhJLmodel  Performance  has  been  optimized  using  a  decomposition  approach  for  either  the 
t.he  n01.sf  parameters  with  respect  to  the  statistically  averaged  measurement  data. 
The  values  of  the  emitter  resistance  R  and  the  noise  current  sources  inl  and  ino  have  been  fixed 
by  use  of  well-known  physical  relationships,  while  the  values  of  the  remaining  circuit  elements 
have  been  varied  dunng  the  separated  optimization  cycles 

Sfnriy,’JfnflW;,e.re  int"fta?  iD-derving  close<J-form  expressions  of  the  noise  parameters 
showing  the  influence  of  the  circuit  elements  on  each  of  them.  This  has  been  accomplished  by 
use  ol  the  correlation  matrix  technique  which  is  a  rigorous  mathematical  procedure  for  noise 
parameter  computation  [5]. 

We  analyzed  the  behavior  of  Fo,  ir0l  andRn  by  using  our  modified  T-model  and  derived  the 
relevant  expressions.  Note  thatR„  =  rn*  50  Q.  We  here  report  the  relationships  derived  for 
IT0 1  and  Rn  : 


0.2  + 

(-R3-RL-R3b-<^.RRbR«j 

1  * 

(r2  +  2RRm  +  R2e  +  4R2R2*2C2f2) 

A] 

0.2- 

[-R3-R2e-R2-4*fceRRbR2e) 

R2  +  2RRm  +  RJe  +  4R2R2,2C2f2) 

/KJ 

R 

n~2R 


Rb+R2  +  Rj 


[a  +  4rt2f2CcCeR(Rb  +RJ]2  +4*2f2C2(R  +  Ree)2 


where  K  is  the  Boltzmann  constant  ,T  is  the  temperature  expressed  in  [K],  a  is  the  common 
base  current  gam  and  Kj  ,  K2  [QJ  have  constant  values  approaching  unity.  In  Fig.2  a,b  we 
show  the  agreement  between  measured  (meas)  and  calculated  (calc)  values  of  F0  and  !T0 1 . 
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PERFORMANCE  THE  M°DEL  ELEMENTS  ON  THE  TRANSISTOR  NOISE 

The  relationships  so  derived  have  been  employed  in  a  sensitivity  analysis  to  gain  information 
on  the  role  played  by  the  model  elements  upon  the  device  noise  performance,  with  special 
concern  for  the  resistance  Ree  associated  with  the  polysilicon  layer. 

We  also  analyzed  the  sensitivity  of  the  optimum  source  reflection  coefficient  irog  I  relevant  to 
the  maximum  available  gain  for  evaluating  its  dependence  on  the  model  elements. 

The  aim  of  such  a  study  was  that  of  pointing  out  how  to  improve  the  performance  of  a  PSA 
transistor  for  its  use  in  a  low-noise  stage  of  wireless  front-ends  at  microwave  frequencies. 
When  designing  such  circuits,  a  trade-off  condition  between  noise  and  gain  has  always  to  be 
obtained  for  ensuring  either  a  low  noise  contribution  from  the  first  stage  by  approaching  F0  and 
a  small  noise  contribution  from  the  cascaded  stages  which  is  inversely  proportional  to  the 
available  gain  of  the  first  stage  (see  Friis'  formula  in  radio  receivers). 

The  desired  targets  are  therefore  :  1)  low  values  of  F0  and  rn  for  a  better  low-noise 

performance  over  a  wider  range  of  matching  conditions  and  frequencies;  2)  values  of  ir0 1  and 

IFog  I  close  to  each  other  for  an  easier  achievement  of  the  optimum  trade-off  condition  between 
noise  and  gain. 

The  sample  bar  diagrams  reported  in  Fig.3  show  the  dependence  of  F0,  IT0I  and  Rn  on  a  ±10% 
variation  of  the  circuit  element  values  as  evaluated  at  the  central  frequency  of  4  GHz.  As  it 
clearly  seen,  upon  diminishing  R^  we  get  a  decrease  of  F0  and  an  increase  of  ir0i  without 
sensibly  affecting  Rn  since  the  contribution  due  to  the  low  value  of  R^  is  masked  by  Rb  and  R. 
On  the  contrary ,  the  influence  of  R^  upon  F0  is  amplified  by  a  factor  R^4  with  respect  to  the 
base  resistance  weighting  as  Rb3. 

By  employing  the  scattering  parameters,  we  then  analyzed  the  sensitivity  of  the  gain  reflection 
coefficient  irogl  with  respect  to  the  circuit  elements  since  the  link  between  such  parameter  and 
the  model  elements  cannot  be  extracted  directly  in  form  of  a  closed-form  expression. 

We  observed  that  the  influence  of  ir0 g  I  to  variations  of  R^  is  negligible,  whereas  a  decrease  of 

Ree  makes  the  values  of  ir0 1  vs.  frequency  closer  to  Tog !  as  reported  in  the  plot  of  Fig.4  and 
also  lowers  the  values  of  F0  . 

Therefore,  by  acting  on  a  given  PSA  process  in  such  a  way  to  obtain  an  acceptable  decrease 
(10-15  %)  of  the  polysilicon  layer  resistance  we  get  an  improvement  of  the  noise  performance 
and  allow  for  an  easier  trade-off  condition  in  the  design  of  low-noise  amplifiers  by  having 

values  of  IF o  I  closer  to  IFog  I  over  the  low-microwave  frequency  range. 

CONCLUSIONS 

Different  series  of  double  polysilicon  bipolar  transistors  have  been  characterized  in  terms  of 
noise  and  scattering  parameters  over  the  2-6  GHz  frequency  range  at  different  collector  current 
values,  according  to  their  emitterfinger  number.  A  circuit  model  has  been  extracted  for  the  Q2 
series  (4  emitters)  series  based  on  an  improved  T-equi  valent  circuit  including  noise  sources.  By 
such  a  model,  novel  analytical  expressions  for  the  noise  parameters  F0  ,  IF0I  and  rn  have  been 
derived  for  this  polysilicon  self-aligned  structure.  Following  that,  a  sensitivity  analysis  has 
been  performed  for  evaluating  the  influence  of  the  device  model  elements  upon  the  noise 
parameters.  We  found  that  by  decreasing  the  polysilicon  layer  resistance  the  noise  performance 
ot  the  PSA  transistor  may  be  improved  for  “tayloring”  a  device  to  be  specifically  used  in  low- 
noise  amplifiers  at  microwave  frequencies. 
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Fig.  1  -  Improved  T-noise  model  adopted 
for  the  double-poly  BJT  series 


Rfe(Q) 

8&1 

vnb  (nVVHz) 

58  10-3 

Rc(o) 

12.8 

vnra  (nWHz) 

0.57 

Rex  (O) 

3.5 

R*  (corr) 

0.99 

Ci(pF) 

0.41 

Im  (corr) 

0.065 

Cc(pF) 

0.22 

a 

0.998 

lini  1*  (pA5/Hi) 

552 

lina  l*(pAa/Hi) 

681 

6.5 

Tab.l  -  Values  of  the  circuit  elements  for  the 
Q2  series  at  low-noise  bias  (Ic=2  mA) 
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Fig-2  -  Comparison  between  measured  (meas)  and  calculated  (calc)  values  of:  (a)  minimum 
noise  figure  F0  ;  (b)  optimum  noise  source  reflection  coefficient  ir0 1 . 
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Fig.  3  -  Bar  diagrams  relevant  to  the  analysis  performed  at  4  GHz  on  the  noise  parameters  F0, 
Rn  and  IF0t  for  a  10%  variation  of  the  element  values  shown  in  Tab.l 


Fig.4  -  Comparison  among  the  values  of  IF0gl  (which  is  not  affected  by  a  10%  variation  of  the 
element  values),  ir0l  evaluated  by  the  original  model  and  ir0l*  evaluated  by  considering 
a  ±10%  of  the  model  element  values 
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ABSTRACT 


A  comparison  between  predicted  and  measured  noise  temperatures  for  cryogenic  HEMT  amplifiers  is 
presented  by  using  the  Pospieszalski’s  noise  model.  A  good  agreement  between  predicted  and 
measured  amplifier’s  noise  performance  is  obtained  both  at  room  and  cryogenic  temperatures. 
However,  the  predicted  values  overestimate  noise  temperature  in  the  center  part  of  the  measured 
temperature  range  (50K  -  230K).  A  parabolic  dependence  for  the  drain  temperature  with  ambient 
temperature  is  proposed  to  obtain  a  better  fitting  to  the  experimental  results. 

INTRODUCTION 


In  order  to  reduce  the  number  of  measurements  needed  to  obtain  noise  figure  predictions  the  analysis 
of  the  FETs’  (MODFETs)  noise  performance  has  became  a  subject  of  primary  interest.  It  has  already 
been  shown  (1)  that  a  complete  noise  analysis  can  be  performed  using  a  simple  noise  measurement  and 
an  equivalent  circuit  model.  More  recently  (2,3),  other  models  have  been  described  that  further 
simplify  the  measurement  requirements  while  improving  the  noise  figure  predictions.  These  models 
predict  the  four  noise  parameters  at  any  frequency  provided  that  two  frequency  independent  constants 
and  the  transistor’s  equivalent  circuit  are  known.  These  two  constants  are  the  equivalent  temperatures 
of  the  intrinsic  gate  resistance  and  drain  conductance,  Tg  and  Td  respectively. 

Verifications  of  these  models  have  already  been  carried  out  with  noise  and  S-parameters  data  taken  for 
different  active  devices  at  a  single  operating  bias  point  and  as  a  function  of  operating  bias  (4).  The 
validity  of  a  simplified  noisy  model  has  recently  been  checked  for  packaged  pseudomorphic  devices  by 
comparison  between  the  measured  noise  parameters  with  those  obtained  from  a  computer  analysis  of 
the  simplified  noisy  model  of  the  device  (5). 

The  values  of  Td  and  Te  are  known  for  typical  HEMT  devices  (6)  at  room  and  cryogenic  temperatures. 
Our  previous  simulations  assumed  that  Tg  was  very  close  to  the  transistor’s  physical  temperature  and 
that  Td  could  be  obtained  from  linear  interpolation  of  the  values  known  at  room  and  cryogenic 
temperatures  (297K  and  14K  respectively)  (7). 

This  work  shows  a  comparison  between  predicted  and  measured  noise  temperature  for  cryogenic 
HEMT  amplifiers  designed  over  the  frequency  range  3.2GHz  -  4.7GHz.  The  noise  temperature  is 
simulated  by  using  the  model  proposed  by  Pospieszalski  (3).  The  experimental  results  suggest  a  non 
linear  dependence  of  Td  on  ambient  temperature  since  a  linear  interpolation  overestimates  Tn  at 
ambient  temperatures  in  the  range  50K  -  230K. 
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NOISE  TEMPERATURE  MEASUREMENTS 


Four  cryogenic  C-band  amplifiers  have  been  designed  and  built  with  transistors  from  different 
manufactures  and  batches.  Each  amplifier  consists  of  three  stages  as  shown  in  Figure  1 . 

The  source  inductance  and  loading  resistor  values  were  selected  for  each  stage  so  that  both 
unconditional  stability  and  low  power  dissipation  across  the  full  band  were  achieved.  Therefore,  no 
oscillation  was  produced  for  any  combination  of  passive  input  and  output  impedances  at  any  operating 
temperature.  The  input  matching  circuit  was  optimized  for  minimum  cryogenic  noise  and  the  output 
matching  circuit  for  low  reflection.  The  two  interstage  coupling  networks  provide  flat  gain  of 
approximately  34  dB  for  the  amplifier. 

The  noise  temperature  was  measured  with  a  fully  automated  system  in  the  range  15K  -  275K. 
Cryogenic  measurements  were  taken  with  the  “cold  attenuator”  method  by  using  a  calibrated  noise 
diode  at  room  temperature,  a  15dB  attenuator  and  a  DC-block  cooled  at  cryogenic  temperatures.  Room 
temperature  data  were  obtained  with  the  noise  diode.  The  accuracy  of  measured  noise  temperature  is 
estimated  in  ±  9K  for  the  room  temperature  and  ±  IK  for  the  lowest  cryogenic  temperature,  in  the 
worst  case  (8). 

All  the  amplifiers  were  biased  for  minimum  noise  operation  at  room  temperature  (Vds  =  2V;  Ids  = 
10mA).  When  the  amplifiers  were  cooled  below  100K,  the  bias  was  changed  to  a  new  value  of  Vds  = 
1.5V;  Ids  =  5mA  which  corresponds  to  the  optimum  noise  for  Tamb  =  15K. 

Figure  2  shows  the  measured  mean  noise  temperature  for  the  four  amplifiers  as  a  function  of  ambient 
temperature  in  the  range  1 5K  -  270K. 

As  is  observed,  amplifiers  1  and  2  show  the  best  performance  with  a  mean  noise  temperature  of 
approximately  1  OK  8  Tamb  =  60K  with  a  ripple  of  ±  0.5K  in  the  band. 

Amplifiers  3  and  4  had  an  anomalous  performance  showing  a  bump  around  125K  that  may  be  due  to 
trap  effects  at  cryogenic  temperatures. 


MODELING  NOISE  TEMPERATURE. 


The  amplifiers  were  simulated  with  MMICAD  (9)  by  using  the  Pospieszalski’s  noise  model  and  a 
HEMT  equivalent  circuit  obtained  from  DC  and  S  parameters  measurements  of  the  active  device  at 
room  temperature.  Capacitors  were  modeled  as  RCL  circuits  and  resistors  as  RL  circuits.  In  order  to 
obtain  unconditional  stability  and  an  acceptable  input  reflection  across  the  full  band,  an  inductive 
feedback  was  used  at  the  source  and  the  drain  was  resistively  loaded.  The  noise  added  by  the  drain 
loading  resistors  to  the  total  noise  of  the  amplifiers  is  OAK  for  Tamb  =  15K  and  10K  for  Tamb  =  300K. 
This  noise  represents  about  10%  of  the  total  noise  at  cryogenic  temperature  and  20%  at  room 
temperature. 

In  the  Pospieszalski’s  noise  model,  the  HEMT’s  noise  properties  are  only  determined  by  the  values  of 
the  equivalent  gate  and  drain  temperatures  Tg  and  Td.  The  equivalent  gate  temperature  is  considered  to 
be  equal  to  the  ambient  temperature  as  typically  shown  by  HEMT  devices  (3).  In  order  to  model  the 
noise  temperature  of  the  amplifiers  at  any  ambient  temperature,  Td  is  obtained  as  a  first  approximation 
by  using  a  linear  interpolation  from  the  temperature  values  originally  proposed  by  Pospieszalski  (4,6). 
However,  the  linear  interpolation  does  not  predict  the  experimental  data  accurately  and  therefore 
another  approach  has  been  considered.  The  experimentally  observed  deviation  from  linearity  and  the 
overestimation  of  the  noise  at  high  temperatures  suggested  us  that  a  non  linear  dependence  of  Td  with 
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may  improve  the  predictions.  The  parabolic  dependence  shown  in  Fig.  3  may  be  easily  included  in 
MMICAD. 

Figure  4  shows  a  comparison  between  predicted  (with  linear  and  non  linear  dependence)  and  measured 
noise  temperature  for  all  amplifiers  as  a  function  of  ambient  temperature  in  the  range  1 5K  -  270K. 

As  is  observed,  the  non  linear  drain  temperature  dependence  on  ambient  temperature  predicts  the  best 
fitting  to  measured  mean  noise  temperature  in  the  center  part  of  temperature  range.  A  better  value  for 
amplifiers  noise  performance  at  room  temperature  is  also  provided  by  the  non  linear  dependence. 

CONCLUSIONS 


As  observed  in  Figure  4,  a  parabolic  dependence  of  Td  predicts  a  good  fitting  of  the  noise  temperature 
in  the  ambient  temperature  range  15K  to  300K.  Pospieszal ski’s  values  were  correct  for  Tamb  =  15K  but 
they  overestimate  the  noise  at  room  temperature.  This  may  be  due  to  the  improvement  of  the  devices 
presently  available.  The  results  shown  in  Figure  4  suggest  that  the  new  proposed  Td  function  leads  to  a 
more  accurate  prediction  of  the  noise  temperature  of  cryogenic  amplifiers  in  a  broad  ambient 
temperature  range,  modeling  the  nonlinear  dependence  of  Tn  with  T^. 
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Fig.  4.  A  comparison  between  predicted  and  measured  noise  temperatures  for  cryogenic  HEMT 

amplifiers. 
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Abstract 

Results  of  Line-of-Sight  (LOS)  and  Non  Line-of-Sight  (NLOS)  mobile  radio  propagation  experiments  made 
to  characterise  62  GHz  sub-urban  microcell  channels  employing  omnidirectional  antennas  are  presented. 
Experimental  results  are  compared  with  theoretical  predictions  obtained  from  an  exhaustive  ray  tracing 
algorithm.  NLOS  results  show  a  sharp  drop  in  the  mean  signal  level  when  the  direct  component  is  blocked. 
The  model  is  found  not  to  be  able  to  predict  the  signal  with  accuracy  in  the  shadow  region,  where  reflections 
do  have  a  major  influence,  and  are  responsible  for  any  coverage  in  there. 

Introduction 

The  use  of  millimetre  wave  frequencies,  where  large  signal  bandwidths  are  available  [1  -3],  has  been  proposed 
for  future  cellular  mobile  radio  communication  systems  employing  many  low  powered  base  stations  with 
antennas  which  are  elevated  by  only  several  metres  above  the  ground  [4-5].  In  particular,  the  frequencies 
around  the  60  GHz  have  been  suggested  for  urban  microcellular  structures  [6-7].  The  quasi  optical  nature 
of  radio  waves  at  this  frequency  inhibits  illumination  of  shadow  regions  to  a  certain  extent.  The  strong 
oxygen  absorption  predominant  at  60  GHz  limits  the  operational  range  of  the  system.  These  two  factors 
allow  greater  frequency  re-use  within  a  cellular  system  thus  increasing  network  capacity. 

This  paper  reports  experiments  made  to  measure  NLOS  propagation  characteristics  at  62  GHz  in  a  sub-urban 
microcellular  environment.  Measurements  were  conducted  in  a  street  with  houses,  located  at  both  sides, 
made  primarily  of  stones.  Building  surfaces  had  a  large  number  of  windows  and  wooden  doors.  There  were 
also  a  number  of  lamp  posts,  parked  cars  and  other  objects  present  at  both  sides  of  the  street.  In  addition, 
the  work  describes  a  ray  tracing  algorithm  which  has  been  developed  to  model  the  environment  and  the 
propagation  mechanisms  exhibited  at  this  frequency.  The  model,  due  to  the  small  size  of  the  wavelength, 
takes  into  account  the  effect  of  surface  roughness. 

Measurements  Geometry 


Measurements  were  made  by  transmitting  a  continuous  wave  signal  from  a  fixed  base  station  to  a  mobile 
receiver  and  recording  the  signal  envelope  variation  as  a  function  of  mobile  position.  The  microcell  base 
antenna,  set  at  a  height  of  3.1  metres  above  the  ground,  was  placed  horizontally  at  one  end  of  the  street  at 
a  distance  of  2.35  metres  from  the  nearest  building  surface.  It  was  oriented  along  the  street.  The  receive 
antenna  was  also  mounted  horizontally  on  the  roof  of  a  transit  van  at  a  height  of  2.8  metres  above  the  ground. 

The  mobile  receiver  was  moved  57  metres  along  a  road  which  crosses  the  main  street  at  right  angles  as  is 
shown  in  Fig.  1.  The  receiver  was  driven  at  an  almost  constant  speed  of  10  miles  per  hour  (4.47  metres  per 
second).  Distance  markers  to  provide  a  measure  of  the  distance  travelled  were  also  recorded. 

Measurement  Hardware 

The  62.4  GHz  transmitter  is  housed  in  a  box  mounted  on  a  pneumatic  mast.  The  transmitter  is  composed  of 
a  100  mW  phase  locked  oscillator.  The  output  of  the  oscillator  is  fed  to  the  base  antenna  via  an  isolator.  The 
receiver  is  a  simple  balanced  mixer  followed  by  a  low  noise  pre-amplifier.  The  received  signal  is  down 
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converted  to  an  IF  of  600  MHz,  and  its  amplitude  is  measured  using  a  logarithmic  amplifier  centred  at  600 
MHz.  The  receiver,  with  a  noise  floor  of  -74  dBm,  is  also  housed  in  a  box  and  is  mounted  upon  the  roof  of 
a  transit  van. 

Measurements  were  conducted  using  a  vertically  polarised  omnidirectional  receive  antenna.  The  antenna 
has  foil  azimuthal  coverage  with  a  3  dB  elevation  beamwidth  of  6.5"  and  a  gain  of  6  dB.  A 10  dBi  standard 
horn  antenna  was  used  at  the  base  station.  The  E  and  H  plane  beamwidths  being  69*  and  55*  respectively. 
The  logarithmic  amplifier  output  voltage  is  fed  into  channel  1  of  the  data  storage  and  acquisition  unit,  with 
channel  2  being  used  to  record  distance  markers.  Both  channels  are  digitised  simultaneously  via  12-b  A/D 
convertors  at  a  rate  of  20k  sample  per  second.  The  data  is  then  transferred  to  a  compute  for  subsequent 
analysis. 

Multirav  and  diffraction  model 

A  simulation  programme,  based  on  the  image  technique,  has  been  developed  to  predict  the  signal  char¬ 
acteristics  and  to  assist  in  interpreting  experimental  results.  Buildings  at  both  sides  of  the  street  are  assumed 
to  have  uniform  reflecting  surfaces  with  diffracting  edges,  whose  geometry  is  specified.  The  ground  is  also 
assumed  to  be  a  flat  uniform  reflecting  surface.  The  effects  of  other  objects,  such  as  lamp  posts,  pedestrians 
and  cars,  have  not  been  considered. 

The  tool  is  originally  developed  to  aid  characterisation  of  UHF  microcell  propagation  where  dif&adtitm  ns 
a  significant  contributor  to  the  received  signal  strength.  The  diffracted  field  by  a  building  edge  is  cakutoed 
using  the  exact  solution  developed  by  Maliuzhinets  [8]  instead  of  the  more  usual  empirical  approach  proposed 
by  Luebbers  [9].  The  order  of  diffraction  a  ray  can  experience  is  specified  by  the  user  and  is  used  as  am  ingraft 
to  the  model.  At  62  GHz  however,  the  diffraction  phenomenon  can  be  neglected  in  mobile  scenarios. 

The  model  also  considers  polarisation  mismatches  and  the  E  and  H  plane  pattens  of  the  tramsmitt  and  receive 
antennas.  In  the  modelling  presented  here  however,  the  E  and  H  planes  of  the  base  antenna  are 
so  that  all  rays  within  the  3  dB  beamwidth  of  the  main  lobe  are  assumed  to  have  a  amstanftg^m.  Rays  raratlsiidle 
the  main  beam  are  not  included  in  the  calculations.  This  assumption  is  justified  since  the  nmrastt  saffliirffiioBiiitl 
sidelobes  in  the  E  and  H  planes  are  13  dB  and  17  dB  below  the  main  beam  respectively.  CcaDsjidoMiKnm  raff 
reflections  up  to  any  order  can  be  specified  by  the  user.  The  reflected  electric  fields  hem  dadfedinic  pfamr 
surfaces  are  calculated  using  the  Fresnel  coefficients.  However,  when  roughness  is  ftafeon  imtfto  asauimintl  tfflae 
scattered  electric  field,  assuming  a  Gaussian  distributed  surface  roughness  with  a  sfiamdsnd  afieviattamm  raff«%„ 
is  computed  using  a  simplified  formulation  of  the  solution  proposed  in  [10].  Tic  itedtorinng;  fuctor  is  gki 

by: 


I P.  H  F\e*  1 

where  F  is  the  Fresnel  reflection  coefficient  and  g  is  a  measure  of  tine  roughness  raff  tflne  sdkSbdc  witikfln  is 
expressed  by: 


where  0  is  tire  incident  angle  measured  from  the  nonnal  to  line  surface,  and  2L  is  tftewgwrdtegfti. 


When  the  surface  is  smooth,  -  0,  the  value  of  the  scattering;  factor  ppwan  m  0))  Bmntte;  iiikntioil  tt®  ttiatt 
of  the  Fresnel  coefficient  Although  the  expression  govern  m  0)  is  vsDM  tor  vattms  raff  g  <H,,  iit  brae  Ihtam 
successfully  used  to  model  scattering  when  the  value  off g  is  sagmfficnit%  fla^rtflmnrane  pi]}.  OUmihtiisns 
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The  mean  signal  level  of  fee  measmed  and  predicted  envelopes  are  obtained  by  computing  fee*  moving 
average.  The  average  was  calculated  over  a  window  length  of  15®.  winch  »  hring»aved  by  4m.  f%  3 
shows  a  comparison  between  experimental  and  theoretical  resnlfts  obtained  by  consflieEHig 
the  second  order  and  no  diffractions  from  budding  edges.  It  can  be  dcasiy  seen  feat  the  measincd  mm 
signal  level  drops  initially  by  about  9  dB  and  14  dB  below  the  fjgc-af-Bgft*  when  fit  a  being  blocked  at  fee 
mobile  receiver  moves  small  distances  into  fee  shadow  regions.  At  laager  distances,  fit  readies  fee  noise 
floor  of  fee  measuring  system.  Theoretical  predictions  show  almost  sihiflar  fifeM  dta^  and  fit  is  to  good 
agreement  wife  fee  measured  values. 

The  propagation  mechanism  between  fee  base  station  and  fee  mobile  receiver  &  best  explained  wife  fee; 
assistance  of  Fig.  4.  This  figure  shows  the  electric  fieM  strength  of  reflected  ray  sam^nrifedas  a&n^traaf 

in  Fig.  4,  when  the  receiver  approaches  the  end  of  section  1,  where  fee  LOS  is  still  being,  Wbcke<L  fee  major 
contributors  to  the  received  signal  strength  are  single  reflections  from  wallC^^j^l^  an  tncT^sgfefee 

1.  When  the  receiver  is  in  clear  view  of  the  base  station  (section  2),  propagation  is;  dominated  by  fee  LG&, 
and  the  mean  signal  level  increases  by  9  dB.  When  fee  direct  path  is  Mocked  again  as  fee  receiver  moves 
into  section  3  the  mean  signal  level  fells  by  14  dB  at  small  distances  into  this  shadow  region.  At  this  range* 
the  main  contributors  to  the  received  signal  are  single  reflections  an  wall  D.  Whenfeose  reflections  disappear, 
the  mean  signal  level  drops  again  to  fee  noise  floor. 

In  such  microcell  geometry  it  was  noted  feat  second  order  reflections  are  much  weaker  contributors  to)  fee 
received  signal  strength.  Fig.  5  shows  fee  measured  and  predicted  mean  signal  level  obtained  by  considering: 
single  reflections  only  with  no  diffractions  from  building  edges.  It  can  be  clearly  seen  feat  fee  elimination 
of  second  order  reflections  has  no  effect  on  fee  mean  signal  level  predicted  in  fee  shadbwregibns.  However, 
the  range  over  which  the  mean  signal  level  remains  at  a  high  value  in  fee  shadow  region,  particularly  over 
section  3,  becomes  smaller.  This  is  mainly  due  to  the  exclusionofdouble  reflections  from  walls  AD.  Predicted' 
results  shown  in  Fig.  5  are  in  better  agreement  with  the  measured  ones  than  those  given  in  Fig.  31 

Further  predictions  were  also  made  by  taking  diffraction  into  account.  It  has  been  noted'  that  fee  addition  of 


diffraction  at  this  frequency  has  no  effect  on  changing  the  mean  signal  level  in  the  shadow  region. 
Conclusions 


Experimental  results  of  measurements  made  at  62.4  GHz  between  a  fixed  base  station  and  a  mobile  receiver 
in  an  outdoor  microcell  where  the  line-of-sight  component  prevailed  for  a  short  distance  and  was  then  blocked 
are  presented.  The  complex  propagation  mechanism  is  represented  by  a  ray  tracing  model  based  on  geometric 
optics  and  diffraction.  A  reasonably  good  agreement  has  been  achieved  between  the  measured  and  predicted 
mean  signal  levels  by  considering  single  reflections  only  and  no  diffractions. 

When  the  mobile  receiver  is  in  clear  view  of  the  base  station,  propagation  at  62.4  GHz  is  dominated  by  the 
direct  component.  At  small  distances  into  the  shadow  region,  the  propagation  mode  between  the  base  and 
the  mobile  receiver  is  primarily  by  single  reflections  from  building  surfaces.  At  large  distances,  however, 
higher  order  reflections  are  weak,  and  unable  to  provide  coverage  deep  inside  the  shadow  region.  The  mean 
signal  level  drops  sharply  to  the  noise  floor  of  the  receiver. 

Results  have  shown  that  the  coverage  area  is  limited  to  the  LOS  region  and  to  a  few  metres  into  the  shadow 
region  where  single  reflections  from  building  surfaces  keep  contributing  to  the  signal  strength. 
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Figure  I:  Measurement  geometry. 
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Figure  2:  Received  signal  envelope  measured  when  the 
mobile  receiver  travelled  57  metres  along  the  cross  road: 
0-28  metres  section  1:  Shadow  region, 

28-39  metres  section  2:  Line-of-sight  propagation, 

39-57  metres  section  3:  Shadow  region. 
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Figure  3:  LOS  and  NLOS  mean  signal  level  as  a  function  of 
receiver  position.  Predictions  are  made  considering  rough 
surfaces  with  =  6.2  millimetre  for  buildings  in  the  main 
street  (wall  A  and  B).  Wall  C  and  D  are  assumed  to  be 
smooth.  Reflections  up  to  the  second  order  are  considered 
with  no  diffractions. 
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Figure  4:  The  electric  field  of  the  various  rays  as  a  function 
of  receiver  position.  Rough  building  surfaces  with  Gh  =  6.2 
millimetre  are  assumed  for  buildings  in  the  main  street  (wall 
A  and  B).  Wall  C  and  D  are  assumed  to  be  smooth. 

1:  Direct  ray, 

2:  Single  reflection  on  wall  A, 

3:  Single  reflection  on  wall  C, 

4:  Single  reflection  on  wall  D. 


Figure  5:  LOS  and  NLOS  mean  signal  level  as  a  function  of 
receiver  position.  Predictions  are  made  considering  rough 
surfaces  with  Ch  =  6.2  millimetre  for  buildings  in  the  main 
street  (wall  A  and  B).  Wall  C  and  D  are  assumed  to  be 
smooth.  Single  reflections  up  to  the  second  order  are 
considered  with  no  diffractions. 
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Abstract 

This  work  presents  experimental  results  carried  out  by  the  communication  group  of 
Tadiran  Ltd.,  as  well  as,  theoretical  predictions  obtained  both  by  Bertoni  et  al.  [1,  2] 
and  Tadiran's  group  [3,  4]  for  the  estimation  of  the  effectiveness  of  the  MultiGain 
Wireless  Local  Loop  (MWLL)  system  developed  by  Tadiran  for  use  in  urban  areas 
with  regularly  distributed  rectangular  rows  of  buildings,  when  both  base  station 
antenna  and  the  radio  port  antenna  are  at  the  street  level  below  the  rooftops.  The 
experiments  are  examined  in  different  propagation  conditions:  Line-of-Sight  (LOS) 
along  the  street  level,  and  obstructed  ("clutter")  conditions,  when  both  the  antennas 
are  placed  in  the  environment  with  strong  shadowing  surrounding  them.  To  predict 
these  experimental  conditions,  in  the  first  case  a  model  of  3D-multislit  impedance 
waveguide  (earlier  developed  for  the  2D  and  3D  case  of  perfectly  conductive 
waveguide  in  [3])  is  proposed  to  estimate  the  path  loss  at  the  street  level  and  at  the 
street  intersections  [4],  respectively.  For  the  second  case  the  2D-model  of  multi¬ 
diffraction  from  the  building  roofs  according  to  [1,  2]  is  used  in  conjunction  with 
actual  variations  of  building  heights,  the  distances  between  them  and  the  actual  base 
station  antenna  height  variations.  The  contributions  in  path  loss  is  obtained  to  predict 
the  experimentally  observed  coverage  effects  and  the  microcell  shape  for  MGWLL 
systems  in  urban  and  suburban  areas  with  regularly  distributed  rows  of  buildings  and 
rectangularly  crossing  streets. 

1.  Principle  of  theoretical  prediction 

1.1.  LOS  propagation  along  the  street 

Instead  the  usually  used  "two-ray"  model,  consisting  of  the  direct  and  the  reflected- 
from-the-ground  rays  [1],  in  the  conditions  when  both  antennas  were  placed  at  the 
street  level  in  LOS  conditions,  a  new  multislit  waveguide  model  were  proposed  in  [3, 
4]  for  describing  wave  propagation  in  urban  areas  with  straight  streets  and  with 
randomly  distributed  walls  of  buildings  and  gaps  between  them  as  exhibited  in  Fig.  1. 
Waveguide  model.  Let  us  consider  that  the  buildings  on  the  street  are  replaced  by 
randomly  distributed  non-transparent  screens  with  scales  Lq,  the  electrical  properties 
of  which  are  defined  by  surface  impedance  Zem;  the  distances  between  the  buildings 
(slits)  we  define  as  ln,  n=l,  2,  3. ..(see  Fig.  1).  The  laws  of  their  differential  distribution 
are  postulated  as  independent  and  exponential  with  mean  values  <L>  and  <1> 
respectively,  the  probability  density  functions  being  given  by 
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<L>-1  exp{-iy<L>},  <l>-»  exp{-l„/<l>},  n=l,  2, 3...  (1) 

The  impedance  parallel  plane  waveguide  with  randomly  distributed  buildings  along  the 
street  models  a  city  street  with  receiver  and  transmitter  at  street  level  below  the 
rooftops.  One  waveguide  plane  is  placed  at  the  waveguide  side  z=0,  and  the  second 
one  at  z=a  ("a"  is  the  street  width,  see  Fig.  1).  We  also  assume  that  a  vertical  electric 
dipole  as  a  real  transmitter  is  placed  in  the  xz-plane  with  coordinates  x=hj;  y=0;  z=d, 
where  0<d<a  on  the  z-axis;  (Khi<hb  on  the  x-axis;  hT  is  the  transmitter  height;  hb  is 
the  average  building  height.  We  present  the  full  field  as  a  superposition  of  a  direct 
wave  field  from  the  source,  fields  reflected  from  the  road  and  then  from  the  walls,  and 
fields  diffracted  from  the  building  edges  [3,  4].  Alternatively,  the  resulting  field  can  be 
considered  as  a  sum  of  the  field  arriving  at  the  receiver,  placed  at  height  hR,  from  the 
virtual  image  sources  as  schematically  presented  in  Fig.  1.  According  to  the  approach 
proposed  in  [3,  4]  we  also  introduce  here  the  "telegraph  signal"  functions,  fi(y)  and 
f2(y),  which  equal  1  when  reflection  or  diffraction  from  the  walls  (screens)  takes  place 
and  zero  when  rays  pass  through  the  spaces  between  the  buildings,  i.e.  fall  into  the  slits 
of  the  waveguide.  Thus  segments  with  fu(y)=l  represent  screens  including  their 
edges,  but  segments  with  fu(y)=0  represent  slits  (see  Fig.  1).  The  real  electric 
properties  of  screens  (walls)  are  defined  by  the  surface  electric  impedance  Zem  ~ 
e=e0  -  i47to/o,  where  e  is  the  dielectric  permittivity  of  the  wall  surface;  eo  is  the 
dielectric  constant  of  vacuum;  a  is  the  electric  conductivity  of  the  wall  surface;  co  is  the 
angular  frequency  of  the  radiated  wave,  o=27cf,  f  is  the  frequency  of  the  radiated  wave. 

The  full  field  inside  the  street  waveguide  can  be  presented  as  a  sum  of  the  direct  field 
from  the  source  and  rays  reflected  and  diffracted  from  the  building  walls  and  comers. 
In  order  to  calculate  the  full  field  from  the  source  we  substitute  for  each  reflection 
from  the  walls  an  image  source  IIn+  (for  the  first  reflection  from  the  left-hand  walls  of 
the  street  waveguide)  and  nn-  (for  the  first  reflection  from  the  right-hand  walls), 
where  n  is  the  number  of  the  reflections  (see  Fig.  1). 

Average  field  intensity  along  the  street.  To  calculate  the  average  total  field  along  the 
street  waveguide  we,  as  in  [3,  4],  take  into  account  the  exponential  screens  and  slits 
distributions  (1),  the  transmitter  antenna  as  a  vertical  electric  dipole  with  field  ~|D| 
exp{ikR}/47rR,  and  the  simple  evaluations  from  the  GTD,  in  which  the  formulations  of 
diffracted  waves  are  similar  with  those  obtained  for  reflected  waves  and  in  which  the 
reflection  coefficient  Fn  of  each  reflected  wave  from  the  screen  (wall)  is  simply 
replaced  with  a  diffraction  coefficient  Dnm  for  each  diffracted  ray  from  the  wall's  edge 
[3,  4],  Here  R=|r|  is  distance  from  the  source;  D=(47ti/<a)pz;  pz  is  the  electric 
momentum  of  a  vertical  electric  dipole;  k=2nfk  is  the  wave  number,  and  X  is  the 
wavelength  (X«a,  ln,  Ln).  Using  the  procedure  of  averaging  arbitrary  order  moments 
of  "telegraph  signal"  functions  %),  presented  in  [3,  4]  and  combining  the  reflected  and 
diffracted  waves  with  the  direct  wave  (LOS  component)  from  the  source,  we  obtain 
the  total  average  field  in  the  broken  impedance  waveguide: 

<I>  «C2rg2[|rn|  +  IDmnlpr1  exp{-  |lnM|rn||[(7m  -  <pn)/a]r/pn((M  + 

+  D2ry  [1  -  (M|r„|)2]/[1  +  ( M\rn\w  r2  (2) 


-125- 


3 


Here  M==<L>/(<L>+<1>)  is  the  parameter  of  brokenness;  C=={(D)1/2>y(2hxhR)1/2} 
[hThR/a2+hb/a+l]‘1/2;  D=|D|;  the  coefficient  of  reflection  for  each  reflected  waveguide 
mode,  rn,  can  be  presented  as:  Tn  =  (Kn  -  kZEM)/(Kn  +  IcZem),  Kn=(7tn  +  i|lnM|)/a  = 
ReKn  +  ImKn;  n=0,  1,  2,...  We  do  not  present  here  the  expression  of  the  reflection 
coefficient  because  it  is  sufficiently  fully  described  in  the  literature  for  different 
kinds  of  radiated  field  polarization.  Let  us  now  examine  expression  (2)  for  various 
actual  experimental  situations  in  the  urban  street  scene. 

Wide  Avenues.  Let  us  consider  that  the  street  width  is  larger  than  the  average  building 
heights  and  both  antenna  heights,  that  is,  a>hb,  hj,  hR.  In  this  case  at  distances  less 
than  the  "break  point"  in  the  approximate  formula  (2)  the  second  term,  which 
describes  the  direct  wave  and  the  waves  reflected  from  the  ground  and  which 
attenuates  as  a  spherical  wave  ~r2,  is  larger  than  the  first  term,  which  describes  the 
attenuation  of  the  normal  reflecting  modes  along  the  multislit  street  waveguide. 
Beyond  the  "break  point",  conversely,  the  first  term  in  (2)  is  larger,  and  field  intensity 
attenuates  exponentially.  This  law  of  attenuation  is  close  to  that  obtained 
experimentally  in  most  measurements,  where  the  attenuation  mode  of  field  intensity 
beyond  the  "break  point"  was  q=5-7.  This  law  cannot  be  explained  using  the 
"two-ray"  model  [1].  Moreover  no  clear  physical  explanation  of  such  "sharp"  field 
intensity  attenuation  in  the  farthest  zones  from  the  transmitter  existed  until  now.  This 
effect  can  be  clearly  understood  using  the  waveguide  street  model  and  following  from 
it  the  exponential  attenuation  of  field  intensity  (which  is  close  to  mode  -r^,  q=5-7)  at 
the  distances  beyond  the  "break  point".  Moreover,  the  waveguide  model,  as  was 
shown  in  [3,  4],  continuously  tends  to  the  "two-rays"  model  in  the  case  of  wide 
streets.  We  can  also  show  that  the  "break  point"  range  obtained  in  [1],  rb=4hxhR/A,,  is 
valid  only  for  urban  areas  with  wide  streets  and  that  our  model  continuously  limits  to 
this  approximate  formula  only  for  the  case  of  a>hb,  hx,  hR.  In  fact,  let  us  determine  the 
"break  point"  range  as  the  range  at  which  the  first  term  in  (2)  is  equal  to  the  second 
one.  From  this  condition  using  formula  (2)  we  can  easily  obtain  the  range  of  break 
point: 

rb=(4hxhR/A,)[l  +  hb/a  +  hxhR/a2]/[|Fn|  +  IDmnl]2,  (3) 

which  continuously  (with  constant  -[IFnl+IDmnl]2  in  order  with  one  for  0<|rn|<l  and 
0<|Dmn|<l)  tends  to  rb=4hxhRA,,  obtained  by  [1]  for  the  case  when  a>hb  and  a2>hThR, 
i.e.  for  the  case  of  wide  streets. 

Narrow  Streets.  In  the  inverse  case  of  urban  areas  with  the  narrow  streets  (a<hb)  the 
approximate  waveguide  model  (2)  can  be  successfully  used  to  describe  the  field 
intensity  attenuation  along  the  street  in  LOS  conditions.  As  was  obtained  from 
straightforward  calculations  the  3D-model  predicts  two  modes  of  field  intensity 
attenuation,  from  r2  to  exponential,  and  the  existence  of  a  break  point.  But  for  the 
case  of  narrow  streets  the  range  of  the  break  point  is  farther  from  the  transmitter,  than 
in  the  case  of  wide  street.  In  fact,  for  the  wide  street  we  observe  the  break  point 
(according  to  (3))  at  the  range  of  200-220  m  for  £=900-950  MHz.  At  the  same  time 
for  the  narrow  street  the  break  point  was  not  observed  at  the  investigated  propagation 
path  r<500  m  (rb=950-1000  m  for  £=900-950  MHz  according  to  (3)).  Thus,  as  can  be 
seen  from  estimations,  following  from  formula  (3),  for  a«hb  and  a2<hxhR,  the  range 
of  "break  point"  tends  to  infinity  for  the  observed  wavelength  band,  X=0.01-0.3  m  with 
a  decreasing  street  width  or  with  an  increasing  building  height.  In  the  inverse  case  of  a 
wide  street  the  3D-model  (2)  tends  to  the  "two-rays"  model  and  formula  (3) 
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transforms  into  that  obtained  in  [1],  So  we  have  a  good  transition  from  the  waveguide 
model  to  the  "two-ray"  model  in  the  particular  case  of  wide  avenues  or  canyons  with 
building  heights  less  than  the  street  width.  On  the  other  hand,  the  waveguide  multisht 
model,  more  generally  than  "two-ray"  model,  predicts  the  propagation  characteristics 
in  LOS  conditions  along  straight  streets. 

1 .2.  Propagation  in  the  obstructive  conditions 

In  obstructive  (or  clutter)  conditions  the  receiver  or  transmitter  antennas  (or  both  of 
them)  are  placed  in  the  shadow  zones,  when  there  are  many  non-transparent  buildings 
surrounding  them.  In  this  case  the  role  of  diffraction  from  the  roofs  of  buildings 
increases  and  the  total  fields  depend  not  only  on  the  reflected,  but  mostly  on  the 

diffracted  waves  [2],  . 

2D-model  of  multi-diffraction.  Let  us  consider  that  an  elevated  antenna  (base  station) 
radiates  a  field  that  propagates  in  an  environment  with  regular  distributed  non¬ 
transparent  buildings  with  various  heights  hi  and  different  separation  distances  di 
(i=l,2,3...)  between  them.  The  height  of  the  base  station  antenna,  H,  can  be  greater  or 
smaller  than  the  first  (near  the  antenna)  building  height,  hi. 

We  here  consider  that  H>hi  (see  Fig.  2),  because  this  condition  is  closed  to  our 
experiments  in  "clutter"  conditions  of  both  receiving  and  transmitting  antennas.  In  this 
case  when  the  base  antenna  is  higher  than  the  first  building,  the  radiating  field 
propagates  over  the  rooftops  by  a  process  of  multiple  diffraction  past  rows  of 
buildings  (Fig.  2).  The  field  reaching  street  level  results  from  diffraction  of  the  fields 
incident  on  the  rooftops  in  the  vicinity  of  the  receiving  antenna. 

Contributions  in  path  loss.  Treating  the  base  station  as  a  transmitter  and  assuming  that 
the  receiver  is  at  street  level,  we  can  obtain  the  path  loss  in  dB  as  the  sum  of  the  free 
space  path  loss  Lo  =  -  10  logiottlMrcR)2},  and  excess  loss  Lex,  i.c.,  LTotal  =Lo  +Lex- 
For  the  case  of  our  experiments  (see  below)  when  angle  cxn  (see  Fig.  2)  is  small,  <xn  = 
tarn1  {[H-1in]/R}  ~  [H  -  1in]/R,  we  can  present  expression  for  Lex  in  the  case  of 
various  parameters  h$  and  di  (see  Fig.  3)  according  [2]  as: 

Lex  =  57.1  +  5  logi0[x2  +  (hfj  -  hr)2]  -  9  logiotXdj/N]  + 

+  20  logioltan^lXhtf  -  hr)/x]}  - 18  logio  H+  logiof  +  18  logioR-  (4) 

Here  the  total  distance  between  the  base  station  and  radio  port,  R,  is  in  km;  the  radio 
wave  frequency,  f,  is  in  MHz. 

2.  Comparison  with  experimental  data 

The  first  series  of  measurements  were  taken  in  the  small  town  of  Kefar-Yona,  Israel, 
where  the  MGWLL  system  of  Tadiran  was  under  trial  in  conditions  of  direct  visibility 
along  the  street  (LOS  conditions,  position  I  of  the  moving  radio  port  in  Fig.  3),  and  in 
the  obstructed  conditions  of  existing  shadow  zones  between  receiver  and  transmitter 
(positions  II,  III,...  of  the  moving  radio  port  in  Fig.  3).  The  omnidirectional  base 
station  antenna  was  located  at  the  same  (or  lower)  level  than  the  buildings  roofs,  at  a 
distance  of  4-5  m  from  the  comer  building  surface  as  depicted  schematically  m  Fig.  3. 
The  mobile  omnidirectional  radio  port  antenna  changed  its  position  along  the  street  in 
the  middle  of  the  road  in  LOS  conditions  (Fig.  3).  The  tested  MGWLL  system  was 
operated  in  the  frequency  band  f=902-928  MHz  .  The  tested  environment  is  a  typical 
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small  urban  or  suburban  region  of  two-  and  three-storied  brick  buildings  with 
approximately  uniform  heights  h=7-8  m  and  with  a  right-angle  crossing  straight  street 
plan  (as  schematically  presented  in  Fig.  3).  The  base  station  transmitter  antenna  was 
installed  at  the  height  hj=8  m,  the  moving  radio  port  antenna  was  lower  than  rooftop 
level  (hR=2-3  m).  The  tested  cell  radius  of  such  an  area  estimated  from  measurements 
was  approximately  1-2  km.  Field  intensity  measurements  in  dB  relative  to  intensity  in 
free  space  at  the  range  r=100  m  were  obtained  to  estimate  the  path  loss  and  the  field 
intensity  attenuation  in  LOS  conditions  along  the  street,  taking  into  account  actual 
dielectric  properties  of  the  brick  walls  of  buildings  and  the  real  distribution  of  buildings 
along  the  street  level. 

Let  us  compare  the  theoretically  obtained  formulas,  both  for  LOS  and  "clutter" 
conditions,  with  Tadiran's  experimentally  measured  received  signal  power's  spatial 
distribution  in  the  urban  area  investigated.  Taking  into  account  that  the  angle  ocn  from 
the  base  station  antenna  at  the  top  of  the  N-th  building  (see  Fig.  3)  is  small  in  the  real 
conditions  of  the  experiment,  we  used  expression  (4)  to  estimate  the  path  loss  in 
obstructive  conditions  for  the  moving  radio  port.  For  the  LOS  conditions  in  our 
calculations  we  used  formula  (2).  From  the  net  of  measurements  the  "diamond"-shape 
of  coverage  curves  of  field  intensity  attenuation  in  the  suburban  area  was  obtained  (the 
base  station  is  located  in  its  center,  as  pointed  in  Fig.  4).  In  this  picture  the  values  of 
intensity  loss  near  the  each  curve  obtained  experimentally  and  the  values  in  circles, 
calculated  according  to  formulas  (2)  and  (4),  are  also  presented.  As  can  be  seen  from 
picture  presented  in  Fig.  4,  the  coverage  curves  are  elongated  along  the  main  road, 
where  the  base  station  is  located.  We  also  can  notice  from  comparison  between 
experimentally  and  theoretically  obtained  values  of  signal  power  loss  that  for  urban 
areas  with  a  sufficient  shadowing  between  receiver  and  transmitter  when  the 
transmitter  antenna  is  near  the  rooftops  level  (the  angle  <xn  from  the  transmitter  at  the 
top  of  last  building  near  the  receiver  is  small),  we  can  use  formula  (4)  with  great 
accuracy.  Comparison  between  measurements  in  the  LOS  conditions  and  values 
obtained  from  3D-multislit  impedance  waveguide  model  showed  that  formula  (2)  can 
be  used  for  the  estimation  of  path  loss  along  the  straight  streets  at  ranges  less  than 
500-1000  m  from  the  transmitter. 

Conclusions 

In  the  propagation  of  radio  waves  in  urban  and  suburban  areas  with  regular  distributed 
low-storied  buildings  and  with  the  transmitter  antenna  below  the  rooftops  or  at  their 
level,  the  common  theoretical  approach  developed  by  Bertoni  et  al.  [2]  can  be 
successfully  used  for  estimations  of  field  intensity  attenuation  in  obstructive  conditions 
taking  into  account  the  real  distribution  of  their  heights  and  distances  between  them.  In 
LOS  conditions,  the  2D-  and  3D-waveguide  models  (which  depends  on  the  geometry 
of  the  street  and  the  distribution  of  buildings  along  the  street  level),  proposed  in  [3,  4] 
and  generalized  in  this  work,  give  a  good  explanation  of  the  field  intensity  attenuation 
along  the  street  level  for  urban  conditions,  when  the  average  streets'  width  is  smaller 
("works"  2D-model)  and  larger  ("works"  3D-model)  than  the  average  buildings' 
height,  and  when  the  range  from  the  transmitter  antenna  does  not  exceeds  500-700  m. 
These  two  approaches  can  be  successfully  used  for  the  prediction  of  personal  and 
mobile  communication  channels  in  urban  and  suburban  environments  with  grid-plan  of 
crossing  straight  streets  for  the  microcells  with  effective  sizes  not  more  than  1  km, 
using  the  real  distribution  of  building  heights  and  the  distances  between  them. 
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Abstract 

The  rapid  and  widespread  demand  for  new  services,  as  high-speed  data  and 
multimedia  services,  which  are  very  demanding  in  terms  of  bitrate  and  thus 
bandwidth,  are  increasing  the  interest  toward  broadband  applications.  The  aim  of 
the  work  is  to  study  if  and  when  the  selective  fading  can  be  effectively  coped  with 
by  the  adoption  of  directive  antennas,  so  exploiting  the  inherent  angular  diversity 
of  the  communciation  channel.  The  achievable  improvements  are  highlighted  and 
some  suggestions  for  the  design  of  future  millimeter  wave  wireless  LANs  are 
provided.  The  investigation  is  accomplished  by  means  of  an  electromagnetic 
computer  model,  based  on  a  fully  3D  ray  tracing  approach.  The  adopted  algorithm 
has  been  validated  by  comparison  with  some  test  measurements  both  at  30  and  60 
GHz,  whereas  the  adopted  electromagnetic  parameters  have  been  estimated  by 
means  of  specific  measurements  of  the  materials  characteristics. 

Introduction 

The  high  flexibility  of  radio  communication  networks  is  greatly  encouraging  the  use  of 
indoor  wireless  transmission  for  many  applications.  Earlier  solutions  dealt  with  voice 
and/or  low  rate  data  applications;  recently,  the  importance  of  new  services,  as  high-speed 
data  and  multimedia  services,  which  are  very  demanding  in  terms  of  bitrate  and  thus 
bandwidth,  has  raised  up  and  an  increasing  interest  has  been  devoted  to  broadband 
applications. 

Among  possible  frequency  bands  for  WLANs,  millimeter  wave  bands,  and  particularly  the 
30  GHz  and  the  60  GHz  bands,  are  two  of  the  most  suited  candidates,  as  they  offer  a 
large  amount  of  free  bandwidth  [1-4].  A  number  of  interesting  studies  have  been  devoted 
to  the  latter  [6-8],  as  it  provides  some  well  known  advantages,  such  as  the  oxygen 
attenuation  peak  and  large  allocated  bands,  whereas  the  former  is  still  quite  unexplored, 
both  from  an  electromagnetic  characterization  point  of  view  and  indoor  WLAN  potential 
applications.  They  are  both  very  attractive  due  to  the  strong  wall  attenuation,  which  could 
contribute  to  minimising  the  interference  between  adjacent  LANs,  whereas  the  small 
involved  wavelengths  allows  reduced  antenna  size.  Correspondingly,  suitable  wideband 
measurement  campaigns  have  to  be  carried  out,  in  order  to  get  some  deeper  insight  on  the 
propagation  mechanism  at  those  frequencies  and  in  order  to  validate  the  adopted  RT 
program  at  both  millimeter  frequencies. 

In  order  to  ensure  a  reliable  and  error  free  radio  transmission  at  100  Mbit/s  or  more  in  an 
adverse  multipath  propagation  environment  such  as  the  indoor  one,  a  possible  solution, 
among  the  others,  might  consist  in  the  adoption  of  directive  antennas,  taking  advantage 
both  of  the  increased  antenna  gains  and  of  the  rejected  multipath  components  arriving  at 
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the  receiver  outside  the  main  beam  [2,10-12].  This  technique  can  be  eventually  viewed  as 
the  exploitation  of  a  spatial  (angular)  diversity. 

In  order  to  investigate  the  potential  improvements  from  the  usage  of  directive  antennas, 
which  is  the  aim  of  this  paper,  an  accurate  propagation  channel  characterisation  is  highly 
recommended.  Since  experimental  sounding  is  very  expensive  and  time-consuming, 
computer  models  and  above  all  ray  tracing  tools  represent  a  valid  alternative.  On  the  other 
hand,  the  candidate  ray  tracing  (RT)  program  has  to  be  appropriately  validated  at 
millimeter  frequencies  by  comparison  with  measurement  results,  both  in  terms  of 
narrowband  and  wideband  statistics  [5].  We  will  show  that  the  adherence  is  quite 
satisfactory,  even  in  the  case  of  coarse  RT  environment  description,  allowing  to 
conveniently  characterize  multipath  fading  and  extracting  the  most  important  propagation 
parameters. 

Rav  tracing  program 

Ray  models  have  been  recently  acknowledged  as  the  most  suitable  tools  for  indoor 
microwave  radio  propagation  modelling.  The  validity  of  the  ray  approach  could  be  put 
into  question  when  the  wavelength  is  comparable  with  the  size  of  the  environment  and/or 
of  its  disomogeneities  (i.e.:  walls,  furniture,  etc.),  which  is  the  case  of  UHF  radio.  On  the 
contrary,  in  the  millimeter  wave  case  the  ray  approach  is  certainly  appropriate. 

The  starting  point  is  the  representation  of  die  electromagnetic  field  generated  by  an 
antenna.  In  the  ray  approach,  the  associated  spherical  wave  is  represented  as  a  set  of 
straight  rays  having  their  origin  in  the  antenna  site.  Each  ray  can  be  associated  a  local 
plane  wave  which  is  the  local  approximation  of  the  spherical  wave.  Rays  can  experience 
reflection,  transmission,  diffraction  and  diffuse  scattering  actions  due  to  the  presence  of 
obstacles.  Since  diffraction  contribution  at  millimeter  wave  frequencies  is  very  small  it 
has  been  neglected  here.  In  the  present  work  we  take  into  account  walls,  floors,  ceilings, 
doors,  windows,  columns,  etc.  Every  obstacle  is  modelled  as  a  set  of  basic  plane  walls 
producing  reflection  and  transmission.  Each  wall  is  a  slab  described  by  its 
electromagnetic  properties  (dielectric  constant,  magnetic  permeability,  conductivity)  and 
is  assumed  to  have  a  smooth  surface.  Thanks  to  the  high  frequency  involved,  multiple 
reflection  effects  into  the  slab  have  been  neglected  [7]. 

Due  to  reflections,  transmissions  or  diffractions  a  ray-tree  is  produced  in  which  each 
node  is  a  wall  (or  the  receiver),  each  branch  a  sub-ray  and  the  root  is  the  transmitter  [9]. 
All  the  rays  whose  paths  reach  the  receiver  location  should  be  considered  when 
calculating  the  received  signal,  and  all  the  corresponding  field  contributions  at  the  receiver 
must  be  weighted  with  the  receiving  antenna's  radiation  characteristics  and  added 
according  to  their  relative  amplitudes  and  phases  at  the  Rx  point.  The  depth  of  the  tree  is 
truncated  to  three  in  our  case,  which  has  been  found  to  give  stable  results  in  all  cases. 

Measurements 

The  30  GHz  measurement  campaign  has  been  performed  inside  the  laboratories  of 
ITALTEL  in  Cassina  de’  Pecchi  (Italy).  A  wideband  coherent  measurement  procedure 
has  been  followed  using  an  HP85107A  network  analyser  in  order  to  provide  reliable 
amplitude+phase  channel  measurements.  The  frequency  response  of  the  channel  has  been 
sounded  over  801  equi-spaced  points  in  the  band  [29.5,31]  GHz  thus  achieving  a  time 
resolution  of  about  1  ns  and  an  aliasing-free  time  range  of  530  ns.  Both  Tx  and  Rx  are 
linearly  polarized  reference  horns  with  a  3dB  beamwidth  of  about  8°  and  a  gain  of  27  dB. 
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We  aimed  at  suitably  characterizing  the  materials  and  to  compare  the  measured  channel 
impulse  response  with  the  outputs  of  the  RT  simulation  program.  The  former  issue  has 
been  accomplished  within  an  anechoic  room  in  this  way:  a  transmitting  horn  antenna  is 
directed  toward  a  slab  of  the  considered  material;  the  maximum  gain  direction  of  the 
receiving  antenna,  equal  to  the  transmitting  one,  is  adjusted  in  order  to  accurately  receive 
the  reflected  wave;  then  the  field  reflected  by  the  slab  is  measured  by  means  of  the 
network  analyzer  (Si 2  mode),  with  port  1  connected  to  the  Tx  input  and  port  2  to  the  Rx 
output. 

The  measurements  have  been  repeated  for  five  incidence  angles  (10°  to  50°  at  10°  steps) 
and  the  corresponding  values  have  been  recorded.  In  case  of  normal  incidence,  the  Rx  is 
located  on  the  other  side  of  the  slab  and  the  transmitted  power  is  measured.  The 
corresponding  dielectric  constant  8  and  conductivity  a  have  been  estimated  by  means  of  a 
best  fit  of  the  reflection  and  transmission  coefficients  to  a  theoretical  model  with  multiple 
reflections  into  the  slab.  In  figure  1  it  has  been  reported  a  sample  of  the  results  from  this 
procedure.  At  60  GHz,  some  information  on  the  electromagnetic  parameters  of  the 
materials  are  already  available  in  literature  [6]. 

In  figure  2,  the  thicknesses  providing  20  or  40  dB  of  attenuation  have  been  compared  at 
30  and  60  GHz  and  for  different  materials.  It  is  quite  evident  that  the  signals  are  severity 
attenuated  by  thin  slabs  of  materials  and  thus  at  millimeter  frequencies  we  can  assume 
that  walls  provide  a  good  isolation  between  different  rooms.  This  is  not  completely  true 
for  those  materials,  as  glass  or  plywood,  which  are  usually  present  with  comparable  or 
smaller  thickness. 

In  order  to  validate  the  RT  program,  some  wideband  measurements  have  been  performed 
in  a  simple  environment  (an  empty  room,  5.8  x  10.6  x  5  m  wide)  and  in  a  more  complex 
one  (an  office  with  furnitures,  5.7  x  10.4x2.7  m  wide).  Both  vertical  and  horizontal 
polarizations  have  been  adopted  as  well  as  cross-polarized  reception.  The  measurements 
have  been  repeated  with  a  fixed  Rx  site  and  different  Tx  locations,  as  shown  in  figure  3. 

In  figure  4,  we  have  reported  a  comparison  between  measured  and  simulated  delay 
spreads,  for  different  polarizations  and  for  the  two  environments.  It  is  evident  that  the 
agreement  is  quite  good  for  both  the  environments  and  both  polarizations  (slightly  better 
in  case  of  horizontal  polarization).  In  figure  5  it  is  shown  that  in  case  of  cross-polarization 
the  delay  spread  values  are  sensibly  higher  than  in  case  of  polarization,  due  to  the  absence 
of  a  strong  direct  path  between  TX  and  Rx;  in  addition,  a  greater  variability  with  the 
location  site  (reported  in  abscissa  as  1...6)  comes  out,  with  respect  to  the  case  of 
copolarization. 

Conclusions 

The  potential  benefits  stemming  from  the  use  of  directive  antennas  has  been  shown  by 
measurement  campaign  [10][11];  some  simplified  evaluation  based  on  geometric  optics 
have  been  performed  at  19  GHz  [12];  here  it  has  been  accomplished  by  means  of  a  more 
refined  RT  program.  Figure  6  shows  the  impact  of  the  antenna  directivity  on  the  average 
delay  spread  in  a  typical  office  room  and  in  case  of  ideal  directional  antenna.  It  is  evident 
that  when  the  main  lobe  aperture  decreases,  the  delay  spread  decreases  accordingly.  It 
could  be  shown  that  even  in  case  of  spatial  diversity,  the  diversity  gain  could  benefit  from 
the  presence  of  directive  antennas  and  it  can  take  advantage  from  an  appropriate  choice 
of  the  Base  Station  location:  the  corresponding  results  are  not  reported  here  for  sake  of 
brevity. 
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Figure  1  -  Fitting  of  reflection 
coefficient  amplitude  for  plywood 
to  measured  values. 


Figure  2  -  Thickness  providing  an  isolation  of 
20  (L20)  and  40  (L40)  dB  for  the  three  reported 
materials  at  both  30  GHz  and  60  GHz  [7]. 
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Figure  3  -  The  two  considered  environment:  an  empty  room  (5.8  x  10.6  x  5  m)  and  a 
furnished  office  (5.7  x  10.4  x  2.7  m),  with  the  corresponding  Tx  and  Rx  locations. 
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Figure  4  -  Comparison  between  measured 
and  calculated  delay  spreads  in  the  two 
considered  environments  and  for  two 
orthogonal  linear  polarizations. 


Location  number 

Figure  5  -  Comparison  between  delay  spread 
values  in  case  of  co-  and  cross-polarized 
antennas,  at  different  locations  in  the  furnished 
office  (refer  to  figure  3  for  the  exact  positions). 
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Figure  6  -  Impact  of  main  lobe  beamwidth  on 
the  mean  delay  spread  at  the  receiver. 
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ABSTRACT:  In  this  paper  a  new  technique  for  improving  quality  of  signal  transmission  over  mobile  radio  channels  with  flat  fading  of 
Rayleigh  statistics,  is  suggested.  It  is  the  technique  based  on  implementation  of  16QAM  trellis  modulation.  After  an  original  analytical 
model  for  such  signal  processing  scheme  is  defined,  the  mobile  radio  system  performance  are  determined  through  calculation  of  bit 
error  rate  at  the  system  output.  It  is  shown  that  the  technique  proposed  in  this  paper  enables  better  received  signal  quality  in 
comparison  with  other  known  techniques  such  as  diversity  reception  with  various  combination  methods  or  trellis  coding  with  phase- 
shift  keying  modulations. 

I  INTRODUCTION 

Generally,  when  signal  transmission  over  mobile  radio  channel  is  considered,  the  main  problem  causing  its  poor  quality  is  fading.  For 
land  mobile  radio  systems  that  fading  is  flat  (time  and  frequency  non-selective)  and  has  Rayleigh  statistics.  In  counteracting  its  impact, 
various  solutions  are  used.  One  of  the  well  known  techniques  are  diversity  reception  systems  with  different  combining  methods 
(maximal  ratio,  selection,  equal  gain).  Nowdays,  another  very  attractive  possibility  occurs.  It  is  the  implementation  of  trellis  coding 
together  with  different  modulation  schemes  (PSK,  DPSK,  QAM)  in  the  transmitted  signal. 

In  our  previously  published  papers,  Pejanovic  et  al  (l)-(2),  we  have  analysed  the  effects  of  trellis  coding  (TC)  in  combination  with 
8PSK,  DPSK  and  PSK  with  pilot  tone.  We  have  derived  a  general  model  for  mobile  radio  system  performance  determination  through 
bit  error  rate  calculations  which  could  be  used  for  fading  of  various  statistics  as  well  as  for  different  modulation  methods  combined 
with  trellis  coding.  Also,  we  have  shown  that  analysed  trellis  modulation  methods  enable  significant  performance  improvement. 
However,  we  have  proved  that  their  efficiency  in  comparison  with  diversity  receiving  systems  with  reasonable  number  of  branches  (2 
or  3)  is  not  much  better.  Despite  the  thing  that  TCM  schemes  are  much  easier  for  physical  implementation  than  diversity  systems,  we 
have  thought  that  even  better  effects  could  be  obtained  through  their  modifications.  That  is  why  we  have  decided  to  analyse  further 
and  find  a  technique  which  could  obtain  considerably  better  signal  quality  than  solutions  already  analysed  by  us  or  by  other  authors. 

In  this  paper,  we  suggest  a  technique  based  on  two  very  attractive  elements  for  use  in  channels  with  Rayleigh  fading:  trellis  coding  and 
16QAM.  The  way  of  implementation  these  elements  presented  here  is  original  and  haven't  been  encountered  in  literature. 

II  SYSTEM  OVERVIEW 

Fig.l  gives  generalized  block  diagram  of  the  mobile  radio  system  with  trellis  coded  16QAM.  An  input  binary  sequence  a  produces  at 
the  output  of  the  trellis  coder+16(^AM  circuit  sequence  C/=(c, with  Cj  being  ith  codeword  of  the  TCM  scheme.  At  the 
interleaver  output,  the  codeword  Cj  =(c,,;,...,c  ,£,...)  is  obtained  having  the  symbol  duration  T.  Codewords  Cj  gives  transmitted  signal 
sfi)  after  passing  the  pulse  shaping  filter  whose  complex  impulse  p(t)  satisfies  Nyquist  criteria  for  zero  intersymbol  interference.  s(t)  is 
subjected  to  flat  Rayleigh  fading  as  well  as  white  Gaussian  noise.  Rayleigh  fading  is  introduced  by  multiplicative  factor  g(t)  defined  as 
zero  mean,  complex  Gaussian  process  with  variance  Og2.  Gaussian  additive  noise  is  described  with  its  complex  anvelope  nw(t)  having 
zero  mean,  double-sided  power  spectral  density  Nq  and  variance  crn2-l. 

At  the  receiver  end,  output  of  the  matched  filter  is  sampled  every  T  seconds  and  samples  values  at  the  deinterleaver  output  are  given 
with  rfc  At  the  other  side,  at  the  output  of  the  channel  estimator/deinterleaver  samples  values  appear .  Further  on,  MLS  estimation 

is  performed  for  received  sequences  r  and  v,  giving  at  the  decoder  output  the  sequence  Cj=(cj j . c,^,...).  Assuming  optimum  decoder, 

the  codeword  Cj  with  the  largest  a  posteriori  probability  P{C^r,v)  is  selected,  Divsalar  and  Simon  (3). 

In  this  analysis  the  realization  of  16-state  trellis  encoder  is  specially  focused.  In  literature,  Proakis  (4),  some  solutions  could  be  found 
based  on  8-state  trellis  encoder  with  another  added  input  bit  and  delay  circuit.  However,  our  analyses  show  that  such  type  of  coder 
causes  parallel  transitions  in  trellis  diagram  which  further  on  significantly  degrade  performance  of  the  mobile  radio  system  considered. 
Thus,  a  new  structure  for  16-state  trellis  encoder  is  given  (Fig.2).  It  could  be  noticed  that  the  proposed  coder  has  an  additional  delay 
circuit  as  well  as  adder  so  that  the  complete  Ungerboeck's  mapping  of  16QAM  symbols  is  performed.  In  that  way  elimination  of  all 
paralel  transitions  that  appears  in  trellis  diagrams  of  the  known  coders  is  obtained.  Fig.3  shows  trellis  diagram  for  the  proposed  coder 
structure. 

III  SYSTEM  PERFORMANCE  DETERMINATION 

Using  the  general  analytical  model  for  bit  error  determination,  precisely  described  in  Pejanovic  et  al  (1),  the  following  closed  form 
expression  for  probability  of  error  is  obtained: 

Pb«-?.mIJP(Ci->CJ)  (1) 

»  i 

where:  n  is  the  number  of  input  bits  per  encoding  interval,  my  is  the  number  of  errors  for  every  error  event,  P(Cj->Cj)  is  the 
probability  of  confusing  codeword  Cj  with  codeword  Cj.  In  implementing  above  general  expression  when  16QAM  is  considered,  it  is 
very  important  to  notice  that  P(Cj->Cp*P{Cj->Cj)  (for  8PSK  these  probabilities  are  equal).  The  reason  for  this  could  be  seen  from 
signal  constellations  (Fig.4),  i.e.  for  16QAM  magnitudes  aren't  the  same  for  all  signal  points.  Actually,  three  groups  of  signal  points 
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could  be  identified  as  it  could  be  seen  from  the  given  signal  constellation  diagram.  First  group  with  magnitude  (and  signalling 
probability  1/4)  is  denoted  with  "o",  the  second  group  with  magnitude  ?>^2e  (and  signalling  probability  1/4)  is  denoted  with  "+"  and 

the  third  group  with  magnitude  JlOs  (and  signalling  probability  1/2)  is  denoted  with  For  every  of  these  three  groups  with 
signalling  probabilities  p},  p2  and  p3,  probabilities  of  confusing  two  codewords  could  be  found  and  then  an  appropriate  bit  error  rates 
at  the  output  of  the  considered  mobile  radio  system  are  calculated.  If  the  symbols  from  the  group  ”o"  are  transmitted,  bit  error  rate  is 
Pb]  For  the  symbols  from  the  group  "+"  bit  error  rate  is  Pb2,  while  for  the  symbols  from  the  group  bit  error  rate  is  Pb3.  These  bit 


error  rates  Pbh  (/i=  1,2,3)  are  defined  with  relation  (1),  where: 
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In  the  above  relations  s  is  complex  variable,  ph  is  corellation  coeficient  between  random  variables  Agk  cikk  /(Nq)1/2  and  vk,  where  A  is 
constant,  gk  is  sample  of  random  process  g(t)  and  vk  are  signal  samples  at  the  output  of  channel  estimator/deinterleaver  which  are 

Gaussian  random  variables  with  zero  mean  and  variance  a Sh  is  given  with  the  relation: 
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In  the  relation  (3)  d~k  is  the  squared  Euclidean  distance  between  Cjk  and  Cjjp  while  plk  and  p2k  are  the  left  plane  and  right  plane  poles 
of  the  complex  function  <Pb(s),  respectively. 

In  the  relations  (3)  and  (4),  variables  ysh  are  defined  as:  ysI~\Se/N0,  ys2=  2e/N0  and  ysf^\§e/NQ.  Also,  the  parameters  \cikfh  have 
the  following  values:  =  18,  \cik^2  =  2  and  \cik =  10. 

Finaly,  bit  error  rate  at  the  output  of  the  considered  mobile  radio  system  with  implemented  trellis  coded  16QAM,  could  be  found  using 
the  general  approach  for  total  probability: 

7*  =  lLiPf>'  ^bh  (5) 

/i=i 

When  ideal  coherent  detection  in  the  receiver  is  used  then  the  coefficient  \jih  |  =  1  for  every  value  of  h  and  5h  is  equal  zero,  so  that: 
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Some  of  the  obtained  results  for  bit  error  rate  versus  signal-to-noise  ratio  per  bit  yb=£/(nN0)f  at  the  output  of  the  mobile  radio  system 
with  trellis  coded  16QAM  realized  by  means  of  the  proposed  16-state  coder,  are  given  in  Fig.5.  The  same  diagram  presents  the  bit 
error  rate  values  not  only  for  the  proposed  16-state  coder  structure  but  for  other  8-state  coder  solution  usually  used  in  transmiting  data 
over  voice  channels.  The  results  shown  clearly  prove  advantages  of  the  suggested  16-state  coder  structure  from  the  point  of  the  system 
performance. 

In  Fig.6  comparison  of  bit  error  rates  for  the  considered  trellis  coded  16QAM  scheme  and  other  known  and  previously  analysed 
techniques  for  performance  improvement  is  given.  It  is  obvious  that  TCM  16QAM  technique  with  an  appropriate  designed  16-state 
trellis  encoder,  gives  significant  improvement  of  the  mobile  radio  signal  quality.  Also,  the  comparisons  show  that  it  is  not  only  easier 
for  physical  realization,  but  it  is  more  efficient  than  diversity  receiving  systems  or  trellis  coding  with  phase  modulations. 

IV  CONCLUSION 

A  new  technique  for  obtaining  better  received  signal  quality  in  mobile  radio  systems  is  suggested.  It  is  the  technique  based  on  16 
QAM  trellis  coded  modulation  implemented  on  transmitted  signal  corrupted  by  Rayleigh  fading.  A  structure  of  the  overall  system  is 
given.  Problem  of  right  design  for  16-state  trellis  encoder  is  also  investigated  and  an  original  solution  is  given.  Modifyng  general, 
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previously  derived  analytical  model,  bit  error  rate  at  the  considered  system  output  is  determined.  Comparing  the  results  obtained  for 
the  TCM  16QAM  technique  with  the  results  for  other  known  techniques,  its  advantages  are  clearly  shown. 
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Fig.2.  Structure  of  the  proposed  16-state  coder 


Fig.3.  Trellis  diagram  for  the  proposed  16-state  coder 


2\l2e* 

\  +9*i: 

*13+8 

*14  ol 

1  010*15 

*5  oO 

Ol  *4 

+2  *7 
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Fig.  5.  Bit  error  rates  for  TCM  16QAM 
1-  for  trellis  coder  with  8  states 
2-  for  trellis  coder  with  16  states 
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Fig.6.  Bit  error  rates  for  suggested  technique,  and  other  known 
solutions: 

1-  diversity  with  selection,  M=2 

2-  diversity  with  max.  ratio,  M=2 

3-  TCM  8PSK 

4-  diversity  with  selection,  M=3 

5-  diversity  with  max.  ratio,  M=3 
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INTRODUCTION 

Among  the  most  requested  new  services  in  the  field  of  Intelligent  Transport  Systems  (ITS)  are  Elec¬ 
tronic  loll  Collection  (ETC)  on  highways  and  automatic  access  control  to  restricted  areas,  e.g.  park¬ 
ing  lots.  They  provide  financing  of  new  roads,  tunnels  and  bridges  and  their  maintenance,  higher 
driver  comfort,  fluent  traffic,  reduction  of  manual  operations  and  reduction  of  toll  plaza  sizes.  Sev¬ 
eral  field  trials  such  as  on  the  German  A555  in  1994  and  1995  have  been  carried  out  to  prove  the 
reliability  of  different  technical  solutions.  The  majority  of  road  operators  in  Europe  demand  interop¬ 
erable  5.8  GHz  Dedicated  Short  Range  Communication  (DSRC)  systems  for  these  road  traffic  appli¬ 
cations.  All  existing  5.8  GHz  systems  use  the  same  general  principle  for  data  transmission  and  work 
with  transponders  on  the  vehicle  side.  Although  major  parameters  especially  for  the  RF-part  are 
identical,  there  are  some  essential  differences  between  the  existing  solutions  of  electronic  suppliers 
concerning  type  of  uplink  modulation,  polarization  of  waves,  data  rates  and  protocols.  Furthermore, 
there  are  only  little  common  structures  in  the  specified  ETC  applications  and  related  data  contents  of 
the  money  transactions  respectively.  Since  1991,  European  electronic  suppliers,  car  manufacturers, 
road  operators,  authorities,  universities  and  institutions  are  working  intensively  on  standardization. 
This  paper  gives  an  overview  about  DSRC  standardization,  technical  concept  of  the  physical  layer  of 
5.8  GHz  DSRC,  examples  of  roadside  and  vehicle  equipment  and  advanced  solutions  for  future 
multilane  ETC. 

STATUS  OF  DSRC  STANDARDIZATION 

The  European  standardization  body  CEN  TC  278  WG  9  is  responsible  for  the  overall  system  design 
of  DSRC.  CEN  (Comite  Europeen  de  Normalisation)  has  the  leading  position  within  ISO  DSRC 
standardization  as  well.  Since  1995  most  of  the  technical  work  is  finalized  and  documents  on  draft 
standards  are  available  for  physical  (1),  (2),  data  link  (3)  and  application  layers  (4).  Although  an’ in¬ 
frared  solution  is  specified  for  the  physical  layer  as  well,  an  interoperable  approach  for  Europe  is 
seen  for  the  5.8  GHz  medium  only.  Major  manufacturers  of  DSRC  systems  have  started  the  devel¬ 
opment  of  vehicle  and  infrastructure  equipment  for  the  5.8  GHz  frequency  band  based  on  these  draft 
standards.  Despite  the  failure  of  the  first  national  voting  procedure  in  spring  1996  (due  to  some 
countries  with  interests  in  already  existing  systems),  interoperability  according  to  the  draft  CEN 
documents  as  a  de  facto  standard  is  prescriptive  in  recent  call  for  tenders  e.g.  the  eco  point  system  in 
Austria.  Special  DSRC  sessions  and  demonstrations  on  interoperability  (5)  at  the  ITS  World  Con¬ 
gress  1996  in  Orlando,  Florida  have  pushed  the  possible  adoption  of  at  least  some  parts  of  the  CEN 
proposals  for  the  US.  Furthermore,  there  is  a  good  chance  that  the  future  ETC  system  in  Korea  and 
Australia  are  based  on  DSRC  compliant  to  CEN  draft  standards.  At  present,  members  of  the  CEN 
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standard  supporting  group  include  Amtech,  AT/Comm,  Bosch,  Cegelec,  CS  Route,  Combitech  Traf¬ 
fic  Systems,  Hyundai  and  Texas  Instruments.  A  new  voting  on  DSRC  draft  standards  has  been  initi¬ 
ated  in  April  1997  by  CEN  and  results  for  all  layers  are  expected  in  July  1997.  The  layer  2  has  al¬ 
ready  been  approved  in  June  97. 

In  Europe,  ETSI  (European  Telecommunication  Standards  Institute)  is  responsible  for  type  approval 
of  equipment  and  specifies  mainly  RF  parameters  and  relevant  methods  of  measurements.  Currently, 
a  draft  ETSI  standard  (6)  is  in  revision  and  will  start  with  the  voting  procedure  in  mid  1997. 

TECHNICAL  CONCEPT  OF  DSRC 


DOWNLINK  BEACON  UPLINK 


Figure  1:  5.8  GHz  Dedicated  Short  Range  Communication  (DSRC) 

DSRC  is  well  suited  for  a  bi-directional  data  communication  between  beacons  located  in  close  vicin¬ 
ity  to  a  road  and  en  board  units  (OBUs)  behind  the  windshields  of  vehicles.  Beacons  can  be  installed 
in  cities  at  poles  of  traffic  lights  or  under  bridges  in  the  case  of  highways.  Figure  1  shows  a  typical 
example  for  a  single  lane  access  control  application.  OBUs  need  to  be  available  at  low  costs  and  thus 
from  the  technical  point  of  view  must  be  realized  with  little  circuitry.  Consequently  it  is  necessary  to 
apply  more  technical  effort  to  the  infrastructure  side.  In  the  CEN  standardization  process  special  at¬ 
tention  was  given  on  robustness  against  interference  and  frequency  reuse  distances.  As  a  result  there 
are  different  classes  for  spectrum  parameters  defined.  Class  C  guarantees  minimum  frequency  reuse 
distances.  Major  parameters  of  class  C  are  shown  in  figure  2. 
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Parameter 

TX  Power 

Spectrum: 

Datarate: 

Polarization: 

Modulation: 

Frequencies: 


Downlink 

+  33  dBm  EIRP,  ©  <  70°  * 

+  18  dBm  EtRP,  ©>70°* 

<  -  27  dBm  (co-chan,  upl.) 

<  -  47  dBm  (adj.-chan,  upl.) 

500  kbit/s 

LHC  (lefthand  circular) 
2-level  AM  (m  =  0,5  . .0,9) 
Channel  1 


Uplink 

-  24  dBm  EIRP  (outside  cabin) 


<  -  42  dBm 

<  -  42  dBm 
250  kbit/s 
LHC 


3 


2-PSK  on  subcarrier  1 ,5  or  2  MHz 


Channel  2 


Figure  2:  RF-parameter  overview  for  class  C 

In  downlink  mode,  the  beacon  transmits  data  with  a  rate  of  500  kbit/s  via  amplitude  modulation  of  a 
5.8  GHz  carrier  to  the  OBU.  In  the  simplest  case  the  receiving  part  of  the  OBU  consists  of  a  mi¬ 
crostrip  antenna  with  a  detector  diode  and  a  baseband  amplifier.  In  the  uplink  mode  (see  figure  3)  the 
OBU  receives  an  unmodulated  carrier  from  the  beacon.  The  5.8  GHz  carrier  is  modulated  with  a  sub- 
carrier  at  1.5  MHz  or  2.0  MHz  which  itself  is  phase  modulated  with  the  uplink  data  stream  (250 
kbit/s).  By  this  type  of  modulation,  two  side  bands  appear  with  each  containing  the  same  informa¬ 
tion.  After  transmission  back  to  the  beacon,  this  signal  is  downconverted  to  the  baseband  and  de¬ 
modulated.  The  advantage  of  the  transponder  principle  is  very  low  circuit  complexity  on  the  OBU 
side,  which  does  not  need  any  frequency  generating  or  converting  components  and  therefore  is  well 
suited  for  low-cost  products.  Circular  polarization  and  diversity  techniques  improve  the  communica¬ 
tion  link  (7).  An  overview  about  DSRC  data  link  layer  and  application  layer  is  given  in  (8). 


Figure  3:  Block  diagram  of  uplink  communication 
EXAMPLES  OF  DSRC  EQUIPMENT 


Figure  4:  5.8  GHz  beacon  module 


Figure  5:  OBU  for  electronic  toll  collection 


Complete  systems  for  interoperable  DSRC  based  on  CEN  draft  standards  will  be  available  on  the 
market  by  the  end  of  1997.  Some  typical  examples  of  upcoming  products  are  shown  in  this  chapter. 
Figure  4  shows  a  roadside  beacon  module  that  includes  all  necessary  functions  for  DSRC  physical 
layers,  data  link  layer  and  application  layer.  It  can  be  installed  in  a  traffic  light  housing  and  work  as  a 
stand-alone  system  as  well  as  part  of  a  beacon  network  for  extended  applications.  It  is  well  suited  for 
road  access  control  and  can  store  up  to  20,000  different  IDs  depending  on  the  number  bytes  per  ID. 
The  security  of  the  access  control  system  is  scaleable  on  request  of  the  customer.  The  lowest  level  is 
identification  by  a  fixed  ID  number.  This  will  be  even  more  secure  than  magnetic  stripe  cards  be¬ 
cause  monitoring  the  communication  link  is  extremely  difficult  due  to  passive  operation  and  small 
communication  zones.  Higher  safety  demands  are  realized  by  an  optional  chip  card  allowing  authen¬ 
tication  in  both  directions  and  encryption  of  data.  A  further  application  of  this  beacon  module  is  sin¬ 
gle  lane  or  multilane  ETC,  where  narrow  communication  zones  are  not  required.  Figure  5  shows  an 
OBU  with  chip  card  reader,  display  and  internal  battery.  A  wake-up  circuitry  controls  a  sleep-mode 
and  an  operation-mode  of  the  OBU  which  guarantees  a  battery  life-time  of  approximately  five  years 
under  the  assumption  of  two  transactions  per  day. 

ADVANCED  ETC  SYSTEM  WITH  PHASED  ARRAY  ANTENNAS 

In  automatic  toll  collection  and  access  control  systems  an  exact  allocation  between  the  transmitted 
data  and  the  position  of  the  communicating  vehicles  is  important  for  an  enforcement  of  unauthorized 
ones.  Existing  solutions  realize  the  localization  of  vehicles  by  several  receiving  antennas  with  spot 
beams  for  each  lane  (see  figure  6a).  Within  the  field  trial  on  the  A555  in  Germany,  an  installation 
based  on  that  principal  achieved  the  best  performance  among  the  5.8  GHz  systems.  Furthermore, 
these  small  beams  guarantee  robustness  against  possible  multipath  interference.  But  to  achieve  this 
high  technical  performance,  considerable  installation  expenditure  with  many  antennas  and  receivers 
is  necessary.  Therefore,  it  is  reasonable  to  search  for  an  advanced  solution,  which  may  in  future  re¬ 
place  the  well  proved  system  with  fixed  antennas  at  the  same  stage  of  quality.  A  phased  array  an¬ 
tenna  may  be  more  flexible  and  well  suited  to  substitute  several  fixed  beam  antennas  (see  figure  6b). 
An  appropriate  phased  array  antenna  has  been  realized  as  an  experimental  system.  Nowadays,  phased 
array  antennas  for  5.8  GHz  can  be  realized  at  reasonable  cost  because  the  high  volume  market  of  12 
GHz  satellite  TV-sets  has  reduced  component  cost  essentially. 
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Figure  6:  Principles  of  a)  existing  system  with  fixed  communication  zones  and 
b)  new  approach  with  phased  array  antenna 


The  experimental  system  consists  of  a  phased  array  receiving  antenna  with  a  steerable  narrow  main- 
lobe  and  a  transmitting  antenna  with  a  fixed  radiation  pattern  shaped  to  cover  one  lane  as  shown  in 
figure  7.  Both  antennas  are  planar  microstrip  patch  arrays  for  left-handed  circular  polarization.  Side- 
lobe  suppression  is  attained  by  a  fixed  amplitude  tapering  of  the  element  weighting  factors.  Phase 
shifter  modules  containing  low-noise  amplifiers,  4-bit  phase  shifters  and  a  4-way  power  combiner  are 
connected  to  each  column  of  the  receiving  antenna.  These  modules  have  been  developed  in  mi¬ 
crostrip  technique  utilizing  surface  mount  components  to  ensure  a  simple  and  low  cost  production. 
An  8-way  power  combiner  summarizes  the  output  signals  of  eight  phase  shifter  modules.  Figure  8 
shows  the  realization  of  the  phased  array  antenna.  Data  communication  with  OBUs  and  a  host  com¬ 
puter  is  managed  by  a  beacon  controller.  A  separate  antenna  controller  adjusts  the  4-bit  phase  shifters 
and  thus  can  steer  the  main  lobe  to  different  communication  zones  on  the  lane.  System  parameters 
are  dimensioned  such  that  these  communication  zones  overlap  and  cover  a  scan  area  and  a  tracking 
area  on  the  lane  (see  figure  7).  While  no  vehicle  is  detected  the  antenna  scans  the  main  lobe  through 
the  scan  area.  By  measuring  the  power  level  of  the  received  signal  for  different  main  lobe  configura¬ 
tions  and  detecting  a  correct  data  transmission  with  an  OBU,  the  antenna  is  able  to  locate  the  position 
of  a  vehicle  entering  the  scan  area.  The  Doppler  shift  of  the  received  signal  can  be  measured  and  the 
velocity  of  the  vehicle  can  be  retrieved.  This  information  is  used  to  calculate  an  estimate  position  of 
the  vehicle  over  communication  time  and  to  track  the  main  lobe  according  to  the  vehicle  motion.  The 
antenna  is  able  to  handle  data  transmission  protocols  for  electronic  toll  collection  up  to  a  speed  of 
250  km/h. 


area 
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Figure  7:  System  setup  of  the  phased  array  antenna  Figure  8:  Realized  antenna  system 

To  evaluate  the  performance  of  the  phased  array  the  radiation  patterns  have  been  measured  in  an  an- 
echoic  chamber  as  a  first  step.  Beam  steering  and  sidelobe  suppression  performed  as  expected.  More 
relevant  for  the  overall  system  behavior  is  the  forming  and  the  size  of  the^communication  zones  on 
the  lane.  The  antenna  has  been  set  up  according  to  figure  7  in  a  height  of  5.5  meters  above  the  lane. 
Power  levels  of  the  uplink  signal  at  the  beacon  for  different  OBU  positions  in  a  plane  one  meter 


a)  -  80  km/h  b)  -  40  km/h 

-  straight  ahead  -  across  lane 

-  middle  of  lane 


c)  -  80  km/h 

-  straight  ahead 

-  right  side  of  lane 


7  m  -  vehicle  motion 

Figure  9:  Test  drives  for  tracking  behavior 
above  and  parallel  to  the  lane  have  been  measured. 


The  main  lobe  has  been  steered  towards  different  directions  in  the  azimuth.  It  can  be  seen  that  the 
power  levels  are  high  only  in  a  small  zone  in  the  center  and  descend  with  a  steep  slope  towards  the 
sides  of  the  lane.  This  is  important  for  a  reliable  localization  of  OBU  signals  in  presence  of  interfer¬ 
ing  signals  from  other  OBUs.  Furthermore,  the  beam  steering  algorithm  has  been  proved  at  a  test  site 
with  complete  ETC  transactions  and  full  protocol  according  to  draft  DSRC  standards.  Figure  9  shows 
typical  examples  of  the  tracking  behavior  for  different  measurement  drives.  By  appropriate  interpre¬ 
tation  of  the  displayed  communication  zones  (curves  refer  to  3  dB  below  maximum  level)  an  exact 
localization  of  the  vehicle  for  enforcement  purposes  is  given  each  time  the  OBU  transmits  data. 


CONCLUSION 


With  the  finalized  standardization  of  DSRC  by  CEN  TC  278  WG9  a  long  time  demanded  precondi¬ 
tion  for  a  widespread  implementation  of  interoperable  systems  is  now  fulfilled.  Electronic  industry 
can  now  take  the  opportunity  to  supply  vehicle  and  roadside  into  a  worldwide  growing  DSRC  mar¬ 
ket.  Road  operators  can  expect  advanced  ETC  systems  based  on  DSRC  for  multilane  applications 
including  high  performance  localization  for  enforcement  in  the  very  near  future. 
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ABSTRACT : 

A  major  space-borne  radar  program  is  on-going  in  Europe  :  the  Advanced  Synthetic  Aperture  Radar 
supported  by  the  European  Space  Agency. 

ASAR  makes  use  of  an  active  antenna  composed  of  20  RF  Tile  Sub-systems.  Each  Tile  embeds  16  C-Band 
Transmit/Receive  Modules,  1  Control  Interface  Unit,  4  Power  Supply  Units  and  1  Radiating  Panel. 

It  is  clear  that  the  overall  320  T/R  Module  is  the  key  element  of  the  radar  performance. 

Emphasis  is  put  on  the  T/R  Module  design  which  is  dual  H/V  polarization,  10  W  transmit  power,  3  dB 
receive  noise  figure  and  use  both  discrete  FETs  (P.  HEMTs  and  Power  GaAs  FETs)  and  GaAs  MMICs. 
Commands  and  DC  supply  switching  are  controlled  with  an  integrated  ASIC.  Overall  size  is  213x38.4x22 
mm3  and  weight  is  200  gr.  In  order  to  succeed  the  electrical  challenge,  new  miniaturizing  technics  and 
technologies  were  qualified  at  space  level  as  integrated  MMIC  functions,  new  RF  substrate  and  connections 
and  a  lot  of  assembling  processes. 

Due  to  the  high  volume  production  (more  than  320  T/R  Modules  and  8000  hybrids)  the  design  has  been  put 
through  a  very  exhaustive  industrialization  procedure  which  is  detailed  below. 

INTRODUCTION: 

The  Advanced  Synthetic  Aperture  Radar  project  is  the  second  generation  of  SAR  instrument  promoted  by 
ESA.  The  first  generation  was  ERS1  (launched  in  1991)  and  ERS2  (launched  in  the  beginning  of  1995). 
Offering  additional  advantages  (as  dual  polarization,  wide  swath  capability,  greater  coverage,...)  the  ASAR 
will  be  part  of  the  ENVISAT  payload  (launch  foreseen  in  1999).  ALCATEL  ESPACE  has  been  chosen  as 
main  contractor  for  the  Tile  Sub-System  of  the  active  antenna  and  as  design  authority  for  the 
Transmit/Receive  Module.  See  Tile  Sub-System  Architecture  in  Figure  1 


Tile  Sub-System  manufacturing  is  performed  by  ALCATEL  ESPACE  (Toulouse)  and  T/R  Module 
production  is  equally  shared  between  ALCATEL  ESPACE  and  MATRA  MARCONI  SPACE  (Portsmouth, 
UK).  In  1995  the  work  was  focused  on  the  industrialization  of  the  Engineering  Models  (EM).  64  EM  T/R 
modules  are  fabricated  in  1996  and  is  followed  in  1997  by  320  FM  (Flight  Model). 


T/R  MODULE  GENERAL  DESCRIPTION  : 

The  RF  antenna  electronic  is  based  on  T/R  modules  of  213  x  38.4  x  22  mm3  operating  at  5.331  ±  8  MHz. 
Each  module  weights  200  gr.  The  T/R  module  operates  between  a  RF  port,  2  radiators  and  a  calibration 
port.  The  sliding  connectors  are  directly  connected  to  the  radiated  panel  which  minimizes  the  losses. 
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The  T/R  Module  RF  side  view  is  shown  in  Fig  3.  Switching  between  the  two  polarizations  is  done  at  low 
level  to  minimize  the  RF  losses  between  the  power  amplification  and  the  radiators  in  Tx  mode  and  between 
the  radiators  and  the  low  noise  amplification  in  Rx  mode. 

The  T/R  module  lies  on  a  gold-plated  aluminum  baseplate  with  RF  parts  on  the  upper  face  and  a  command 
card  on  the  lower  face. 

European  manufacturers  have  been  preferred  for  all  main  parts  and  components  likes  MMIC's,  FETs  and 
PHEMTs,  micro-packages,  circulator-isolator-limiter,  ASIC,  DC  switch  hybrids,  etc.. 

T/R  MODULE  MAIN  PERFORMANCE.: 

All  measurements  have  been  performed  with  an  automatic  test  bench  providing  a  full  characterization 
(pulsed  S-parameters,  peak  power,  noise  figure,  gain  and  phase  profile  within  pulse,  AM/ AM,  AM/PM...) 
within  20  minutes. 

The  following  table  summarizes  the  mean  performances  measured  at  5.33 1  GHz  and  at  25°C  on  the  first  32 
EM  modules. 


Parameters 

Measured 

Remarks 

Rx  Gain  /Tx  Gain 

30  dB  /  40  dB 

with  40  dB  of  dynamic  range 

Rx  Noise  Figure 

3  dB 

Tx  Output  Power 

Psat  =  40  dBm 

Mean  Consumption 

2.4  W 

Duty  Cycle:  6%  Tx  and  60%  Rx 

T/R  MODULE  INDUSTRIALIZAJT1QILAT  DESIGN  AND  FABRI-C.AT1QKLE.YELS 

The  EM  module  has  been  optimized  in  terms  of  manufacturing,  assembling  and  performance.  Some 
examples  are  :  Integration  of  Circulator, Isolator  and  Limiter,  Use  of  TMM10  RF  substrate,  Uniformization 
of  the  RF  and  DC  connections,  ect .... 

All  technologies  and  processes  used  are  under  space  qualification  procedure  or  already  space  qualified. 

I/_R  MODULE  INTEGRATION  INTO  THE  RF  STRUCTURAL  FRAME  : 

The  T/R  modules  are  integrated  into  a  RF  structural  frame  (  alodine  plated  aluminum)  which  embeds  16 
modules  RF  fed  by  1/16  dividers  (2  Duroid  microstrip  corporate  feeds  for  each  T/R  and  CAL  port).  The  16 
modules  lies  lengthwise  and  are  all  parallel  each  other  as  shown  in  Figure  2. 

ILLE  SUBSYSTEM  GENERAL  DESCRIPTION: 

The  TILE  Sub-System  receive  RF  signal  and  Calibration  signals  from  the  ASAR  RF  Sub-System.  Within 
the  TILE  Sub-System  the  RF  signal  are  distributed  to  the  16  T/R  Modules  by  the  Corporate  Feed.  The  T/R 
Modules  apply  phase  and  gain  changes  to  form  the  antenna  beam  excitations.  The  signals  are  then  power 
amplified  prior  to  being  fed  to  the  Radiator  Panel  for  radiation. 

A  highly  attenuated  return  echo  signal  will  be  received  from  the  earth  using  the  same  Radiator  Panel.  The 
signal  is  routed  to  the  T/R  Modules  receive  path,  where  it  is  amplified  in  the  low  noise  amplifier.  Phase  and 
gain  shifts  individually  within  each  module  provide  the  excitations  for  the  receive  beam  forming.  The 
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outputs  from  all  modules  are  routed  at  RF  to  the  Signal  Corporate  Feed,  which  now  acts  as  a  combiner 
effectively  adding  signals  inputs  coherently  and  noise  input  incoherently. 

See  TILE  Subsystem  Schematic  in  Fig  3. 

The  TILE  Subsystem  is  divided  into  four  major  parts  : 

•  RF  STRUCTURAL  FRAME  embedding  1 6  T/R  Modules  and  2  RF  Coporate  Feeds. 

•  Tile  Control  and  Interface  Unit  (TCIU) 

There  are  20  TCIU’s  which  form  the  control  element  of  the  ASAR  antenna,  each  one  directly  controls  16 
TR  Modules  for  the  purpose  of  modifying  the  antenna  RF  characteristics. 

•  Four  Power  Supply  Units  (PSUs). 

These  equipment’s  are  manufactured  by  ALCATEL  ETCA  located  in  Belgium.  ETCA  has  more  than  30 
years  experience  in  power  supplies  to  be  used  for  space  application.  The  PSU’s  are  intended  to  power  the 
T/R  Modules  and  the  TCIU. 

•  Radiating  Panel. 

The  radiating  panel  performs  the  following  two  functions  : 

-  Receive  transmit  power  from  the  T/R  Modules  and  pass  return  echo  power  to  them. 

-  Radiate  antenna  patterns  in  accordance  with  the  gain  and  phase  commands. 

TILE  SUBSYSTEM  MAIN  PERFORMANCES  ; 


Parameter 

Measured  @  ambiant 

Remarks 

Noise  Figure  in  Rx 

4.2  dB 

Output  Signal  level  in  Tx 

75  W 

Peak  level 

Mean  Consumption 

50  W 

Radar  Mode  2.5%  Tx;  60%  Rx 

Mass 

16  Kg 

Safe  supporting  structure 

Dimension 

996  x  663  x  70  mm3 

CONCLUSION 


After  a  successful  pre-EM  phase  the  design  optimization  and  the  performance  of  the  selected  European 
components  has  been  validated  by  ALCATEL  ESPACE.  The  industrialization  is  now  terminated  and  the 
production  of  EM  T/R  Modules  (68  units)  is  nearly  finished.  The  manufacture  of  the  20  FM  TILE  Sub- 
System  (320  T/R  Modules,  80  PSUs  and  20  TCIUs)  is  scheduled  for  this  year.  The  first  EM  Tile  Sub- 
System  is  assembled  and  tested  at  ALCATEL  ESPACE.  The  electrical  results  are  very  satisfactory. 
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Fig  2  :  Transmit  Receive  Module  and  Corporate  Feed  Integrated  into  the  Supporting  Frame 


Fig  3  :  Transmit  Receive  Module  -  RF  side  view 
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Abstract 

In  the  future,  headway  control  systems  for  consumer  use  must  be  cheap  and  capable  of  operating  in 
all  environmental  conditions.  To  enable  such  systems  to  be  built,  a  headway  control  system  using  dual¬ 
mode  millimeter-wave  radar  has  been  proposed.  The  radar  would  be  able  to  operate  in  both  radar  mode, 
in  which  it  would  measure  the  distance  to  be  leading  vehicle,  and  in  communication  mode,  in  which  it 
would  exchange  date  with  a  vehicle  ahead  of  it.  By  operating  in  two  modes  alternately,  the  dual-mode 
radar  can  provide  the  headway  control  system  with  all  the  data  needed  to  control  the  distances  to  the 
leading  vehicles,  and  because  the  proposed  dual-mode  radar  system  can  be  use  the  radar  sensor  as 
communication  equipment,  lower  costs  will  result.  By  steering  the  radar’s  antenna,  it  can  recognize  the 
leading  vehicle’s  ID  code,  direction,  and  distance.  This  information  is  very  useful  for  locating  the 
position  of  the  leading  vehicles.  By  using  these  information,  a  map  is  produced  which  can  then  be  used 
for  stable  control  of  the  vehicles.  This  paper  describes  the  concept  of  the  dual-mode  radar  system,  the 
headway  control  system  using  the  radar,  and  the  results  of  the  dual-mode  radar  experiments  undertaken. 


1.  Introduction 

In  typical  headway  control  systems,  radar  sensors  have  usually  been  used.  Inter-vehicle  or  roadside- 
vehicle  communication  systems  or  vision  systems  with  image  processing  have  also  been  used  for  more 
stable  vehicle  control.  This  is  needed  because  of  the  problems  involved  in  recognizing  the  lane  separation 
or  positioning  of  leading  vehicles. 

In  the  future,  headway  control  systems  for  consumer  use  in  IVHS  must  be  cheap  and  capable  of 
operating  in  all  environmental  conditions.  To  enable  such  equipment  to  be  built,  a  headway  control 
system  using  a  dual-mode  millimeter-wave  radar  has  been  proposed.  The  radar  would  be  able  to  operate 
in  both  radar  mode,  in  which  it  would  measure  the  distance  to  the  leading  vehicle,  and  in  communication 
mode,  in  which  it  would  exchange  data  including  the  leading  vehicle’s  ID  code  with  a  vehicle  ahead  if 
that  vehicle  were  installed  with  a  millimeter-wave  tag  or  ID  card  at  the  rear  side.  The  tag  system  is  very 
simple  and,  since  it  has  no  RF  source,  it  is  also  very  cheap.  By  operating  in  two  modes  alternately,  the 
dual-mode  radar  can  provide  the  headway  control  system  with  all  the  data  needed  to  control  the  distance 
to  the  leading  vehicles:  their  speeds,  acceleration  conditions,  and  (for  more  stable  platoon  driving  control) 
the  leading  vehicle’s  steering  angle  and  break  signal.  By  steering  the  radar’s  antenna,  it  can  obtain  each 
leading  vehicle’s  ID  code,  direction  and  distance.  This  information  is  very  useful  for  stable  headway 
control. 

2.  The  Concept  of  a  Dual-mode  Radar  System 

Figure  1  shows  a  basic  block  diagram  of  the  proposed  dual-mode  radar.  It  consists  of  a  base  station 
and  a  tag.  The  base  station  comprises  a  VCO  with  ASK  modulator,  a  transmitting  antenna,  a  receiving 
antenna,  a  homodyne  mixer,  and  two  video  amplifiers,  one  of  which  is  used  in  communication  mode  and 
the  other  in  radar  mode.  The  tag  consists  of  a  receiving  antenna,  a  detector,  a  video  amplifier,  a 
reflection-type  PSK  modulator,  and  a  receiving/transmitting  antenna.  It  has  no  RF  power  source,  and  so 
can  be  manufactured  at  a  lower  price.  By  automatically  choosing  the  mode-select  signal,  it  operates 
alternately  in  communication  and  radar  mode. 
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3.  The  Concept  of  a  Headway  Control  System  Using  Dual-mode  Radar 

By  steering  the  radar’s  antenna,  this  system  can  obtain  information  from  the  leading  vehicles  as 
explained  above,  and  by  using  this  information,  each  vehicle’s  position  and  its  speed  vector  can  be 
determined  at  any  time,  as  shown  in  Fig.  2.  This  vector  map  of  vehicles  is  very  useful  for  stable  headway 
control. 

4.  Dual-mode  Radar  test 

Figure  3  shows  the  field  test  system  for  both  modes  of  the  dual-mode  radar.  In  radar  mode,  the  FM- 
CW  method  is  used.  The  VCO  of  the  dual-mode  radar  generates  FM-CW  and  CW  RF  signal  alternately. 
In  radar  mode,  linear  ramp  voltage  is  chosen  and  in  communication  mode,  constant  voltage  is  chosen  for 
the  varactor  voltage  of  the  VCO.  This  mode  select  signal  is  shown  in  Fig.  4. 

In  communication  mode,  tests  were  performed  with  an  8-bit  transmission  signal.  When  downlinked, 
the  signal  was  inserted  into  dual-mode  radar  (base  station)  and  the  60  GHz  RF  signal  generated  by  the 
VCO  was  modulated  to  the  ASK  with  the  8-bit  signal.  This  modulated  RF  signal  was  transmitted  through 
the  transmitting  antenna  to  the  tag.  At  the  tag  the  modulated  ASK  RF  signal  was  received  and  detected. 
The  8-bit  signal  that  was  detected  was  amplified  and  regenerated  to  clear  pulse.  When  uplinked,  the 
regenerated  signal  was  delayed  16  bits  and  then  inserted  into  the  PSK  modulator  with  a  450  kHz 
subcarrier.  The  CW  RF  signal  radiated  from  the  radar  and  received  by  the  receiving  and  transmitting 
antenna  of  tag  was  modulated  by  the  8-bit  signal  with  a  450  kHz  subcarrier  and  retransmitted  through  the 
same  antenna  to  the  base  station.  At  the  base  station  the  received  phase  modulated  RF  signal  was  detected 
by  the  homodyne  mixer  and  passed  through  a  450  kHz  narrow  band  pass  filter,  then  regenerated  to  a  clear 
pulse  signal. 

In  radar  mode,  FMCW  RF  signal  was  transmitted  through  the  transmitting  antenna.  The  obstacle  (with 
a  tag  installed)  refected  the  FMCW  RF  signal  then  it  was  received  by  dual-mode  radar  through  the 
receiving  antenna  and  detected  by  the  same  homodyne  mixer. 

5.  Test  results 

Figure  4  shows  the  envelope  wave  form  of  the  detected  signal  on  communication  mode,  and  the 
detected  signal  in  radar  mode.  The  dual-mode  operation  has  been  successfully  tested.  The  results  indicate 
that  it  is  possible  to  use  the  proposed  dual-mode  radar  for  communication  and  range  measurement  between 
leading  vehicle  and  following  vehicle. 

6.  Conclusion 

A  dual  mode-radar  and  a  headway  driving  control  system  using  dual-mode  radar  was  proposed.  This 
radar  would  be  able  to  communicate  and  measure  the  distances  between  leading  and  following  vehicles 
in  all  environmental  conditions.  This  capability  is  very  useful  for  stable  headway  driving  control  in 
IVHS,  and  because  the  proposed  communication  system  can  use  the  radar  sensor  as  communications 
equipment,  lower  costs  will  result. 

A  headway  control  system  using  dual-mode  radar  with  higher  bit  rates  is  now  being  investigated  and 
the  authors  are  looking  forward  to  reporting  on  the  results  at  the  earliest  opportunity. 


Table  1.  Specification  of  test  equipment 


Base  station 

Frequency  (GHz) 

59.5 

RF  power  (mW) 

10.0 

Tx  &  Rx  antenna  gain  (dBi) 

29.5 

Modulation 

Radar  mode 

FMCW 

Comm,  mode 

ASK  (downlink) 

CW  (uplink) 

Transmission  rate  (kbps) 

10.0 

tag 

Tx  &  Rx  antenna  gain  (dBi) 

24.0 

Modulation  (uplink) 

Reflection  type  PSK  with  450  kHz  subcarrier 
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(b)  Block  diagram  of  the  tag 


(a)  Block  diagram  of  the  base  station 

Fig.  1  Block  diagram  of  the  dual-mode  radar 
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communicating  and  distance  measuring 


Fig.  2  Operation  of  the  dual-mode  radar 


Fig.  3  Field  test  of  the  dual-mode  radar 


Mode  select  signal. 


The  detected  signal  in  radar  mode.  The  detected  signal  in  communication  mode. 

Fig.  4  Mode-select  signal  and  the  detected  signals 
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Abstract 

The  theoretical  and  experimental  investigations  of  radiation  properties  of  a  buried  leaky  coaxial 
cable,  as  a  guiding  radar  system,  are  presented  for  various  artificial  and  natural  local 
inhomogeneous  conditions  along  the  cable  system.  The  possibilities  of  generation  of 
complicated  interference  picture  of  such  a  radar  pattern  caused  by  different  kinds  of  local 
inhomogeneities  are  discussed  theoretically  and  studied  experimentally. 

Wave  Pattern  of  Guiding  Radar  System  Under  Local  Inhomogeneous  Conditions 

During  the  recent  decades,  leaky  coaxial  cables  are  generating  increasing  interest  as  a  tools  of 
intrusion  detection  in  guided  radar  systems  [1-3],  As  it  is  known,  a  buried  leaky  coaxial  cable 
can  support  two  TEM-like  modes  [4-7].  The  first,  internal  mode,  is  the  perturbed  transmission 
line  mode  which  has  the  main  part  of  its  energy  confined  under  the  cable  shield  but  with  some 
leakage  outside  it.  The  second  mode  is  the  external  mode  which  uses  the  cable  shield  and  the 
earth  as  conductors.  Such  construction  enables  the  signals  to  be  coupled  into  immediately 
adjacent  objects  and  the  temporal  variations  of  these  signals  can  be  used  in  the  intrusion 
detection  systems.  The  radiation  properties  of  leaky  coaxial  cables  were  investigated  in  a 
number  of  works,  see  e.g.  a  review  in  [4],  but  in  most  of  them,  with  exception  of  [2,3],  only 
the  open  installation  of  the  cable  was  considered.  At  the  same  time,  it  is  known  that  the 
radiation  pattern  of  the  buried  cable  differs  essentially  from  that  in  the  open  installation.  This  is 
caused  mainly  by  the  losses  in  the  earth,  inhomogeneities,  and  the  presence  of  the  earth-air 
interface.  In  such  situation  the  exact  theoretical  analysis  of  the  radiation  properties  of  the  cable 
is  very  complicated.  In  this  work  we  report  some  results  of  experimental  investigations  of  the 
near  field  radiation  pattern  and  their  comparison  with  our  theoretical  predictions. 

The  propagation  of  internal  mode  can  be  considered  in  a  standard  manner.  It  is  important 
that  the  extinction  suppress  the  voltage  and  current  oscillations  at  the  input  of  the  line.  The 
propagation  of  the  external  mode  can  be  considered  as  for  an  insulated  single  wire  cable  buried 
at  some  depth  in  a  homogeneous  lossy  earth.  The  simple  estimates  show  that  the  propagation 
constant  is  found  near  the  wave  number  of  the  insulating  layer,  perturbed  by  losses  in  the  earth 
and  by  the  presence  of  the  interface.  The  propagation  constant  does  not  vary  greatly  with  the 
burial  depth.  The  main  property  of  this  mode  is  the  very  large  value  of  the  attenuation  constant. 

The  two  main  parameters  affecting  the  performance  of  leaky  coaxial  cables  in  guiding  radar 
systems  are  attenuation,  which  limits  the  longitudinal  range,  and  coupling,  which  determines 
the  overall  sensitivity.  Attenuation  is  relatively  easy  to  measure  by  simple  insertion  loss 
techniques  although  the  accurate  prediction  of  losses  in  an  actual  working  environment  is  much 
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more  difficult  Coupling  is  the  measure  of  the  signal  accessibility  at  a  given  radial  distance 
outside  the  cable  and,  being  very  dependent  on  the  particular  installation  and  environmental 
aspects,  is  very  difficult  to  assess.  Some  attempts  have  been  made  to  predict  it  based  on 
transfer  impedance  concept  [4]. 

The  internal  and  external  modes  interact  with  each  other.  For  us  it  is  important  that  the 
internal  mode,  excited  in  the  cable  by  the  generator,  is  the  source  of  the  external  mode.  The 
leakage  effect  can  be  modeled  by  a  transfer  inductance.  The  specific  transfer  irnhsctance  is  only 
a  shield  parameter  and  not  by  itself  give  full  information  on  the  intensity  of  the  leakage  fields. 
The  relevant  parameters  are  the  coupfirg  coefficients  [4].  They  also  depend  on  the  internal  and 
external  parameters.  In  particular,  a  value  of  velocity  ratio  of  die  two  modes  dose  to  unity  may 
have  more  influence  on  the  leakage  intensity  than  a  high  transfer  inductance. 

In  the  experiments  we  used  the  loop  of  the  leaky  coaxial  cable  buried  at  die  depth  10-15 
cm.  The  length  of  the  cable  is  equal  to  144  m.  The  carrier  frequency  is  -40  MHz.  The 
measurement  of  the  characteristic  impedance  of  the  cable  gave  51  O  at  the  fretpiency  used. 

In  the  first  test  we  studied  the  distribution  of  the  external  mode  inflation  along  the  cable. 
The  electric  field  intensity  was  measured  each  1.5  m  along  the  able  at  the  height  ~0.8  m  above 
the  ground.  The  results  for  the  matched  load  ZL~  51  fl  are  presented  in  Fig.  1.  We  see  that 
even  for  the  matched  load  the  radiation  of  the  external  mode  exceeds  some  oscillations  at  the 
input  of  the  cable  This  effect  can  be  caused  by  the  feet  that  the  two  modes  travel  with  ififfirent 
phase  velocities  and  are  successively  in  phase  and  in  anti  phase  [4],  ^ 

In  the  next  test  we  investigated  the  influence  of  screening  objects  (metallic  sheets)  located 
near  the  transmitting  cable  above  the  ground  surface.  Six  sheets  of  zinc  son  (1. 5x2.0  m  each) 
were  used  for  the  measurements  The  sheets  were  put  consecutively  on  one  side  of  the  cable 
(90-102  m  from  the  input  of  the  cable),  and  also  on  both  sides  of  fee  cable  (90-96  m  from  fire 
input).  The  distance  between  the  cable  and  solid  iron  strip  (90-102  m)  is  equal  to  0.2  m,  and 
aperture's  width  between  right  and  left  strips  (90-96  m)  is  04  nt  The  resubs  of  the 
measurements  are  presented  in  Figs  2  (one  side  screening)  and  3  (two  side  screening) 

The  experimental  results  are  supported  by  a  vast  theoretical  investigation.  We  consider  an 
idealized  situation,  modeling  the  discontinuity  of  die  coupling  coefficient  along  the  infinite  fine 
by  the  following  function:  c(z)  =  if  O^z^d,  and  c(z) = c,  otherwise.  ^ 

Assuming  that  the  propagation  constant  does  not  depend  on  the  dwfancr  and  rtnxhcae 
the  parameter  q=c^c  as  the  relative  value  of  coupfiag  ^homogeneity,  we  after  some 
straightforward  derivations  obtain  that  die  discontinuity  comparable  with  Ac  wavelength,  can 
result  in  strong  interference  fading  of  the  outer  mode  signal  dBtrindinn  along  the  able  (F%&  4 
and  5).  The  results  of  simulations  are  similar  to  that  obtained  in  the  eiperimenH  investigation 
at  the  distance  ~30  m  from  the  input  of  the  cable  (see  Fi&  IX  A  shaflar  treatment  was  appfied 
to  the  case  when  c  =  const  and  die  <fistributk»  of  die  propagation  constant  has  some 
discontinuity.  We  discuss  also  some  posribftties  to  cfiminaU!  the  tfroqg  osciftntians  in  the 
radiation  pattern. 


The  possibilities  of  creation  of  a  very 
caused  by  the  local  underground 
properties  iff  a  buried  H-fidd  leaky  able 
theoretically  and  expcrimentaHy. 
radiation  pattern  of  the  guiding  radar  system 


•154- 


References 


[1]  R.  E.  Patterson  and  N.  A.  M.  Mackay,  IEEE  Trans.  IM-26,  137  (1977). 

[2]  J.  H.  Richmond,  N.  N.  Wang,  and  H.  B  Tran,  IEEE  Trans.  EMC-23,  139  (1981). 

[3]  J.  H.  Richmond,  IEEE  Trans  EMC-27,  70  (1985). 

[4]  P.  Delogne,  Leaky  Feeders  and  Subsurface  Radio  Communications  (London,  Peter 
Peregrinus,  1982). 

[5]  P.  Delogne,  Radio  Sci.,  22,  1179  (1987). 

[6]  D.  J.  Gale  and  J.  C.  Beal,  IEEE  Trans.  MTT-28,  1006  (1980). 

[7]  R.  W.  P.  King  and  G.  S.  Smith,  Antennas  in  Matter  (MIT  Press,  Cambridge,  1981). 


Fig.  1 


Fig.  2 


Fig.  3 


-155- 


Fig.  4 


Fig.  5 


-156- 


RADAR  STUDY  OF  POLARIZATION  STRUCTURE  OF  PRECIPITATION 

F.  J.  Yanovsky  (*)  (**),  L.  P.  Ligthart  (*),  C.  M.  H.  Unal  (*),  V.  H.  Korban  (***) 

(*)  IRCTR,  Delft  University  of  Technology,  P.O.  Box  5031,  2600  GA,  Delft,  The  Netherlands 

(**)  Kiev  Int’l  University  of  Civil  Aviation,  Komarova,  1, 252180,  Kiev,  Ukraine 

(***)  Odessa  Hydrometeorological  Institute,  Odessa,  Ukraine 

Fax:  +31  15  2784046,  +38  044  4883027;  Phone:  +31  15  278  6292,  +38  044  4849445 

e-mail:  <F.Yanovsky@et.tudelft.nl>,  <C.M.H.Unal@et.tudelft.nl>,  <yanovsky@kmuga.freenet.kiev.ua> 

ABSTRACT 

Polarization  structures  of  different  kinds  of  precipitation  are  experimentally  studied  with  ground-based  ra¬ 
dars.  The  behavior  and  characteristic  values  of  the  differential  reflectivity,  depolarization  ratio  and  Stokes 
parameters  for  different  weather  objects  are  discussed.  Statistical  data  corresponding  to  the  polarization  pa¬ 
rameters  are  given.  The  possibility  to  classify  weather  objects  with  statistical  procedures  is  shown.  In  par¬ 
ticular,  a  method  to  detect  hail  based  on  radar  polarimetry  is  confirmed  experimentally,  and  the  reliability 
of  the  procedure  is  assessed. 

1.  INTRODUCTION 

The  study  of  clouds  and  precipitation  with  a  radar  is  based  on  the  analysis  of  reflected  signals.  The  ampli¬ 
tude,  Doppler  spectrum,  polarization  characteristics  bear  a  lot  of  information  about  the  microstructure, 
phase  state,  liquid  water  content,  and  dynamic  processes  in  a  weather  object.  Certainly,  the  features  of  the 
radar  and  the  mode  of  sounding  must  be  taken  into  account  for  the  correct  extraction  of  useful  information. 
It  is  known  for  a  long  time  that  the  use  of  polarimetry  increases  the  radar  potentiality  for  classification  and 
physical  interpretation  of  the  observations.  Nevertheless  polarization  characteristics  are  quite  recently  used 
in  practice  in  radar  meteorology,  Doviak  and  Zmic  (1).  Therefore  experimental  results,  new  data  processing 
methods  and  their  interpretation  are  important  for  this  topic. 

One  of  the  facilities  to  obtain  experimental  data  is  the  Delft  Atmospheric  Research  Radar  (DARR).  Experi¬ 
ence  in  this  field  is  acquired  in  IRCTR  (International  Research  Centre  for  Telecommunications- 
transmission  and  Radar)  using  this  radar  system.  DARR  is  located  in  Delft,  The  Netherlands,  on  the  roof  of 
a  23  floors  building,  15  km  away  from  the  Northern  Sea.  This  radar  is  used  for  vertical  and  slope  sounding 
of  clouds  and  precipitation.  Continuous  clouds  and  widespread  precipitation  are  typical  weather  objects  to 
be  observed  in  this  region.  Because  they  often  have  comparatively  similar  structures  in  different  directions, 
these  objects  give  very  good  conditions  for  the  development  of  different  measuring  techniques  as  well  as 
for  the  interpretation  of  the  measured  and  processed  results.  However  there  are  very  seldom  weather  objects 
like  cumulonimbus,  thunderstorm,  hail,  strong  air  turbulence,  etc... 

The  Odessa  Polarization  Radar  (OPR)  is  another  facility,  which  also  was  used  for  experimental  observa¬ 
tion.  This  ground-based  weather  radar  is  situated  in  the  South  part  of  the  Odessa  region  in  Ukraine,  close  to 
the  Black  Sea.  Cumulonimbus  clouds  with  rain-  and  hail- showers  quite 'often  occur  in  this  region  of 
Ukraine.  The  hailstones  cause  significant  damage  to  the  agriculture.  Therefore  there  is  a  special  service  to 
detect  hail  zones  in  clouds  and  to  prevent  the  falling  out  of  hailstones  in  Ukraine.  Because  OPR  is  not  so 
sensitive  as  DARR,  clouds  and  light  precipitation  are  not  considered  to  be  objects  for  observation  with 
OPR. 

Examples  of  DARR  measurements  and  OPR  measurement  results  are  given  in  this  paper  for  a  more  com¬ 
plete  view  of  polarization  structure  of  different  kinds  of  precipitation.  Statistical  characteristics  of  the  dif¬ 
ferential  reflectivity,  linear  depolarization  ratio,  Stokes  parameters  for  different  kinds  of  weather  objects 
can  be  used  as  informative  parameters  to  implement  an  automatic  weather  object  classification.  This  possi¬ 
bility  is  discussed  in  more  details  using  as  an  example  the  procedure  for  hail  zone  detection  based  on  the 
OPR  measurements. 
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2.  FEATURES  OF  THE  RADAR  SYSTEMS 


The  DARR  is  a  frequency  modulated  continuous  wave  Doppler  polarimetric  radar  with  a  central  frequency 
of  3.315  GHz  and  is  described  by  Ligthart  (2).  The  frequency  excursion  can  be  changed  from  1  until  50 
MHz,  providing  a  range  resolution  from  150  m  up  to  3  m.  The  maximum  transmitted  power  is  100  W.  Both 
DARR  antennas  are  steered  by  means  of  a  Hewlett-Packard  A600  computer  but  they  do  not  scan.  Their 
measured  equivalent  beamwidth  is  1.5°.  Electrically  switched  linear  polarizations  with  different  orientation 
angles  can  be  selected.  The  output  of  DARR  is  the  time-dependent  scattering  matrix  per  range  and  Doppler 
cell.  Data  are  acquired  by  the  Concurrent  8400  computer  system  which  is  the  real-time  processing  facility 
of  the  DARR.  For  precipitation,  the  differential  reflectivity  and  the  linear  depolarization  ratio  are  retrieved. 


The  OPR  is  a  pulse  polarimetric  X-band  radar  which  is  able  to  scan  the  weather  objects  in  a  vertical  and 
horizontal  plane.  The  transmitted  power  and  the  length  of  the  pulse  is  respectively  65  kW  and  1  ps.  The 
transmitting  antenna  system  is  designed  to  emit  9.375  GHz  sounding  radio-waves  with  different  polariza¬ 
tions,  including  linear  (vertical,  horizontal,  and  forty-five  degrees)  and  circular  polarizations.  The  state  of 
polarization  can  be  electrically  switched  from  one  period  to  another.  A  two-channel  receiver  with  a  divisor 
of  polarization  is  capable  to  receive  both  co-  and  cross-polar  waves  simultaneously.  The  reflectivity,  differ¬ 
ential  reflectivity  ,  depolarization  ratios,  and  Stokes  parameters  can  be  measured  in  real  time.  The  accu¬ 
racy  of  the  measured  polarization  parameters  is:  0.15  dB  for  Zdr  and  for  the  second  Stokes  parameter,  and 
about  1  dB  for  the  other  polarization  parameters. 

Concerning  OPR  both  transmitted  (index  /)  and  received  (index  r)  waves  are  described  with  the  four- 
dimensional  Stokes  vector: 


7  =  /,  +  /y 

.  Q  =  h~h 

where  v  =  IxIyCOS#^ 

V  =  IxIy  sin  &xy 


(1) 


where  I*  and  Iy  are  the  intensities  of  the  orthogonal  components  of  the  electromagnetic  wave,  and  <J>^  is  the 
phase  difference  between  the  orthogonal  components. 

In  this  case,  we  can  obtain  the  scattering  matrix  by  measuring  the  Stokes  parameters.  The  degree  of  polari¬ 
zation,  the  ellipticity,  orientation  angle  of  the  polarization  ellipse  of  the  completely  polarized  component  of 
the  wave,  as  well  as  the  differential  reflectivity,  linear  and  circular  depolarization  ratio,  and  other  polariza¬ 
tion  parameters,  which  are  often  used  in  weather  radar  polarimetry,  can  be  expressed  in  terms  of  the  Stokes 
parameters. 

^XPERIMjEmALDATA 

Widespread  precipitation  have  been  measured  with  DARR  during  November  1996.  The  main  value  of  these 
data  is  that  they  combine  simultaneously  polarimetric  and  Doppler  measurements.  This  feature  opens  new 
possibilities  to  interpret  the  microstructure  and  dynamics  of  weather  objects.  However  the  Doppler- 
polarimetric  aspect  of  this  experiment  is  out  of  the  scope  of  this  article.  The  large  Doppler-polarimetric  data 
set  is  still  being  analyzed.  First  results  have  given  the  profiles  of  differential  reflectivity  and  linear  depolari¬ 
zation  ratio  when  sounding  widespread  precipitation  at  30°  and  90°  of  radar  elevation.  Fig.  1  shows  a  dif¬ 
ferential  reflectivity  profile  for  a  light  rain  event  (about  1  mm/h).  The  radar  elevation  angle  equals  30°. 

The  differential  reflectivity  Zdr  is  sensitive  to  the  shape  and  orientation  of  the  reflecting  particles.  The  peak 
value  of  Z^r  indicates  an  oblate  mean  shape  around  2  km  of  range.  Since  the  reflectivity  is  also  showing  a 
peak  at  this  range,  there  is  a  melting  layer.  This  gives  the  possibility  to  analyze  separately  data  above,  in¬ 
side  and  below  the  melting  layer. 

Zones  of  hailstones  inside  cumulonimbus,  rain  and  hail  precipitation  were  analyzed  with  the  OPR  data. 
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According  to  Stepanenko  (3),  the  following  classification  is  made.  When  the  mean  hr  is  larger  than  -9  dB, 
the  reflecting  object  consists  mainly  of  non-spherical  ice  particles  (crystal  clouds).  A  mean  hr  smaller  than 
-17.5  dB  corresponds  to  liquid-drop  clouds.  Clouds  have  the  mixed  structure  if  intermediate  values  of  the 
mean  Ldr  occur.  Shupiatsky  et  al.  (4)  pointed  out  that  this  area  of  ambiguity  may  even  be  narrower,  from 
-12  to  -14  dB  for  the  mean  value  of  Ldr  when  the  reflectivity  is  above  32  dBZ.  Our  assessment  for  the  sta¬ 
tistical  characteristics  of  the  linear  depolarization  ratio  Ldr  and  reflectivity  Z  for  hail  zones  and  rain  showers 
is  presented  in  Table  1. 

The  OPR  measurements  give  the  possibility  to  analyze  distributions  of  the  Stokes  parameters  for  different 
meteorological  objects.  The  distributions  of  the  first  two  Stokes  parameters  are  presented  in  Figs.  2  and  3. 
They  are  based  on  1654  measurements  of  hail  and  958  measurements  of  rain  showers.  The  first  histogram 
shows  larger  values  of  the  first  Stokes  parameter  for  hail  events.  The  second  Stokes  parameter  has  the  same 
physical  meaning  as  the  differential  reflectivity.  Both  negative  and  positive  values  of  the  second  Stokes  pa¬ 
rameter  were  observed.  Larger  values  of  Q  were  expected  for  the  rain  showers.  The  obtained  histogram  in 
Fig.  3  confirms  this  prognosis. 

The  distribution  of  the  parameter  Q  for  hail  appears  to  be  bimodal.  This  bimodal  nature  of  the  second 
Stokes  parameter  distribution  for  hail  can  be  explained  quite  simply.  Usually  a  hail  event  is  observed  in  the 
background  of  a  rain  shower.  Therefore  this  distribution  shows  the  presence  of  both  hailstones  and  rain¬ 
drops.  This  is  also  confirmed  with  the  distribution  of  Q  for  showers  since  it  has  a  weak  bimodality. 

Due  to  the  limitation  of  pages,  we  do  not  give  the  histograms  for  the  two  last  Stokes  parameters.  Summariz¬ 
ing,  the  distribution  of  the  third  as  well  as  the  fourth  Stokes  parameter  brings  the  possibility  to  recognize  a 
rain  shower  from  a  hail  event.  Large  values  of  the  third  Stokes  parameter  U  are  more  found  for  hail.  The 
fourth  Stokes  parameter  is  measured  with  circular  (right  and  left)  polarization.  There  is  more  difference  be¬ 
tween  right-  and  left-circular  polarized  reflection  for  hail.  This  is  due  to  the  more  irregular  shape  of  the 
hailstones  in  comparison  with  raindrops. 

Thus,  recognition  of  hail  and  rain  shower  zones  is  possible  using  different  polarization  parameters  or  their 
set  including  the  Stokes  parameters. 

4.  STATISTICAL  PROCEDURES 


The  obtained  results  using  polarization  characteristics  can  be  used  to  discriminate  different  types  of  precipi¬ 
tation.  An  algorithm  to  recognize  hail  from  a  rain  shower  was  implemented  using  the  reflectivity  and  linear 
depolarization  ratio  measurements. 


Let  us  assume  that  we  have  a  two-dimensional  density  distribution,  pH  (ZJLdr  /  H )  and  pR  (ZjLrfr  /  R)  for 
hail  and  shower  events.  The  indexes  H  and  R  mean  "hail"  and  "rain"  respectively.  A  Gaussian  two- 
dimensional  distribution  p  (Ldr,  IgZ)  using  the  statistical  parameters  given  in  Table  1  and  the  correlation 
between  Ig  Z  and  Ldr  ,  p  =0.1 5,  is  calculated.  The  logarithm  of  the  likelihood  ratio,  F  ( X  ),  is  taken  as  the 
discriminant  function  with  X  ={lgZ,  hr)- 


,/(*/*) 
‘  P  (X/R ) 


(2) 


Then,  from  equation  (2) ,  we  get: 


a 


m 


+  pigZ-Lir  +  ylgZ  +  6Ldr  +£ 


(3) 
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where  a,  p,  y,  8  and  e  are  the  actual  functions  of  the  parameters  of  the  distributions  pH  (Z,Ldr  /  H)  and  pR 
(Z,Ldr  /  R ).  Hence,  the  "making  decision"  algorithm  is  the  following: 


:>  THRESHOLD  =>  HAIL 
<  THRESHOLD  =*  RAIN 


(4) 


Models  of  the  discriminant  function  density  p(F)  for  rain  showers  and  hail  are  shown  in  Fig.  4.  The  Prob¬ 
abilities  of  right  and  erroneous  decision,  which  characterize  the  reliability  of  the  distinction  between  hail 
and  shower  zones,  are  shown  in  Fig.  5.  Series  1  corresponds  to  the  false  alarm  probability  F  of  hail  detec¬ 
tion,  and  series  2  shows  the  summarized  probability  PQ  of  the  error  versus  threshold. 

Po  =  Pa*  (1-^r)  (5) 


where  Dr  is  the  probability  of  right  hail  detection. 

According  to  this  result  the  minimum  summarized  probability  of  erroneous  decision  PQ  can  be  less  than 
0.01.  This  value  can  be  used  as  a  first  assessment  of  hail  detection  reliability  for  a  radar  which  measures  the 
reflectivity  and  linear  depolarization  ratio. 

5,  CONCLUSIONS 

The  data  obtained  give  new  knowledge  about  the  polarization  structure  of  precipitation,  especially  concern¬ 
ing  the  statistical  characteristics  of  the  Stokes  parameters  for  different  kinds  of  precipitation.  Methods  for 
researching  the  microstructure  and  dynamics  of  weather  objects  or  for  detecting,  locating  and  recognizing 
thunderstorms,  hail,  heavy  rain  and  other  dangerous  meteorological  phenomena,  can  be  developed  using  the 
polarization  properties  of  clouds  and  precipitation. 

It  is  not  possible  to  make  a  completely  correct  comparison  of  polarization  results  from  different  weather 
objects,  measured  with  polarimetric  radars  operating  at  different  wavebands.  On  the  other  hand,  it  is  very 
interesting  to  observe  the  same  object  with  different  radar  frequencies,  because  that  gives  the  possibility  to 
measure  the  scattering  matrix  coefficients  as  a  function  of  frequency.  The  large  technical  possibilities  of 
DARR,  as  a  tool  for  atmospheric  remote  sensing,  can  not  be  used  completely  because  of  the  immobility  of 
the  system.  In  this  context  the  use  of  a  new  Transportable  Atmospheric  Radar  (TARA),  which  is  currently 
under  development  in  IRCTR,  in  different  geographic  regions,  can  bring  fruitful  results. 

The  use  of  parameters  like  the  differential  reflectivity  and  linear  depolarization  ratio  does  not  require  abso¬ 
lute  values  of  the  received  signal  but  only  their  ratios.  Some  meteorological  problems  can  be  already  suc¬ 
cessfully  solved  with  relative  calibration.  When  the  measurement  of  the  reflectivity  is  needed,  the  absolute 
calibration  of  the  radar  must  be  performed  as  well. 

There  are  a  lot  of  possibilities  to  recognize  hail  zones.  However  the  optimum  way  of  radar  measurement 
and  signal  processing  is  not  yet  established.  This  must  be  done  using  a  research  Doppler-polarimetric 
weather  radar  like  the  future  TARA  system.  Comparison  of  the  reliability  of  statistical  methods  using  dif¬ 
ferent  polarimetric  parameters  to  recognize  different  meteorological  phenomena  can  be  done  using  the  pro¬ 
cedure  described  in  this  paper.  The  research  of  the  polarization  characteristics  of  hail  zones  in  different  re¬ 
gions  and  accumulation  of  statistical  data  must  give  the  possibility  to  synthesize  an  optimum  algorithm  for 
hail  detection. 
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Differential  reflectivity 


Fig.l.  Profile  of  the  radar  differential  reflectivity  in  dB. 


Table  1.  Statistical  characteristics  of  radar  parameters  for  rain  showers  and  hail. 


Mean,  M{*} 

Variance,  cr^ {*} 

Parameters 

Shower 

Hail 

Shower 

Hail 

Reflectivity  Z 
(mm6/nr) 

M{/gZ}=  3.2 

M{/gZ}=4.6 

<J2{/gZ}= 1.15 

O2|/«Z1=1.0 

Ldrm 

(lOlgZ^ZJ 

M{Ldr}=-ll 

10 

<J2(trfr)=1.8 

02(Ldr)=2.2 

Fig.  2.  Histograms  of  the  first  Stokes  parameter  for  shower  and  hail 


-161- 


-93,97 


Discriminant  function  F(Z,  LdR) 


-1,56 


Fig.  4.  Histograms  of  the  discriminant  function  F(lgZ,  L^)  versus  the  threshold  value 


Fig.  5.  Characteristics  of  the  reliability  of  hail-shower  distinction 
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ABSTRACT 

This  paper  presents  a  study  of  losses  in  mm-wave  microstrip  antenna  arrays.  Methods 
to  reduce  losses  in  mm-wave  microstrip  antenna  arrays  are  described  in  this  paper. 

Microstrip  antennas  posses  attractive  features  such  as  low  profiie,light  weight, small 
volume  and  low  production  cost.  In  addition,the  benefit  of  a  compact  low  cost  feed 
network  is  attained  by  integrating  the  microstrip  feed  structure  with  the  radiating 
elements  on  the  same  substrate.  However,  losses  in  the  microstrip  feed  network  forms 
a  significant  limit  to  the  achievable  gain  in  microstrip  antenna  arrays. 

Conductor, dielectric  and  radiation  losses  are  the  major  components  of  loss  in  mm- 
wave  microstrip  antenna  arrays.  Surface  wave  losses  in  thin  microstrip  substrates 
(compare  to  wavelength)  are  usually  negligible.  At  frequencies  ranging  from  30  to  40 
GHz  conductor  losses  are  around  0.15  to  0.2  dB  per  wavelength,dielectric  losses  are 
around  0.04  to  0.05  dB  per  wavelength  for  a  50  ohm  line  on  a  10  mil  duroid  substrate 
with  8r=2.2.  The  open  nature  of  the  microstrip  configuration  suffer  from  radiation 
originating  at  various  geometrical  discontinuities.  This  radiation  phenomenon  causes 
additional  signal  loss  in  the  microstrip  antenna  feed  network.  These  phenomena 
become  significant  in  mm-wave  microstrip  antenna  arrays,  more  bends,T-junctions  and 
other  discontinuities  are  introduced  in  the  feed  network  and  radiation  loss  increases 
considerably.  As  an  example  radiation  loss  of  a  right  angle  bend  in  a  50  ohm  line  on  a 
10  mil  duroid  substrate  with  Sr=2.2,  is  0.1  dB  at  30GHz  and  0.17  dB  at  40GHz. 

In  this  paper  losses  in  a  64  and  256  patches  array  at  35GHz  are  evaluated  and  methods 
to  minimize  these  losses  are  presented.  A  planar  multiport  network  model  and  the 
segmentation  methods  are  used  to  evaluate  radiation  loss. 

Design  considerations  of  the  arrays  and  computational  results  are  presented. 


INTRODUCTION 

This  paper  summarizes  a  stud)'  of  losses  in  mm-wave  microstrip  antenna  arrays. 
Methods  to  reduce  losses  in  mm-wave  microstrip  antenna  arrays  are  presented.  A 
planar  multiport  network  model  and  the  segmentation  method  are  used  in  this  paper  to 
evaluate  losses  in  microstrip  antenna  array  feed  networks. 

Gain  limitation  in  microstrip  antenna  arrays  due  to  conductor  loss  and  equations  to 
calculate  conductor  loss  and  dielectric  loss  in  microstrip  lines  are  given  in  [1], 
However  ,this  discussion  is  limited  to  a  12GHz  plane  slot  array  and  radiation  loss  and 
dielectric  loss  are  neglected.  A  planar  multiport  network  model  and  the  segmentation 
method  are  used  to  evaluate  radiation  loss  from  microstrip  discontinuities  as  presented 
in  [2],  As  an  example  radiation  loss  of  a  right  angle  bend  in  a  50  ohm  line  on  a  10  mil 
duroid  substrate  with  Sr=2.2,  is  0.1  dB  at  30GHz  and  0.17  dB  at  40GHz.  These  results 
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point  out  that  radiation  loss  need  to  be  taken  into  account  for  accurate  microstrip 
antenna  array  design  at  mm  wave  frequencies.  In  this  paper  losses  in  a  64  and  256 
patch  antenna  array  at  35GHz  are  evaluated.  Methods  to  minimize  these  losses  are 
presented. 

The  multiport  network  modeling  approach  is  a  convenient  method  for  analyzing 
microstrip  patches  and  microstrip  feed  networks  [2]-[3].This  analysis  includes 
dielectric  loss,  conductor  loss,  radiation  loss  and  radiation  effects. 


MULTIPORT  MODELING  OF  MICROSTRIP  LINES  AND  PATCHES 

The  multiport  network  model  is  based  on  the  parallel-plate  wave-guide  model  [4]  for 
microstrip  lines.  A  similar  network  modeling  approach  has  been  used  for  analysis  of 
microstrip  discontinuities  [2]  and  microstrip  antennas  [3],  The  planar  waveguide  model 
consists  of  two  parallel  conductors  bounded  by  magnetic  walls  in  the  transverse 
directions.  In  this  modeling  approach  for  microstrip  structures.fields  underneath  the 
microstrip  configuration, the  external  fields  (radiated  fields, surface  waves)  are  modeled 
separately  in  terms  of  multiports  subnetworks  by  adding  an  equivalent  edge  admittance 
network  connected  to  the  edges  of  the  microstrip  configuration.  These  subnetworks  are 
characterized  in  terms  ofZ-matrices  which  are  evaluated  by  using  the  Green’s  function 
approach. The  sub-networks  are  combined  using  the  segmentation  technique  to  obtain 
circuit  characteristics  such  as  scattering  parameters. Equations  to  compute  the  sub¬ 
networks  Z-matrices  are  given  in  [5], 


EVALUATION  OF  MICROSTRIP  FEED  NETWORK  LOSSES 

Equations  to  calculate  conductor  loss  and  dielectric  loss  in  microstrip  lines  are  given  in 
[1].  Dielectric  loss  is  incorporated  in  the  multiport  network  analysis  by  considering  a 
complex  dielectric  constant.  Conductor  losses  are  included  in  the  analysis  by  defining 
an  equivalent  loss  tangent  5c.  given  by  5c=v  2/copo/h, where  a  is  the  strip  conductivity, h 
is  the  substrate  height  and  \x  is  the  free  space  permeability. 

The  multiport  network  model  is  employed  to  evaluate  radiation  loss  from  microstrip 
feed  networks  by  adding  a  number  of  open  ports  at  the  edges  of  the  planar  model  for 
the  discontinuity  structure.  The  multiport  network  model  is  used  to  evaluate  the 
voltage  distributions  at  the  open  ports, voltages  at  the  discontinuity  edges  are 
represented  by  equivalent  magnetic  current  sources,  as  described  in  [2],  The  amplitude 
M  of  the  magnetic  current  elements  is  twice  that  of  the  edge  voltage  at  that  location 
and  the  phase  of  the  magnetic  current  is  equal  to  the  phase  of  the  corresponding 
voltage.  The  total  radiation  is  computed  using  the  superposition  of  the  far-field 
radiated  by  each  section.Equations  to  calculate  radiation  loss  are  given  in  [2], 
Examples  of  computed  results  of  feed  network  losses  at  30GHz  on  a  10  mil  duroid 
substrate  with  sr=2.2  are  listed  in  Table  1 . 
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Table  1 :  Computed  results  of  feed  network  losses  at  30  GHz 


Loss  Mechanism 

Loss(dB) 

Conductor  Loss  Per  wavelength 

0.15 

Dielectric  Loss  Per  wavelength 

0.04 

Radiation  Loss  for  a  5 0Q  Bend 

0.1 

0.17 

0.015 

Radiation  Loss  for  a  T-Junction  50H  to  70.7fl 

0.09 

HESTON  CONSIDERATIONS  AND  EVALUATION  OF  LOSSES  IN 
64  AND  256  MICROSTRIP  ANTENNA  ARRAYS 

One  of  the  major  advantages  of  microstrip  antennas  is  the  simplicity  of  array 
construction  [6]-[9],  The  radiating  elements  may  be  etched  jointly  with  the  feed 
network  as  an  integrated  structure  leading  to  a  very  compact  lightweight  and  low  cost 
design.  Although  the  technique  for  designing  feed  networks  is  well  established  ,several 
difficulties  are  encountered  while  implementing  it  at  mm  wave  frequencies.Conductor 
loss  increases  considerably  at  mm  wave  frequencies.  Conductor  loss  may  be  minimized 
by  designing  the  feed  network  length  per  wavelength  as  short  as  possible.By  using  a 
multilayer  feed  network  design,  the  feed  network  length  per  wavelength  is  minimized 
considerably.  Gold  plating  of  the  microstrip  lines  decrease  conductor  losses.  Dielectric 
loss  can  be  reduced  by  using  substrates  with  a  low  dielectric  loss.  In  order  to  minimize 
the  radiation  loss, the  number  of  discontinuities, such  as  bends  and  T-Junctions,  should 
be  made  as  small  as  possible.  Radiation  from  a  curved  microstrip  line  is  much  smaller 
compared  to  radiation  from  right  angled  bend. Moreover  in  order  to  reduce  the 
radiation  from  the  feed  network, the  width  of  the  microstrip  line  is  designed  to  be  less 
than  0.1 2%  and  the  substrate  thickness  is  0.25mm  with  £r=2.2 
Microstrip  antenna  arrays  with  integral  feed  networks  may  be  broadly  divided  into 
arrays  fed  by  parallel  feeds  and  series  fed  arrays.  Usually  series  fed  arrays  are  more 
efficient  than  parallel  fed  arrays.  However, parallel  fed  arrays  have  a  well  controlled 
aperture  distribution  and  the  bandwidth  and  polarization  are  determined  by  the 
micro  strip  antenna  used. 

Two  microstrip  antenna  arrays  which  consists  of  64  radiating  elements  has  been 
designed.  The  first  array  uses  a  parallel  feed  network  and  the  second  uses  a  parallel- 
series  feed  network.  Comparison  of  the  performance  of  the  arrays  is  given  in  Table  2. 
Results  given  in  Table  2  verifies  that  the  parallel  series  fed  array  is  more  efficient  than 
the  parallel  fed  array  due  to  minimization  of  the  number  of  discontinuities  in  the 
parallel  series  feed  network. 

Two  microstrip  antennas  array  which  consists  of  256  radiating  elements  has  been 
designed.  In  the  first  array,  Type  A,  the  numbers  of  microstrip  discontinuities  have 
been  minimized.  The  Type  A  array  feed  network  incorporates  one  bend  discontinuity. 
The  second  array,  Type  B,  incorporates  nine  bend  discontinuities  in  the  array  feeding 
network.  Comparison  of  the  performance  of  the  arrays  is  given  in  Table  3. 

The  measured  gain  results  are  very  close  to  the  computed  gain  results  and  verifies  the 
loss  computation  presented  in  this  paper. 
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Table  2:  Performance  of  64  Elements  Microstrip  Antenna  arrays 


PARAMETER 

Corporate  feed 

Parallel  feed 

Number  of  elements 

64 

64 

Beamwidth(deg.) 

8.5 

8.5 

Computed  gain(dBi) 

26.3 

26.3 

Microstrip  line  loss(dB) 

1.1 

1.2 

0.27 

0.54 

0.4 

Radiation  loss  steps(dB) 

0.007 

_ 

Mismatch  Loss  (dB) 

0.5 

0.5 

Expected  Gain(dBi) 

24.0 

23.2 

Table  3:  Performance  of  256  Elements  Microstrip  Antenna  arrays 


PARAMETER 

E33EHH 

Type  B 
(9  bends) 

Number  of  elements 

256 

256 

Beamwidth(deg.) 

4.2 

4.2 

Computed  gain(dBi) 

32 

32 

3.1 

3.1 

0.72 

0.72 

Radiation  loss  bends(dB) 

0.13 

Radiation  loss  steps(dB) 

0.015 

Mismatch  Loss  (dB) 

0.5 

0.5 

27.5 

26.5 

Results  given  in  Table  3  verifies  that  the  Type  A  array  is  more  efficient  than  the  Type 
B  array  due  to  minimization  of  the  number  of  bend  discontinuities  in  the  Type  A  array 
feed  network. 


CONCLUDING  REMARKS 


This  paper  summarizes  a  study  of  losses  in  mm- wave  microstrip  antenna  arrays. 
Methods  to  reduce  losses  in  mm- wave  microstrip  antenna  arrays  have  been  presented. 
A  planar  multiport  network  model  and  the  segmentation  method  are  used  in  this  paper 
to  evaluate  losses  in  microstrip  antenna  array  feed  networks. 

Results  presented  in  this  paper  point  out  that  radiation  loss  need  to  be  taken  into 
account  for  accurate  microstrip  antenna  array  design  at  mm  wave  frequencies.  By 
minimizing  the  number  of  bend  discontinuities  the  gain  of  the  256  elements  microstrip 
antenna  array, Type  A,  is  higher  by  ldB  than  the  gain  of  Type  B  array. 
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ABSTRACT 

A  mode  transducer  is  described  which  generates  a  whispering  gallery  mode  output  with  a  coaxial  TEM  mode  input.  The  low-power 
device  will  be  used  for  cold- test  measurements  of  a  high  power  gyrotron  at  140  GHz.  The  basic  idea,  design,  experimental  model 
measurement  data  at  15  GHz,  and  the  design  of  a  new  model  for  38  GHz  are  given  for  the  TEI<S2  transducer  using  microstrip-slot 
antenna  (MSSA)  exciter. 

INTRODUCTION 


It  is  necassary  to  operate  the  high  power  gyrotrons  in  high  order  TE  modes  (whispering  gallery  mode:  WGM1  to  keep  the  cavity 
ohmic  losses  at  an  acceptable  level,  Kreischer  et  al  [1],  A  WGM  is  defined  as  a  TEmn  mode  with  its  azimuthal  index  (m)  much 
greater  than  its  radial  index  (n).  For  R&D  of  gyrotrons,  the  study  of  the  WGM-fields  are  sometimes  needed  (cold-test 
measurements).  Different  mode  transducers  and  converters  are  used  for  this  purposes,  Moeller  [2],  Reiter  [3],  Volgyi  [4]  and  Volgyi 
et  al  [5]. 

Microstrip  antenna  arrays  draw  increasing  interest  due  to  their  flat  profile,  low  weight,  ease  of  fabrication  and  low  cost.  Planar 
configurations  are  used  for  microwave  heating  at  Volgyi  [6],  in  automatic  process  control  at  Volgyi  [7],  and  for  WLAN-systems  at 
Volgyi  [8],  Before  the  realization  of  a  mm-wave  array,  scaled  models  are  designed  and  measured  at  lower  frequencies.  Two  of 
these  models  will  be  introduced,  which  are  microstrip-slot  antenna  (MSSA)  structures  and  they  are  used  for  exciting  of  WGM  in  an 
overmoded  circular  waveguide,  the  first  at  15  GHz,  and  the  second  at  38  GHz. 

The  paper  is  organized  as  follows:  the  equations  of  electric  field  components  for  TE,6>2  circular  mode  are  reviewed  in  the  first 
section,  after  showing  the  mechanical  structure  of  the  transducer  the  network  model  and  experimental  results  for  the  15  GHz  model 
are  presented  in  the  next  section,  followed  by  the  design  of  a  new  model  for  38  GHz  and  concluding  remarks  are  given  in  the  last 
section. 

ELECTRIC  FIELD  COMPONENTS  OF  TE^  CIRCULAR  MODE 

Assuming  a  circular-cylindrical  coordinate  system  described  by  (r,cp,z)  then  the  transversal  electric  components  of  the  field  of  a 
TE)6|2  WGM  (neglecting  the  exp(joot)  time  dependence)  may  be  written  as: 

E*  =CiJ!6(al6,2r/ro)  cos(16<p)exp(-jPz)  (1); 

E,  =  c2  J“(a|^/l;’)sin(16<p)  exp(-jpz)  (2) 

where:  C,  and  C2  are  constants,  J16  (  )  and  J16  (  )  are  the  Bessel  function  and  the  derivative  of  Bessel  function,  J3=  ItOV  and  X ’ 
is  the  wavelength  in  TEW  2  mode.  The  value  of  a'162=  23.264  is  the  second  root  of  the  J’16  (a’!6>2)  =  0  equation.  With  the  cutoff- 
-wavelength  of  X'e,  the  desired  radius  of  circular-waveguide  is: 


ro 


(3) 


Figure  1  shows  the  J16  (23.26r/r0)  and  J'16  (23.26r/r0)  Bessel  functions  versus  r/r0.  Using  equations  (1)  and  (2),  from  Figure  1  we  can 
establish: 

E9=  0  at  r/r0=  1  and  r/r0=  0.77,  and  cp=  rr/32  and  3n/32,  where  Er  have  maxima  with  opposite  signs, 

Er=  0  at  cp=  0;  it/ 16  and  tt/8,  where  Ep  have  maxima. 
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At  last  we  establish,  that  we  can  split  the  cross-section  of  circular  waveguide  to  sixteen  uniform  sectors  with  the  same  values  of 
tangential  electric  components,  viz.  inside  of  a  tt/8  sector  the  relative  phases  are  opposites  (positive  and  negative)  in  radial  (r) 
direction  and  in  azimuthal  (cp)  direction,  too.  This  is  shown  in  Figure  2. 

TEM  -  TE^  MODE  CONVERTER  USING  MSSA 

The  schematic  of  the  15  GHz  model  of  our  mode  converter  is  shown  in  Figure  3,  where  Xm  (=  15.4  mm)  is  the  wavelength  in  the 
Zo=T40  Q  microstrip  line,  X0  (=  20  mm)  is  the  freespace  wavelength  and  X'  (=  26.85  mm)  is  the  guided-wavelength  in  TE,62 
circular-waveguide  mode  with  r0=l  1 1  mm. 

The  inner  conductor  of  the  coaxial-input  SMA-connector  is  soldered  to  the  center  point  of  MSSA-exciter,  which  is  realized  on 
Duroid-5880  substrate,  having  a  thickness  of  0.794  mm. 

The  radiating  slots  of  this  antenna  are  cut  on  the  ground-plane  side,  exciting  the  whispering-gallery  mode  of  the  circular-cylindrical 
waveguide  in  which  this  mode  can  propagate.  Slot  dimensions:  1.4  x  7.1  mm  and  2.5  x  6.0  mm  are,  respectively.  Transfer 
characteristic  and  the  so  called  mode  purity  requirements  are  satisfied  by  using  diaphragmas  with  coupling-slots:  1.8°  (Figure  4) 
and  3.6°. 

The  half-photomask  of  the  microstrip  circuitry  of  MSSA  is  shown  in  Figure  2.  The  input  power  is  directed  to  32  microstrip-slot 
antenna  sections  using  a  microstrip  power  splitter,  in  which  the  line  impedances  are  (from  center  to  the  open  circuited  end):  157’- 
96’-76-63.9’-45.2’-38-76-63.9’-45.2,-38-76-73,-140  Ohms,  respectively,  where  the  upper  mark  (‘)  means  the  transformer  section 
with  the  length  of  quarter  wavelenght  (XJ4).  Appropriate  relative  phases  between  slots  are  set  by  the  designated  phase  shifters. 

THE  NETWORK  MODEL 

Perfect  symmetry  of  the  microstrip-slot  antenna  is  supposed,  i.e.  only  the  modes  of  16k  azimuthal  mode  number  (k  is  odd)  will  be 
excited.  The  waveguide  is  dimensioned  so,  that  only  the  modes  with  the  suffices  m=16;  n=l,2,3  can  propagate. 

Using  the  results  of  Reiter  [9],  [10],  [1 1]  the  network  model  of  the  transducer  can  be  constructed  (Fig.  5.).  The  voltage  generator  on 
the  left  side  models  the  source  coupled  to  the  coaxial  input.  The  distributor  network  symbolizes  the  mode  converter  effect  of  the 
microstrip-slot  antenna:  it  transforms  the  voltage  into  the  transmission  lines  corresponding  to  the  propagating  modes  and  into  the 
lumped  reactances  corresponding  to  the  cut-off  modes  respectively.  The  coupling  circuit  parts  model  the  mode-coupling  effect  of 
the  irises.  If  we  use  the  irises  of  Fig.  4,  then  according  to  the  orthogonality  relations  no  mode  coupling  occurs  between  the  modes  of 
the  same  azimuthal  mode  suffix.  Consequently  the  upper  part  of  the  coupling  circuit  (belonging  to  the  TEjg  ^  mode)  *s  separated 

from  the  lower  one. 

The  transmission  lines  attached  to  the  other  propagating  modes  can  be  found  in  the  lower  branch,  the  lengthes  of  these  are  strongly 
differ  from  the  half  wavelength.  The  experiences  of  network  calculations  show  the  networks  containing  transmission  lines  of 
lengthes  differ  strongly  from  the  half  wavelength  are  not  suitable  for  signal  transmission  and  their  input  impedance  is  pure 
reactive.  Thus  through  the  dustributor  network  the  reactances  of  the  lower  branch  can  be  drawn  into  the  first  two-pole  created  at  the 
input  of  the  upper  branch.  Similarly  the  coupling  networks  loaded  by  reactances  in  the  upper  branch  can  be  transformed  to  reactive 
two-poles.  Finally  a  network  is  given  as  the  equivalent  network  of  the  transducer  in  which  the  reactive  two-poles  are  connected  to 
each  other  by  transmission  lines  attached  to  the  TE^g  ^  m°de  and  of  length  approximately  of  half  wavelength. 

If  the  transmission  and  reflection  measurements  are  in  accordance  to  this  model,  then  the  transducer  is  mode-pure. 

EXPERIMENTAL  RESULTS 


Near-field  probing,  which  is  done  at  distances  of  millimetres  from  the  MSSA,  served  as  a  diagnostic  tool  in  the  design  and  the 
prototype  production  stages  of  the  mode  converter.  Single-element  rectangular  microstrip  patch,  miniature  dipole  with  split-coaxial 
balun  made  from  semi-rigid  cable  and  a  small  loop  for  magnetic-field  probing  were  used  for  these  purposes.  Radial  and  azimuthal 
scanning  of  Er  component  are  shown  in  Figures  6  and  7.  The  measured  result  is  in  good  agreement  with  the  theoretical  curve,  given 
in  Figure  1.  At  the  radius  r  <  55  mm,  the  measured  value  is  lower  than  22  dB  (0.63  %)  for  the  supressed  mode  with  the  index  of 
n  =  1.  Using  an  absorber  phenolic  rod  less  than  half  the  waveguide  diameter,  this  would  be  vanished,  according  to  the  results  of 
Moeller  [2]. 

Figure  8  shows  the  transmission  characteristic  of  closed  structure  using  two  mode-transducers  (dotted  line)  and  diaphragmas 
(continuous  line).  The  effectiveness  of  the  mode  filtering  element  is  12  -  20  dB,  in  the  frequency  range  of  13.5  -  16  GHz. 

Figure  9  shows  the  far  field  radiation  characteristic  (E©-pattem)  of  the  mode  transducer,  along  with  cross-polarization  characteristic 
(dotted  line).  This  figure  indicates  the  absence  of  other  radial  modes  having  m  =  16.  In  addition,  there  is  evidence  of  an  m  =  1 
component  at  the  -30  (-25)  dB  level.  The  measured  cross-polarization  level  is  about  -15  dB. 

SUPPLEMENTARY  MEASUREMENTS  OF  THE  15  GHZ  MODEL 

The  motivation  of  our  supplementary  measurement  was:  to  increase  the  mode  purity  using  absorber  material  (mentioned  at  Moeller 
[2])  and  making  a  more  correct  filter-section  according  to  Reiter  [3]  using  the  methods  of  network  theory. 

All  these  experiences  were  utilized  in  our  new  design  at  38  GHz.  The  complete  microstrip-slot  antenna  exciter  has  been  designed 
with  the  aid  of  microwave  CADs  (MMICAD  from  Optotek  Ltd.  and  the  software  of  Sainati  [12]). 

Microwave  absorber  materials  (with  the  radius  of  50  mm)  were  taken  into  the  circular  waveguide  having  a  radius  r0=lll  mm. 
Referring  to  Figure  1,  these  absorbers  don’t  affect  the  used  TE16i2  mode,  only  the  parasitic  modes  with  lower  mode-indices  are 
influenced.  Nearfield  radial  scanning  data  are  given  in  Figure  10  where  the  measured  relative  value  of  Ee-component  at  the  range 
of  r<50  mm  is  much  smaller  than  our  earlier  limit  (see  Figure  6).  The  input  return  loss  (LR)  also  was  improved.  The  expected 
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improvement  in  transmission  loss  is  1.4  dB  at  the  frequency  of  15.1  GHz.  For  the  open  structure  of  input  MSSA,  the  measured  and 
calculated  radiation  patterns  show  small  differences,  because  of  the  measurement  was  carried  out  in  the  Fresnel  zone  and  in  the 
reflective  laboratory-environment,  and  there  are  supposed  positioning  errors. 

Transmission  versus  frequency  measurement  between  two  MSSA-s,  separated  by  the  length  of  3x13  mm  circular  waveguide  section 
is  shown  in  Figure  11.  The  expected  modes  are  also  designated,  supposing  that  Xg  =  26.3  mm  at  all  frequencies  for  the  different 
modes.  We  can  conclude:  the  microstrip-slot  antenna  type  exciter  is  a  relatively  broadband  structure,  having  significant  coupling 
not  only  for  the  desired  TE162  mode,  but  at  other  frequencies  for  the  unwanted  TE16>,  and  TEJ6  3  mode,  too. 

Using  two  irices  with  opening  of  1.8°,  and  a  length  of  3x13  mm  waveguide  section  between  them,  the  effectiveness  of  mode 
filtering  is  shown  in  Figure  12.  Better  suppression  of  unwanted  modes  is  possible,  using  an  additional  iris  with  the  opening  of  3.6° 
(see  Figure  13). 

To  gain  equivalent  circuit  parameters  from  Reiter  [13]  of  our  structure,  we  have  measured  transmission  characteristisc  with 
expanded  frequency  scale.  Figure  14  shows  the  measured  diagram  for  the  closed  structure  of  two  MSSA-s  and  one  iris  (1.8°).  The 
parameters  (calculated  from  measurement)  are  also  given.  Figure  15  shows  the  transmission  versus  frequency  characteristic  of  the 
closed  structure  having  two  MSSA-s,  two  irices  (1.8°)  and  a  waveguide  section  with  the  length  of  3x13  mm. 

DESIGN  OF  A  NEW  MODEL  FOR  38  GHz 

Starting  from  our  basic  MSSA-exciter  shown  in  Figure  2,  we  have  changed: 

-  the  impedance  level  of  microstrip  lines  exciting  two  slots  for  Z0  =  1 10 

-  the  length  of  these  lines,  shortening  them,  having  the  phaseshift  of  180°  directly  between  slots,  using  equation: 
3Pim/2s=ro(l-0.77),  where  ro=39.09  mm  is  the  radius  of  our  new  highly  overmoded  circular  waveguide, 

-  the  input  section  of  the  microstrip  power-splitter,  having  impedances  of  100  Q,  so  the  input  impedance  is  100/4=25  Q,  which 
is  transformed  to  50  H  inside  of  the  coaxial  input  section. 

In  our  new  design,  the  impedances  from  center  to  the  open  end: 

[50-35. 3’-25]-100-87.2’-76-53.7,-76-64.7,-l  10  fi  are,  respectively,  where  the  upper  mark  (’)  means  the  transformer 
section  with  the  length  of  quarter  wavelength  (kJ4).  The  selected  substrate  material  was  D-5880-10  mil. 

Figures  16  and  17  show  the  microstrip  power-splitter  and  radiating-slot  side  of  the  substrate  used  for  MSSA-exciter  at  38  GHz.  Slot 
dimensions:  0.4x2.86  mm  and  0.7x2.54  mm  are,  respectively.  The  mode  purity  requirements  of  the  converter  is  satisfied  by  using 
irices  with  coupling  slots  1.8°  and  3.6°.  To  optimize  the  input  section  of  power  splitter  a  control  circuit  is  designed  and  will  be 
measured. 

The  calculated  loss  (dielectric  and  copper  loss  only)  versus  frequency  characteristic  is  shown  in  Figure  1 8.  The  dotted  line  shows 
the  calculated  values  with  tgd=0.0012,  the  continuous  line  is  calculated  with  a  more  realistic  tg8=0.0045.  There  are  other 
components  of  the  total  loss,  too.  With  approximate  values,  there  are  given  below: 


extra  loss  from  rough  surface  of  microstrip  lines  (etching!):  0.8- 1.2  dB 

surface  waves  of  substrate:  0.5-1  dB 

radiating  loss  of  discontinuities:  a  1  dB 

loss  of:  input  coaxial  connector,  coaxial-microstrip  transition, 

circular  waveguide  section,  contact  at  irices,  radiating  slots,  etc.  2.5-3  dB 

calculated  loss  of  the  feed  network  0.8  dB 


So  the  total  loss,  to  be  expected:  Z  L  =  5.6-7.0  dB 

Turning  to  the  circular  waveguide  section,  the  first  question  is:  where  are  the  resonances  of  different  modes  on  the  frequency  scale? 
Supposing  that  resonators  bordered  by  irices  are  having  Xg/2-Iength  at  the  used  TE)6i2  mode,  the  calculated  resonant  frequencies 
versus  inner  radius  of  circular  waveguide  are  shown  in  Figure  19.  The  used  equations  are  also  given  in  the  Figure. 

CONCLUSIONS 


We  have  developed  the  model  of  a  MSSA -type  exciter  to  obtain  a  TEM  to  TEi6>2  converter  for  the  cold- test  measurements  of  a 
gyrotron  at  140  GHz.  The  basic  idea,  i.e.  to  simulate  the  field  of  the  useful  mode  by  a  MSSA  and  to  filter  out  the  unwanted  modes 
by  a  circular  waveguide-cavity  filter  is  proved  to  be  realizable.  Antenna  measurement  methods  were  applied  to  control  the 
amplitude  and  phase  distributions  of  radiating  slots,  and  the  far-field  characteristic  of  the  open  structure.  Using  the  network  model, 
a  network-like  measurement  was  carried  out  on  the  closed  device.  Design  considerations  and  experimental  results  of  mode 
converters  were  given  in  the  paper.  In  this  experiments  students  were  also  involved.  The  modular  design  concepts  of  MSSA  and 
microstrip  power  splitter  can  be  well  exploited  in  the  education  and  in  the  laboratory  practice  of  students. 
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Figure  2.  The  half-photomask  of  the  microstrip  circuitry  of 
MSSA 
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Figure  1.  Bessel  functions  in  eq.  (1)  and  (2) 


Figure  3.  Schematic  of  the  MSSA-excited  mode  converter 
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Figure  4.  Iris  with  the  openings  of  1.8  deg. 
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Figure  1 1 ,  Measured  transmission  loss  vs.  freq.  characteristic 
for  closed  structure  of  two  MSSAs  and  a  circular- 
waveguide  section  with  a  length  of  39  mm 
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Figure  19.  Calculated  resonant  frequencies  vs.  inner  radius 
of  CWG  i  73_ 


Figure  16.  Microstrip  power-splitter  for  MSS  A  exciter  at 
38  GHz  (metallization  is  black) 
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ABSTRACT 

The  analysis  of  medium  sized  arrays  of  complex  antenna  elements  by  means  of  a  full-wave  numerical  modelling 
technique  often  requires  impractical  amounts  of  computer  power.  Nevertheless,  it  is  essential  that  all  the  mutual 
couplings  between  elements  are  taken  into  account.  In  this  contribution,  a  technique  is  presented  in  which  the 
individual  element  is  characterised  using  the  FDTD  method  and,  using  the  information  this  provides,  the 
behaviour  of  the  complete  array  is  predicted  using  a  method  based  on  reaction  matching.  Results  using  this 
method  are  compared  to  measurement  and  to  results  obtained  using  a  complete  full-wave  analysis  for  three  and 
five  element  arrays  of  printed  dipoles  and  are  shown  to  be  in  good  agreement.  For  arrays  of  between  10  and  50 
elements,  savings  in  computer  time  of  several  orders  of  magnitude  can  be  achieved  and,  in  addition,  changes  in 
array  geometry  do  not  always  necessitate  all  the  results  being  recalculated. 


INTRODUCTION 

The  prediction  of  the  far  field  radiation  patterns  and  return  losses  for  antenna  arrays  comprising  a  finite  number 
of  complicated  elements,  such  as  microstrip  patches,  printed  dipoles  and  the  like,  with  modest  computer 
resources  is  doubly  problematic.  Firstly,  even  the  analysis  of  a  single  element  may  be  difficult  and  secondly 
calculation  of  the  interaction  between  array  elements,  which  may  be  placed  in  close  proximity,  increases  the  scale 
of  the  problem  enormously.  This  is  true  both  with  techniques  such  as  FDTD  [1]  for  which  the  computational 
effort  is  only  linearly  dependent  on  the  size  of  the  computational  space  but  which  requires  the  discretisation  of 
the  total  space  occupied  by  the  array  and  for  the  Method  of  Moments  [2]  for  which  the  effort  is  proportional 
to  some  power  of  the  number  of  unknowns.  For  medium  sized  arrays  of  between  five  and  fifty  closely  spaced 
complicated  elements  where  infinite  array  approximations  are  inadequate  but  where  mutual  impedance  effects 
cannot  be  ignored,  the  situation  using  either  technique  rapidly  becomes  impracticable.  In  this  contribution,  a 
methodology  is  presented  which  allows  accurate  results  to  be  obtained  for  problems  of  this  type  using  just  a 
meduim  power  workstation  such  as  the  HP9000/730. 

A  general  method  for  drastically  reducing  the  amount  of  computer  resources  required  for  this  type  of  problem 
was  recently  presented  [3]  where  its  effectiveness  was  demonstrated  for  the  case  of  an  array  of  wire  dipoles. 
In  this  contribution  the  method  is  extended  to  allow  the  analysis  of  the  much  more  complicated  case  of  an  array 
of  printed  dipoles  of  the  type  described  in  [4]  and  illustrated  in  Figures  1  and  2.  The  individual  element 
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consists  of  a  printed  dipole  with  a  microstrip  feed  and  balun.  The  dimensions  are  given  in  Figure  I.  The  array 
is  based  on  arranging  the  elements  in  the  pattern  of  an  equilateral  triangle  as  illustrated  in  Figure  2.  Each  element 
protrudes  through  an  aperture  in  a  reflecting  back  plane  which  is  considered  to  have  infinite  area.  Comparison 
of  the  results  obtained  using  the  new  method  with  those  produced  using  a  full  FDTD  analysis  and  with 
measurement  show  good  agreement. 

THEORY 

An  example  of  the  general  problem  to  be  solved  is  shown  in  Figure  3,  where  three  elements  of  an  array  are 
shown.  The  actual  element  which  will  be  used  as  an  example  in  this  paper  is  shown  in  Figure  1.  Around  each 
element  a  fictitious  surface  is  drawn,  shown  as  a  dashed  line,  on  which  the  scattered  field  patterns  of  that 
element  in  isolation  are  calculated.  Each  element  with  its  surrounding  surface  is  represented  as  a  2  port  network. 
Because  the  response  of  the  element  to  an  incident  signal  at  the  feedline  is  different  from  its  response  to  an 
incident  field  from  a  distant  source,  each  element  is  characterised  for  both  situations. 

In  order  to  get  the  information  which  is  required,  several  different  test  signals  are  applied  to  the  isolated  element. 
The  choice  of  these  test  signals  is  discussed  below.  In  each  case  the  resulting  scattered  field  at  the  surrounding 
surface  and  the  strength  of  the  signal  emanating  from  the  feedline  is  calculated.  The  procedure  may  be 
summarised  as  follows: 

Test  1.  Response  to  a  signal  at  the  feedline.  Apply  a  signal  having  a  voltage  of  u‘  to  the  feed  line.  Calculate 
the  reflected  voltage,  v\  and  the  distribution  of  the  tangential  field  components  on  the  surrounding  surface,  {  E’ 
,  H'}.  It  can  be  seen  that  v’/u*  is  the  reflection  coefficient  of  the  isolated  element.  The  mode  of  the  antenna 
which  is  excited  by  this  test  is  referred  to  as  the  transmit  mode. 

Tests  2.  Response  to  incident  test  fields.  Apply  a  number  of  incident  test  fields  having  distributions  {  Eip ,  H,p] 
at  the  surrounding  surface.  In  each  case  calculate  the  strength  of  the  signal  emanating  from  the  feed  line,  vp, 
and  the  distribution  of  the  scattered  field  at  the  surrounding  surface,  {  Eop ,  H"p).  It  is  noted  that  this  requires 
P  separate  FDTD  runs  Where  P  is  the  number  of  test  fields  used. 

In  [3],  a  single  incident  test  field  is  applied  and  the  approximation  is  made  that  the  form  of  the  scattered  field 
resulting  from  the  actual  incident  field  will  be  the  same  as  that  resulting  from  the  incident  test  field.  This 
corresponds  to  the  assumption  that  the  induced  current  distribution  on  the  antenna  is  independent  of  the  form 
of  the  incident  signal.  For  the  wire  dipole  treated  in  [3]  this  is  indeed  very  nearly  the  case.  However  for  the  more 
complicated  case  of  the  printed  dipoles,  it  has  been  found  that  the  direction  from  which  the  incident  field  arrives 
can  make  a  considerable  difference  to  the  form  of  the  scattered  field.  This  behaviour  is  illustrated  in  Figure  5 
which  shows  the  scattered  fields  in  the  E  plane  and  the  H  plane  of  the  element  resulting  from  incident  fields 
impinging  from  three  different  directions  corresponding  to  the  positions  of  three  different  neighbours  in  the  array. 
It  can  be  seen  that,  whereas  in  the  H  plane,  the  scattered  field  is  indeed  virtually  independent  of  the  direction 
of  the  incident  field,  this  is  definitely  not  the  case  for  the  E  plane.  In  particular,  it  can  be  seen  that  the 
characteristic  null  in  the  radiation  pattern  which  exists  at  around  70°  from  boresight  when  the  feedline  is  excited, 
changes  position  depending  on  the  direction  of  the  incident  excitation. 
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In  view  of  this  behaviour,  it  is  necessary  to  extend  the  basic  method  described  in  [3]  in  order  to  allow  the 
inclusion  of  several  test  fields  so  that  the  effects  of  the  direction  of  arrival  of  the  incident  fields  could  be 
accounted  for.  Since  the  basic  method  does  not  directly  lend  itself  to  multiple  test  functions,  a  different  way 
forward  was  sought.  Rather  than  using  all  the  available  test  fields  at  once,  each  test  field  is  used  individually 
to  provide  separate  estimates  of  the  array  S  matrix.  Thus  if  six  test  fields  were  used,  there  would  be  six  estimates 
of  the  S  matrix  of  the  complete  array,  each  estimate  corresponding  to  a  chosen  test  field. 


The  test  fields  are  chosen  to  be  the  incident  field  on  a  specified  element  caused  by  feedline  excitation  of  a 
neighbouring  element.  For  instance,  consider  dipole  1  in  the  three  element  array  shown  in  Figure  4.  Ignoring  for 
the  moment  the  fields  scattered  by  the  elements  which  are  not  excited  at  the  feedline,  there  are  two  different 
possible  field  patterns  incident  on  dipole  1  depending  on  whether  dipole  2  or  dipole  3  is  excited.  Similarly  there 
are  two  possible  field  patterns  associated  with  the  other  two  dipoles  leading  to  six  functions  in  all.  Any  or  all 
of  these  may  be  used  as  test  functions  to  provide  estimates  of  the  array  S  matrix.  If  the  mutual  coupling  between 
elements  is  small  (  about  -20dB  in  this  case  )  then  the  actual  incident  field,  including  all  scattering  effects  will 
be  only  slightly  perturbed  from  the  test  functions  and,  thus,  accurate  results  may  be  expected. 


As  has  previously  been  discussed,  the  incident  field  at,  for  instance,  element  1  resulting  from  excitation  of 
element  2  may  be  quite  different  from  that  resulting  from  excitation  of  element  3.  If  the  value  of  S12  for  the  array 
is  calculated  using  test  field  1  and  the  value  of  S13  is  calculated  using  test  field  2,  then  accurate  results  would 
be  obtained  for  both.  In  general,  the  final  array  S  matrix  is  made  up  by  selecting  components  from  the  set  of 
estimated  S  matrices  such  that  the  test  function  used  for  the  chosen  estimate  is  closest  in  form  to  that  of  the 
expected  actual  incident  field. 

In  the  case  where  less  than  six  test  functions  are  used,  whether  because  of  symmetry  of  simply  to  reduce  the 
computational  requirement,  then  for  each  component  of  the  array  S  matrix,  the  test  function  which  is  considered 
the  closest  approximation  to  the  actual  incident  field  will  be  used.  For  instance,  consider  the  case  where  only 
three  test  functions  are  used  as  shown  by  the  solid  lines  in  Figure  4  which  are  derived  as  follows: 

Function  1  source  element  1  target  element  2 

Function  2  source  element  1  target  element  3 

Function  3  source  element  2  target  element  1 

We  may  use  any  of  these  functions  to  approximate  the  field  arriving  at  a  specified  element  resulting  from 
excitation  at  a  different  specified  element.  For  the  example  described  here,  test  function  2  has  been  used  in  place 
of  test  functions  4-6.  Clearly,  other  choices  are  possible. 

For  the  results  presented  here,  three  test  functions  were  used  which  are  illustrated  by  the  solid  lines  in  Figure 
3  and  the  isolated  element  is  analysed  using  the  FDTD  method  [5].  It  is  possible  that  more  accuracy  would 
be  obtained  if  all  six  near-neighbour  incident  fields  were  used  and  work  is  continuing  to  establish  the  optimum 
number  of  test  fields. 
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RESULTS 


In  figure  6.  the  co-polar  and  cross-polar  far  field  radiation  patterns,  calculated  using  this  method  are  shown  and 
compared  to  results  obtained  using  the  full  FDTD  method  and  to  measurement.  The  results  are  taken  at  a 
frequency  of  9.3GHz.  the  centre  of  the  operating  bandwidth  of  the  antenna.  It  can  be  seen  that,  for  the  co-polar 
patterns,  agreement  is  generally  better  than  +/-  IdB.  For  the  cross-polar  results  the  same  general  levels  are 
obtained  but  the  actual  shape  is  different,  mainly  due  to  measurement  uncertainties.  However,  agreement  with 
measurement  is  as  good  as  with  the  full  FDTD  method. 


CONCLUSIONS  AND  DISCUSSION 

It  has  been  shown  that  accurate  results  can  be  obtained  using  the  combination  of  FDTD  and  reaction  matching 
described  in  this  contribution  for  an  array  of  complex  elements.  In  order  to  completely  characterise  the  array 
using  full  FDTD  required  14  days  of  computer  cpu  time  on  an  HP700  workstation,  using  the  new  method  this 
was  reduced  to  about  8  days.  For  larger  arrays  the  savings  are  much  greater.  For  instance  for  an  array  an  order 
of  magnitude  larger  the  estimated  time  required  for  FDTD  is  about  2  years  on  an  HP700  whereas  for  this  method 
the  estimated  time  is  about  72  days.  Moreover,  if  it  were  required  to  change  the  geometry  of  the  array,  it  would 
be  necessary  to  completely  repeat  the  FDTD  analysis  in  order  to  characterise  the  new  structure.  With  this 
method,  however,  only  some  of  the  results  would  need  to  be  recalculated.  Thus  the  optimisation  of  the  geometry 
of  an  array  which  is  impractical  using  full  FDTD  or  MoM,  becomes  more  viable  using  this  type  of  modelling. 
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Figure  5  -  The  scattered  field  pattern  in  response  to  different  incident  fields 


Figure  6  -  Co-polar  and  cross-polar  radiation  patterns  for  the  three  element  array 
element  1  excited 
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ABSTRACT 


This  paper  presents  a  novel  ring-laser  type  quasi-optical  oscillator  based  on  leaky-wave 
antenna,  which  can  be  used  as  an  alternative  to  conventional  configurations  employing 
VCOs.  It  consists  of  a  gain-control  amplifier,  a  phase-shifter  and  a  microstrip  leaky-wave 
antenna.  The  feature  of  this  structure  is  that  the  leaky- wave  antenna  not  only  serves  as  a 
radiation  element,  but  also  provides  oscillation  feedback.  The  beam-scanning  capability  of 
this  quasi-optical  oscillator  is  also  demonstrated  experimentally. 

INTRODUCTION 

The  leaky- wave  antenna  is  often  used  in  frequency  scanned  radar  systems!  1],  where 
the  beam-scanning  capability  is  realized  by  changing  the  operation  frequency.  Usually 
voltage-control  oscillators  (VCOs)  can  be  employed  to  achieve  frequency  scanning. 
However,  in  this  traditional  approach  where  VCOs  is  terminated  by  the  leaky-wave 
antenna,  the  oscillator  and  antenna  are  designed  separately,  which  usually  results  in  an 
inefficient  circuit.  VCOs  circuit  design  will  become  further  complicated  if  one  tries  to 
achieve  wide  oscillation  range  and  good  frequency  stability  simultaneously^]. 

In  this  paper,  we  present  a  new  ring  laser  type  of  quasi-optical  oscillator  using  leaky- 
wave  antenna  (Fig.l)  as  an  alternative  implementation  to  the  conventional  configuration 
using  VCOs.  It  is  simply  formed  by  a  gain-control  amplifier,  a  phase-shifter  and  a  leaky- 
wave  antenna.  In  this  structure,  the  leaky-wave  antenna  not  only  serves  as  a  radiation 
element,  but  also  provides  oscillation  feedback.  It  is  a  multiple  longitudinal  mode 
oscillator,  and  appropriate  oscillation  mode  can  be  selected  by  changing  the  gain  of  the 
amplifier.  To  achieve  beam-scanning,  the  oscillation  frequency  can  be  easily  shifted  by 
changing  the  phase  of  the  phase-shifter. 

THEORY  AND  RESULTS 

The  passive  leaky- wave  antenna,  as  shown  in  Fig.  1,  is  made  of  microstrip  line  with 
periodic  step  discontinuities.  According  to  Floquet’s  theorem[3],  the  guided  wave  can  be 
expressed  as  an  infinite  number  of  traveling  waves  with  propagation  constant 
pn  =  p0  +2n7t/d ,  where  (30  is  the  propagation  constant  in  the  microstrip  line.  Radiation 
is  induced  by  appropriately  choosing  the  length  d  of  one  period,  such  that  the  p_i 
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traveling  wave  resides  in  the  fast-wave  region.  Beam-scanning  of  the  periodic  leaky-wave 
antenna  is  achieved  by  changing  the  operating  frequency,  and  the  main  beam  angle  is 
determined  by, 


0  =  arcsin faam-**)  (1) 

k0d 

where  k0  is  the  free-space  wave-number.  <pe\ement  is  the  phase  delay  for  one  period,  and 
is  frequency  dependent. 

A  leaky- wave  antenna[4],  a  gain-control  amplifier,  and  a  phase-shifter  are  used  to 
form  a  quasi-optical  oscillator.  Since  the  leaky-wave  antenna  resides  within  the  loop,  it 
will  provide  a  feedback  for  the  oscillation  in  addition  to  being  the  radiation  element. 
Oscillation  will  occur  when  the  loop  gain  is  larger  than  unity,  and  the  oscillation 
frequencies  are  determined  by 


$ 'antenna  +(t>amplifer  +0 phase- shifter  ~  (2) 

where  ^amplifier  and  ^phase-shifter  are  the  phases  of  the  gain-control  amplifier  and  the 
phase  shifter,  respectively,  (^antenna  ^  the  phase  shift  of  the  leaky-wave  antenna.  The  S- 
parameters  of  each  antenna  element  is  calculated  by  the  FDTD  method,  and  the  phase  of 
the  whole  leaky-wave  antenna  is  obtained  by  cascading  each  element.  The  principle  of  this 
oscillator  is  similar  to  a  multiple  mode  ring-laser  oscillator.  The  frequency  of  each 
oscillation  mode  is  determined  by  (2).  The  specific  longitudinal  mode  can  be  selected  by 
changing  the  gain  of  the  gain-control  amplifier  or  by  adjusting  the  phase  of  the  loop.  The 
purpose  of  the  phase  shifter  is  to  change  the  oscillating  frequency  in  order  to  realize  beam¬ 
scanning  capability. 

The  leaky- wave  antenna  is  fabricated  on  low-cost  PC-board  substrate(£r=4.4, 
thickness=20mil).  The  S-parameters  of  the  leaky- wave  antenna,  as  shown  in  Fig.2, 
indicates  a  good  agreement  between  simulation  and  experimental  results.  Fig.3  shows  far- 
field  patterns  of  this  quasi-optical  oscillator  at  8.07GHz,  8.226GHz,  and  8.5GHz, 
respectively.  A  scanning  range  of  12°  is  obtained  when  oscillation  frequency  changes  from 
8.07GHz  to  8.5GHz. 

CONCLUSION 

A  new  ring  laser  type  quasi-optical  oscillator,  which  can  be  considered  as  a  simple 
alternative  to  conventional  designs  employing  VCOs,  is  proposed  in  this  paper.  Its 
oscillation  frequency  is  easily  shifted  by  changing  the  phase  of  the  phase-shifter.  The 
resultant  beam-scanning  capability  should  make  this  new  type  quasi-optical  oscillator 
useful  in  frequency  scanned  radar  systems. 
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Fig.2  S-parameters  of  Passive  Leaky-wave  Antenna 


Fig.3  Quasi-Optical  Oscillator  Radiation  Pattern 
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Abstract 

The  paper  presents  analysis,  design  and  realization  of  the  novel  active  wideband 
circular  polarization  antenna  integrated  with  FM  transmitter  of  about  20  dBm  radiated 
power  operating  in  the  frequency  range  from  4.6  GHz  to  5.8  GHz,  which  is  rea,^ed 
on  dielectric  substrate  placed  perpendicularly  to  the  antenna  plate.  Axial  ratio  (AR)<6 
dB  in  the  frequency  range  of  13%  and  AR<3  dB  in  the  range  of  6%  is  obtained. 

Introduction 

Printed  antennas  with  circular  polarization  are  practically  unavoidable  in  numerous 
mobile  and  satellite  radio  systems.  Active  printed  antennas  are  also  becoming 
essential  components  due  to  their  low  cost  and  small  size.  In  [1]  and  [2]  a  new 
type  of  single-feed  printed  antenna  with  circular  polarization  is  presented,  which  has 
more  than  ten  times  wider  band  than  most  frequently  used  patch  antennas  with 
circular  polarization.  It  consists  of  two  orthogonal  dipoles  with  parallel  feeding,  whose 
impedances  are  complexly  conjugated.  In  this  manner,  quandrature  feeding  current  is 
obtained.  Integration  of  this  type  of  antenna  with  an  oscillator-transmitter  is  realized 
through  balanced  microstrip  line  standing  perpendicularly  on  the  antenna  plate  in 
order  to  avoid  parasitic  coupling  with  orthogonal  dipoles  resulting  in  degradation  of 
AR. 

This  paper  presents  design,  analysis  and  optimization  of  a  printed  antenna  with 
circular  polarization  integrated  in  the  drain  circuit  of  an  oscillator-transmitter.  The 
paper  also  presents  design  and  optimization  of  an  oscillator-transmitter  which  has  the 
possibility  of  frequency  change  in  the  bandwidth  of  23%  in  which  AR  is  less  than  10 
dB  as  well  as  the  possibility  of  frequency  modulation.  All  important  theoretical  results 
are  in  good  agreement  with  those  obtained  experimentally  on  the  realized  model. 


Two  orthogonal  strip  dipoles  printed  on  dielectric  substrate  are  designed  to  provide 
that  the  impedance  of  the  first  is  Zn  =  (50-j50)n  and  the  impedance  of  the  second  is 
Z2=(50+j50)fL  In  such  a  manner,  when  the  dipoles  are  fed  in  parallel,  their  currents 
will  be  in  phase-quadrature  and  the  total  impedance  becomes  Z~(50+j0)Q,  fig-1  - 
Dipoles  are  designed  assuming  a  conducting  reflector  plate  at  a  distance  of  V4- 
The  analysis  and  optimization  are  realized  using  the  IE3D  software  package  [3]. 

Both  orthogonal  dipoles  are  printed  on  the  same  side  of  dielectric  substrate  and 
connection  with  transmitter  (fig.  2)  is  performed  through  the  symmetrical  (balanced) 
microstrip  line  which  is  placed  perpendicularly  to  the  dielectric  substrate,  fig.  3.  The 
symmetrical  microstrip  line  penetrates  through  holes  in  reflector  and  antenna  plate, 


fig.  3. 
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For  designing  the  FET  oscillator  configuration  small  signal  S-parameters  are  used. 
The  analysis  is  performed  using  Eesofs  Touchstone  program  package  [4].  Oscillation 
condition  is  accomplished  by  optimization  of  the  impedance  in  the  source  circuit,  i.e. 
open-circuited  microstrip  line  and  impedance  in  the  gate  circuit.  In  the  gate  circuit, 
there  is  also  a  tuning  diode.  By  changing  its  capacitance,  necessary  tuning  as  well 
as  FM  or  FSK  modulation  is  achieved.  Optimization  was  conditioned  by  the 
requirement  to  obtain  the  oscillation  condition  in  the  range  between  4.6  and  5.8  GHz, 
i.e.  in  the  range  where  AR  of  the  antenna  is  less  than  10dB. 

Realization 

Orthogonal  dipoles  are  realized  on  a  very  thin  dielectric  substrate  of  Teflon-fiberglass 
(s=1.17,  h=0. 127mm),  fig.  1.  Under  the  antenna  plate,  at  the  distance  of  V4>  ihere 
is  a  reflector  plate  and  polyurethane  foam  between  them  (8=1.03),  fig.  3.  Oscillator- 
transmitter  is  also  realized  on  dielectric  substrate  of  the  same  characteristics  as  the 
orthogonal  dipoles,  fig.  2.  FET  drain  circuit  is  extended  to  the  BAL-UN  and  then  to 
the  symmetrical  (balanced)  microstrip  by  which  orthogonal  dipoles  are  fed.  In  drain 
circuit  a  high-pass  filter  is  realized  to  avoid  parasitic  modulation  of  the  oscillator  by 
low  frequency  signal  received  by  antenna.  Through  coupling  with  the  microstrip  line  a 
sample  of  transmitting  signal  is  obtained,  which  is  used  for  measuring  as  well  as  for 
coupling  with  phase  discriminator  in  case  the  frequency  is  stabilized  with  phase  lock 
loop,  fig.  2  and  3. 

Obtained  results 

Fig.  4  shows  change  of  frequency  and  output  power  of  the  transmitter  versus  tuning 
diode  polarization.  These  measurements  are  performed  on  the  test  SMA  port. 

Fig.  5  shows  AR  versus  frequency  for  0=0°.  As  reference  antennas,  linearly 
polarized  standard  gain  horn  (Scientific  Atlanta)  as  well  as  a  receiving  antenna  of  the 
same  type  as  measured  antenna  were  used.  Minimum  AR  is  obtained  at  f= 4.9  GHz. 

Fig.  6  features  radiation  pattern  at  f=4.9  GHz  versus  0.  Curves  "min'’  and  "max" 
represent  maximum  and  minimum  values  of  the  level  obtained  upon  spinning  of  the 
measured  antenna. 

Conclusion 

This  paper  presents  a  novel  type  of  active  wideband  printed  antenna  with  circular 
polarization  with  an  oscillator-transmitter  whose  frequency  changes  in  23%  range 
within  which  AR<10dB.  The  transmitter  is  modulated  by  FM  or  FSK  signals.  There  is 
also  the  possibility  of  stabilization  of  the  oscillator-transmitter  via  phase  lock  loop.  AR 
in  the  range  of  13%  is  less  than  6  dB  and  in  the  range  of  6%  is  less  than  3  dB. 

The  antenna  bandwidth  order  of  magnitude  is  higher  than  that  of  most  frequently 
used  patch  antennas  with  circular  polarization. 
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Fig.  1.  Two  orthogonal  dipoles  with  complexly  conjugated  impedances 


Fig.  2.  Transmitter  with  unbalanced  to  balanced  microstrip  tranzition 
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Fig.  3.  Circular  polarization  antenna  integrated  with  transmitter 


Utd  (V) 


Fig.  4.  Frequency  and  output  power  of  the  transmitter  vs.  tuning  diode  polarization 
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Fig.  5.  Axial  ratio  at  0=0°  vs.  frequency,  (a)  simulated  by  IE3D,  (b)  measured  by 
standard  gain  horn,  (c)  measured  by  receiving  antenna  of  the  same  type  as  tested 

antenna 
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Fig.  6.  Radiation  patern  at  4.9  GHz 
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ABSTRACT 

The  electrical  and  RF  performance  characteristics  of  submillimetre-wave  Schottky  diodes  are  investigated  using 
an  accurate  physical  model  which  combines  drift-diffusion  current  transport  with  thermionic  and  thermionic- 
field  emission  currents  imposed  at  the  Schottky  contact.  The  model  includes  self-consistently  image  force  effect, 
tunneling  transport,  and  current  dependent  recombination  velocity  at  the  Schottky  contact.  This  physical 
simulator  has  been  coupled  to  a  harmonic  balance  simulator  as  a  non-linear  element.  The  integrated  device¬ 
circuit  simulator  has  allowed  to  study  in  detail  the  limiting  factors  of  varactor  operation.  The  contribution  of 
large-signal  capacitance  excitation  is  discussed.  The  influence  of  external  loads  at  different  harmonics,  bias  and 
power  level  is  also  analysed. 

INTRODUCTION 

Schottky-barrier  diodes  have  been  applied  to  heterodyne  receivers  in  the  frequency  range  up  to  a  few  THz, 
Peatmann  and  Crowe  [1].  However,  their  RF  performance  is  still  not  well  understood  and  the  optimization 
of  the  Schottky  diodes  for  THz  frequency  range  applications  can  only  be  accomplished  with  accurate  physical 
models.  The  major  current  limitation  in  the  design  of  submm-wave  multipliers  is  the  optimization  of  the  diode 
structure  for  maximum  breakdown  voltage,  maximum  capacitance  swing,  and  minimum  transit  time,  as  well  as 
the  appropriate  choice  of  the  load  impedances  for  the  multiplier  circuit.  We  have  developed  a  physical  simulator 
coupled  to  a  harmonic  balance  programme  for  the  analysis  of  Schottky  diode  multiplier  circuits. 

This  1-D  Schottky  simulator  accounts  for  the  most  important  physical  effects.  It  joins  drift-diffusion 
transport  through  the  semiconductor  structure  with  thermionic  and  thermionic-field  emission  currents  at  the 
metal-semiconductor  contact  and  heteroj unction  interfaces.  Image  force  lowering  of  the  metal-semiconductor 
barrier  and  tunnelling  through  the  barrier  are  self-consistently  implemented  into  the  governing  equations.  The 
validation  of  the  numerical  simulator  is  performed  by  comparison  with  experimental  results  obtained  from 
submm-wave  Schottky  diodes,  Krozer  and  Griib  [2],  The  DC  and  RF  operational  behaviour  of  the  diodes  is 
investigated  with  special  emphasis  on  the  diode  breakdown  and  maximum  capacitance  swing. 

This  Schottky  diode  model  has  been  included  in  a  harmonic  balance  simulator.  The  integration  of  numerical 
simulators  for  submm-wave  devices  as  a  part  of  circuit  simulators  will  avoid  the  need  of  equivalent  circuit  model 
extraction  or  tedious  measurements.  This  new  philosophy  provides  another  degree  of  freedom  to  improve  the 
performance  of  microwave  circuits  because  they  can  be  designed  from  both  a  device  and  a  circuit  point  of  view. 


PHYSICAL  MODEL 

The  model  for  the  carrier  transport  throughout  the  bulk  is  based  on  the  classical  drift-diffusion  (DD)  formulation, 
Selberherr  [3],  and  extended  to  include  image  force  lowering.  The  governing  equations  are  the  Poisson’s  equation, 
and  continuity  equations  for  electrons  and  holes. 


V  •  (eVy>)  =  -q{Nf  -  n  +  p)  (1) 

^  =  q(R-G)  (2) 
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where  <p  is  the  electrostatic  potential,  e  is  the  dielectric  permivity,  and  n,  p,  Nf  are  the  electron  concentration, 
the  hole  concentration,  and  the  ionized  impurity  donor  concentration,  respectively,  in  (1).  In  (2),  Jn,  R,  and 
G  are  the  electron  particle  density  current,  the  recombination  rate  -Schockey- Read-Hall  model  is  assumed,  and 
the  generation  rate  -through  which  impact  ionization  is  introduced  in  the  model  [3],  respectively.  Besides,  p„, 
T,  x,  and  Nc  represent  the  field-dependent  electron  mobility,  temperature,  affinity,  and  density  of  states  in  the 
conduction  band,  respectively. 

Here  image-force  potential  reduction  is  taken  into  account  self-consistently  (4)  as  opposed  to  previous 
attempts,  Hjelmgren  [4].  Similar  equations  also  hold  for  holes. 


BOUNDARY  CONDITIONS 

Dirichlet  boundary  conditions  are  imposed  at  the  metal  contacts  for  Poisson’s  and  carrier  continuity  equations 
[3j.  Thermionic  and  thermionic-field  transport  at  the  barrier  is  introduced  through  an  interface  condition  at 
the  maximum  of  the  barrier  xm ,  Darling  [5].  The  position  of  the  maximum  is  no  longer  at  the  Schottky  contact 
because  of  the  influence  of  the  bias-dependent  image  force  lowering.  The  transport  condition  developed  by 
Darling,  J„,  is  based  on  the  assumption  that  the  carrier  distribution  can  be  modelled  by  a  displaced  Maxwellian. 


Jn  =  qn(xm)vn  -  qn0(xm)vr 


(5) 


Here  n(a;m)  is  the  electron  concentration  at  the  maximum  of  the  barrier.  n0(xm)  accounts  for  the  electrons 
in  the  metal  with  enough  thermal  energy  to  cross  over  the  top  of  the  barrier  into  the  bulk.  It  represents 
a  quasi- equilibrium  density  of  electrons  -the  density  which  would  be  present  at  the  top  of  the  barrier  if  the 
electrons  could  be  brought  into  thermal  equilibrium  without  disturbing  the  potential  distribution.  vr  is  the 
classical  recombination  velocity  of  the  Crowell-Sze  theory  [6]  vr  =  vn  is  the  recombination  velocity 

after  assuming  a  displaced  Maxwellian  shifted  by  a  drift  velocity  Vdrift- 
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This  boundary  condition  prevents  the  unphysical  effect  of  carrier  accumulation  at  the  interface,  Nylander  et  al 
[7],  Adams  and  Tang  [8]. 

Tunnelling  transport  through  the  barrier  is  important  for  Schottky  diodes  with  high  doping  in  the 
epitaxial  layer.  The  commonly  employed  WKB  approximation  [6]  for  tunnelling  does  not  take  into  account 
the  detailed  structure  of  a  given  barrier  below  the  penetrating  carrier  energy  level,  Lui  and  Fukuma  [9],  neglects 
quantum  mechanical  reflection,  Ando  and  Itoh  [10],  and  assumes  a  constant  effective  mass  on  either  side  of 
the  interface.  In  our  model,  the  time-independent  Schrodinger  equation  is  solved  for  arbitrary  piecewise-linear 
potential  barriers  using  the  transfer  matrix  approach  [10].  The  solution  is  expressed  as  a  linear  combination  of 
Airy  functions  [9].  The  grid  defined  for  Poisson’s  equation  is  also  used  for  Schrodinger’s  equation  and  both  are 
solved  self-consistently.  The  new  expression  for  the  current  density  can  be  represented  by  a  simple  integration, 
Bhapkar  and  Mattauch  [11], 

AT 

J"  =  ^TJe  t(E*,V)  l f.(E«,V)  -  dE„  (9) 
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where  ,4  is  the  Richardson  constant,  T  is  the  temperature,  T(En)  is  the  transmission  coefficient  for  the  tunnelling 
transport,  En  is  the  energy  for  the  normal  component  of  the  carrier  velocity,  /,,  and  fm  are  the  electron  distri¬ 
butions  in  the  semiconductor  and  the  metal,  respectively.  We  have  assumed  that  /,  is  a  displaced  Maxwellian 
distribution,  and  fm  is  a  Maxwell-Boltzmann  distribution.  If  tunnelling  is  not  considered,  this  equation  is 
similar  to  that  proposed  by  Darling  [5]. 

HARMONIC  BALANCE  SIMULATOR 

The  harmonic  balance  method  is  the  most  common  technique  for  the  design  of  non-linear  microwave  circuits. 
Active  devices  are  usually  treated  as  lumped  equivalent  circuits  in  commercially  harmonic  balance  codes  as 
a  trade-off  between  speed  and  accuracy  in  the  solution.  However,  physical  models  are  fundamental  for  the 
characterization  of  high-frequency  and  large-signal  operation  of  active  devices.  Therefore,  the  coupling  of 
harmonic  balance  circuit  simulators  and  full  time-dependent  physical  device  models  is  necessary  to  accurately 
design  high-frequency  circuits  from  both  a  device  and  circuit  point  of  view.  There  exist  several  algorithms 
for  the  harmonic  balance  method,  Rizzoli  and  Neri  [12],  and  Maas  [13],  some  of  them  have  been  specifically 
designed  to  deal  with  physical  device  simulators,  Tait  [14].  The  selected  algorithm  for  this  work  is  based  on  the 
optimization  of  the  error  function  by  using  the  Levenberg-Marquardt  algorithm,  Gismero  and  Perez  [15]. 


RESULTS  AND  DISCUSION 

Experimental  and  numerical  results  of  fabricated  submm-wave  Schottky  diodes  at  the  university  of  Darmstadt, 
Germany,  are  presented  below.  The  structure  of  these  diodes  is  shown  in  Table  1.  Diodes  with  the  labels  D1 
and  D2  present  abrupt  transitions  between  the  epi-layer  and  the  buffer  layer.  On  the  contrary,  D3  has  a  linear 
doping  profile  from  the  metal  contact  to  the  buffer  layer. 


Darmstadt  GaAs  mm- wave  Schottky  diodes:  <f> Anode  =  6.7pm  | 

Diode 

Epi-layer 

Buffer  layer 

Doping  (cm-d)  [Thickness  (pm) 

Doping  (cm“J)  |Thickness  (pm) 

Dl- Abrupt 

D2-Abrupt 

D3-Linear 

|  2  X  10i6  -+3X1018-  0.348 

ira  nnMTMT 

Substrate  (Doping:  2  x  lO^cm-’  -Thickness:  100  pm)  | 

Figure  1  shows  the  different  contributions  to  the  forward  current  of  diode  Dl.  After  including  the  image 
force  lowering  and  tunnelling  through  the  barrier,  the  agreement  between  simulations  and  measurements  is 
very  good.  The  contribution  of  the  tunneling  current  is  more  important  at  high  doping  concentration  in  active 
epi-layer.  In  fact,  the  contribution  of  tunnelling  to  the  total  current  is  negligible  in  D2.  At  high  bias  voltages, 
the  dominant  effect  limiting  current  flow  is  the  voltage  drop  across  the  neutral  epi-layer.  Figure  2  illustrates 
the  evolution  of  the  total  resistance  of  the  diode,  Rs  +  Rjt  with  applied  voltage.  Rj  accounts  for  the  junction 
resistance,  and  R,  corresponds  to  the  ohmic  losses  in  the  neutral  regions,  which  is  dominant  at  high  voltages. 
Moreover,  there  exists  an  increase  in  this  resistance  due  to  the  decrease  of  the  mobility  p(£)  with  the  electric 
field,  Kollberg  et  al  [16].  The  developed  model  has  also  used  to  investigate  the  different  performance  of  the 
diodes  in  table  I.  Figure  3  shows  the  currrents  at  forward  bias.  The  most  interesting  result  is  that  the  current 
for  the  diode  with  linear  doping  in  the  epi-layer,  D3,  is  more  than  one  order  of  magnitude  than  for  the  abrupt 
diodes,  Dl  and  D2.  This  is  important  for  diodes  working  as  mixers,  where  the  non-linear  conductance  swing 
must  be  maximized  with  the  minimum  local  oscillator  level.  The  explanation  for  this  feature  is  twofold.  First, 
the  barrier  height  for  D3  (4>b  -0.95  eV)  is  significantly  lower  than  the  barrier  height  for  the  abrupt  diodes 
($6  =  1.0  eV).  Second,  the  abrupt  transition  between  the  epi-layer  and  the  buffer  layer  creates  an  electric 
field  against  the  movement  of  electrons  towards  the  Schottky  contact,  figure  4.  This  field  does  not  exist  in 
D3  because  the  transition  between  the  doping  of  these  layers  is  gradual.  This  performance  is  achieved  at  the 
expense  of  a  decrease  in  the  breakdown  voltage:  BVdi  «  -10V,  BVd2  «  -13V,  BVd3  k  -4V. 

Figure  5  illustrates  a  comparison  between  measured  and  simulated  normalized  junction  capacitances  versus 
the  applied  voltage.  For  high  voltages  our  simulations  predict  a  maximum  and  a  subsequent  decrease  in  the 
junction  capacitance  [4].  Classical  models  based  on  the  depletion  approximation  predict  an  infinite  capacitance 
at  flat  band  conditions.  The  objective  of  these  simulations  is  to  select  the  diode  with  the  largest  swing  of 
capacitance.  This  diode  will  be  the  best  for  varactor  applications:  frequency  multipliers,  for  example.  The 
agreement  between  measurements  and  simulations  is  not  too  satisfactory,  maybe  due  to  the  technological 
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variations  in  the  growing  of  the  epilayer.  However,  the  simulations  correctly  predict  that  D1  is  the  most 
suitable  diode  because  it  maximizes  the  capacitance  swing.  The  results  of  figures  1-5  show  that  this  model  is  a 
useful  tool  for  the  analysis  and  optimization  of  the  Schottky  diode  structures  for  radio-frequency  applications. 

Performances  of  active  devices  are  defined  not  only  by  their  inherent  characteristics  but  also  for  the  circuits 
where  they  are  embedded.  Therefore,  this  coupling  can  be  taken  into  account  by  including  the  numerical 
physical  model  into  a  circuit  simulator  based  on  the  harmonic  balance  method.  We  have  focused  on  the  study 
of  the  performace  of  D1  working  as  a  2  x  50 GHz  frequency  multiplier.  Several  aspects  are  crucial  for  the 
maximization  of  the  conversion  efficiency  in  a  multiplier:  loads  at  different  harmonics,  bias,  and  power  level 
[13],  Rauscher  [17].  The  contribution  of  these  design  elements  is  studied  in  figures  6-8.  Twelve  harmonic 
are  considered  in  these  simulations,  and  the  impedances  of  the  higher  harmonics  (3rd-12th)  have  been  set  to 
0.001  ft  for  both  the  resistive  and  reactive  components.  The  diode  is  always  matched  at  the  fundamental 
frequency.  The  bias  voltage  has  been  optimized  to  have  a  maximum  voltage  swing  between  breakdown  voltage 
and  the  conduction  voltage:  Vdc  =-4.75V. 

Figure  6  shows  the  simulated  conversion  efficiency  versus  the  second  harmonic  circuit  impedance  Zf%  for 
an  input  power  level  of  7dBm.  Only  positive  reactances  have  been  considered,  because  the  device  is  typically 
capacitive.  Maximum  conversion  efficiency  of  37%  is  achieved  for  Zckt  =  25  +  j  125ft.  Figure  7  displaysjhe 
input-output  power  characteristic  of  the  doubler,  the  conversion  efficiency,  and  the  DC  diode  current  (Zjkt  is 
obtained  from  previous  simulations).  Both  the  output  power  and  conversion  efficiency  increase  with  the  input 
power  level.  A  minimum  loss  of  3.6  dB  occurs  at  an  input  level  of  10  dBm.  Above  this  input  level,  the  output 
power  level  continues  to  rise,  but  the  conversion  loss  also  increases.  The  resistive  junction  begins  to  rectify  the 
input  power,  as  evidenced  by  the  onset  of  DC  current  [13].  The  DC  power  delivered  by  the  diode  comes  from 
the  RF  input  signal,  so  it  represents  a  waste  of  available  input  power.  Figure  8  depicts  the  variation  of  the 
input  impedance  of  the  diode  at  the  fundamental  frequency.  As  the  input  power  level  increases,  the  voltages 
and  fields  in  the  undepleted  region  increase,  the  mobility  goes  down  and  the  resistance  increases  [16]. 

CONCLUSION 

Coupling  of  accurate  physical  modelling  for  active  devices  and  circuit  simulators  is  fundamental  for  the  design  of 
RF  applications  working  at  hard  conditions:  high  frequency  applications  based  on  non-linear  operation  modes. 
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Fig.l:  I-V  Simulated  and  measured  currents  for  Fig.2:  Simulations  for  the  DC  resistance  of 
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Fig.3:  Simulated  and  measured  I-V  curves  for 
structures  of  table  I. 
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Fig.4:  Conduction  band  for  structures  of  table  I 
at  V=0.6  V. 
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Fig. 5:  Simulated  and  measured  normalized 
capacitances  for  the  diodes  of  table  I. 


Fig.6:  Conversion  efficiency  vs.  second  harmonic 
circuit  impedances  Pdg  —  7 dBm. 
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Fig. 7:  Output  power,  conversion  efficiency  and 
rectifier  diode  current  for  2  x  50 GHz  doubler. 


Fig. 8:  Diode  input  impedance  at  fundamental 
frequency  vs.  input  power. 
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ABSTRACT 

Coplanar  waveguides  (CPW)  based  on  single  and  multi-layered  ferroelectric  films  with  high-Tc 
superconducting  (HTS)  and  golden  electrodes  have  been  investigated  in  the  frequency  range  between 
40  MHz  and  40  GHz  with  the  goal  of  designing  voltage  tuneable  phase  shifters  operating  at  cryogenic 
temperatures.  Tuneability  and  losses  are  investigated  as  function  of  temperature  and  voltage.  The  quality 
factor  of  a  tuneable  component  K  is  introduced  and  discussed.  The  results  obtained  are  promising  for  design 
of  voltage  controlled  analog  phase  shifter. 

INTRODUCTION 

Ferroelectric  film  structures  are  very  attractive  for  microwave  engineers  due  to  a  field  dependent  dielectric 
permittivity  e.  However  the  intrinsic  microwave  loss  of  these  materials  at  room  temperature  (300  K)  limits 
their  applications.  The  initial  success  for  HTS  application  at  microwave  frequencies  lead  to  development  of  a 
new  branch  in  microwave  electronics  operating  at  cryogenic  temperature  Vendik  et  al  (1,2),  Gevorgian  et  al 
(3,4).  In  this  connection  the  (HTS)/ferroelectrics  combination  looks  very  promising  for  a  realisation  of 
tuneable  microwave  components  such  as  phase  shifters  and  delay  lines.  The  most  important  characteristics  of 
ferroelectric  are  the  temperature  and  voltage  dependence  of  the  controllability  (emax/£min)  and  dielectric  loss. 
The  most  studied,  and  today  most  important  for  practical  applications,  are  YBa2Cu307.x/SrTi03  (YBCO/ 

STO)  and  YBa2Cu307_x/BaxSri_xTi03  (YBCO/BSTO)  structures.  Pure  bulk  STO  demonstrates  a  relatively 
low  loss  level  and  a  large  tuneability  at  low  temperatures.  Increasing  the  barium  content  in  BSTO  increase  the 
controllability  and  operation  temperature,  but  also  the  losses.  In  the  present  work  the  microwave  properties  of 
single  and  multi-layered  structures  based  on  SrTi03,  Bao  osSr0  9sTi03  and  YBCO  thin  films  are  examined. 

The  quality  factor  of  a  tuneable  component  K  should  be  used  for  the  performance  evaluation  of  the  tuneable 
components  obtained. 

FILM  PREPARATION  AND  DEVICE  PATTERNING 

The  structures  investigated  were  deposited  by  laser  ablation  (KrF,  1  =  248  nm)  on  5  mm2  (001)  LaA103  or 
(100)  MgO  substrates.  The  STO  and  BSTO  films  were  deposited  from  1/2  inch  in  diameter  stoichiometrical 
SrTi03,  and  Bao.o5Sro.95Ti03  targets  respectively  in  0.4  mbar  oxygen  pressure  with  the  substrate  temperature 
Ts  =  740°C.  The  energy  density  of  the  laser  spot  (1  mm2)  was  1 .0  J/cm2  which  yielded  a  growth  rate  of 
0.45  A/pulse.  The  thickness  of  the  films  grown  were  240, 400, 480,  and  960  nm.  After  deposition  the 
substrate  heater  was  cooled  down  to  room  temperature  by  20°/min  at  pressure  0.9  atm  of  oxygen.  Then  the 
chamber  was  pumped  down  again  and  on  the  STO  (or  BSTO)  film  a  250  nm  YBCO  and  20  nm  Au  films 
were  deposited  “in  situ  ”.  The  YBCO  film  was  manufactured  from  1/2  inch  diameter  stoichiometric 
YBa2Cu307.x  target  at  0.4  mbar  oxygen  pressure  and  Ts  =  760°C.  After  deposition  the  substrate  was  cooled 
down  to  room  temperature  by  20°/min  at  0.9  atm  of  oxygen.  The  Au  layer  for  the  contact  pads  was  deposited 
at  Ts  =  50°C  with  a  pressure  of  2-1 0*5  mbar.  The  Au  conductors  (1  pm)  were  fabricated  by  electron  beam 
evaporation.  Double  layer  STO  films  as  Au/STO/Ce02/STO  and  Au/STO/MgO  /STO  were  also  deposited. 
For  device  patterning  standard  photolithography  and  ion  milling  were  used. 

The  critical  temperature  Tc  of  the  top  YBCO  was  determined  from  ac  (f  =  1  kHz)  magnetic  susceptibility 
measurements  and  the  value  of  Tc  was  found  to  be  in  the  range  88-89  K. 
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MEASUREMENTS 

The  microwave  properties  of  the  ferroelectric  films  are  investigated  using  a  cryogenic  probe  station  in  the 
temperature  range  from  20  to  300  K  and  in  the  frequency  range  from  40  MHz  to  40  GHz.  Four  coplanar 
waveguide  (CPW)  phase  shifters  with  different  geometry  are  patterned  on  the  each  substrate.  The  strip  and 
gap  widths  are  chosen  to  give  an  impedance  of  50  Ohm.  This  was  verified  by  measuring  the  return  loss, 
which  was  better  than  10  dB,  and  typically  20  dB,  for  all  phase  shifters.  The  total  length  of  the  line  (Fig.  1)  is 
1  =  4  mm  with  the  active  part  1=3  mm.  The  measurements  are  done  using  Wiltron  360B  and  HP  8510  vector 
network  analysers.  Fig.  2  illustrates  the  temperature  dependence  of  the  dielectric  constant  of  STO  and  BSTO 
films  measured  with  a  capacitance  meter  at  1  MHz  and  extracted  by  means  of  conformal  mapping  techniques. 
The  measurement  of  phase  shift  as  a  function  of  frequency  makes  possible  to  estimate  the  effective  dielectric 
constant  of  CPW  with  a  ferroelectric  layer.  For  different  samples  the  effective  dielectric  constant  was  found 
to  be  in  the  range  50  -  200  which  is  in  a  good  agreement  with  theoretical  estimations  (3).  Under  the  applied 
voltage  0  -  35  V  the  effective  dielectric  constant  changes  1.5  times.  Fig.  3  shows  the  dependence  of  the 
dielectric  constant  of  a  BSTO  film  on  applied  voltage.  In  the  frequency  range  up  to  100  GHz,  there  is  no 
frequency  dispersion  in  materials  investigated.  Fig.  4  and  Fig.  5  present  the  frequency  dependence  of  the 
CPW  total  losses  in  the  samples  of  STO  and  BSTO  for  0  and  35  V  applied  voltage. 

QUALITY  FACTOR  OF  A  TUNEABLE  COMPONENT 

Let  us  consider  a  transmission  line  section  filled  with  a  tuneable  dielectric.  The  phase  velocity  is  a  function  of 
effective  dielectric  constant  of  the  line: 


vrh  = 
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where  Co  is  the  light  velocity  in  free  space,  U  is  the  voltage  applied  to  the  tuneable  dielectric.  Thus,  for  two 
values  of  the  voltage  the  phase  shift  given  by  the  transmission  line  section  is: 
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where  /  is  length  of  the  section. 

The  averaged  loss  for  two  states  of  the  phase  shifter  can  be  written  as  follows: 


LdB  =-4.34-  —  /  ■(s1s2)1/4(to«81  tanSj)1'2  , 
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where  loss  tangent  of  the  material  should  characterise  not  only  the  dissipation  of  microwave  energy  in  the 
dielectric,  but  the  dissipation  in  the  conducting  components  of  the  line  as  well.  Combining  (l)-(3)  one  obtains 
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Let  us  introduce  the  quality  factor  as: 


K  = 


(5) 


where 
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is  the  tuneability  of  the  ferroelectric  material. 
Thus  we  may  write 


(6) 


^22!  =  6.6VK  , 

^dB 

The  ratio  presented  by  the  equation  (7)  can  be  called  phase  shift/loss  merit  of  the  phase  shifter.  It  is  easy  to 
show  that  for  n  <  4  the  quality  factor  can  be  written  as: 


n  tcmb]  tanb2 


(8) 


For  example,  if  n  =  2,  and  JtcmS  \ ■  tanh2  =  0.02  one  has  the  quality  factor  of  the  material  K  -  1250  and  the 
phase  shift/loss  merit  of  the  phase  shifter: 
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The  quality  factor  in  the  form  (8)  can  be  obtained  as  a  particular  case  from  the  known  generalised  formula 
Kawakami  (5),  Khizha  et  al  (6): 


K  r,  r, 
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where  x,,  x2  and  r,,  r2  are  series  reactance  and  resistance  of  the  circuit  in  two  states. 

The  formula  (9)  is  used  for  characterisation  of  the  quality  of  p-i-n  diodes  (5,6)  and  of  switches  based  on  S-N 
transition  in  superconductive  microwave  electronics  Vendik  et  al  (7). 


DISCUSSION 

The  data  from  Fig.  2  and  3  are  in  a  good  agreement  with  the  measurements  of  a  ferroelectric  film  dielectric 
constant  in  the  planar  capacitor  structure  Galt  and  Price  (8).  The  low  temperature  of  the  dielectric  constant 
maximum  of  the  pure  STO  film  (Fig.  2)  indicates  a  rather  high  crystallinity  of  the  film.  Fig.  4  and  5  show  the 
losses  as  a  function  of  frequency  in  a  wide  range  of  the  frequency  change.  It  is  known  that  the  dependence  of 
the  loss  factor  of  ferroelectric  is  proportional  to  the  frequency  Vendik  (9)  and  the  surface  resistance  of  the 
HTS  film  is  proportional  to  the  frequency  squared  Klein  et  al  (10).  One  may  see  that  experimental  dependence 
in  Fig.  4  exhibits  the  remarkable  contribution  of  the  power  two,  that  should  be  followed  by  the  conclusion 
that  the  losses  in  BSTO  film  CPW  at  T  =  75  K  are  basically  determined  by  the  HTS  films.  At  the  same  time 
Fig.  5  exhibits  almost  linear  dependence  of  the  loss  against  frequency.  STO  structure  at  low  temperature  can 
be  characterised  mainly  by  the  loss  in  the  ferroelectric  film.  Both  Fig.  4  and  5  show  the  decrease  of  the  loss 
factors  under  the  applied  dc  voltage.  That  allows  to  conclude  that  the  ferroelectric  films  contain  the  charged 
defects  of  a  rather  large  density  (9),  Vendik  and  Platonova  (11).  Additional  data  are  collected  in  the  Table. 


The  quality  factor  introduced  above  should  be  used  as  a  generalised  characteristic  of  the  dielectric  layer  with 
a  tuneable  dielectric  constant.  Let  us  take  the  quality  factor  K  =  120  and  characteristic  of  tuneability  n=  1.5 
which  are  typical  for  the  effective  dielectric  constant  of  CPW  with  a  ferroelectric  layer.  Using  equation  (8) 
the  averaged  value  of  loss  tangent  can  be  found: 
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tan8avmse  =0.03  ,  (10) 

This  result  is  the  good  enough  for  the  frequency  20  GHz,  but  we  are  sure  that  the  quality  of  the  films  will  be 
improved  in  a  high  extend.  The  quality  factor  of  K  =  120  provides  the  phase  shift/loss  merit  of  the  phase 
shifter  70°/dB.  One  can  see  from  the  Table  that  the  quality  factor  of  the  samples  are  dispersed  over  a  large 
area.  One  can  find  some  samples  which  provides  the  phase  shift/loss  merit  of  the  phase  shifter  up  to  130  °/dB 
which  can  be  considered  as  a  very  good  result  for  the  frequency  20  GHz.  Admittedly,  there  is  no  considerable 
correlation  between  sizes  and  structures  of  the  sample  and  their  generalised  characteristic  -  the  quality  factor. 
That  confirms  the  supposition  that  the  technological  process  of  manufacturing  the  ferroelectric  films  is  not 
stabilised  enough  and  should  be  essentially  improved. 

CONCLUSION 

The  results  obtained  show  the  possibilities  for  practical  applications  of  devices  based  on  high-Tc  superconduc¬ 
tor/ferroelectric  CPW  structures  at  microwaves.  At  high  frequency  (20  GHz)  certain  samples  of  the  CPW 
phase  shifters  exhibited  high  value  of  the  quality  factor.  The  phase  shift  of  100  degree  with  loss  not  higher 
than  1  dB  has  been  provided.  The  method  based  on  application  of  the  quality  factor  for  characterisation  of  the 
result  of  technological  efforts  seems  to  be  fruitful.  Further  study  aimed  to  increase  the  dielectric  constant 
tuneability  and  decrease  the  dielectric  loss  of  thin  STO  (BSTO)  films  should  be  carried  out.  For  optimisation 
of  the  technological  process  of  manufacturing  the  high-!Tc  superconductor/ferroelectric  CPW  structures  the 
quality  factor  of  the  tuneable  component  can  be  used  as  a  generalised  characteristic  of  the  component. 
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Table.  Data  for  the  CPW  phase  shifters  at  20  GHz  and  20  K 


Characteristics  of  the 
samples 

Layer  thickness,  nm 

Quality 

factor 

No 

Geometry* 

BSTO 

STO 

YBCO 

Au 

K 

AYSL609 

4/18 

— 

400 

250 

20 

120 

ASMSM620 

6/15 

— 

2x240 

— 

1000 

130 

AY8SL621 

6/25 

— 

8x50 

250 

20 

100 

YSL51** 

6/15 

240 

— 

240 

20 

375 

YSL51** 

14/28 

240 

— 

240 

20 

145 

*)  Strip  width(pm)/Gap  width  (pm) 
**)  measured  at  T  =  1 6  K 


L 


YBCO  or  Au 


Substrate 


STO  orBSTO 


Fig.  1  Layout  and  cross-section  of  the  thin  film  CPW 
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Thin  film  dielectric  const 


-50  -40  -30  -20  -10  0  10  20  30  40  50 

Voyage  (V) 

Fig.  3.  Capacitance  vs  voltage  for  a  BSTO  sample  measured  at  the  temperature 
80  K. 
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Insertion  loss  (dB)  ^  Insertion  loss  (dB) 


Frequency  (GHz) 


Insertion  loss  for  a  BSTO  CPW  at  two  different  voltages,  T=75K. 


Fig.  5.  Insertion  loss  for  a  STO  CPW  at  two  different  voltages,  T=20K. 
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ABSTRACT 


The  present  study  focuses  on  the  attenuation  analysis  of  spherical  shell  structures  that  are  made 
of  complex  materials.  An  analysis  will  be  presented  which  calculates  the  electric  and  magnetic 
fields  within  spherically  layered  structures  in  the  quasistatic  limit,  in  other  words  the  wavelength 
of  the  field  has  to  be  smaller  than  the  diameter  of  the  shell.  Due  to  the  magnetoelectric  coupling 
which  is  inherent  in  chiral  and  other  novel  complex  materials,  the  electric  and  magnetic  field 
problems  cannot  be  treated  separately.  The  newly  developed  six-vector  formalism  is  used  in 
the  analysis.  Numerical  results  are  shown  for  the  shielding  effectivity  of  a  chiral  shell. 


INTRODUCTION 

Dielectric  materials  influence  the  behavior  of  electric  fields,  and  magnetic  materials  interact 
with  magnetic  fields.  The  dielectric  and  magnetic  properties  of  media  can  be  exploited  to 
protect  equipment  against  excessive  electromagnetic  field  densities.  The  present  paper  focuses 
on  the  low-frequency  shielding  effect  of  a  simple  geometry:  a  spherical  shell.  In  spite  of  the  basic 
canonical  geometry  of  this  structure,  the  problem  is  challenging  because  the  shell  is  allowed  to 
have  complex  material  properties.  In  particular,  the  shell  in  the  analysis  is  chiral,  meaning  that 
it  has  to  be  described  in  a  more  general  way  than  those  characterized  by  the  ordinary  dielectric 
permittivity  and  magnetic  permeability.  The  analysis  covers  in  fact  all  bi-isotropic  materials, 
like  non-reciprocal  media,  too.  It  can  also  be  generalized  to  the  bi-anisotropic  regime. 

In  the  study  of  fields  inside  a  hollow  sphere,  the  restriction  to  low  frequencies  means  that 
the  wavelength  of  the  operating  electromagnetic  is  larger  than  the  diameter  of  the  sphere.  A 
practical  limit  for  the  diameter  of  the  shell  is  one-fifth  of  the  wavelength  A.  This  guarantees 
that  one  can  concentrate  on  the  Laplace  equation  instead  of  the  full  Maxwell  equations.  Note 
however,  that  this  approach  is  well  valid  for  microwave  applications  as  long  as  the  size  limit  is 
accounted  for. 

SHIELDING  EFFICIENCY  OF  SIMPLE  MATERIALS 

The  quasistatic  solution  of  the  electric  field  inside  a  dielectric  shell  is  well  known.  The  internal 
field  E  is  constant  and  its  relation  to  the  outside  (constant)  field  E0  depends  on  the  permittivity 
of  the  shell  e  according  to  Sihvola  and  Lindell  [1): 
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(e  +  2co)(€o  +  2e)  —  2a(c  —  €o)2  °  ^  ^ 

where  a  =  (02/01  )3  and  01  is  the  inner  radius  and  a2  is  the  outer  radius  of  the  shell,  e0  is  the 
permittivity  of  free  space. 

Analogously,  the  corresponding  magnetic  field  ratio  for  a  hollow  sphere  of  material  with  per¬ 
meability  is  according  to  Stratton  [2] 


11  _  _  _  tt 

(fi  +  2/i0)(//o  +  2/i)  —  2a(/i  ~  Ho)2  ° 

These  formulas  can  be  used  to  design  electric  and  magnetic  shields.  In  addition  to  the  thickness 
of  the  layer,  the  electric  shielding  magnitude  depends  on  the  permittivity  of  the  shell,  and  the 
magnetic  shielding  depends  on  its  permeability.  This  low-frequency  decoupling  into  separate 
dielectric  and  magnetic  problems  does  not  hold  anymore  in  the  case  of  more  complex  materials, 
which  is  the  focus  in  this  study.  In  chiral  materials,  there  exists  magnetoelectric  coupling. 


ISOTROPIC  CHIRAL  MEDIA 

Chiral  media  have  receiced  considerable  attention  in  the  microwave  community  in  recent  years 
(see  Lindell  et  al  [3]).  These  materials  are  intrinsically  handed,  i.e.,  they  differ  from  their 
mirror  image.  Handedness  brings  forth  rotation  of  the  polarization  plane  of  a  linearly  polarized 
field,  and  at  lightwave  frequencies,  this  property  of  chiral  materials  has  been  known  as  “optical 
activity”  (see,  for  example,  Barron  [4],  Hegstrom  and  Kondepundi  [5],  or  Applequist  [6]). 

Constitutive  relations  describe  the  effect  of  medium  on  the  electric  and  magnetic  quantitites. 
The  isotropic  chiral  medium  obeys  the  following  relations: 


D  =  cE  -  jKy/fi0eo  H  (3) 

B  =  /xH  +  jKy/fi0e0  E  (4) 

where  E  is  the  electric  and  H  is  the  magnetic  field,  D  is  the  electric  and  B  is  the  magnetic 
flux  density.  In  addition  to  the  media  parameters  permittivity  e  and  permeability  /x,  there 
exists  a  dimensionless  chirality  parameter  k.  Note  that  the  isotropy  (or,  rather,  bi-isotropy) 
assumption  explains  the  scalar  character  of  the  material  parameters  in  these  relations.  The 
free-space  permittivity  and  permeability  are  c0  and  Vo-  These  relations  assume  time-harmonic 
field  dependence  with  the  convention  e?wt. 

Although  most  of  the  interest  engineers  are  focusing  on  chiral  materials  deals  with  microwave 
and  millimeter  wave  applications,  like  antennas,  couplers,  polarizers,  etc.,  applications  may  also 
be  found  at  lower  frequencies.  The  trend  in  chiral  research  is  opposite  to  what  radio  engineers 
are  used  to  in  other  branches  of  technology  where  progress  means  advancing  towards  higher 
frequencies.  Chirality  was  first  observed  at  optical  frequencies,  and  only  this  century  has  seen 
man-made  chiral  materials  which  are  active  at  microwaves.  Today  strongly  chiral  materials 
(although  the  bandwidth  of  these  material  samples  is  not  very  broad)  are  being  produced  at  X 
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band.  Perhaps  in  the  near  future  materials  are  available  which  display  strong  chiral  behavior 
at  lower  frequencies. 

Note  also  that  a  fourth  parameter  can  be  added  to  the  full  bi-isotropic  description  of  materials. 
This  is  the  non-reciprocity  parameter.  The  non-reciprocal  bi-isotropic  medium  is  often  called  as 
the  “Tellegen  material”  and  the  recent  literature  contains  much  discussion  about  the  possible 
existence  of  Tellegen  materials  (see  Sihvola,  Lakhtakia,  and  Weiglhofer  [7]). 

Leaving  aside  the  Tellegen  discussion,  it  is  with  this  background  of  chiral  media  that  the  present 
study  aims  at  generalizing  the  expressions  (1)  and  (2).  How  does  the  electric  and  magnetic 
shielding  effects  depend  on  the  three  material  parameters  of  the  chiral  medium  which  makes 
the  spherical  layer?  And  for  more  general  materials  with  more  medium  parameters,  what  is 
the  added  effect  of  these? 


SIX-VECTOR  ANALYSIS 

A  powerful  way  to  analyse  electromagnetic  problems  involving  chiral  and  bi-anisotropic  struc¬ 
tures  is  the  so-called  six- vector  formalism  (Lindell  et  al  [8]).  Six- vectors  combine  electric  and 
magnetic  quantities  (that  both  have  three  components)  into  a  single  vector  with  six  components. 
The  electromagnetic  six-vector  field  e  and  six-vector  flux  density  d  look  like 


and  the  constitutive  relations  can  be  written  as  a  single  equation: 


d  —  M  •  e 


(7) 


where 


M  = 


(8) 


is  the  six-dyadic  of  the  material  parameters.  It  has  a  6  x  6-element  matrix  representation  and 
the  full  medium  description  requires  36  parameters.  For  example,  for  chiral  media, 


M  = 


( 


el 

jKv//Io€oI 


-jKy/jlQt °I  \ 

fil  ) 


(9) 


where  I  is  the  unit  three-dyadic  (i.e.,  such  a  dyadic  that  when  it  operates  on  any  three-vector 
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(from  either  side),  the  result  is  the  same  vector).  In  fact,  in  the  isotropic  case  where  the 
material  parameters  are  multiples  of  the  unit  dyadic,  the  six- vector  analysis  results  are  very 
often  2  x  2-matrix  expressions. 

Using  six-vectors  and  six-dyadics,  it  turns  out  that  the  electromagnetic  field  analysis  can  be 
kept  formally  on  an  as  simple  level  as  in  the  plain  isotropic  dielectric  case;  now  only  the 
shielding  effects  become  matrices.  Also  the  resulting  formulas  have  the  same  appearance  as  in 
the  isotropic  case;  one  just  has  to  remember  to  use  inverses  of  matrices  instead  of  divisions, 
and  keep  in  mind  that  six-matrices  do  not  commute  in  general. 

As  a  result,  the  electric  shielding  component  (the  ratio  between  the  absolute  values  of  the 
internal  and  external  electric  fields)  of  a  chiral  layer  is  illustrated  in  the  figure.  The  shell 
is  assumed  non-magnetic  and  its  relative  permittivity  is  tr\  and  chirality  parameter  kj.  The 
parameter  l/<5  =  0.9  means  that  the  volume  of  the  hollow  empty  space  to  the  volume  of  the 
whole  sphere  is  0.9.  This  corresponds  to  the  ratio  of  the  inner  to  outer  radius  of  the  shell  of 
0.965.  Note  the  singularity  in  the  shielding  as  the  chirality  parameter  approaches  the  physical 
limit  Ki  -» 

CONCLUSION 

Using  the  newly  developed  six-vector  formalism,  many  bi-anisotropic  electromagnetic  problems 
can  be  formulated  in  a  simple  way,  which  also  helps  to  solve  the  desired  quantities.  The  example 
of  the  present  paper  is  the  attenuation  analysis  of  a  spherical  shell  that  can  be  made  of  a 
complex  medium,  like  in  the  most  general  case  a  fully  bi-anisotropic  medium.  The  numerical 
result  shows  the  shielding  effect  of  a  chiral  shell  which  is  a  totally  new  result,  and  the  six- vector 
formulation  makes  it  possible  to  solve  even  more  complex  geometries  and  materials.  These 
include,  for  example,  ellipsoidal  forms  in  terms  of  geometry,  and  several  classes  of  anisotropic 
and  bi-anisotropic  materials. 
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Figure  1.  Geometry  of  the  problem:  a  layered  chiral  sphere,  with  the  core  and  shell  characterized 
by  three  parameters;  permittivity  e,  permeability  and  chirality  k. 


Figure  2.  The  electric  shielding  of  chiral  shell  as  function  of  the  chirality  parameter  k  of  the 
shell.  The  inner  and  outer  radii  of  the  layer  satisfy  a\(a\  —  0.9,  the  relative  permeability  is 
fj,r  —  1,  and  the  relative  permittivity  varies. 
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Abstract 

Physical  principles  of  designing  continuous  action  BWT  type  vacuum  generators  radiating  microwave  energy 
simultaneously  at  several  carrier  frequencies  in  a  MMD  are  described.  The  control  of  the  output  level  and 
frequency  in  every  band  are  considered.  The  resonance  properties  of  the  sections  of  periodical  structures  and  the 
focusing  of  electron  beams  in  an  inhomogeneous  magnetic  field  are  used  in  the  generators.  A  description  is  given 
of  how  to  excite  the  amplitude-modulated  (AM)  oscillations  with  a  high  modulation  depth  factor  and  small  non¬ 
linear  distortions.  Moreover,  the  frequency  deviation  is  insignificant.  The  operating  characteristics  and  output 
device  parameters  are  given. 


Introduction 

Diagnostic  methods  for  the  investigation  of  the  plasma  properties  in  thermonuclear  machines  of  the  type 
"TOKOMAK",  "OGRA",  "URAGAN"  required  that  the  new  sources  of  electromagnetic  oscillations  should  be 
provided  in  the  MMB,  i.e.  in  generators  radiating  microwave  energy  at  several  carrier  frequencies  to  determine 
the  distribution  of  the  particle  concentrations  in  plasma  by  changing  the  wave  phase  shifts  in  different  parts  of  the 
MM-band.  Earlier,  according  to  this  technique,  several  magnetron  generators  controlled  by  separate  supply  units 
have  been  used  in  diagnostics  devices.  Microwave  energy  localization  in  one  beam  was  obtained  by  using  a 
waveguide  connecting  device  and  a  common  electromagnetic  horn. 

The  advantages  of  multibeam  diagnostics  were  fully  utilized  in  a  new  vacuum  device  -  a  multiwave  resonance 
clinotron  [1].  Such  generators  with  a  separating  device  on  polyethylene  waveguides  radiating  the  microwave 
energy  at  wavelengths  16-8-4-2,  16-8-4,  8-4-2  and  8-4  were  tested  in  the  I.V.Kurchatov  Institute  of  Atom 
Energy  (Moscow)  and  showed  positive  results  [2].  The  measurements  of  the  basic  characteristics  of  transmitting 
channel  components,  the  oscillatory  systems  of  devices,  loads,  etc.  can  be  obtained  through  the  use  of  generators 
operating  in  AM  -  oscillation  mode.  The  fundamental  parameters  of  radio  engineering  devices  are  normally 
measured  at  a  signal  modulation  frequency  using  the  receive/transmit  equipment,  which  results  in  the  enhanced 
sensitivity  of  the  method  being  used  and  in  the  reduced  interference  effect.  In  addition,  these  generators  are 
widely  employed  in  several  fields  of  science  and  technology,  particularly,  in  studies  of  plasma  properties,  in 
radiospectroscopy,  etc. 


I.  The  statement  of  the  problem.  The  calculation  of  slow  wave  structures. 

The  basic  requirements  for  multiwave  generators  are  as  follows:  approximately  the  same  level  of  microwave 
power  at  every  wavelength,  spread  of  carrier  frequencies  in  the  MMB  of  the  octava  order,  continuous  radiation 
of  microwave  energy,  inertionless  change  of  oscillation  frequency  power  in  every  band,  small  power 
consumption. 

Possible  design  versions  of  such  sources  are  presented  in  Fig.l.  The  scale  modeling  technique  for  designing 
these  generators  is  not  suitable.  Therefore  in  order  to  calculate  them  electrodynamic  methods  and  experimental 
results  obtained  in  the  MMB  at  single  frequency  devices  were  used.  The  resonance  properties  of  the  sections  of 
the  periodical  structures  and  focusing  of  thin  electron  flows  (as  compared  to  slow  wavelength)  were  widely  used 
in  an  inhomogeneous  magnetic  field. 
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Fig.  1 .  Design  versions  of  MMB  multiwave  generators. 

The  length  (/)  and  width  of  the  structure  were  experimentally  chosen  under  the  stationary'  condition  of 
microwave  power  at  every  wave  and  with  minimum  starting  conditions.  Experimental  dispersion  dependencies 
for  the  three  wave  bands  are  given  in  Fig. 2. 


Fig. 2.  Dispersion  characteristics  of  a  three-frequency  generator 

2.  Influence  of  inhomogeneous  focusing  magnetic  field  on  characteristics  of  MMB  devices 
An  increase  in  the  efficiency  of  the  electron  flow  interaction  with  a  wave  field  of  the  SWS  in  a  inhomogeneous 
focusing  magnetic  field  is  usually  observed  in  the  EHF  of  the  MMB  and  is  accounted  for  by  an  increase  in  the 
effective  length  of  electron  transit  in  the  presence  of  "a  depleted  layer"  in  the  pulse  electron  flow.  This 
phenomena  is  followed  by  a  decrease  in  the  starting  current,  and  accordingly,  an  increase  of  microwave  power. 

The  magnitude  of  the  magnetic  field  inhomogeneity  is  negligible  and  amounts  to  —  -  0.0002,  and,  therefore, 

it  is  not  necessary  to  measure  it  with  a  high  degree  of  accuracy.  Experimentally  this  magnitude  is  estimated 
indirectly  according  to  the  shift  of  the  generator  (in  mm)  from  the  magnet  axis  into  the  domain  of  the 
inhomogeneous  filed.  For  this  purpose  an  adjustment  device  which  allows  the  magnet  axis  inclination  to  change 
to  an  accuracy  of  2  to  3  is  applied.  The  inhomogeneity  of  the  stationary  magnetic  field  is  in  general  determined 
from  the  relation  D/L  (the  pole  shoes  diameter  to  the  value  of  the  magnetic  gap). 
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4  Fig.3 .  Change  in  the  position  of  the  periodic  structure 

in  an  inhomogeneous  magnetic  field. 

The  behavior  of  varying  the  line  curvature  of  the  magnetic  field  and  the  location  of  the  SWS  (M)  is  shown  in 
Fig.3.  In  terms  of  the  angle  constancy  of  the  electron  flow  inclination  to  "the  comb"  <p ,  which  is  determined 

from  the  relation  <p  =  arctg  y  ("a"  is  the  flow  thickness)  it  can  be  stated  that  (p  =  %  +  © .  Then  the 

experimentally  measured  angle  'F  can  be  written  as 


The  experiments  showed  that  as  the  wavelength  becomes  shorter  for  the  more  effective  operation  of  the  tube, 
large  field  inhomogeneity  is  required,  that  is  to  say,  it  is  necessary  to  increase  the  parameter  (M). 

3.  Influence  of  reflections  on  the  generator  characteristics 

With  several  "combs"  being  simultaneously  current-excited  there  is  a  small  probability  that  the  microwave  power 
maxima  coincide  in  the  MMB  at  all  carrier  frequencies  because  of  the  insignificant  reflections  in  the  waveguide. 
However,  considerable  reflections  give  rise  to  a  number  of  effects  which  imply  a  decrease  in  the  starting  current, 
increased  output  power,  stabilized  frequency  and  device  efficiency.  At  this  point  the  discontinuity  in  frequency 
characteristics  appears  (in  accordance  with  the  phase  generation  modes)  in  well-defined  places  at  an  interval  of 
A/  =  1 50  •  A  /  l/Lb  (here  /  is  the  waveguide  length,  Xh  is  the  wavelength  in  the  waveguide).  This  fact  simplifies 
the  problem  of  designing  such  generators  since  the  possibility  of  occurring  arbitrary  discontinuities  in  the 
frequency  characteristics  is  ruled  out.  In  the  device  the  reflection  coefficient  related  to  the  electron  gun  "  r,, "  is 
equal  to  0.7  whereas  in  the  collector  part  it  makes  up  rk  =  1 .  Thus,  in  the  waveguide  a  standing  field  pattern  is 
established.  Displacement  of  the  piston  permits  the  location  of  the  frequency  zones  and  the  output  powers  level 
to  be  controlled.  Since  the  frequencies  differ  in  octave,  the  period  of  frequency  and  power  change  is  also 
different  by  a  factor  of  2.  As  the  phase  generation  modes  vary  faster  in  going  to  the  shorter  wave  bands  (with 
the  piston  being  displaced)  one  may  expect  that  with  its  certain  position  an  optimal  case  of  meeting  phase 
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~°J,at  a"  ralatiV!  fr?qUfCifS  iS  P0SSiWe  The  level  0f  ,he  m'crowave  power  on  each  carrier  frequency 
amounted  to  several  hundreds  of  milliwatts,  which  would  suffice  to  conduct  multichannel  measurements. 

4.  Frequency  responses  of  the  GSWR. 

As  the  generator  is  operated- on  an  unmatched  load  the  frequency  "pulling”  offers  its  specific  characteristics 
evolving  he  peculiarities  of  power  output  and  load  matching  conditions.  Generators  like  a  magnetron  a 
klystron,  etc.  can  operate  in  a  stable  mode  when  there  is  only  high-quality  matching.  Otherwise  it  gives  rise  to 
frequency  hopping  and  failure  of  oscillations.  h 

The  variation  in  the  generator  frequency  can  be  described  by  the  following  expression: 


Aco0  =  - a  •  sin  y/ /  (^  +  cos  y/)i 


(1) 


where  y  -  (I  +  *  )  /  2*,  u  -  aj.y /  2 M,k  and  y,  are  the  module  and  the  phaSe-of  thp  reflection  coefficient  at 
the  line  input,  aT  is  the  transformation  radio,  y0  is  the  characteristic  admittance  ctfthe  transmitting  line  v  .  is  the 

rn^sC,er'd  ICr  a,d.m"tanc®  f.  thf  osf  lat0ly  system.  The  maximum  frequency  deviation  from  the  value  that 
corresponds  to  the  matched  load  can  be  written  as 


{(o~  <y0)max  =  2ak  /(I  -  k7). 


(2) 


As  will  be  seen  from  expression  (1)  and  (2)  the  frequency  "pulling”  is  determined  by  the  parameters  of  the 
generators  oscillatory  system  as  well  as  by  the  module  and  the  phase  of  the  load  reflection  coefficient  A 

decrease  m  the  parameter  r,  in  expressions  (1)  and  (2)  is  accounted  for  by  an  increase  in  external  O,  since  rr  ~ 
(Jvx ,  which,  in  its  turn,  brings  about  a  power  decrease. 

Rased  on  the  foregoing  Jet  us  consider  the  operation  of  the  GSWR  (generator  with  a  sur'face  wave  resonator) 
and  compare  its  parameters  to  those  of  the  extensively  utilized  devices.  Fig.4  gives  a  schematic  design  of  the 
device  that  comprises:  1 I  -  a  periodic  comb-like  structure;  2  -  5.5x1  In*  section  of  the  prismatic  waveguide-  3  - 
an  electron  beam  of  the  basic  electron  gun;  4  -  an  electron  beam  of  the  second  (supplementary)  electron  gun.  ’ 


Fig.4  Design  of  AM  -  oscillation  Generator  with  a  Surface 
Wave  Resonator  (SWR) 

The  experiments  that  were  made  suggested  that  with  an  output  power  of  several  watts  the  generator  frequency 
'pulling"  quantity  was  small.  1  * 
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For  instance,  with  the  standing  wave  ratio  (SWR)  of  the  load  being  equal  lo  9  and  a  change  in  the  ph;:>e  of  the 
wave  reflection  coefficient  *F  to  r  the  frequency  deviation  accounted  for  1  to  3  MHz  at  f- 35.500  MHz 

5.  Generator  Operation  in  a  AM  -  oscillation  mode. 

As  Fig.4  suggests  the  electron  fiux  of  the  gum  3  brings  about  am  exottafrom  of  the  comMnbe  system  1  m  a  8-mm 
band  and  at  the  same  time  interacts  with  -  1  slow  space  hammomic  of  the  fiddL 

To  apply  the  modulation  of  the  comtamous  radiation  m  ampitede  into  the  smtteractioro  space  am  opposim®  low- 
power  electron  beam  4  ss  injected;  this  beam  interacts  with  ©me  of  the  spatial  hmoniics  im  a  generative  mode. 
The  AM  -  osajlatjons  are  sett  up  by  amplifying  or  suppressimg  the  oscillations  induced  aat  the  expense  of  the  basic 
electron  flux  [3]..  Both  of  the  electron  fluxes  are  spatialy  separated.  This  stems  from  the  meed  for  adjustment  of 
the  device  m  a  focusing  magnetic  field.. 

As  far  as  the  operative  generator  breadboard  is  cornicemed,  the  d.c.  beam  power  was  equal  to  150-200W. 

As  will  be  apparent  from  Fig.5  the  AM  -  osdlattiions  cam  be  sett  up  provided  that  the  accdtaiaitirng  voltage  ((whose 
variation  obeys  the  law  U=U0+UMsmjstj  is  appfafi  to  the  efectrom  gum  4.  The  point  Ik  esltiirmatted  fr«Mm  tthe  value 
of  the  potential^  Ua  is  chosen  on  comAism  tthatt  umminuiimauiiiim  mm-lmear  dSsttoirttiioms  occur..  Thu.^  with  Ua  =  1500F 
and  tJM  =  1 0OF  an  amplitude  oftthe  Mgh-fr^qucracy  signal  varies  from  poiimtt  Pa  tto  point  Pe  „  whidDcoiradated 
with  the  modulation  factor  mEl  if  it  is  to  be  detoi  mimed  from  tine  rfafiom  urn  —  ~  P mnmKPs  +  P  )) 

The  frequency  drifts  (shown  on  the  graph  by  the  dotted  time)  for  the  groan  p©fo»  ame  <nm  rf  1  to  3 

MHz 


Conclusion 

The  developed  O-type  MMB  muhiwave  resonance  generators  operating  in  a  mode  of  continuous  coincided 
radiation  were  primarily  utilized  to  detect  the  moving  plasma  and  its  radioscopy  at  many  bands  These  devices 
provided  the  basis  for  the  development  of  diagnostic  equipment:  a  multiband  Doppler  locator  and  a  plasma 
radioscopy  unit.  In  the  first  case  it  became  possible  to  estimate  the  velocities  and  the  laws  of  moving  plasma 
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^ormjitjons  fronts,  qf  different  concentrations.  In  the  second  case  -  the  structure  and  gradients  of  plasma  bunches 
-  this  made  the  information  more  reliable. 

In  conclusion,  it  should  be  pointed  out  that  the  MMB  AM  -  oscillation  generator  featuring  a  new  modulation 
method  ^distinguished  by  a  small  frequency  deviation  with  great  values  of  the  modulation  depth  coefficient  and  - 
by  the  level  of  the  output  power  in  the  order  of  several  watts.  The  generator  was  tested  in  diagnostic  units  to 
study  the.  physical  properties  of  plasma  and  shock  waves.  This  principle  can  be  used  to  develop  the  AM  - 
pscillation  generators  in  the  short  -  wave  portions  of  the  MMW  band. 
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Abstract-As  is  generally  known,  dielectric  waveguides  have  low-loss  characteristics  in  the  millimeter-optical-frequency 
range.  The  dielectric  waveguide  is  necessary  to  be  bent  when  it  is  used  for  a  filter.  However,  it  has  radiation  losses  due  to  the 
bend.  In  order  to  lower  the  bending  losses,  nonradiative  waveguides  are  being  studied  widely. 

This  paper  describes  applications  of  nonradiative  dielectric  waveguides  to  filters  and  presents  the  measured  characteristics 
of  newly  designed  filters.  A  comparison  of  the  bending  losses  is  also  presented  for  three  kinds  of  waveguides,  namely  dielectric 
waveguide,  aluminum  plated  dielectric  waveguide  and  nonradiative  dielectric  waveguide.  As  a  result,  0.7  dB  of  insertion  loss 
was  obtained  for  a  ring  type  channel  dropping  filter,  and  0.5  dB  for  a  periodic  branching  filter  in  20  GHz  band. 


1.  Introduction 

The  dielectric  waveguide  (D-guide)  is  very  promising  for  millimeter-wave  integrated  circuits.  A  ring  type  and  a  periodic 
filters  using  the  D-guides  have  been  also  reported'2"3'.  However,  it  is  difficult  to  obtain  low  bending  loss  and  to  built  a  small¬ 
sized  filter,  because  a  radiation  loss  caused  by  bending  can  not  be  ignored.  On  the  other  hand,  nonradiative  dielectric 
waveguide  (NRD-guide'1 ')  has  low  bending  loss  characteristics.  Therefore,  as  components  of  a  filter,  it  can  be  considered  to  use 
an  NRD-guide  which  is  a  D-guide  sandwiched  by  metal  plates. 

This  paper  describes  characteristics  of  newly  designed  ring  type  channel  dropping  and  periodic  branching  filters  using 
NRD-guides,  as  well  as  fundamental  characteristics  of  NRD-guides  used  for  filters.  In  order  to  confirm  effectiveness  of  NRD- 
guide,  an  aluminum  foil  plated  waveguide  (APD-guide)  on  the  top  and  the  bottom  sides  of  a  D-guide  is  also  examined. 


2.  Strip  Structure  in  NRD-guide 

Figure  1  shows  a  strip  structure  of  NRD-guide.  The  electromagnetic  wave  propagates  along  the  dielectric  strip. 
Theoretically,  the  radiated  power  completely  disappears  when  a  is  less  than  half  wavelength,  where  a  is  a  gap  between  the  two 
metal  plates.  NRD-guides  are  suitable  for  millimeter-wave  integrated  circuits  because  the  higher  the  frequency  is,  the  lower  the 
conduction  losses. 


3.  Basic  characteristics  of  NRD-yuide 

In  order  to  use  NRD-guide  for  filters,  fundamental  characteristics  of  NRD-guide  are  investigated. 

3.1.  Transmission  Loss  of  Straight  NRD-guide 

The  transmission  loss  of  straight  NRD-guide  was  measured  to  be  about  2  dB/m  at  20  GHz.  The  parameters  of  this 
waveguide  are: 

Sizes:  a  =  7  mm  and  b  -  10  mm 

Metal  Plates:  Copper  (<j=  5.801  xlO7) 

Dielectric  Strip:  PTFE  (Poly-Tetra-Fluoro-Ethylene, 

*  =  2.01,tan£=  l.SxlO-4) 


3.2.  Bending  loss 

An  undesired  signal  of  LSEJ0  transmission  mode  is  generated  when  the  NRD-guide  is  bent  and  it  couples  with  the  desired 
signal  of  LSMl0  transmission  mode.  Accordingly  the  bending  loss  increases.  Figure  2  shows  the  relation  between  the  strip 
width  b  and  the  radius  of  curvature  R  when  the  losses  are  zero  and  the  maximum  for  180°  bend  at  20  GHz'1 '.  From  Figure  2,  the 
NRD-guide  becomes  lossless  when  a-1  mm,  b  ~  10  mm  and  R  =  44  mm. 

Figure  3  shows  measured  values  of  bending  losses  for  three  kinds  of  waveguides  having  the  above  sizes,  namely  D-guide, 
APD-guide  and  NRD-guide.  The  bends  of  dielectric  strip  of  the  three  guides  are  7  mm  in  height,  10  mm  in  width,  44  mm  in 
radius  of  curvature  and  1 80°  in  bend  angle. 
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it  is  well  known  that  the  bending  loss  of  D-guide  decreases  with  the  increase  of  frequency  as  is  shown  in  Fig.  3.  However, 
the  losses  of  APD-guide  and  NRD-guide  do  not  depend  much  on  frequency.  The  loss  characteristics  of  NRD-guide  have  spikes 
in  the  lower-frequency  range.  On  the  other  hand,  the  loss  is  very'  low  in  the  higher-frequency  range.  It  is  shown  that  the  loss 
of  NRD-guide  is  the  lowest  on  comparing  those  of  three  kinds  of  waveguides. 

3.3.  Directional  Coupler 

Figure  4  shows  structures  of  K-type  and  X-type  couplers  which  are  generally  used  for  basic  filter  circuits  and  Figure  5 
shows  their  measured  and  calculated  coupling  factors  respectively.  Close  agreements  between  the  measured  and  the  calculated 
factors  are  obtained. 


4.  Ring  Type  Channel  Dropping  Filter 

The  structure  of  a  two-cavity  ring  type  filter  using  NRD-guides  is  shown  in  Fig.  7.  The  fabricated  ring  type  filter  is  shown 
in  Fig.  8.  The  filter  is  composed  of  two  ring  resonators  and  two  straight  waveguides  for  the  line  from  the  input  to  the  output 
ports.  The  designed  center  frequency  and  3-dB  bandwidth  of  ring  type  filter  are  20  GHz  and  120  MHz.  The  other  design 
parameters  are;  resonant  index  N  =  26,  ring  resonator  radius  R= 44  mm,  gap  between  the  two  metal  plates  a  =  7  mm  and 
dielectric  strip  width  b  =  10  mm.  With  these  design  parameters,  the  coupling  factors  of  K-type  and  X-type  couplers  are 
calculated  to  be  1.5  dB  and  6.0  dB,  respectively, 

Figure  9  shows  the  measured  and  calculated  characteristics  of  the  filter.  The  measured  channel  dropping  loss  was  0.7  dB 
at  20.21  GHz  and  3-dB  bandwidth  was  140  MHz.  On  the  other  hands,  the  measured  loss  of  the  same  type  of  filter  using  APD- 
guide  which  was  designed  with  the  same  parameters  was  4.8  dB  and  larger  than  that  of  filter  using  NRD  guides. 


5.  Periodic  Branching  Filter 

5.1.  Structure 

A  periodic  branching  filter  using  ring  resonators  and  connecting  waveguides  for  phase  adjustment  has  simple  structure  and 
can  obtain  amplitude  characteristics  nearly  equal  to  that  of  a  sixth-  or  seventh-order  Maximally  flat  type  filter131. 

It  is  composed  of  three  directional  couplers,  two  connecting  waveguides  for  phase  adjustment  and  a  ring  resonator.  Two 
of  the  three  couplers  are  3-dB  hybrids  which  are  used  for  the  K-type  coupler.  The  other  is  used  to  couple  the  resonator  to  one  of 
the  connecting  waveguides.  The  coupling  factor  between  them  is  required  to  be  0.26  dB!3l  The  equivalent  circuit  of  this  filter 
is  shown  in  Fig.  10.  - 

5.2.  Design 

All  bend  angles  are  designed  to  be  180°  and  the  radius  of  each  bend  is  45  mm.  Similarly  with  the  ring  type  filter,  the  size 
of  dielectric  strip  width  is  determined  using  the  lossless  condition  as  a  =  6.75  mm  and  b  =  11.3  mm.  Other  parameters  are: 
resonant  index  N  -  60,  /0  =  388. 1  mm  ,  l\  =  180.0  mm,  and  l-i  =  370.8  mm.  The  fabricated  periodic  filter  is  shown  in  Fig.  1 1. 

5.3  Characteristics  of  Periodic  Branching  Filter 

The  amplitude  transmission  characteristics  of  filter  using  NRD-guide  is  shown  in  Fig.  12.  The  measured  branching  losses 
are  about  0.5  dB  between  ports  (D  and  (D,  and  about  1.5  dB  between  ports  (D  and  (D. 

On  the  other  hand,  the  losses  of  periodic  branching  filter  using  APD-guide  with  the  same  designed  parameters,  are  about 
3.5  dB  between  ports  (D  and  ®,  and  about  6.0  dB  between  ports  ®  and  Therefore,  it  is  evident  that  the  loss  of  periodic 
branching  filter  using  NRD-guide  is  much  lower  than  that  using  APD-guide. 


6.  Conclusion 

Two  kinds  of  filters  using  NRD-guides,  namely  ring  type  channel  dropping  filter  and  periodic  branching  filter,  are 
examined  as  well  as  the  basic  characteristics  of  NRD  guides.  It  was  shown  that  use  of  NRD-guides  is  effective  in  order  to  lower 
the  bending  loss.  The  experimental  results  show  that  the  filters  using  NRD-guide  have  low  losses  of  which  values  agree  well 
with  the  designed  values.  As  a  result,  low  loss  filters  were  obtained,  i.e.  0.7  dB  of  insertion  loss  for  a  ring  type  channel 
dropping  filter  and  0.5  dB  for  a  periodic  branching  filter  in  20  GHz  band. 

It  is  possible  to  make  the  sizes  of  filters  much  small  because  their  low  bending  loss  characteristics.  Therefore,  filters 
using  the  NRD-guide  can  be  easily  applied  to  millimeter-wave  integrated  circuits. 
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Fig.  1.  Strip  structure  in  NRD-guide 
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Fig.  2.  The  relation  between  strip  width 
and  radius  of  curvature. 


Fig.  3.  Bending  losses  in  three  kinds  of  waveguides. 


Cross-sectional  view 


(a)  K-type  coupler.  (b)  X-type  coupler. 

Fig.  4  Directional  Coupler. 


Fig.  5.  Coupling  factors  of  K-type  coupler. 


Fig.  6.  Coupling  factors  of  X-type  coupler. 


Fig.  7.  Structure  of  two-cavity  ring  type  filter. 


Fig.  8.  Fabricated  ring  type  filter 
(the  metal  plates  removed). 


Fig.  9. 


Transmission  characteristics  of  ring  type  filter. 


Fig.  10.  The  equivalent  circuits  for  periodic 
branching  filter. 
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ABSTRACT 


Artificial  transmission  lines,  realized  using  standard  passive  components  of  the  foundry  library,  were  utilized 
to  design  180-degree  baluns  for  millimetre  wave  frequency  doublers.  Monolithic  integration  of  the  complete 
doubler  was  achieved  on  extremely  small  chip  area,  0.6mm2.  However,  the  performance  of  the  frequency 
doubler  was  not  sacrificed,  since  the  operating  frequency  bandwidth  was  30  %.  These  results  show  the 
suitability  of  this  new  technique  for  integration  of  several  of  the  functions  of  a  transmit/receive  unit 
economically  on  a  very  small  area  on  chip. 


INTRODUCTION 

A  key  issue  in  the  development  of  cost  effective  high  volume  millimetre  wave  systems  is  the  monolithic 
integration  of  several  functions  on  a  single  chip.  Due  to  the  reduced  total  chip  area  required  for  the  MMIC 
transmit  or  receive  unit,  the  problems  and  costs  of  several  millimetre  wave  interconnections  can  be  avoided. 
To  accomplish  this  single  chip  integration,  we  minimized  the  area  required  for  the  frequency  multiplier.  If 
traditional  microstrip  or  coplanar  transmission  lines  are  used,  the  transmission  line  parts  of  the  multiplier 
require  very  large  area  on  the  chip.  To  achieve  a  remarkable  circuit  area  reduction,  we  used  artificial 
transmission  lines. 


DESIGN  OF  THE  BALANCED  FREQUENCY  DOUBLERS 

Millimetre  wave  frequency  doublers  are  normally  designed  using  a  single  nonlinear  device,  or  two  nonlinear 
devices  in  balanced  configuration  [1].  A  fundamental  frequency  quarter- wave  stub  is  needed  in  single  device 
doubler  for  the  filtering  of  the  unwanted  harmonics  [2,3].  When  two  nonlinear  devices  are  connected  in 
balanced  configuration,  the  stubs  are  not  needed.  However,  a  traditionally  large  transmission  line  balun  [4] 
or  a  special  electromagnetically  simulated  balun  [5,6]  is  required  at  the  fundamental  frequency. 

The  balanced  configuration  has  potential  for  small-area  monolithic  integration,  only  if  the  balun  area 
requirement  can  be  decreased.  We  replaced  the  180-degree  transmission  line  balun  in  a  frequency  doubler  by 
a  180-degree  artificial  transmission  line  (ATL),  as  shown  in  Figure  1.  The  ATL  is  a  network  of  equal  series 
inductors,  Ls,  and  equal  shunt  capacitors,  Cp.  The  characteristic  impedance,  Z0,  and  the  propagation 
constant,  y,  of  the  ideal,  lossless  ATL  are 
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Thus,  we  had  the  freedom  to  design  the  impedance  and  electrical  length  to  the  optimum  by  simply  adjusting 
the  parallel  shunt  capacitor,  Cp,  and  series  inductor,  Ls,  values  in  the  ATL. 

We  used  standard  Philips  D02AH  foundry  models  of  inductors  and  thin  film  capacitors.  The  simulation 
results  of  the  ATL  and,  for  comparison,  the  conventional  microstrip  balun  are  presented  in  Figure  2.  The 
ATL  had  three  shunt  capacitors  and  short  lines  as  series  inductors.  The  values  of  Cp  and  Ls  were  selected  to 
give  Z0  —  25Q  according  to  (1).  The  total  area  requirement  for  the  ATL  hybrid  was  only  0.1  mm2.  The 
electrically  equivalent  microstrip  balun  was  2.6  mm  long  and  266pm  wide,  requiring  at  least  1 .3  mm2  area, 
when  folded.  The  loss  and  phase  shift  of  the  ATL  are  almost  identical  to  the  microstrip  balun  up  to  23  GHz. 
The  ATL  cut-off  frequency  is  at  29GHz.  The  complete  circuit  was  designed  on  a  standard  chip  of  a 
multi-user  processing  run  as  shown  in  Figure  3.  The  area  requirement  of  the  frequency  doubler  on  this  chip 
was  only  0.6  mm2.  We  used  0.2  x  90pm2  depletion  pHEMTs  in  the  design.  The  pHEMTs  were  biased  close 
to  threshold  voltage  for  maximum  efficiency  and  reliability  [1],  The  simulations  were  performed  using 
harmonic  balance  method  to  find  the  optimum  matching  networks. 

To  verify  the  applicability  of  the  ATL  design  technique  for  different  MMIC  processes,  a  second  ATL 
frequency  doubler  was  processed  at  Fraunhofer  Institut  for  Applied  Physics  (FhGIAF).  In  this  completely 
planar  circuit  the  active  devices  were  0.3x50pm2  enhancement  HEMTs.  The  circuit  has  high-Q  airbridge 
spiral  inductors  and  thin-film  capacitors  in  the  balun.  The  applied  design  methods  were  similar  as  for  the 
D02AH  circuit.  Photograph  of  the  chip  is  presented  in  Figure  4. 

MEASUREMENT  RESULTS 

The  processed  circuits  were  measured  directly  on  chip  without  any  external  filtering.  The  D02AH  process 
balanced  frequency  doubler  has  operating  bandwidth  from  32GHz  to  over  42GHz.  The  FhGIAF  process 
balanced  frequency  doubler  operating  bandwidth  is  also  wide,  covering  the  frequencies  from  34GHz  to 
41  GHz.  The  measurement  and  simulation  results  are  shown  in  Figure  5.  Correspondence  between 
simulations  and  measurements  is  within  a  few  desibels  over  most  of  the  frequency  range,  which  is  good  for 
nonlinear  circuits.  The  processed  FhGIAF  circuits  have  smaller  / than  the  transistor  models  predict,  so  the 
second  harmonic  output  power  has  also  decreased. 


CONCLUSION 


A  design  technique  for  wideband,  very  small-size  balanced  frequency  doublers  was  presented.  The  balancing 
hybrids  in  the  doublers  were  artificial  transmission  lines,  which  reduce  the  balun  size  to  1/10  or  less  of  the 
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conventional  baluns.  We  used  standard  foundry  library  models  for  the  design  of  frequency  doublers  in  two 
different  types  of  HEMT  processes.  Measured  circuits  had  7 GHz  to  11  GHz  operating  bandwidth  at  38GHz 
output  frequency. 


ACKNOWLEDGMENT 


This  study  was  supported  by  the  Academy  of  Finland,  the  Finnish  Technology  Development  Centre  and 
Ylinen  Electronics. 


REFERENCES 

[1]  Maas,  S.A.  Nonlinear  Microwave  Circuits.  Norwood,  MA  1988.  Artech  House,  Boston,  MA,  USA. 
469p. 

[2]  Rauscher,  C.  High-Frequency  Doubler  Operation  of  GaAs  Field-Effect  Transistors.  IEEE  Trans,  on 
Microwave  Theory  and  Techniques,  Vol.  31,  No.  6,  June  1983,  pp.  462-473. 

[3]  Kangaslahti,  P.,  Alinikula,  P.,  Kaunisto,  R.,  Stadius,  K.,  Parssinen,  A.  and  Porra,  V.  Monolithic 
Frequency  Doublers  for  Millimetre  Wave  Signal  Generation.  Proceedings  ESA  Workshop  on  Millimeter 
Wave  Technology  and  Applications,  5-7  December  1995,  ESTEC,  Noordwijk,  The  Netherlands,  pp. 
6.3. 1-6.3. 5. 

[4]  Angelov,  I,  Zirath,  H.,  Rorsman,  N.,  Gronqvist,  H.  A  Balanced  Millimeter  Wave  Doubler  Based  on 
Pseudomorphic  HEMTs.  Proceedings  1992  IEEE  MTT-S  International  Microwave  Symposium  Digest , 
1-5  June  1992,  Albuquerque,  NM,  USA.  pp.  353-356. 

[5]  Ogava,  H.  and  Minagawa,  A.  Uniplanar  MIC  Balanced  Multiplier  -  A  Proposed  New  Structure  for 
MIC’s.  IEEE  Trans,  on  Microwave  Theory  and  Techniques ,  Vol.  35,  No.  12,  December  1987,  pp. 
1363-1368. 

[6]  Abdo-Tuko,  M.,  Bertenburg,  R.,  Wolff,  I.  A  Balanced  Ka-band  GaAs  FET  MMIC  Frequency  Doubler. 
IEEE  Microwave  and  Guided  Wave  Letters ,  Vol.  4,  No.  7,  July  1994,  pp.  217-219. 


-221- 


Figure  1.  Balanced  frequency  doubler  schematics.  The  conventional  a)  and  the  new  ATL  balanced  frequency 
doubler  b)  are  shown.  The  matching  and  bias  networks  have  been  omitted. 


Figure  3.  Photograph  of  the  ATL  balanced  frequency  doubler  processed  in  D02AH  process.  The  area  of  the 
circuit  is  0.6  mm2  on  the  standard  multiuser  process  chip  (0.9mm  x  1 .4mm). 
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Figure  4.  Photograph  of  the  ATL  balanced  frequency  doubler  processed  in  FhGIAF  process.  Circuit  area  on 
chip  is  less  than  1mm2 .  The  chip  dimensions  are  1 .4mm  x  1 ,4mm. 
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Figure  5.  The  measured  and  simulated  results  of  the  ATL  balanced  frequency  doubler  processed  m  Philips 
D02AH  process.  Second  harmonic  output  power.  Pout,  is  shown  as  a  function  of  output  frequency, 
when  input  power  Pin  =  +6dBm. 
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Frequency  [GHz] 

Figure  6.  The  measured  and  simulated  results  of  the  ATL  balanced  frequency  doubler  processed  in  FhGIAF 
process.  Second  harmonic  output  power,  Pout,  is  shown  as  a  function  of  output  frequency,  when 
input  power  Pin  =  +6  dBm. 
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ABSTRACT 

The  Design  of  a  8GHz  to  32GHz  FET  frequency  quadrupler  is  described.  Typical 
conversion  loss  of  9.5dB  and  low  group  delay  variation  of  2  nsec  was  measured  over 
2GHz  output  bandwidth,  including  the  loss  and  dispersion  of  the  MIC  output  filter. 

The  design  was  based  on  the  linear  S-parameters  of  the  chip  device  (including  the  bond 
wires),  at  the  required  operating  frequencies  and  harmonics  bandwidths. 

INTRODUCTION 

Frequency  Multipliers  using  GaAs  FETs  find  broad  applications  in  Mm-wave  modem 
electronic  systems,  providing  improved  design  flexibility  and  capabilities.  These  include 
Mm-wave  transceivers  for  applications  in  Mixer  LO’s,  High  frequency  broadband 
synthesizers  and  phase-locked  sources.  Low  group  delay  circuits  are  highly  desirable  in 
some  modem  high  frequency  radar  systems. 

A  comprehensive  study  and  an  analytic  large  signal  model  of  the  FET  frequency  doubler  is 
presented  in  [1],  and  the  analysis  of  relative  contributions  of  the  various  nonlinearities  to 
harmonics  generation  is  described  in  [2].  The  majority  of  works  published  in  the  area  of 
GaAs  FET  multipliers  mainly  deal  with  doublers,  however,  none  of  them  address  group 
delay  response. 

This  paper  presents  the  design  and  realization  of  a  MIC  Ka-band  frequency  quadrupler 
using  a  single  HJ  FET  in  a  chip  form. 

The  design  of  the  input  and  output  matching  circuits  was  based  on  the  linear  S-parameters 
of  the  device,  provided  by  the  manufacturer. 

The  bias  point  of  the  device  was  chosen  at  Vgs=0  where  it  provides  better  RF  conversion 
efficiency. 

The  measured  group  delay  variation  of  the  quadrupler  was  low,  in  the  range  of  2  nsec, 
over  bandwidth. 


-225- 


QUADRUPLE!*  CIRCUIT  DESIGN 


Simulations  using  a  unilateral  power  FET  model  [3]  have  shown  that  the  non-linearity 
which  is  the  largest  contributor  to  harmonic  generation  is  the  clipping  of  the  Ids  waveform. 
This  effect  can  be  induced  by  biasing  the  FET  at  oV  just  below  the  forward  conductions 
point  of  the  gate-source  junction,  which  causes  a  half  wave  rectified  sinusoiaal  output 
voltage.  Since  this  sort  of  frequency  multiplier  is  less  sensitive  to  reactive  terminations  as 
compare  to  a  varactor  multiplier  for  instance,  it  promises  lower  group  delay  variation. 

The  design  of  an  efficient  FET  Quadrupler  requires  proper  matching  and  filtering  of  the 
pump  and  harmonic  frequencies. 

In  order  to  optimize  the  harmonic  generation  of  the  frequency  multiplier,  attention  must  be 
paid  to  the  terminations  that  are  presented  at  the  device  output  to  the  fundamental  and  its 
harmonics. 

At  the  FET  reference  plane  the  input  circuit  must  provide  matching  to  the  source  at  the 
pump  frequency  fo,  and  open  (or  short)  circuit  to  its  harmonic  frequencies.  The  output 
circuit  must  provide  matching  to  the  load  at  the  4th  harmonic,  and  open  (or  short)  circuit 
to  reject  the  pump  frequency  and  its  harmonics  at  2fo  and  3fo. 

The  output  network  also  includes  a  parallel  coupled  3  sections  bandpass  filter  with  proper 
phasing,  centered  at  the  4th  harmonic.  Figure  1  shows  the  circuit  configuration  of  the 
8/32GHz  FET  quadrupler. 


Fig  1  :  Circuit  configuration  of  the  FET  quadrupler 


The  circuit  uses  the  NE32400  Pseudomorphic  Hetero- Junction  FET  chip,  and  the  design 
was  based  on  the  linear  S-parameters  of  the  device  supplied  by  the  manufacturer  at 
Vds=2v,  Ids=20  mA,  in  the  1-40  GHz  band,  which  alsp  include  the  bond  wires. 
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The  circuit  was  optimized  and  analyzed  using  EESOF  (Libra),  by  taking  into  account  all 
the  requirements  of  matching  at  the  operating  frequencies  and  harmonics  rej  ection  over  the 
required  bandwidths. 

The  quadrupler  circuit  was  fabricated  on  a  10  mil  alumina  substrate  and  has  an  area  of 
12x15  mm.  The  output  of  the  microstrip  circuit  was  terminated  with  a  K-connector. 

QUADRUPLET*  RESULTS 

Measurements  of  Pout  vs.  Pin  were  performed  for  the  two  modes  of  operation:  Vgs=0,  and 
VgS=  _vT  xhe  Vgs=0  mode  provides  better  RF  conversion  efficiency,  as  was  found  also 

in  [4].  _ 

Since  the  quadrupler  is  operated  under  large  signal  conditions  as  compare  to  the  given 
small  signal  S-parameters  used  in  the  design.  Some  adjustments  of  the  input/output 
networks  were  required.  The  conversion  efficiency  prior  to  tuning  was  about  J6dB. 
However  after  tuning  the  circuit  at  the  optimal  bias  voltages  of  Vds=2.5V  and  Vgs=0,  the 
conversion  loss  results  in  9.5dB  at  Pin=  +6dBm,  over  2GHz  output  bandwidth  centered  at 

32.4GHz  (Fig.  2).  .  ,  . 

The  input  return  loss  was  about  -lOdB.  The  group  delay  variation  of  the  quadrupler 
including  the  output  band-pass  filter  was  measured,  using  the  HP  Transition  -  analyzer  [5]. 
As  shown  in  Fig.2,  a  low  group  delay  variation  of  about  2  nsec  was  obtained. 

Since  the  previous  measured  group  delay  variation  of  a  3  sections  band-pass  filter  of 
2GHz  bandwidth  of  this  sort  was  about  1.5nsec,  we  conclude  that  the  FET  frequency 
quadrupler  itself  has  low  group  delay  variation. 


15 : HB : 32  11.02.1997 


Fig.2  -  Power  output,  phase,  and  group  delay  response  of  the  quadrupler. 
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CONCLUSIONS 

A  broadband  Ka-band  Frequency  quadrupler  using  an  HJ  FET  chip  has  been  demonstrated 
in  microstrip.  Its  conversion  loss  was  about  9.5dB,  and  low  group  delay  variation  of  about 
2  nsec  was  measured,  over  2GHz  bandwidth,  including  the  output  band-pass  filter. 
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Abstract:  Examined  and  interpreted  are  the  transmission  characteristics  of  the  azimuthally  magnetized 
ferrite- loaded  coaxial  waveguide  -  a  canonical  structure  for  digital  remanent  phaser  designs,  using  the 
versatile  and  flexible  Method  of  Lines.  Emphasis  is  placed  on  TE„,  mode  exhibiting  anisotropic  effects  of 
phase  shifting  and  magnetically  controlled  cutoff  dependent  on  the  direction  of  remanent  magnetization. 
A  rigorous  numerical  analysis  of  field  distribution  over  the  guide  cross-section,  the  eigenvalue  rum 
and  transmission  characteristics  is  performed,  giving  a  great  deal  of  insight  and  essential  quantitative 
information  on  propagation  phenomena  in  the  gyrotropic  structure. 

Introduction:  The  normal  wave  propagation  in  a  cylindrical  waveguide  containing 
magnetized  azimuthally  to  reinanencc  has  been  the  subject  of  extensive  study  [1,2].  The  propagat,  o 
problem  in  case  of  rotationally  symmetric  TE  mode  has  been  integrated  in  terms  of  Kummer  and  Pncc  mi 
confluent  hypergeometric  functions  of  complex  parameters  and  variable  for  propagation  m  gyrotropic 
structure.  An  extensive  study  of  descriptive  properties  of  these  functions  has  been  performed  ^ntial 
for  computation  of  nonrcciprocal  characteristics  of  the  structure  under  TE0i  mode  excitation  Ilowcvci, 
in  case  of  azimuthally  dependent  TEmn  mode  the  solution  of  propagation  problem  leads  to  coupled 
differential  equations 'for  longitudinal  components  Ez  and  H2,  which  cannot  be  separated  I  his  paper 
aims  at  presenting  the  use  of  the  Method  of  Lines  (MoL)[3]  -  a  special  finite  difference  method  for  analysis 
of  cylindrical  waveguiding  structures  containing  remanent  ferrite  magnetized  azimuthally  to  rcnianence. 

Formulation  of  the.  Problem:  The  geometry  of  the  problem  (Fig.  1)  is  an  infinitely  hmg  unifonn  coaxial 
waveguide  of  outer  and  inner  radii  r0  and  n,  with  perfectly  conducting  walls  completely  filled  with  fcrnte, 
with  square  hysteresis  loop,  magnetized  azimuthally  to  remaiiencc,  propagating  a  moiiot  lii om.it nc  wave. 

A  cylindrical  coordinate  system  {r,0,z)  with  2-n.xis  along  the  geo¬ 
metric  axis  is  introduced.  The  remanent  ferrite  is  characterized 
by  a  scalar  permittivity  e  =£„£,-  assumed  to  be  lossless  and  an 
asymmetric  complex  tensor  permeability  of  the  Polder  form 


P  =  Po 
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Figure  1:  Circular  waveguide  with 
magnetized  ferrite 


where  the  off-diagonal  element  a  =  jAfr/w,  7  is  gyromagnetic  ra¬ 
tio,  Mr- ferrite  remanent  magnetization,  to  is  the  angular  frequency 
of  propagating  wave,  =  (1/36  tt)10~9  F/111  and  //«  =  4n  ■  10 
H /m  are  permittivity  and  permeability  in  vacuo. 

The  problem  at  hand  is  to  study  the  normal  mode  propagation  along  the  gyrotropic  circular  waveguide 
The  uniform  guide  cross-section  permits  an  asumption  of  exp  (j(wf  -  ftz))  dependence  of  the  fields  on 
time  and  coordinate  2,  which  accounts  for  +2  wave  solution  for  a  phase  constant  p. 

Mathematical  Treatment:  A  study  of  the  expansion  of  Maxwell  curl  relationships  excluding  the  transverse 
components  of  electric  and  magnetic  field  {Er,Eo)  and  {Hz,H0j  reveals  that  the  2-directed  componen.s 
satisfy  the  following  second-order  differential  equations  in  the  double  connected  ferrite  region 
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where  the  coordinates  r,z  and  guide  radius  r0  are  normalized  with  the  free  space  wavenumber  k0  = 
=  uJwTo  according  to  r  =  k0z,z  =  k0z ,  r0  =  Vo;  erc  =  Pl4  *  the  effective  permittivity  and  pL  = 
1  _tt2  tjie  effective  magnetic  permeability  of  the  ferrite.  In  addition  the  notations  r„  -  rfr0  -  r/r0,  ercn  - 
£re/£r',fn  =  -  normalized  frequency,  Eun  =  y/efEu,u  =  r,0,z ,  and  Hz  -  VqHz  are  introduced 

with  vo  -  Jpo/eo  -  free  space  wave  impedance.  The  azimuthal  dependence  of  Ez  and  Hz  components  is 
assumed  of  the  form  sin(m0)  and  cos(m0),  respectively  (m  -  positive  integer).  The  components  Er  and 
Ho  {Hr  and  E0)  have  the  same  0-dependence  as  Ez  ( Hz ).  As  seen,  the  normalized  electric  and  magnetic 
field  components  Exn  and  Hz  arc  coupled  by  the  off-diagonal  element  o  of  permeability  tensor. 
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Discretization:  The  coupled  second  order  differential  equations  for  longitudinal  components  are  solved 
by  the  MoL  using  discretization  on  two  different  line  systems 


h-line  system 

ft  -*  H ,  f4) 

rn  rh  _ 

Dr  —y  hu  *  Dh  —  Dh 

wliere  D,  ~  0/0rn  is  differential  operator  with  respect  to  r„,  E2„  and  H2  are  onedimensional  vectors, 
rr,h  are  diagonal  matrices  of  the  discretized  radii  and  the  difference  operators  Drjt  are  matrices  with 
bandwidth  2.  In  case  m  =  0  and  TE2  modes  D/:  should  satisfy  the  Neumann  boundary  conditions 

dli 

Qy  ®/ n  \/£renH z  (5) 

at  inner  (r  =r j )  and  at  outer  guide  radius  (r  =  r0).  (^(0)  =  0).  The  matrix  form  of  discretized  equati¬ 
ons  for  longitudinal  field  components  is 


e-line  system 
Ezn  -y  E2n 

r  n  -*  re 

Dr  ~Y  ll~ 1  Dc  =  D, 


+  /n(*  “  £ren)Xe  —  mc*fnre  ,M/1  E2n  1  _ 

mafnr^Me  P £  +  ft  (fl±  -  eren)  Ih  -  a/nv/w^  J[  H2  j  “  0 


(6) 


with 

K  =  ~r;lD[rhDf  -  m2r~2  and  Prh  =  ~r^DlhreDh  -  m2rf2  (7) 

The  matrices  Mr  and  Mh  are  introduced  to  facilitate  interpolation  between  the  two  discretization  line 
systems,  and  the  superscript  t.  denotes  transposed  matrices  DP}h  .  The  matrix  form  given  by  cqn.  (6)  is  an 
indirect,  eigenvalue  system.  Its  determinant  must  be  zero,  resulting  in  a  relation  between  the  normalized 
propagation  constant  c.rcn  and  normalized  frequency  fn  with  normalized  guide  radius  f0  and  ofF-diagoiml 
component  of  permeability  tensor  a  as  parameters. 

The  discretized  equations  for  transverse  field  components  are  given  by  the  following  matrix  form 


(1  Err.n)fn 
(1  ~  £ren)/n 


y/ercnDe 

-my/e^r- 


mtj J  1  '  jE«i 
—  «/„  y/£ ran  M/i  +  -D/t  J  jHz 

m^ren^1  1  jEzn  ' 

OtfnMh  —  y/ZTenDjx  J  jH2 


(8) 

(9) 


Numerical  Results:  (i)  Field  components.  A  solution  of  the  matrix  forms  of  discretized  equations  for  lon¬ 
gitudinal  and  transverse  components  of  electric  and  magnetic  fields  is  performed  by  the  MoL,  yielding  the 
values  of  all  electromagnetic  fields  in  the  gyrotropic  structure.  As  an  illustrative  example  the  distribution 


Figure  2:  Distribution  of  field  components  across  Figure  3:  Normalized  phase  characteristics  of  coaxial 

the  cross-section  of  coaxial  waveguide  gyrotropic  waveguide 


of  Eo,  IIr  and  H z  of  the  TEo\  mode  in  a  coaxial  guide  with  inner  to  outer  radius  ratio  p  —  tj/tq  =  0,4 
filled  with  azimuthal ly  magnetized  ferrite  with  a  =  -0, 8  is  shown  in  Fig.  2  vs.  reduced  distance  r/r0  from 
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the  guide  axis.  As  seen  both  Hr  and  Hz  differ 
from  zero  at  inner  and  outer  surfaces  of  the  gui¬ 
de  as  a  result  of  anisotropic  medium  -  a  feature 
not  observed  in  case  of  isotropic  filling.  IIr  =  0 
at  an  intermidiate  surface  whose  position  depends 
on  guide  geometry  and  ferrite  parameters.  Eo  =  0 
at  both  surfaces  of  coaxial  guide  reaching  a  maxi¬ 
mum  at  a  distance  from  the  guide  axis  depending 
on  the  sign  and  magnitude  of  a.  The  curve  label¬ 
led  by  Sz  shows  the  radial  distribution  of  Poyn- 
ting  vector,  which  in  case  of  TEa\  niode  has  only 
^-component  i.e.  Sz  =  -5 Eg  II *,  -*  S  =  (0,0, .S'*). 
Of  special  interest  is  the  existence  of  a  region  near 
the  coaxial  inner  conductor  in  which  Sz  <  0.  This 
reveals  that  the  power  is  transmitted  in  direction 
opposite  to  the  propagation  of  the  phase  front, 
i.e.  the  integral  of  Sz  over  this  region  is  negative.  However,  the  total  power  defined  by  the  integral 
of  Poynting  vector  over  the  whole  guide  cross-section,  propagates  in  +z-direct,ion. 

(ii) Normalized  Phase  Characteristics:  Using  the  discretized  form  of  equations  for  longitudinal  components 
E and  Hz,  the  normalized  phase  constant  (3  =  ^  is  computed  as  function  of  normalized  frequency 
/„  A  representative  set  of  theoretically  calculated  ^  -  /«  characteristics  of  gyrotropic  coaxial  guide 
for  T  Em  mode  is  plotted  in  Fig.  3  for  +Mr  and  -Mr  (thick  and  thin  lines,  resp.)  parameterized  with 
a  for  discrete  values  of  inner  to  outer  guide  radius  ratio.  _Thc  graphs  show  that  the  structure  exhibits 
substantially  different  normalized  phase  constants  (3 +  and  (3_  correspoiidmgjo  +Mr  or  Mr.  A  icveisa 
of  Mr  produces  a  normalized  phase  shift  of  propagating  TE0 1  mode  A(3  =  /3_  -  P+  which  can  easily  be 
minnuted  from  the  curves.  Fig.  4  is  a  plot  of  normalized  phase  characteristics  vs.  normalized  radius  of 
a  circular  guide  of  radius  r0,  completely  filled  with  ferrite,  magnetized  aznnuthally  to  remanence  with 
a  as  parameter  for  both  signs  of  Mr.  Latching  the  ferrite  between  the  two  stable  states  of  M,  P'^vnh  s 
a  discrete  differential  phase  shift.  In  general,  the  observed  effect  of  increased  tv  (strong  anisotropy)  is  a 

substantial  increase  of  A(3. 

(Hi) Near  Cutoff  Behavior:  Each  pair  of  phase  characteristics  for  given  «  and  p  in  Figs.  3  and  4  intersect 
the  horizontal  axis  at  points  =  0  defining  the  spectrum  of  cutoff  frequencies  of  TEQ 1  mode.  In  general 
the  observed  effect  of  increased  «  (Mr)  is  a  reduction  of  normalized  phase  constant  accompanied  by  a 
substantial  increase  of  cutoff  frequency.  As  seen  from  the  curves  111  Figs^3,  4  at  the  bifurcation  points 
of  each  two  branches  of  phase  characteristics  for  given  a,  /3+  =  0  while  (3_±  0,  i.e  the  structure  can 
support  TEm  mode  at  this  point  for  negative  remanent  magnetization  only.  A  reversal  from  -Mr  to  +Mr 
brings  the  guide  from  transmission  state  with  (3_  ^  0  into  a  state  of  cutoff  (/ 3+  -  0).  Thus,  tlm  struct, me 
exhibits  two  states  of  transmission,  depending  on  the  direction  of  remanent  magnetization.  Tins  nonre¬ 
ciprocal  effect  of  magnetically  dependent  cutoff  reveals  additional  potentialities  of  ferrite-loaded  guide  a. 
a^SffeSch  geometry  with  two  operation  states  (on  and  off  positions).  The  stricture  could 
be  adjusted  in  transmission  state  (with  low  losses)  for  incident  wave  and  in  a  state  of  cutoff  for  reflected 
wave 'resulting  in  an  exponential  decay  of  its  amplitude.  A  particularly  interesting  application  of  this 
nonreciprocal  effect  appears  to  be  the  design  of  an  effective  cutoff  isolator. 

Concludinn  Remarks:  The  application  of  the  MoL  for  the  first  time  to  a  gyrotropic waveguiding  geo¬ 
metry  allows  a  logical,  systematic  and  precise  treatment  of  its  inherent  nonreciprocity.  Summarizing, 
magnctbLl  ferrite-loaded  circular  guide  turns  out  to  be  a  suitable  dev.ee  geometry ■  for 
phase  shifting,  switching  ami  isolation,  whose  performance  is  readily  described  in  terms  of  TEoi I  mode. 
The  graphs  presented  could  be  used  as  design  curves,  by  means  of  which  wide  class  of  specifications  at 
microwave  and  millimeter  frequencies  could  be  translated  into  a  suitable  configuration  with  appropriate 
latching  ferrite  parameters,  performing  the  intended  device  functions  as  phaser,  cutoff  switch  or  soJator. 
The  problem  leads  to  easy  programming  using  MATLAB.  The  main  part  of  the  programme  is  a  ion 
3  pages  long.  The  CPU  time  is  of  the  order  of  seconds. 
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ABSTRACT 

The  new  work  makes  three  UTD  (uniform  geometrical  theory  of  diffraction)  based  path-loss  prediction  models  and  their  experimental 
validations  for  urban  micro-cellular  mobile  radio  communications.  The  three  models  apply  to  the  base  station  and  mobile  antennas 
much  lower  than  the  surrounding  buildings  and  can  be  written  in  explicit  forms  for  both  vertical-  and  horizontal-polarization 
transmission  and  reception.  Comparisons  of  their  predictions  with  measurements  at  900.5  and  1800  MHz  in  shadow  zones  of  urban 
areas  confirm  die  three  models  experimentally.  The  results  demonstrate  that  fast  two-dimensional  (2-D)  models  which  do  not  require 
a  building  height  database  can  provide  acceptable  accuracy  for  micro-cellular  mobile  radio  propagation  predictions  in  urban 
environments.  The  methodology  of  this  work  is  to  determine  in  advance  significant  rays  to  use,  from  a  particular  geometry  of  the 
buildings  in  an  urban  area.  It  appears  suitable  here  for  2-D  modeling  for  parallel-street  problem  and  irregular  side-street  problems.  It 
has  the  potential  to  be  used  in  practical  design  of  micro-cellular  mobile  radio  systems. 

Indexing  terms:  2-D  UTD  propagation  model,  Micro-cellular  mobile  radio,  Multiple  diffraction,  Reflection 

INTRODUCTION 

The  purpose  of  the  new  work  is  to  investigate  if  propagation  models  with  two-dimensional  (2-D)  building  database  can  provide 
acceptable  accuracy  for  micro-cellular  mobile  radio  predictions  in  urban  environments.  The  work  itself  contributes  three  UTD 
(uniform  geometrical  theory  of  diffraction)  [1]  based  path-loss  prediction  models.  The  experimental  validations  are  made  by 
comparisons  of  the  three  models’  predictions  with  measured  data  in  shadow  zones.  Figure  1  shows  an  area  in  the  center  of  Helsinki, 
Finland,  where  propagation  measurements  MAK62,  MAK63  and  MAK64  were  performed.  The  base  station  (BS)  and  mobile  station 
(MS),  moving  with  a  car,  heights,  h,  and  hr ,  are  much  lower  than  buildings  in  the  area. 

The  UTD  model  I,  including  more  major  diffraction  rays,  is  an  extension  to  path-loss  models  [2-5]  for  cellular  mobile  radio 
communications.  The  UTD  model  II  solves  a  parallel-street  problem  represented  by  measurement  MAK63,  containing  two  major  rays 
determined  by  modifications  to  the  path-loss  model  in  [5].  The  UTD  model  III  is  derived  from  UTD  models  I  and  II  for  a  site-specific 
case  of  measurement  MAK62.  The  UTD  formulae  I  and  III  are  fast  2-D  solutions  to  irregular  side-street  problems. 

The  methodology  of  these  2-D  solutions  is  to  find  out,  in  advance,  significant  rays  to  use,  in  view  of  a  particular  geometry  of  the 
buildings  in  an  urban  area.  It  avoids  a  costly  ray-search  and  is  rather  similar  to  the  determination  of  a  solution  to  an  electromagnetic 
scattering  problem  from  given  boundary  conditions.  The  salient  points  of  the  new  work  are  described  in  the  following. 

THREE  PATH-LOSS  PREDICTION  MODELS 

The  top  views  for  UTD  models  I-III  are  shown  in  Figs  2  and  3.  In  the  O-xy  coordinate  system  of  Figs  1-3,  BS  and  MS  are  at 
BS{ 0,0)  and  MS{x,y) ,  respectively.  The  route  of  measurement  MAK64  to  which  the  UTD  model  I  is  applicable  is  along  side  streets, 
in  the  ~y  direction.  The  route  of  measurement  MAK63  is  along  a  parallel  street.  The  main  street  is  in  the  x  direction,  as  well  as  all 
parallel  streets.  All  streets  have  a  half  width  y0  =  7  m. 

The  UTD  model  I  is  derived  considering  the  buildings  along  side  streets  all  in  ±y  directions  as  rows  of  knife  edges  with  an  equal 
spacing  d  -  100  m.  This  implies  that  reflections  from  the  ground  are  ignored  which  have  smaller  amplitudes  by  UTD  model  I,  as 
well  as  by  UTD  models  II  and  III. 

To  compare  with  horizontal  path  length,  vertical  path  length,  i.e.  the  difference  of  h,-hr,  is  smaller  and  negligible.  Since  the  height 
of  the  ground  over  the  mean  sea  level  varies  in  the  measurement  area,  hr  is  variable  and  the  difference  of  h,  -  hr  where  h  =  13.3  m 
appears  to  be  not  critical.  Because  of  the  two  reasons,  2-D  simplification  ( h,  -  hr  -  0 )  is  taken  for  UTD  models  I-III.  The  MS  height 
relative  to  the  ground  is  1 .5  m. 

The  three  models  can  be  written  in  explicit  forms  for  both  vertical-  and  horizontal-polarization  transmission  and  reception.  Due  to 
2-D  simplification,  the  depolarization  effect  (vertically  polarized  transmission  to  cause  some  horizontally  polarized  reception)  is 
excluded  from  the  three  models.  The  vertically  polarized  transmission  and  reception  practically  applies  to  mobile  radio 
communications  [2,  6,  7],  as  well  as  to  measurements  MAK62,  MAK63  and  MAK64  at  900.5  and  1800  MHz.  The  cross-polarized 
reception  is  usually  smaller,  but  the  importance  of  the  depolarization  effects  should  be  further  investigated. 
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A.  UTD  I  FOR  IRREGULAR  STREET  CROSSINGS 

Notations  1-4  in  Fig  2  indicate  four  rays  of  UTD  model  I  in  the  regions  of  y  >  0  .  Let  Pt  and  Pr  be  the  radiated  and  received  powers 
by  isotropic  antennas,  respectively.  The  total  path  loss  L ,  =  -101og„,(F  /  Pt)  in  dB  is  derived  as 

L,  =  L0  +  Llp  +  Lmlp  +  Llnp  (1) 

where  La ,  L]p ,  Lm,p  and  Lmp  are  the  losses  due  to  free-space  radio  propagation,  due  to  the  diffraction  by  the  local  row  (numbering 
n )  of  buildings,  due  to  multiple  diffraction  by  the  intervening  row  of  buildings  and  due  to  the  interference  between  the  rays, 
respectively.  Losses  Llp ,  Lmilp  and  Ljnp  depend  on  the  polarization  of  transmission  and  reception.  The  loss  of  Ln  +  Llp  +  Lmlp  is 
derived  from  UTD-based  expression  and  models  in  [3-5],  The  interference  loss  L.mp  contributed  by  this  work  approximates  the 
majority  of  multipath  effects,  like  deep  fading  in  the  total  received  signal.  The  multipath  effects  are  due  to  the  diffraction  and 
reflection  of  primary-diffracted  fields  from  the  surrounding  obstacles,  the  primary  diffraction  itself  and  other  multipath  field 
components. 

Existing  at  y  >  0  ,  the  diffraction-reflection  ray  4  disappears  in  the  regions  of  y  <  0  .  The  reflection  ray  path  length  ru  from  the 
diffraction  point  (x„  ,y„)  to  MS  is  derived  as 


r2  4  =  [(2x()-x-x„)2  +0>-T„)2f2- 


(2) 


As  seen  in  Fig  2,  x0  =  460  m  is  the  x  position  of  a  transverse  church  building  at  the  end  of  main  street  and  x„  is  the  x  position  of  a 
local  half  screen  at  (x„  ,y  >  >>„) .  The  diffraction-reflection  angle  /?4  is  derived  from 


tan  A 


y-yu 

2x{)  -x-xn 


(3) 


Both  rv  and  /?4  are  found  from  the  image  of  MS,  that  would  be  at  (2x0  -x,y)  not  indicated  in  Fig  2. 

Three  diffraction  rays  1-3  in  the  entire  y  range  of  UTD  model  I  are  determined  in  four  steps.  First,  let  a  plane  wave  from  BS 
propagate  across  n  —  1  rows  of  and  arrive  at  a  local  row  of  knife  edges.  The  loss  Lmlp  is  derived  from  the  field  ratio  of  | Enp  I  E„  j, 
where  Eu  and  Enp  are  the  field  magnitude  of  the  incident  plane  wave  and  its  corresponding  total  field  at  a  local  screen  at  (x„  ,y  >  T0) 
or  (x„  ,y  <  -ya) .  Second,  a  spherical  wave  from  BS  is  incident  on  this  local  screen.  The  corresponding  diffracted  field  arrives  at  MS. 
The  loss  of  L„  +  Llp  is  derived.  The  path  loss  for  a  primary-diffracted  field  of  ray  1  is  the  sum  of  L„  +Ltp+  Lmilp  .  In  addition,  the 
step  determines  the  diffraction-reflection  ray  4  in  the  regions  of  y  >  0 .  Third,  a  spherical  wave  from  BS  is  incident  on  a  knife  edge  at 
(*„,>' >  ~To)  >  modeling  the  transverse  church  building.  This  step  determines  the  diffraction  ray  2.  Finally,  similar  calculations  to 
steps  1  and  2  determine  ray  3  and  this  step  derives  the  interference  loss  L.mp . 


In  addition  to  the  majority  of  diffraction,  the  interference  loss  Lmp  in  this  work  includes  a  diffraction-reflection  ray  4.  For  the  vertical 
polarization  transmission  and  reception,  it  is  written  as 


Llm,  =  -20  log1(( 


J+ijH 


(4) 


where  £lv ,  E2v ,  £35  and  Eu  are  the  electric  fields  of  rays  1-4,  respectively,  and  E.t  I  Eu  are  the  complex  field  ratios.  Both 
£lt  /  Eu  and  Eih  /  Eih  are  explicitly  written  as 

Els,n  1  |  rs,(r,+r2)  D"„  (5) 

\Em.„JEa\  \rl2r22(rl2+r22)  Dmnll 


EMk  jrtfa+r,)  D"‘„h  c_Jk{r^ 

D,,n„ 


e*,*h  _  R  I  r2(n  +r>)  c-. 

E\*.ih  ll  ru  (ri  ru  )  E>ns  nh 
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where  k  is  the  wave-number,  r,  =  yjxn2  +  yn2  and  r2  =[(x-x„)J  +  (IM— ^o)2  ]'  2  are  ray  path  lengths  from  BS  to  a  diffraction  point 
of  local  knife  edges  at  and  from  the  latter  to  MS,  respectively,  rv_  =[(*„ -x)1  +(>'+>'„ )2]'2  and 

rv  =  [(x- xB)J  +(|>,|+>’())J]1/'  are  ray  path  lengths  from  the  diffraction  points  of  knife  edges  at  (xu,y>  -y0)  and  (jcB,j^|>^n)  to 
MS  for  rays  2  and  3,  respectively,  and  rn  -  (x*  +^)’  2  is  the  ray  path  length  from  BS  to  the  diffraction  point  of  the  knife  edge  at 
(xt),.y  >->’„)  for  ray  2.  Both  \Ens  l £„|  and  |£bA/£(,|  for  multiple  diffraction  have  been  addressed  in  [3].  The  UTD  diffraction 
coefficients  Dmnh ,  D“h ,  D"'nh  and  D"'Kh  for  rays  1-4  are  derived  from  the  expressions  in  [1]  for  spherical-wave  incidence. 
Specifically,  £1(|  are  reflection  coefficients  for  perpendicular  "i."  and  parallel  "j|"  polarization,  written  as 

cos  y?4  -  a± „  ^jer  -sinJ  ^ 

i'"  cosy?,  +a±  Jer-sin2 


where  a±  =  1  and  ati  =  1  /  sr  correspond  to  RL  i ,  respectively,  and  er  is  the  relative  permittivity  of  concrete  walls.  By  replacing /?, 
with  another  angle,  (8)  applies  to  the  calculation  of  the  reflection  coefficients  for  UTD  models  II  and  III.  The  sr  values  in  the  range 
of  about  5-15  were  used  for  calculating  the  reflections  in  the  UHF  (300  MHz-3  GHz)  band.  An  appropriate  value  of  et  =5  is 
selected  in  this  work. 


The  UTD  model  I  applies  to  MS  in  two  shadow  zones.  In  the  regions  of  y < 0  where  £4s4Jr=0,  P>a,  derived  from 
a  =  arctan(j„  /jcb)  and  ft  =  arctan[(| y\-yn ) / (x  - )] ,  and  P1>a1,  defined  as  /?2  =arctan[  |y +  >’t)|/(x(l  -*)  ]  and 
a2  =  arctan(y„  /*„) ,  must  be  satisfied.  Also,  /?4  >  a  must  be  satisfied  for  y  >  0  .  These  are  written  as 

y  <  -  maxjy,,  +  (x  -  xn )  tan  a,  y„  +  (x„  -  x)  tan  a2 };  ^ 

y>ya+(2xn-x-xn)\ma .  (10) 


This  defines  the  applicable  regions  of  UTD  model  I.  The  total  path  loss  L,  for  the  horizontal  polarization  transmission  and  reception 
is  also  expressed  by  (1).  Specifically,  the  polarization  change  can  be  made,  replacing  all  UTD  diffraction  coefficients  identified  by 
subscript  "s"  by  those  identified  by  subscript  "h" ,  as  well  as  replacing  by  Rl{ .  This  also  applies  to  UTD  models  II  and  III. 


The  knife  edges  are  all  along  vertical  (z)  direction  in  the  present  work,  whereas  all  knife  edges  are  along  a  horizontal  (e.g.  y ) 
direction  in  [3-5],  The  hard  and  soft  boundaries  [1]  correspond,  respectively,  to  horizontally  and  vertically  polarized  electric  fields 
now.  This  results  in  the  major  difference  between  the  UTD-based  expression  of  Ln  +  Llp  +  LmJp  here  and  that  of  [3,  4],  where  the  hard 
and  soft  boundaries  correspond,  respectively,  to  vertically  and  horizontally  polarized  electric  fields. 


B.  UTD  II  FOR  A  PARALLEL- STREET 

Notations  1  and  2  for  UTD  model  II  seen  on  the  left  of  Fig  3  indicate  a  diffraction  and  a  diffraction-reflection  ray.  The  UTD-based 
expressions  Lt  of  UTD  model  II  are  written  in  the  form  of  (1)  at  Lmlp  =  0 .  For  vertical-polarization  transmission  and  reception,  Linp 
is  expressed  as 


L\nv  -  -20  log, 


1+- 


(11) 


-=  R, 


r2(r,  +r2)  D", 

r22(r,+rJ2)  Dsh 


(12) 


r.-te+rfr 

r21  =[(*-*„+i)J  +(2 y2  -yt  -yY\n 


(13) 

(14) 

(15) 
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where  y,  =  xii+1  tana  and  UTD  diffraction  coefficients  Dv,.  and  D",  for  rays  1  and  2  are  calculated  at  appropriate  angles  for 
spherical-wave  incidence  [1].  The  reflection  coefficients  R±  (  are  calculated  at 


A  =  arctan  - - - - . 

2 y2  -y,  -y 


The  applicable  region  of  UTD  II,  that  is  naturally  satisfied  for  the  parallel-street  problem,  is  given  by 


P  =  arctan  -  —  >  0. 

y-y, 


(16) 


(17) 


This  solution  is  obtained  from  two  key  points  formulating  the  problem.  First,  the  direct  spherical  waves  from  BS  are  shadowed  in  the 
regions  of  x  >  x„+l  and  y  >  y , ,  by  side  street  walls  at  (xn,y>  ya )  and  (jrn+1 ,  y  >  y„ ) .  Second,  the  majority  of  total  received  signal  by 
MS  should  be  generated  by  the  power  of  the  spherical  wave  incident  direct  on  (*„+1  ,y, ) . 

The  UTD  model  II  considers  that  a  spherical  wave  from  an  equivalent  transmitter  at  BS'  (jcff+l ,  y,  —  /*, )  is  incident  on  (jcn+,,y,)  of  a 
knife  edge  at  (x  >*„tl,y,) ,  as  seen  in  Fig  3.  This  simplification  and  approximation  remains  the  regions  of  x> xa+,  and  y  >y, 
shadowed,  as  well  as  the  same  amount  power  of  spherical  wave  incident  direct  on  (xn+1,y,) .  Rays  1  and  2  are  thus  determined  by  a 
derivation,  similar  to  the  second  step  determining  rays  1  and  4  of  UTD  model  I  for  y  >  0  . 

C.  UTD  III  FOR  A  SIDE  STREET  CLOSE  TO  BASE  STATION 

The  UTD-based  expressions  I,  of  UTD  III  can  also  be  written  in  the  form  of  (1)  at  LmJp  =0.  The  UTD  formulae  III  contain  a  total 
of  six  rays  as  shown  on  the  right  of  Fig  3.  Calculations  similar  to  those  for  UTD  I  determine  diffraction  rays  1-4.  The  diffraction  ray  4 
by  a  knife  edge  at  (xl4  ,  y  >  y„ )  is  shadowed  by  the  knife  edge  at  (jt,,y  <  -yn )  and  the  fields  E4s4h  of  single  diffraction  vanish  in  the 
range  of  y  <  y ^  =  y„  -  (x  -  xH  )  tan  pim ,  where  tan  p4m  =  2y„ !  ( x ,  -xu). 

The  single  diffraction  ray  5  by  a  knife  edge  at  (x  >  xs  ,y})  is  added  only  in  the  regions  of  y  >  ys .  For  the  regions  of  y  <  0  ,  the 
reflection-diffraction  ray  6  is  determined,  similar  to  the  determination  of  ray  2  for  UTD  II.  In  other  words,  a  spherical  wave 
multiplied  by  Rx  i  at  an  appropriate  angle  from  an  equivalent  source  at  BS'  (xM  -  rX6 ,  y6 )  is  incident  on  a  knife  edge  at  (x6J  ,y>ys), 
and  the  diffracted  fields  E6r  M  arrive  at  MS. 


EXPERIMENTAL  VALIDATIONS 

Use  an  average  error  and  a  root  mean  square  (rms)  error  AmT  in  dB  as 


1  v 

=  — I(L, -Lmi) 


m 


(19) 


where  Llpi  and  are  predicted  and  measured  path  losses,  respectively,  and  N  is  the  number  of  predicted,  or  measured^  path-loss 
data.  Comparisons  of  its  prediction  with  measurement  MAK64  confirm  UTD  model  I,  see  Fig  4  and  Table  1.  Good  agreements  of 
UTD  model  II  prediction  with  measurement  MAK63  are  demonstrated  in  Fig  5  and  Table  1.  It  is  seen  in  Fig  6  and  Table  1  that 
measurement  MAK62  confirms  UTD  model  III.  The  path-loss  underestimate  of  UTD  model  HI  in  the  line-of-sight  (LOS)  region, 
around  y-  0 ,  may  be  caused  by  blockage  of  other  obstacles  (e.g.  cars)  during  the  measurements. 

CONCLUSIONS 

Three  UTD-based  path-loss  prediction  models  are  made  for  urban  micro-cellular  mobile  radio  communications.  They  are  validated  by 
comparisons  of  their  predictions  with  measurements  at  900.5  and  1800  MHz  in  shadow  zones  of  urban  areas.  They  apply  to  the  BS 
and  MS  antennas  much  lower  than  the  surrounding  buildings  and  can  be  written  in  explicit  forms  for  both  vertical-  and  horizontal- 
polarization  transmission  and  reception. 

The  results  demonstrate  that  fast  2-D  models  which  do  not  require  a  building  height  database  can  provide  acceptable  accuracy  for 
micro-cellular  mobile  radio  propagation  predictions  in  urban  environments.  The  methodology  here  appears  suitable  for  2-D  modeling 
for  parallel-street  problem  and  irregular  side-street  problems.  It  has  the  potential  to  be  used  in  practical  design  of  micro-cellular 
mobile  radio  systems. 
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Range  y,  m  Range  y,  m 

Fig  4:  Path-loss  predictions  of  UTD  model  I,  valid  with  measurement  MAK64 


Fig  5:  Path-loss  predictions  of  UTD  model  II,  valid  with  measurement  MAK63 


Range  y,  m  Range  y,  m 

Fig  6:  Path-loss  predictions  of  UTD  model  III,  valid  with  measurement  MAK62 

-236- 


Fig  1 :  A  Helsinki  city  center  map  showing  an  area  where  propagation  measurements  MAK62,  MAK63  and  MAK64  were  performed, 
BS  representing  Base  Station  and  O  indicating  its  position,  as  well  as  initial  and  final  measurement  positions 


Table  1:  Average  and  root  mean  square  errors  Aou 
and  Arma  for  comparisons  of  UTD  path-loss  model 
predictions  with  measurements  MAK62,  MAK63 
and  MAK64  at  900.5/1800  MHz 


items 

Aou  (dB) 

Arm.  (dB) 

MAK62 

2.78/5.02 

8.08/9.18 

MAK63 

1.35/  -  0.0331 

4.69/5.27 

MAK64 

5.68/5.23 

8.47/8.34 

Fig  2:  Top  view  geometry  of  UTD  model  I, 
applicable  to  measurement  MAK64 


/® 

|  BS'(X6d-r16,Y6)  Xp6 

6  BS'CX^j.Yi-r,)  ° - 

Fig  3:  Top  views  of  UTD  models  II  and  III,  applicable  to  measurements  MAK63  and  MAK62 
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ABSTRACT 

New  methods  are  suggested  for  linearizing  transfer  functions  TFs  of  nonlinear  electronic  circuits  through 
inclusion  of  dual  nonlinear  circuits  NDC  that  involve  similar  nonlinear,  as  well  as  linear  elements. 
Linearizing  methods  are  based  on  using  of  inverse  functions  EFs.  A  consistent  procedure  of  circuit 
synthesis  has  been  developed.  The  examples  given  to  describe  the  synthesis  of  exponential  and  binomial 
function  sets  and  the  complete  self-linearization  of  a  binomial  series.  These  functions  will  be  used  here  in 
other  papers  for  linearization  of  the  opened  and  closed  p-n  junction. 

INTRODUCTION 

The  processes  of  amplification  and  transmission  of  electrical  signals  in  electron  devices  are  nonlinear. 
Even  very  small  deviations  from  linearity  often  may  result  in  combination  effects,  greatly  reducing  the 
interference  immunity  and  sensitivity  of  multicarrier  telephony,  short  wave  communication, 
radioastronomy  et  al.  Therefore  the  problem  of  linearization  is  a  special  importance  for  the  semiconductor 
amplifiers  and  switching  elements. 

Two  main  methods  of  linearization  are  known  [1]: 

(i)  -low  level  operation  when  the  signal  magnitude  is  less  then  nonlinear  section  of  the  characteristic  and 

(ii) -compensation  of  the  nonlinear  effects  by  negative  feedback,  feedforward  and  predistortion 
linearization  [1-4],  harmonics  suppression  [5]. 

For  a  number  of  reasons,  the  potential  of  many  methods  has  been  nearly  exhausted,  and  the  necessity  to 
further  reduce  combination  effects  stimulates  the  search  for  new  ways.  One  is  discussed  in  this  paper.  It 
seems  promising  to  analyze  the  possibilities  of  linearizing  nonlinear  circuits  through  compensation  of  the 
nonlinearity  by  introduction  of  other  nonlinear  elements.  It  has  been,  believed,  that  such  compensation  is 
inefficient.  The  author’s  intention  is  to  show  this  is  not  true  and  suggest  a  regular  method  for  synthesizing 
compensation  circuits  that  would  involve  identical  nonlinear  and/or  linear  elements. 

There  are  two  reasons  in  a  foundation  of  our  proposals. 

FIRST  ONE:  All  the  circuits  should  consist  of  the  identical  nonlinear  elements.  It  provides  the  small 
differences  their  parameters  and  high  compensation  stability  especially  at  use  of  a  modern  technology. 
SECOND  ONE:  It  is  possible  to  synthesize  such  pairs  of  the  complementary  circuits  (which  consists 
from  identical  elements  !)  which  have  the  opposite  signs  of  non-linearity.  Further  on  we  will  name  such 
circuits  as  nonlinear  dual  circuits  NDC  from  the  formal  analogy  between  frequency  dual  linear  circuits. 

LINEARIZATION  METHODS 

Consider  an  analytical  function  y=f(x)  and  its  inverse  function  x=s(y),  specified  by  the  Taylor  expansions 
at  x  =  y  =  0,  with  s(y)  =  f(x)A  and  f  (x)=  s(y)A,  where  symbol  [A]  denotes  an  IF.  As  is  known, 

f(x)  =  a*x  +  b*x2  +  c*x3  +  d*x4  +  e*x5  +  ...,  s(y)  =  A*y  +  B*y2  +  C*y3  +  D*y4  +  E*y5  +  . . . .  (1) 

0 

The  coefficients  a  to  e  and  A  to  E  are  related  by  the  inversion  equations. 

A  =s  1/a;  B  =  -b/a3 ;  C  =  (2*b2  -  a*c)/a5 ;  and  so  on  [6].  (2) 

In  what  follows,  we  will  perform  summation  and  subtraction  of  expansions  similar  to  (1)  as  this  technique 
is  based  essentially  on  compensation  of  the  nonlinear  terms  in  the  Taylor  series  for  the  circuit  or  element 
TF  by  the  Taylor  expansion  of  the  symmetric  and  /  or  IF  of  the  similar  element  or  circuit. 
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Consider  some  of  the  properties  shown  by  the  expansions  (1)  with  regard  to  summations,  subtractions  and 
scaling  argument. 

1  The  r-th  coefficient  in  the  function  s  depends  upon  r  coefficients  of  the  function  f  and  can  assume 
any  sign  and  magnitude,  including  zero.  In  other  words,  the  nonlinear  behavior  of  the  F  and  IF  is 
substantially  different.  If  r-1  term  of  the  expansion  of  f,  except  the  first  one,  are  all  equal  to  zero,  then 
the  r-th  term  in  the  expansion  of  s  has  the  opposite  sign,  each  r+1  terms  in  r  and  f  functions  have 
the  same  signs.  This  suggests  the  possibility  of  synthesizing  a  circuit  with  an  opposite  kind  of  non¬ 
linearity,  involving  similar  nonlinear  elements.  As  a  result,  it  would  be  possible  to  compensate  the 
non-linearities  in  various  synthesized  circuits  by  using  combinations  of  the  response  function 
involved. 

2  The  expansion  coefficients  of  the  function  s  all  depend  on  a,  i.e.  the  linear  term  of  f.  This  implies  the 
possibility  of  circuit  linearization  with  the  aid  of  linear  elements.  There  is  a  practical  importance  the 
condition  that  the  3-th  order  term  would  be  equal  to  zero.  Equation  (2)  yields 

C  =  2*b2  -  a*c  =  0.  (3) 

3  Summation  of  different  functions. 

Let  fl  *  f2;  si  =  flA;  s2  -  f2A;  F  =  f  1  +  f2;  SA  =  F.  Then  S  t-  sl+s2,  i.e.  summation  of  the  functions 
generates  an  IF  with  different  nonlinear  properties.  The  two  particular  cases  of  importance  are: 
Changing  the  sign  of  the  argument. 

If  f2(x)  =  f  1  (-x),  then  F  =  f  1  -  f2  is  odd  function  and  F  =  fl  +  f2  an  even  function,  non-analytical  at 
x  =  0,  that  will  not  be  considered  further. 

Scaling  of  the  argument  or  function. 

The  change  from  f(x)  to  f(h*x)  or  h*f(x)  from  s(y)  to  s(h*y)  or  h*s(y),  where  h  ^  1,  allows 
eliminating  any  term  (1),  except  the  linear  one. 

The  properties  discussed  give  sufficient  ground  to  the  linearization  technique  and  allow  presenting  the 
synthesis  procedure  for  compensated  circuits.  To  facilitate  the  understanding  by  circuit  specialists,  we 
will  appeal  freely  to  the  concepts  of  parallel  and  series  connections  when  describing  summation  of  the  f 
and  s  functions.  The  regular  method  should  involve  consecutive  stages,  the  result  of  the  k-th  stage  being 
generation  of  a  pair  dual  functions  DFs  of  NDC  which  characterized  by  odd  TFs. 

flk(x.)  =  akl*x  +  akr*xr  +  ak(r+l)  *xr+1  +  ... 
f2k(x)  =  bkl  *x  -  bkr*xr  +  bk(r+l)  *xr+i  - ... 
slk(y)  =  Akl *y  -  Akr*yr  +  Ak(r+l)*yr+1  - ... 

s2k(y)  =  Bkl*y  +  Bkr*yr  +  Bk(r+l)*yr+I  +  -  (4) 

In  Eq(4),  the  expansion  coefficients  for  all  1<  t  <  r  are  zeros,  while  the  non-zero  coefficients  of  the  r-th 
order  terms  have  opposite  signs.  This  allows  equating  their  magnitudes,  by  properly  selecting  the  scale 
factors  h  and  1  at  the  k  +  1-th  stage.  By  further  summing  the  functions  f  and  s,  we  shall  arrive  DFs  of  new 
NDC  where  the  r-th  order  term  would  be  zero  : 

flk+l(x)  =  flk(h*x)  +  f2k(x), 

f2k+l(x)  =  [slk(l*y)  +  s2k(y)]A  (5) 

This  ends  up  the  k  +  1-th  stage,  and  the  linearization  procedure  can  be  followed  on.  But  the  initial  stage 
which  is  different  from  the  rest.  The  major  distinction  is  that  fl(x)  is  a  single  function  and  it  is  not  evident 
if  it  can  be  linearized  by  the  method  discussed.  As  has  been  mentioned  above,  the  terms  to  be 
compensated  in  the  series  expansions  of  the  dual  functions  fl  and  f2  should  be  of  different  signs.  Hence, 
the  corresponding  terms  of  the  TF  and  IF  should  be  of  the  same  sign.  Even  order  terms  in  the  expansion 
of  f  1  can  be  easily  eliminated  through  changing  the  sign  of  the  argument,  therefore  the  lowest  order  term 
to  cancel  is  of  order  three.  Then  the  linearizability  conditions  with  account  of  (3)  are  the  following. 

(i)  b  *  0;  (ii)  c>0;  (iii)  a*c<2*b2  (6) 
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If  (6)  is  met  for  fl ,  then  two  different  ways  are  possible  for  synthesizing  the  pair  of  DF:  f  1 1  and  f21 . 
*  One  is  summing  of  symmetrical  dual  functions. 


fll(x)  =  f  1  (x)  -  fl(-x),  f21  (x)  =  [fl(x)A  -  fl(-x)A  ]A.  (7) 

*  The  second  way  is  more  complex. 

First,  the  functions  fl  and  si  =  flA  are  to  be  transformed  into  new  functions,  fl  1  and  si  1,  such  that  the 
expansions  of  their  IF,  sl2  =  fl  1 A  and  fl2  =  sllA  should  not  involve  third-order  terms.  This  can  be 
achieved,  f.  ex.,  by  summing  fl(x)  and  s  1  (y)  with  the  respective  linear  functions  p*x  and  q*y,  or  by 
subtracting  the  scaled  functions  f  (-h*x)  [or  h*fl(-x)]  and  sl(-w*y)  or  w*sl(-y)  to  meet  the  condition  (3). 
The  result  would  be  the  two  sets  of  relations  with  q  =  1/p  =  2*b2  /c  -  a, 


2*b2  -  (a  +  p)*c  =  0, 

2*b2  -  (1/a  +  q)*c  =  0. 

2*(1  -  h)2  *b2  -  (1  -  h  +  h2  )*a*c  =  0,  for  fl(x)  -  fl(-h*x) 
2*(1  -  h)2  *b2  -  (1  +  h)2  *a*c  =  0  for  fl(x)  -  h*fl(-x) 

2*(1  -  w)2*b2  -  (1  -  w  +  w2  )*(2*b2  -  a*c)  =  0. 


that  should  be  used  to  determine  either  p  and  q,  or  h  and  w.  Further,  the  pair  of  functions  fl(x)  and  f2(x) 
are  formed  like  in  (5). 


APPLICATION 

To  illustrate  the  method,  we  will  consider  three  examples.  Then  they  will  be  used  to  synthesize  the  p-n 
junction  compensated  circuits. 

**  Let  fl(x)  =  ex  -  1,  sl(y)  =  ln(l+y),  a  =  1,  b  =  1/2  and  c  =  1/6.  Then  Eq.  (6)  is  satisfied,  since  1/6  > 
1/18,  and  hence  fl  can  be  linearized.  Then,  similar  to  (7) 

fll(x)=  fl(x)-fl(-x)  =  2*sh(x)  =  x*2  +  x3  /3  +x5/60 . , 

f21(x)  =  [sl(y)-sl(-y)]A=th(x/2)  =  x/2-x3/24  +  x5/240...„ 
si  l(y)  =  [fl(x)  -  fl  (-x)]A  =  Arsh(y/2)  =  y  12  -  y3  /48  +  y5  *3/1280  ., 
s21(y)  =  s  1  (y)  -  sl(-y)  =  2*Arth(y)  =  y*2  +  y3  *2/3  +  y5  *2/5 . 

At  the  next  step,  (10)  and  (11)  are  scaled  and  added  pair-wise,  according  to  (5),  in  order  to  eliminate 
third-order  terms.  The  result  is  the  pair  of  DFs  (12)  to  be  further  linearized: 

f2(x)  =  fll(x*0.333)  +  f21(x*0.667)  =  x  +  x5  *6.17e-4  +... 

s2A(x)  =  [si  l(y*0.885)  +  s21(y*0.279)]A  =  x  -  x5  *1 .95e-3  +...  (12) 

The  functions  fl,  si,  f2,  s2  are  shown  in  Fig.l.  As  it  can  be  seen,  compensating  one  exponential  function 
with  three  others  has  improved  the  linearity  by  30  to  70  dB.  Curves  3  and  4  are  parallel  to  each  other, 
which  implies  that  attempted  compensation  of  the  fifth-order  term  at  the  next  stage,  through  a  2dB  change 
in  the  scale  of  one  function,  should  be  a  success  as  well.  In  principle,  the  procedure  could  be  repeated  ad 
infinitum,  however  the  number  of  exponential  functions  involved  is  doubled  at  each  consecutive  stage 
and  the  requirements  as  to  the  accuracy  of  compensation  increase. 

**  Let  now  fl(x)  =  ±  ((l+x)±m  -  1);  (y)  =  ±((l+y)±m  -  1).  (13) 

(i)  with  the  “+”  sign  we  have  a  =  m;  b  =  m*(m  -l)/2;  c  =  m*(m  - l)*(m  -2)/6. 

(ii)  with  the  “  sign  we  have  a  =  m;  b  =  m*(m+l)/2;  c  =  m*(m+l)*(m+2)/6. 


(10) 

(11) 
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The  function  f  1  meets  the  linearization  condition  (6),  provided  m  >  0.5  in  case  (i)  or  m  >  0  in  case  (ii). 
COMPLETE  LINEARIZATION 

As  an  example,  consider  the  function  that  is  remarkable  in  many  respects,  namely  the  binomial  series. 


fl(x)  =  x*(l  -  x)*1  =  x  +  x2  +x3  +  ...  sl(y)  =  y*(l  +y)'I=y-y2  +y3  - ...  (14) 

Let  us  start  linearizing  (14)  with  variation  of  its  linear  term.  As  can  be  found  from  (8),  p  =  q  =  1,  and 
hence  the  new  functions  fl  1  and  si  1  are 

fll(x)  =  x  +  x*(l  -x)’1  =  x*2  +  x2  +x3  +  ..  si  1  (y)  =  y  +  y*(l  +  y)’1  =  y*2-y2  +  y3-  .  (14.1) 

Theirs  JFs,  f  12  =  si  1A  and  sl2  =  fl  1A  there  are  only  even-order  non-linearities. 

f  1 2(x)=x/2- 1  +(  1+x2/4)°'5=x/2+x2/8-x4/32+..,  sl2(y)=y/2  +  1-  (1+  y2/4)a5=y/2-y2/8  +  y4/32-...  (14.2) 


The  equation  roots  used  in  (14.2)  during  inversion  of  (14.1)  are  only  those  that  obey  the  conditions  fl2(0) 
=  si 2(0)  =  0.  By  eliminating  the  even-order  terms,  like  in  (5),  we  arrive  at  the  pair  of  linear  functions 
fl  =  fl2(x)  -  fl2(-x)  =  x  and  si  =  sl2(y)  -  sl2(-y)  =  y.  Thus,  having  applied  Eq(3)  for  compensating  the 
third-order  term,  we  have  also  eliminated  all  other  odd  terms  in  the  series  (14)  and  achieved, 
unexpectedly,  complete  compensation  of  non-linearity.  Note  that  the  same  result  will  be  for  any  fl(x)  = 
v*x*(l+  v*x)“'.  Certainly,  this  is  only  a  special  case,  however  so  curious  that  we  illustrate  in  Fig.2  all 
stages  of  the  linearization  procedure. 

There  is  important  consequence  from  this  property.  Let  the  nonlinear  section  of  the  expansion  TF  is  a 
geometric  series  with  the  common  factor  v,  up  to  the  n-th  order  term,  i.e. 

n  m 

y  =  a*x  +  £(v*x)1  +  £  at*xl ,  with  m  >  n  and  at  *  v  ,  when  t  >  n  (15) 

1-2  t=n+l 

With  a  proper  choice  of  v,  this  approximation  may  prove  valid  for  many  functions,  from  the  point  of  view 
of  analyzing  some  particular  properties  of  coefficients  in  the  IF  expansions.  Then  we  can  rewrite  (15) 

n 

y  =  x*(a  -  v)  +  v*x*(l-v*x)  1  -  (v*x)n+1*(l-v*x)  5  +  Z  at*xl  (15.1) 

t=n+l 

Owing  to  the  property  1  of  the  IF,  the  third  and  fourth  terms  of  Eq. (15.1)  does  not  affect  the  first  n  terms 
of  the  series  for  y  as  its  lowest  degree  is  n  +  1.  The  IF  of  two  first  terms  of  Eq.(15.1)  is 

x  =  {y  +  p  -  [p2  +  y2  +  2*(2  -  p)*yf 5  )/(p  - 1)/2,  (15.2) 

where  g  =  a/v  and  the  n  first  terms  are  the  corresponding  terms  of  the  y-series.  With  p=2  the  IF  of 
Eq.(15.2)  contains  only  even-order  nonlinear  terms,  such  that  subtraction  of  x(-y)  results  in  a  complete 
linarization,  x(y)  -  x(-y)  =  y.  Since  p  =  2  implies  C=2*b2  -a*c  =  0,  all  odd-order  terms  of  the  y(x)  series 
of  lower  order  than  n  should  vanish.  It  seems  probable  that  the  condition  C  =  0  may  lead  to  a  nearly  total 
linearization  of  real  functions  too. 

CONCLUSION 

Nonlinear  functions  are  linearized  by  a  similar  or  slightly  modified  function,  or  even  a  linear  one,  which 
makes  the  method  highly  attractive.  Like  in  any  nonlinear  problem,  practical  approaches  greatly  depend 
upon  the  specific  form  of  the  function.  However,  the  examples  given  allow  expect  the  method  to  be 
practically  efficient  especially  by  using  a  current  technology. 
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FIGURE  CAPTIONS 


Fig.l  Relative  deviations  dy  in  dB  of  y  =  f(x)  function  from  the  linear  one  y  =  x:  dy  =  20iog  [  f..  (x)/x  -  1] 
l-fl(x);  2  -  sl(x);  3-f2(x);  4  -  s2  (x) 

Fig.2  Linearization  of  y  =  x/(l  -  x)  and  x  =  y/(l  +  y) 

1  -  fl(x)  and  sl(x)  2  -  fl2(x)  and  sl2(x)  3  -  -f!2(-x)  and  -s!2(-x)  4  -  fl  l(x)  and  si  l(x) 
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ABSTRACT 

Linearized  circuits  are  suggested  and  analyzed  theoretically,  where  even-  (2n)  and  odd-  (2n+l)  order  (n  > 
0)  non-linearity  of  opened  or  closed  p-n  junctions  can  be  compensated  by  non-linearity  of  other  P-N 
junctions.  The  effect  is  stable  against  scatter  in  the  values  of  P-N  junctions  parameters.  Linearized  circuits 
with  linear  and  non-linear  compensation  are  compared. 

INTRODUCTION 

Communication  [1]  was  dedicated  to  methods  of  compensating  the  non-linearity  of  p-n  junctions  with  the 
aid  of  nonlinear  dual  circuits  NDC  that  involved  the  junctions  to  be  linearized  and  linear  linearizing 
elements.  Here  we  will  consider  non-linearity  compensation  with  the  aid  of  nonlinear  symmetric  and  non 
symmetric  NDC  involving  other  p-n  junction  [2],  and  will  analyze  the  relative  effectiveness  of  the 
different  linearization  techniques.  First,  we  analyze  once  again  the  linear  compensating  circuits  that  were 
considered  in  [1],  however  replacing  the  linear  compensating  elements  with  nonlinear  ones.  Then  we  will 
turn  to  the  circuits  where  non-linearity  are  compensated  by  such  of  their  DCs.  The  analysis  will  be 
limited,  as  before,  to  the  case  of  quasi-static  operation  for  which  the  complex  (real  plus  imaginary)  nature 
of  the  nonlinear  element  can  be  disregarded.  The  equations  and  figures  of  papers  [1]  and  [2]  will  be 
referred  to  as  (nn-[  1  ]  or  [2]),  respectively.  Designation  TF,  IF,  DC  and  NDC  are  quoted  also  from  [2]. 

P-N  JUNCTION  IS  OPENED 

Following  the  logistics  of  this  paper,  we  offer  no  explanations  to  Fig.l  showing  (similar  to  Fig. l-[  1  ]) 
NDC  that  involve  opened  p-n  junctions  (the  junction  to  be  linearized  and  the  linearizing  one).  As  can  be 
seen  in  the  Figure,  the  junctions  are  connected  oppositely,  i.e.  in  counter  phase,  and  their  bias  currents  are 
not  equal.  Following  Eq.(  1  -[1  ]),  the  TFs  of  the  circuits  Fig.la  and  lb  can  be  written  as  (as  before  [fA] 
means  IF  of  [f]). 

j(h,u)  =  e11  -  1  -  h*e'u  +  h  , 

jA(h,i)  =  ln[(i  +  1  -  h)/2  +  ((i  +  1  -  h)2  /4  +  h)05  ], 

v(w,i)  =  ln(l  +  i)  -  ln(l  -  w*i) , 

vA(w,u)  =  (e11  -  l)/(w*eu  +  1).  (1) 

Similar  to  [1,2],  here  and  below  u=Us/Ut,  i=Is/(Il+Isat);  h=(lj+Isat)/(I2j+Isat)=exp(Ulj/Ut-U2j/Ut)  *1; 
w=(Ilv+Isat)/(I2v+Isat)=exp(Ulv/Ut-U2v/Ut)  ^  1;  where  Us,  Is,  U1,U2,  II,  12  are  the  signal  and  bias 
voltages  and  currents,  respectively;  Ut  and  Isat  are  the  thermal  potential  and  saturation  current.  The 
subscripts  1  and  2,  j  and  v  underline  the  difference  of  operation  parameters  of  different  p-n  junctions  in 
the  NDC.  We  will  be  using  Taylor  expansions  of  the  TF  and  IF  involved  in  the  analysis  [3],  and  the  series 
inversion  algorithm  of  paper  [4]. However  in  all  the  cases  where  possible,  closed  analytic  expressions  for 
the  IFs  will  be  also  given  as  they  would  estimating  the  limits  of  validity  for  the  Taylor  series 
representations.  Let  us  rewrite  Eqs.(l)  as 

v(w,i)  =  i*(l+w)  +  i2*(l-w2)/2  +  i3*(l+w3  )/3  .... 

j(h,u)  =  u*(l+h)  +  u2*(l-h)/2  +  u3*(l+h)/6  ...,  (1.1) 
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According  to  the  circuit  synthesis  procedure  described  in  [2]  it  is  necessary  first  to  find  such  values  of  h 
and  w  that  would  nullify  third-order  terms  in  the  expansions  of  jA(h,i)  and  vA(w,u).  Making  use  of  Eq.(9- 
[2])  we  can  obtain  from  Eq.(l.l)  two  equations  to  yield  the  desired  magnitudes  h  and  w. 

3*(l-h)2  -  ( 1+h)2  =  0, 

3*(l-w2  )2  -  2*(1+  w)*(l+  w3 )  =  0.  (2) 

As  it  can  be  shown,  Eq.(2)  in  fact  is  a  single  equation,  x2-4*x  +1  =  0,  whose  two  roots  are  mutually 
reciprocal,  xl  =  hi  =  wl  =  0.26795  and  x2  =  h2  =  w2  =  3.73205.  This  is  a  single  solution  reflecting  the 
equivalence  of  the  linearizing  junction  and  the  one  to  be  linearized.  However  the  condition  allowing 
compensation  of  the  fifth-order  term  is  met  solely  by  hi  and  w2.  Substituting  hi  and  w2  into  Eq.(l.l),  let 
us  perform  inversion  and  then  subtract  the  EFs  for  the  forward-  and  inverse  directions  of  u  and  i  from  one 
another.  The  result  will  be  TFs  for  the  symmetric  NDC  of  Figs.  1c  and  Id, 

v(hl,i)  =  jA(hl,ul)  -  jA(hl,-u2)  =  i*0.423  -  i5  *6.556e-5  +  i7  *1.195e-6  ..., 

j(w2,u)  =  vA(w2,i  1 )  -  vA(w2,-i2)  =  u*  1 .577  -  u5  *8.763e-3  +  u7  *  1 ,043e-3 ....  (3) 

Here  and  below,  the  series  representations  have  been  written  explicitly  to  terms  of  the  seventh  order,  to 
permit  following  the  variations  of  the  series  coefficients  in  all  transformations.  The  fifth-order  terms  are 
of  the  same  sign,  which  suggests  a  possibility  of  their  compensation  by  this  technique.  To  do  that  it  is 
necessary  to  invert  one  of  the  functions  of  Eq.(3)  and  add  it  to  the  other  after  changing  the  scale. 
Apparently,  this  can  be  done  in  two  ways,  the  result  being  two  TFs  Eqs.(3.1)  for  the  NDS  shown  in 
Figs. le  and  If: 

v(i)  =  v(h  1  ,i)  +  jA(w2,s*i)  =  i*0.834  -  i7  *  1 .267e-7  .., 

j(u)=j(w2,p*u)  + vA(hl,u)  =  u*3.818  +  u7  *2.412e-4  ....  (3.1) 

where  s  (0.64910)  and  p  (0.94710)  are  the  current  and  voltage  scaling  factors  for  one  of  these.  Further 
linearization  is  not  possible  because  of  the  different  signs  of  seventh-order  terms  in  the  functions  of 
Eq.(3.1).  Fig.2  shows  the  level  of  odd-order  nonlinear  distortions  as  a  function  of  the  signal  amplitude  in 
the  circuits  of  Fig.l,  for  the  cases  of  total  (h,  w)  and  partial  compensation  (0.95*h,  0.95*w).  The  TFs 
Eq.(l)  of  symmetric  non-linearized  (h=w=l)  circuits  are  also  given  for  comparison  and  for  demonstrating 
the  linearization  efficiency.  Similar  to  [1],  the  normalized  TFs  have  been  calculated  here  to  terms  of  the 
eleventh  order.  The  normalization  was  performed  through  such  a  substitution  that  the  numerical  factor  of 
the  linear  term  in  the  expansion  should  be  equal  to  1 .  As  is  easy  to  see,  the  amount  of  non-linearity  in  the 
linearized  NDC  of  appropriate  order  is  not  the  same,  however  the  gain  in  linearity  is  always  high.  The 
circuits  are  also  different  in  other  respects,  e.g.  details  of  the  circuit  design  or  the  dynamic  range  (extent 
of  the  operating  section  on  the  I-V  curve).  Some  of  the  characteristic  dependencies  are  markedly  different 
from  straight  lines  (on  the  log  -  log  scale).  This  is  quite  understandable,  as  the  coefficients  in  front  of 
nonlinear  terms  in  the  expansions  of  many  functions  are  comparable  in  magnitude  but  different  in  sign, 
hence  some  of  the  complex  zeros  of  such  functions  may  lie  close  to  the  real  axis. 

Consider  now  the  linearization  procedure  based  on  symmetric  NDC.  According  to  the  example  given  in 
[2],  the  TF  Eq.(l)  satisfy  the  unlimited  linearization  condition  Eq.(3-[2]).  At  the  first  stage  of  the 
synthesis  procedure  the  TFs  of  the  two  initial  symmetric  NDC  of  Figs.3a  and  3b,  j  1 1  (u)  and  jl2(u),  and 
their  EFs,  v  1 1  (i)  and  v  1 2(i)  can  be  obtained  from  Eq.(  1 )  with  h  =  w  =  1 .  They  are 


jl  l(u)  =  2*sh(u)  =  u*2  +  u3  /3  +  u5  /60  +  u7*3.97e-4  ..., 
j  12(u)  =  th(u/2)  =  u  /2  -  u3  /24  +  u5  /240  -  u7*4.22e-4  ..., 

(4) 

vll(i)  =Arsh(i/2)  =  i/2  -  i3  /48  +  i5*2.3e-3  -  i7*3.5e-4..., 
v!2(i)  =2*Arth(i)  =  i*2+  i3  *2/3  +  i5  *2/5  +  i7  *2/7.... 

(5) 
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Next,  these  functions  are  used  to  derive,  through  scaling  the  variable  (in  practice,  through  changing  the 
bias)  and  adding  the  functions  themselves,  a  pair  of  new  TFs  (Eq.(6))  for  the  NDC  of  Figs.3c  and  3d, 
Their  third-order  terms  will  be  zeros, 

jll(u)  +  jl2(u*2)  =  u*3  +  u5  *0.150  -  u7  *0.054..., 

vl  l(i*32,/3 )  +  vl2(i)  =  i  *3.587  +  \s  *1.156  -  i7  *0.848....  (6) 

Quite  similarly,  the  functions  Eq.(6)  are  used  at  the  next  stage  to  generate  the  TFs,  Eq.(7),  of  two  new 
NDC  (Figs.  3e  and  3f),  such  that  their  fifth-order  terms  will  be  zeros, 

j21  (u)  +  j22(u*3.0787)  =  u*3.858  +  u7  *0.0275  ..., 

v21(i)  +  v22(  i*5.6223)  =  i  *5.462  +  i7  *0.6019  ....  (7) 

Similar  to  circuits  Fig.l  the  parameters  of  linearized  NDC  of  matching  order  are  rather  close  and  the  gain 
in  linearity  is  high.  Other  important  characteristics  of  the  circuits  (dynamic  range  and  details  of  the  circuit 
design)  are  greatly  different  again.  This  diversity  may  prove  useful  in  practical  applications. 

P-N  JUNCTION  IS  CLOSED 

Since  formal  linearization  procedures  and  the  corresponding  synthesis  methods  are  identical  for  the 
opened  and  closed  junctions,  differing  only  in  the  bias  voltage  polarity,  we  will  refer,  wherever 
convenient,  to  the  figures  and  equations  of  the  above  section.  Returning  to  Fig.l,  we  will  assume  it  to 
show  (like  Fig.3  -[!])  NDC  involving  closed  p-n  junctions,  specifically  one  to  be  linearized  and  the  other 
as  a  linearizing  element.  The  junctions  are  oppositely  connected  and  their  bias  voltages  and  currents  are 
not  the  same.  The  TFs  of  the  circuits  in  Figs.la,b  are,  according  to  Eq.(5-[1]),  of  the  following  form 

j(h,u)  =  u*(  1  +  h  )  -  u2  *(1  -  h2  )/2  +  u3  *(1  +  h3  )*0.375  ..., 

v(w,i)  =  i*(l  +  w)  +  i2  *(1  -  w2  )/2  +  i3  *(1  +  w3  )*0.125  ....  (8) 

Like  in  [1],  u  =  Us/(U1+Ub) ,  i  =  Is/Il;  h  =  (Ulj+Ub)/(u2j+Ub)  *1;  w  =  Ilv/I2v  *1;  and  I1=Y1*(U1+Ub); 
12  =  Y2*(U2+Ub);  where  Us,  Is;  Ul,  U2;  and  11,  12  are  the  signal  and  bias  voltages  and  currents, 
respectively;  Ub  is  the  p-n  junction  potential,  and  Y1,Y2  are  the  junction  capacity  admittances  at  U=U1,. 
U=U2.  The  subscripts  1  and  2;  j  and  v  denote  different  operating  modes  of  the  different  p-n  junctions  in 
the  circuits.  To  determine  h  and  w,  we  have  two  equations, 

h2  -  5*h  +1=0, 

w2  -  7/3*  w  +1=0,  (9) 

whose  each  pair  of  solutions  (i.e.  hi  =  0.3394,  h2  =  1/hl;  wl  =  0.4250  and  w2  =  1/wl)  provides  for 
compensation  of  the  third-order  expansion  term  in  the  TFs  of  the  symmetric  NDC  of  Figs.lc,d. 
Accordingly,  the  TFs  derived  in  the  similar  way  as  Eq.(3)  become 

v(hl,i)  =  i  *1.655  -  i5  *  4.485e-3  +  i7  *1.272e-4  ..., 

j(wl,u)  =  u  *1.277  -u5  *  6.436e-3  +  u7  *1.249e-3....  (10) 

The  coincidence  of  signs  of  the  fifth-order  terms  in  these  functions  suggests  a  possibility  of  compensating 
them  by  the  same  technique.  If  necessary,  Eq.(10)  can  be  used  like  Eq.(3.1)  to  derive  the  pair  of  TFs, 
Eq.(lO.l)  for  the  two  NDC  of  Figs. le  and  If, 

v(i)  =  v(h  1  ,i)  +  jA(w  1  ,s*u)  =  i  *2.632  -  i7  *  7.032e-4  . . . , 

j(u)  =  j(w  1  ,p*u)  +  vA(hl,i)  =  u*2.466-u7  *9.906e-4  ...,  (10.1) 

were  s  =  1 .54382  and  p  =  1 .57395  are  voltage  scaling  factors  for  one  of  the  circuits.  The  coincidence  of 
signs  of  the  seventh-order  terms  in  these  functions  suggests  a  possibility  of  compensating  them  by  the 
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same  technique.  As  before  the  level  of  nonlinear  distortions  for  linearized  NDC  of  the  same  order  are 
close  to  Fig.2  and  the  gain  in  circuits  linearity  is  high. 

Consider  now  the  linearization  procedure  with  the  use  of  symmetric  NDC.  Once  again,  according  to  the 
example  in  [2],  the  TF  Eq.(5-[1])  satisfy  the  condition  Eq.(  2-[2] ).  At  the  first  stage,  the  TFs  of  the  initial 
two  symmetric  NDC  (Figs.  3a, b),  j  1 1  (u)  and  jl2(u),  and  their  IFs  v  1 1  (i)  and  vl2(i)  are  derived  from 
Eq.(8)  with  h  =  w  =  1 .  They  are 

j  1 1  (u)  =  u*2  +  u3  *7.50e-l  +  u5  *5.47e-l  +  u7  *4.51e-l  ..., 

j  1 2(u)  =  u/2  -  u3  *1.56e-2  +  u5  *1.71e-3  -  u7  *2.52e-4  ...,  (11) 

vll(i)  =  i/2  -i3  *4.69e-2  +  i5  *4.63e-3  -  i7  *2.98e-4..., 

vl2(i)  =  i*2  +  i3  *2.50e-l  +  i3  *1.56e-2+  i7  *1.95e-3  ....  (12) 

Then  Eqs.(  1 1 )  and  (12)  are  scaled  and  added  in  a  pair  wise  manner  to  yield  two  new  TFs  corresponding 
to  the  NDC  of  Figs.  3c  and  3d,  whose  third-order  terms  are  equal  to  zero, 

j  1 1  (u)+j  1 2(u*3.634)  =  u*3.82  +  u5  *  1 .63  -  u7  *  1 .66  ..., 

vll(i*1.747)+vl2(i)  =  i*2.87  +  i5  *6.00e-3  -  i7  *7.93e-6  ....  (13) 

Similarly,  Eq.(13)  is  used  at  the  second  stage  to  generate  another  pair  of  transfer  functions,  Eq.(14),  that 
would  correspond  to  the  new  dual  circuits  of  Figs.  3e  and  3f  and  whose  fifth-order  terms  would  be  zeros. 

j21(u)  +  j22(u*6.872)  =  u*6.21  +  u7  *3.41e-l..., 

v23(i*2.577)  +  v22(i)  =  i*3.55  +  i7  *1 ,49e-2  ...,  (14) 

Fig.4  shows  the  normalized  level  of  odd-order  nonlinear  distortions  as  a  function  of  the  signal  amplitude 
for  the  circuits  of  Figs.3a  through  3f  and  third-order  expansion  term  in  the  case  of  incomplete 
compensation  (0.95h,  1.05w).  As  before  the  level  of  non-linear  distortions  for  linearized  NDC  of  the 
same  order  are  close.  Meanwhile,  the  circuits  are  greatly  different  with  respect  to  the  dynamic  range  and 
circuit  structure  and  design. 

CONCLUSION:  COMPARISON  OF  LINEAR  AND  NONLINEAR  COMPENSATION 
We  have  completed  the  analysis  of  the  compensation  procedure  for  opened  and  closed  p-n  junctions,  and 
it  seems  of  interest  to  compare  the  effectiveness  of  the  linear  and  nonlinear  compensation  techniques. 
This  can  be  done  by  considering,  as  an  example,  circuits  with  a  compensated  third-order  term  in  the 
transfer  function  expansion,  since  these  are  of  the  greatest  practical  importance.  By  confronting  the  data 
of  paper  [1]  with  this  paper  one  can  note  a  greater  effect  of  the  linear  compensation.  Some  of  the 
representative  TF  are  shown  in  Fig.7.  All  of  these  data  bring  us  to  the  conclusion  that  circuit  linearization 
with  the  aid  of  a  linear  element  (  resistor  or  capacitor)  in  NDC  results  in  a  lesser  level  of  fifth-order 
combinations.  In  addition,  the  compensated  circuits  involve  only  two  p-n  junctions  against  the  four  of 
nonlinear  methods,  with  both  junctions  operating  in  similar  modes.  This  is  particularly  important  for 
thermal  stabilization  of  the  compensation  conditions  and  for  extending  the  linear  section  on  the  V-I 
curve,  i.e.  the  dynamic  range.  Probably,  it  should  be  mentioned  that  the  regular  method  of  nonlinear 
compensation  of  non-linearity  in  symmetric  NDC  initially  seemed  the  most  effective.  The  possibility  of 
compensating  a  non-linearity  with  the  aid  of  a  linear  circuit  element  was  discovered  as  a  by-product  and 
no  practical  importance  was  attached  to  it.  Moreover,  the  effect  seemed  dubious.  Currently  the  author 
believes  this  method  to  be  most  suitable  for  the  majority  of  quasi-linear  circuits.  Whereas  compensation 
with  nonlinear  elements  apparently  is  better  fit  for  parametric  circuits.  To  conclude  the  paper,  let  us 
discuss  briefly  some  of  the  tasks  and  practical  applications  for  linearized  circuits.  First,  it  would  be 
necessary  to  analyze  their  real  advantages  and  limitations,  especially  those  arising  from  the  complexity  of 
both  p-n  junctions  and  other  circuit  elements.  Naturally,  applications  would  call  for  synthesizing  a 
broader  variety  of  linearized  circuits.  It  might  prove  advantageous  to  employ  such  circuits  in  HF 
switching  devices,  analog  and  digital  attenuators  and  phase  shifters,  mixers  and  electronically  tunable 
generators.  The  possibility  of  applying  such  linearization  technique  to  transistor  based  circuits  should  be 
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investigated  as  a  priority.  Probably  the  most  challenging  task  would  be  to  implement  the  linearization 
techniques  discussed  in  integrated  circuits. 
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FIGURE  CAPTIONS 


Fig.l  Functional  dual  circuit  diagrams  for  non-symmetric  linearizing  opened  and  closed  p-n  junctions: 
Ul,  U2,  II,  12  are  the  bias  voltages  and  currents,  respectively;  u,  i,  il,  u2,  i  1 ,  i2  are  the  signal 
voltages  and  currents,  respectively; 

a  -  non-symmetric  parallel  third-order  circuit;  b  -  a  non-symmetric  series-connected  third-order  circuit; 
c  -  series  symmetric  fifth-order  circuit  with  a  common  current  i  and  different  voltages  ul,  u2;  u=ul+u2; 
d  -  parallel  symmetric  fifth-order  circuit  with  a  common  voltage  u  and  different  currents  i  1 ,  i2;  i  = 
il+i2; 

e  -  symmetric  series  seventh-order  circuit;  f  -  a  parallel  symmetric  seventh-order  circuit. 

Fig.2  The  level  of  nonlinear  distortions  [A(x)  -  x]/x,  normalized  by  the  signal  amplitude,  as  a  function  of 
the  signal  level  in  an  opened  p-n  junction  for  non-symmetric  linearizing  technique: 

1,3, 5, 7  -  parallel  symmetric  circuits,  A(x)=  i(u);  2, 4, 6, 8  -  series  symmetric  circuits,  A(x)  =  u(i); 

1-  h  =  1;  3  and  5  -  h  =  3.732;  7-h  =  3.928;  2  -  w  =  1;  4  and  6  -  w  =  0.268;  8  -  w  =  0.255. 

Fig.3  Functional  dual  circuit  diagrams  for  symmetric  linearizing  opened  and  closed  p  -  n  junctions:  Uo, 
Io,  and  u,  i  are  the  bias  and  signal  voltages  and  currents,  respectively; 
a  -  symmetric  parallel  third-order  circuit;  b  -  a  symmetric  series  third-order  circuit; 
c  -  series,  symmetric  fifth-order  circuit  with  a  common  current  i  and  different  voltages  ul,  u2,  u=u+u2; 
d  -  parallel  symmetric  fifth-order  circuit  with  a  common  voltage  u  and  different  currents  il,  i2,  i=il+i2; 
e  -  series,  symmetric  seventh-order  circuit;  f  -  a  parallel,  symmetric  seventh-order  circuit. 

Fig.4  The  levels  of  fifth-order  nonlinear  distortions  with  different  types  of  non-linearity  compensating 
circuits: 

1.3.5  -  series  circuit,  A(x)  =  u(i);  p-n  junction  is  opened; 

2.4.6  -  parallel  circuit,  A(x)  =  i(u);  p-n  junction  is  closed; 

1  and  2  -  compensation  with  linear  elements;  3  and  4  -  nonlinear  symmetric  compensation; 

5  and  6  -  nonlinear  non-symmetric  compensation. 
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ABSTRACT 

Linearizing  circuits  for  opened  and  closed  p-n  junctions  are  suggested  and  analyzed  theoretically,  in 
which  the  third-order  and  all  even-order  non-linearities  are  totally  cancelled  by  external  linear  circuit 
elements  and  using  of  the  symmetrical  nonlinear  circuits.  Higher-order  non-linearities  are  also  reduced  by 
two  to  five  orders  of  magnitude.  The  theory  is  corroborated  by  an  experimentally  investigated  V-I  curve 
of  one  version  of  the  linearized  opened  P-N  junction. 

INTRODUCTION 

For  quite  a  long  time  attempts  have  been  made  to  compensate  transfer  function  non-linearities  through  the 
use  of  circuit  elements  with  the  same  or  opposite  kind  of  non-linearity.  Many  of  the  methods  currently  in 
use  are  underlined  by  different  principles,  and  nonlinear  elements  of  the  compensating  circuits  are  greatly 
different  from  such  of  the  circuits  to  be  linearized.  Therefore,  the  compensating  circuits  are  structurally 
complex  and  require  adjustment  as  to  the  signal  phase  and  amplitude  [1].  In  paper  [2]  was  suggested  other 
principles,  aimed  primarily  at  the  linearization  of  basic  nonlinear  elements  by  using  the  same  nonlinear 
elements.  An  important  result  of  [2]  was  the  discovery  that  a  function  can  be  linearized  by  properly 
changing  of  its  linear  part.  This  apparently  nontrivial  technique  is  characterized  by  some  advantages  and 
certainly  deserves  special  analysis.  Therefore,  the  first  considers  linear  compensation  techniques.  The 
analysis  is  restricted  to  the  quasi-static  mode,  when  the  complex  (i.e.  real  plus  imaginary)  nature  of  the 
nonlinear  element  may  be  disregarded.  The  equations  quoted  from  [2]  are  referred  to  as  (nn-[2j). 
Designations  TF,  IF  and  NDC  are  quoted  also  from  [2]. 

P  -  N  JUNCTION  EQUATIONS 

In  what  follows,  we  will  make  use  of  the  simple  equations  to  represent  the  TFs  of  nonlinear  circuit 
elements.  This  should  not  have  a  strong  effect  on  the  result,  since  the  linearization  procedure  is  based  on 
the  same  nonlinear  elements.  The  opened  p-n  junction,  can  be  described  by  TFs 

i  =  eu  -  1  =  u  +  u2/2  +  u3/6  +  ...,  u  =  ln(l+  i )  =  i  -  i2  /2  +  i3  /3  +  ....  (1) 

Eq.  (1)  has  been  written,  as  is  customary  in  the  analysis  of  nonlinear  circuits,  in  terms  of  dimensionless 

values.  Here  and  after:  6 

I  =  Is/(Io+Isat)  and  u  =  Us/Ut,  Io  =  Isat*eUo/Ut  Uo»Ut;  Ut-thermal  potential;  Io»Isat  (Isat  =  10  ... 
10'7A);  Uo,Io-bias;  Us,Is-signal.  The  dynamic  resistance  is  dUs/dls  =  Ut/(Io+Isat),  while  du/di  =1. 

If  a  junction  is  closed,  we  will  consider  only  the  nonlinear  capacitance  C(U).C(U)=Co*[l+Us/(Uo+Ub)] 
05  Co  is  the  capacitance  at  U=Uo+Ub,  Us=0,  Ub-junction  potential.  The  signal  current  Is  can  be  obtained 
by  differentiating  the  charge  Q  =  C(U)*U.  i.e.  Is=dQ/dt=  [U*dC(U)/dUs+C(U)]*dUs/dt. 

We  denote:  Io  =  co*Co*(Uo+Ub)/2,  C  =  cos(co*t);  S  =  sin(co*t);  U  =  Us*S;  dU/dt  =  Us*C,  i  =  Is/Io, 
u  =  Us/(Uo+Ub).  As  u(t)  =  u*S  and  du/dt  =  u*C,  it  can  be  shown 

oo 

i(u,t)  =  u*C*(l+  u*S)’0'5  =  X  ak*C*Sk-‘  *u\  (2-1) 

k=l 

du(i,t)/dt  =  X  Ak*C*Sk‘1  *ik  . 
k=l 
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oo 


u(i,t)  =  XAk*S-*ik  (2.2 

k=  I 

with  aK  and  AK  are  the  Tailor’s  coefficients  of  the  straight  u*(l+uV0'5  and  inverse  i*(l+i2/4)°'5+i2/2 
functions  and  not  depend  from  time.  Then  from  Eqs.(2. 1 )  and  (2.2) 

i(u,t)=u*C  -  u2*C*S/2  +  u3*C*S2*3/8  ,  u(i,t)=i*S  +  i2*S2/2  +  i3*S3/8  +  ..  (2.3) 

To  simplify  expressions  and  to  generalize  consideration  for  opened  and  closed  p-n  junction,  farther  we 
will  omit  (i.e.  put  one)  factors  C*Sk_1  and  Sk,  which  produce  harmonics  and  combinations.  If  need,  their 
real  amplitudes  are  calculated  on  the  basis  of  well  known  formulas  for  different  Us  kinds  (one,  two  or 
multiply  carriers). 

LINEARIZATION  OF  THE  OPENED  P-N  JUNCTION 

As  follows  from  the  example  analyzed  in  [2],  its  TF  (1)  satisfies  the  condition  of  (3)-[2j,  which  implies 
absence  of  limitations  to  its  linearization  by  this  technique.  To  do  that,  let  us  re-write  Eq.(l), 
complementing  the  linear  terms  of  the  expansions  involved  with  a  conductivity,  g,  and  resistance  r,  yet 
unknown;  i  1 ,  i2,  u  1 ,  u2  -  currents  and  voltages  in  NDC. 

i  =  g*ul  +elli  -  1  =  ul*(l  +  g)  +  ul2/2  +  ul3/6+..., 
i  =  g*u2  +  1  -  e'u2  =  u2*(l  +  g)  -  u22/2  +  u23/6  -..., 
u  =  r*il  +  !n(l  +  il)  =  il*(l  +  r)  -il2/2  +  il3/3-..., 

u  =  r*i2  -  !n(l  -  i2)  =  i2*(l  +  r)  +  i22/2  +  i23/3  +...,  (3) 

Here  and  after  the  first  and  the  second  equation  in  similar  pairs  corresponds  to  the  "+"  and  signs, 
respectively  in  I  =  Is  ±  Io  and  U  =  Us  ±  Uo.  According  to  [2],  it  is  necessary  at  first  to  cancel  third-order 
terms  in  the  expansions  of  the  IFs  iA  and  uA,  by  properly  selecting  the  magnitudes  of  g  and  r.  Eq.(3-[2]) 
yields  g  =  2  and  r  =  0.5.  To  eliminate  even-order  terms,  the  equations  governing  the  IFs  have  to  be  added 
pair-wise,  which  is  equivalent  to  series  and  parallel  connection  of  the  corresponding  initial  NDC.  The 
values  involved  in  the  TFs  of  the  two  resultant  NDC  obey. 

il2=  il  +  i2  =  4/3  *u  +  6.503e-4*u5  +... 

ul2  =  ul  +  u2  =  2/3*  i  -  1.016e-5*  i5  +...  (4) 

i.e.  nonlinear  terms  up  to  the  fourth  order  have  vanished.  The  NDC  corresponding  to  (3)  and  (4)  are 
shown  in  Figs  la, b.  Fig.2  shows  the  level  of  odd-order  nonlinear  distortions  as  a  function  of  the  signal 
amplitude.  The  IF  function  expansion  coefficients  up  to  eleven  order  were  derived  with  the  aid  of  the 
remarkable  algorithm  suggested  by  Bramhall  and  described  in  [3].  As  can  be  seen,  the  linearity  TF  is  high 
for  such  NDC. 

LINEARIZATION  OF  THE  CLOSED  P-N  JUNCTION 

According  to  Eq.(3-[2]),  its  TFs  (2.1)  and  (2.2)  comply  with  the  condition  for  unlimited  linearization. 
Making  use  of  (2.3),  we  will  complement  the  expansions  with  yet  unknown  g  and  z. 

.i  =  ul*(I+g)  -  l/2*ul2  +  3/8*ul3  -  5/16*ul4  +  35/128*ul5  - ..., 

i  =  u2*(l+g)  +  l/2*u22  +  3/8*u23  +  5/16*u24  +  35/128*u23  - .... 

u=  il*(l+z)  +  1/2*  il2 -i- 1/8*  il3  -(-  0*  il4  +  1/128*  il5  +  ..., 

u  =  i2*(l+z)  -  1/2*  i22  +  1/8*  i23  -  0*  i24  -  1/128*  i25  +  ....  (5) 

In  (5),  g  and  z  are  parameters  of  the  constant  linearizing  capacitors,  normalized  to  the  junction 
capacitance  magnitude.  At  this  point  it  is  necessary  to  select  the  values  of  g  and  z  to  cancel  third  order 
terms  in  the  expansions  of  the  IFs  iA  and  uA.  Eq.(8-[2])  yields  g  =1/3  and  z  =  3.  To  cancel  even-order 
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terms  we  add  the  IFs  equations  in  a  pair-wise  manner,  which  is  equivalent  to  series  and  parallel 
connections  of  their  NDC.  The  TFs  of  two  new  NDC  are 

i  12  =  il  +  i2  =  l/2*u  -  3.815e-6*u5  +..., 

ul2  =  ul  +  u2  =  3/2*  i  +  2.781e-3*is  <6) 

ie  all  nonlinear  terms,  including  those  of  the  fourth-order,  have  been  suppressed.  The  NDC 
corresponding  to  (5)  and  (6)  are  shown  in  Fig.3.  Fig.4  shows  the  level  of  nonlinear  distortions  as  a 
function  of  the  signal  amplitude.  The  gain  in  linearity  is  high  in  all  cases.  In  fact,  it  is  so  high  that  it  seems 
natural  to  analyze  its  stability  against  scatter  in  the  circuit  element  parameters.  Fig.2  and  4  show  the  level 
of  third-order  distortions  for  the  cases  when  actual  circuit  impedances  are  equal  to  prescribed  values 
(curves  3  and  4  )  and  are  not  (curves  5  and  6).  Apparently,  ±  5  %  deviations  from  the  total  compensation 
(when  the  third-order  expansion  term  of  the  TF  varies  within  15  %)  are  quite  allowable  for  all  the  circuits 
considered  here.  This  is  evidence  for  a  stable  gain  in  the  circuit  linearity  against  scatter  in  the  parameters 
and  operating  regimes,  suggesting  prospects  for  practical  applications  of  such  circuits. 

EXPERIMENTAL  TESTING  . 

The  linearization  procedure  based  on  selection  of  a  linear  parameter  seems  to  be  so  simple  and 
suspiciously  efficient  that  it  certainly  demands  experimental  testing.  The  experiment  was  conducted  with 
a  DC  circuit  (see  Fig.5)  to  exclude  probable  frequency-dependent  errors.  The  p-n  junctions  investigated 
were  the  emitter-  base  junctions  of  the  HF  bipolar  transistors  KT  939-A.  The  transistors  were  selected  so 
as  to  provide  equal  voltage  drops  with  equal  currents.  The  measured  values  Ut,  was  used  to  choose  the 
resistance  r,  calculate  the  current  Io  and  measure  the  voltage  Uo  that  served  as  a  reference  level  against 
which  the  signal  current  and  voltage  increments  Is  and  Us  were  counted  and  measured.  The  results  are 
presented  in  Fig.6  shows  V-I  curves  for  a  single  junction  and  two  oppositely  connected  non-linearized 
junctions,  as  well  as  for  the  entire  linearized  circuit.  To  the  measurement  accuracy,  no  non-linearity  has 
been  detected  in  the  characteristic  of  the  linearized  circuit,  even  at  Is  >  Io. 


CONCLUSION  _  r 

We  have  analyzed  circuits  where  the  p-n  junction  non-linearity  is  compensated  with  the  aid  of  a  linear 
element  (resistor  or  capacitor),  and  found  an  unexpectedly  high  linearization  efficiency.  However  such 
circuits  suffer  of  a  certain  drawback.  If  the  linear  parameter  is  not  adjusted  in  magnitude,  a  strict 
compensation  is  achieved  only  for  the  prescribed  operation  mode,  although  small  deviations  leave  the 
third-order  non-linearity  insignificant.  This  might  prove  inadmissible  for  circuits  where  the  p-n  junction 
operation  is  dynamically  controlled  over  a  wide  range.  The  author  believes  that  the  problem  can  be  solved 
within  linearization  techniques  employing  nonlinear  elements.  Such  circuits  are  discussed  here  in  the  next 
communication. 
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FIGURE  CAPTIONS 


Fig.l  Functional  dual  circuit  diagrams  for  linearizing  opened  p-n  junction.  Uo,  Io;  u,  i  are  the  bias  and 
signal  voltages  and  currents,  respectively: 
a -parallel  non-symmetric  circuits;  b  -  series  non-symmetric circuits; 

c  -  symmetric  series  circuit  with  a  common  current  i  and  different  voltages,  ul  and  u2,  u  =  ul  +  u2; 
d  -  symmetric  parallel  circuit  with  a  common  voltage  u  and  different  currents,  i  1  and  i2,  i  =  il  +  i2. 

Fig.2  The  level  of  nonlinear  distortions  [A(x)  -  x]/x,  normalized  by  the  signal  amplitude,  as  a  function 

of  the  signal  level  in  an  opened  p-n  junction  for  non-symmetric  linearizing  technique  for  different 

values  of  the  linearizing  element  parameters  g  and  r: 

1,3,5  -  parallel  symmetric  circuits;  A(x)  =  i(u).  2,4,6,  -  series  symmetric  circuits;  A(x)  =  u(i). 

1 .  r  =  0;  3.  r  -  0.5;  5.r  =  0.525.  2.  g  =  0;  4.  g  =  2.0;  6.  g  =  1.9. 

Fig.3  Functional  dual  circuit  diagrams  for  linearizing  closed  p-n  junction.  Uo,  Io;  u,  i  are  the  bias  and 
signal  voltages  and  currents,  respectively: 
a  -  non-symmetric  parallel  circuits;  b  -  series  non-symmetric  circuits; 

c  -  symmetric  series  circuit  with  a  common  current  i  and  different  voltages,  ul  and  u2,  u  =  ul  +  u2; 
d  -  symmetric  parallel  circuit  with  a  common  voltage  u  and  different  currents,  il  and  i2,  i  =  il  +  i2. 

Fig.4  The  level  of  nonlinear  distortions  [A(x)  -  x]/x,  normalized  by  the  signal  amplitude,  as  a  function 

of  the  signal  level  in  a  closed  p-n  junction  for  non-symmetric  linearizing  technique  for  different 

values  of  the  linearizing  element  parameters  g  and  z: 

1,3,5  -  parallel  symmetric  circuits;  A(x)  =  i(u).  2,4,6  -  series  symmetric  circuits;  A(x)  =  u(i). 

1.  z  =  0;  3.  z  =  3.0  5.  r  =  2.85.  2.  g  =  0;  4.  g  =  1/3;  6.g  =  0.32. 

Fig. 5  An  experimental  set  for  investigating  of  a  parallel  symmetric  circuit  with  a  p-n  junction. 

1-  voltage  stabilizer  -  is  a  current  source  Io; 

2-  current  stabilizer  -  is  a  current  source  Is; 

3-  digital  voltmeter  for  measuring  of  Us. 

Fig.6  Measured  V-I  curves  with  Ut  =  42  mV. 

1 ,4  -  are  the  branches  of  the  function  Is  =  13.6*lexp(Us/Ut)  -  II  for  the  same  opened  p-n  junction. 

Io=  13.6  mA. 

2  -  two  oppositely  connected  P-N  junctions:  s  =  13.6*sh(Us/Ut);  Io  =  6.8  mA. 

3  -  the  linearized  symmetric  circuit.  Is  =  Us/3.1 ;  Io  =  10.0  mA. 
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ABSTRACT 

Development  of  a  transmit/receive  module  operating  at  30  GHz  is  described.  This  module  is  intended  for  use  in  a  broadband 
wireless,  local  area  network  (WLAN)  demonstrator  system  and  consists  of  monolithic  microwave  integrated  circuits  (MMICs) 
and  miniature  hybrid  microwave  integrated  circuits  (MHMICs)  assembled  together  in  a  single  housing  together  with  four 
planar,  leaky  wave  antenna  elements.  The  antenna  array  is  used  in  a  switching  mode,  with  an  MMIC  switching  network,  to 
direct  the  transmit  or  receive  signals  appropriately.  The  demonstrator  module  has  a  90°  coverage  in  the  horizontal  plane  and 
can  be  extended  to  provide  full  360°  coverage,  by  grouping  four  such  modules  together. 

INTRODUCTION 

WLAN  networks  are  an  attractive  means  of  interconnecting  computers  and  associated  equipment  in  modem  office  layouts,  since 
they  avoid  the  need  to  reroute  wiring  when  office  requirements  and  locations  are  changed.  Recent  research  activities  in  this 
area  have  been  focused  at  2.4  and  17  GHz  in  Europe  [1,2]  and  60  GHz  in  Japan  and  Australia  [3,4]  with  the  increased 
propagation  loss  at  the  higher  frequencies  offering  the  advantage  of  system  isolation,  while  also  accommodating  the 
transmission  of  higher  data  rates.  This  paper  discusses  the  development  of  a  broadband  WLAN  system  currently  being 
investigated  in  Canada  at  30  GHz.  The  system  will  demonstrate  two  way  transmission  of  high  data  rate  signals  between  a 
centrally  located  base  station,  mounted  on  a  ceiling,  and  several  remote  terminals,  either  fixed  or  mobile.  It  was  developed  for 
the  "Broadband  Indoor  Wireless  Communications  Project"  of  the  Canadian  Institute  for  Telecommunications  Research  and  is 
expected  to  cover  an  in-building  area  with  50  m.  radius. 

The  30  GHz  demonstrator  system  will  initially  be  set  up  as  a  one  way,  40  Mb/s,  communications  link  between  two  personal 
computers  in  an  indoor  environment,  evolving  finally  to  a  complete  160  Mb/s  simplex  communications  system.  This  will 
allow  unresolved  questions  such  as  the  required  power  budget,  multipath  effects  and  switching  algorithms  to  be  investigated 
and  the  data  to  be  compared  with  predicted  results.  This  paper  describes  the  development  and  results  of  the  completed 
microwave  transmit/receive  module  that  is  to  be  an  integral  part  of  the  demonstrator  system. 

WLAN  Module 

The  specifications  for  the  base  station  and  remote  units  are  identical  and  are  shown  in  Table  1.  The  final  module  will  require  a 
full  360°  coverage  but  for  the  demonstration,  full  coverage  is  not  necessary.  The  coverage  of  this  prototype  therefore  consists 
of  one  90°  sector,  considerably  simplifying  the  number  of  switching  networks  required  in  the  module  between  the  antenna  and 
the  common  up  and  down  converters  [5].  An  indoor  environment  is  very  dynamic,  from  an  RF  signal's  point-of-view,  since 
people  are  constantly  in  motion  changing  the  reflection  and  transmission  characteristics  of  the  propagation  path.  It  is  therefore 
very  probable  that  an  indoor  communications  link  will  be  interrupted  during  transmission.  As  a  result,  the  system  must  be 
designed  to  detect  the  loss  of  signal,  stop  transmission,  identify  a  more  appropriate  communication  path  and  start  transmission 
once  again.  In  the  module  described  here,  only  one  antenna  element,  out  of  a  possible  sixteen,  is  active  at  any  one  time  on 
both  the  base  station  and  remote  units.  The  choice  of  antenna  elements  is  made  by  determining  which  ones  provide  the 
maximum  signal  level  transmitted  between  the  two  units. 

MODULE  COMPONENTS 

Upconverter:  In  the  transmit  mode,  the  input  signal  to  the  transmit/receive  module  is  a  modulated  3.5  GHz  IF  signal  which  is 
translated  to  30  GHz  by  an  MHMIC  upconverter  containing  a  single,  0.2  pm  x  150  pm,  GaAs  PHEMT  active  device  (Fig.  1). 
The  26.5  GHz  LO  and  30  GHz  RF  signals  are  fed  to,  and  extracted  from,  the  drain  terminal  of  the  PHEMT  via  MIC  parallel- 
coupled  filters  configured  as  a  diplexer.  The  LO  signal  delivered  to  the  upconverter  is  5  dBm  and  is  currently  derived  from  a 
commercial  Gunn  oscillator  source  (the  same  signal  is  also  used  for  the  downconverter  in  the  receive  path  of  the  module).  The 
conversion  loss  of  the  upconverter  is  shown  in  Fig.  2  and  is  approximately  0  dB  at  3.5  GHz,  increasing  to  about  2  dB  at  3.3 
GHz  and  3.9  GHz.  The  LO-RF  isolation  is  40  dB. 

Power  Amplifier:  The  26.5  GHz  LO  signal  is  filtered  out  from  the  transmit  path  by  the  diplexer  and  the  RF  signal  is 
amplified  by  two  GaAs  PHEMT  MMIC  chips  connected  together  with  short  wirebonds.  The  operation  of  the  module  was  first 
demonstrated  with  commercial  MMIC  power  amplifier  chips  but  these  have  since  been  replaced  by  chips  designed  at  CRC  and 
fabricated  at  an  external  foundry.  The  latter  amplifiers  are  based  on  a  0.2  pm  x  600  pm  output  stage  PHEMT  and  can  provide 
up  to  24  dBm  at  30  GHz.  The  chip  dimensions  are  5.15  x  1.3  mm^  and  the  S21  response  is  shown  in  Fig.  3. 
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Switching  network:  An  MMIC  switching  network,  consisting  of  four,  low  loss  single  pole  double  throw,  PHEMT  based, 
MMIC  switches  [5],  interconnects  the  power  amplifier  and  low  noise  receiver  with  the  antenna  arrays  through  500  microstrip 
lines.  The  switches  are  controlled  by  TTL  logic  that  directs  the  signal  to  the  appropriate  antenna  element. 

Antenna  array:  Four  novel,  planar  antenna  arrays  [6],  each  consisting  of  a  crank  shaped  launcher,  a  reflector  element  and  thirty 
passive  directors  are  fabricated  on  Duroid  (Ej-  =  2.5)  material.  The  antenna  operates  in  a  leaky  wave  mode  and  was  adopted  from 
the  Yagi  Yuda  design.  The  antenna  has  a  gain  of  16  dBi  at  30  GHz  and  an  input  return  loss  of  around  13  dB.  The  E  and  H 
plane  radiation  patterns  of  one  of  the  antenna  elements  are  shown  in  Fig.  4. 

Low  noise  amplifier:  In  the  receive  mode,  an  MMIC  LNA  receives  the  signal  from  the  switching  network.  The  amplifier 
uses  a  two  stage,  0.2  jam  GaAs  PHEMT  design  and  has  a  4  dB  noise  figure  and  17  dB  gain  at  30  GHz. 

Downconverter:  A  diplexer,  identical  to  the  one  used  in  the  upconverter,  is  used  in  this  component.  In  this  case,  however,  the 
active  downconverter  is  an  MMIC  chip  (Fig.  5),  measuring  2.5  x  1.4  mm2,  and  is  based  on  a  GaAs  PHEMT  device.  The  RF 
and  LO  signals  are  applied  to  the  gate  of  the  PHEMT,  producing  less  than  2  dB  conversion  loss  over  the  band  of  interest  (Fig. 
6).  The  RF-LO  and  LO-IF  isolations  were  found  to  be  35  and  75  dB  respectively.  The  output  signal  is  a  modulated  3.5  GHz 
IF  signal  which  is  then  fed  to  a  demodulator. 

MODULE  RESULTS 

The  assembled  module  with  four  antenna  arrays  is  shown  in  Fig.  7,  together  with  the  necessary  switching  control  lines.  To 
illustrate  the  RF  performance  of  the  module,  a  -15  dBm,  swept  IF  signal  was  fed  into  the  upconverter.  The  resultant  swept  RF 
response  at  the  input  to  the  antenna  arrays  is  shown  in  Fig.  8.  The  output  signal  was  found  to  be  15.5  ±  2.5  dBm  over  the 
swept  bandwidth.  In  a  similar  measurement  of  the  receive  path,  an  IF  output  level  of  -21  ±  1  dBm  between  2.6  -  4.45  GHz 
was  achieved  with  an  input  level  to  the  switching  network  of  -25  dBm. 

CONCLUSIONS 

Details  of  an  integrated  MMIC/MHMIC/MIC  transmit/receive  module  for  a  WLAN  demonstrator  are  presented.  The  module, 
integrated  together  with  a  novel  microstrip,  leaky  wave  antenna,  provides  15  dBm  output  power  at  30  GHz,  which  should  be 
sufficient  to  for  a  WLAN  system  capable  of  covering  an  indoor  area  of  about  8000  m2. 
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|  Antenna  { 

Electronics  1 

Topology 

16  radially  oriented,  planar 

Power  amplifier  output 

20  dBm 

Construction 

Flat,  horizontal  microstrip 

LNA  NF 

3.5  dB 

Number  of  beams 

16 

LNA  gain 

23  dB 

Polarization 

Horizontal 

Switch  loss 

1  dB  per  stage 

3  dB  beamwidth,  azim. 

22.5° 

RF  bandwidth 

28.5 -31.5  GHz 

3  dB  beamwidth,  elev. 

35° 

IF  bandwidth 

3.0  -  4.2  GHz 

Antenna  gain 

17  dBi 

LO  frequency 

25.5,  26.5,  27.5  GHz 

Bandwidth 

28.5-31.5  GHz 

Construction 

MMIC,  MHMIC,  MIC 

Table  1 .  Transmit/receive  module  specifications 
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Gain  (dB) 


Frequency  (GHz) 

Figure  2.  Conversion  loss  versus  frequency  of  MHMIC  upconverter 


Frequency  (GHz) 


Figure  3.  Transmission  gain  response  of  30  GHz  MMIC  amplifier 


Figure  4(a) 


Figure  4(b) 


Figure  4  Measured  radiation  patterns  of  the  leaky  wave  antenna 
(a)  E-plane,  (b)  H-plane 
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Figure  5.  Photomicrograph  of  30/3.5  GHz  MMIC 
downconverter 


Figure  6.  Conversion  loss  versus  frequency  of  MMIC 
downconverter 


Figure  7.  Integrated  WLAN  transmit/receive  module  together  with  leaky  wave  antenna  arrays 
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Figure  8.  Module  output  power  versus  frequency  with  a  swept  IF  input  signal. 
The  plot  shows  a  power  level  of  12  dBm  at  30. 12  GHz 
and  includes  a  cable  loss  of  about  3  dB. 
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ABSTRACT 

An  integrated  transistor-excited  patch  antenna/oscillator  configuration  that  provides  control  of  oscillation  frequency  and  E-plane 
radiation  pattern  by  way  of  an  integral  stub  transmission  line  is  presented.  The  configuration  has  been  analyzed  experimentally 
through  six  different  models — three  involving  changing  patch  widths  and  three  involving  changing  stub  length.  The  latter  three  are 
characterized  for  the  case  when  the  stub  end  is  shorted  directly  to  the  adjacent  patch  surface  with  a  capacitor.  This  modification 
changes  both  the  oscillating  frequency  and  the  radiation  pattern  of  the  structure.  It  is  observed  that  the  stub  supports  both  microstrip 
and  coplanar  waveguide  modes — a  feature  that  potentially  can  be  exploited  because  of  the  additional  degree  of  freedom  available. 


Introduction 

Spatial  power  combining  proves  to  be  a  good  way  to  generate  high-power  microwave  and  millimeter  wave  radiation  fields,  e.g., 
Wiltse  and  Mink  (1).  One  class  of  power  combining  structures  employs  an  array  of  active  patch  antennas  residing  on  a  dielectric 
substrate  as  in  Mortazawi,  et.  al.  (2).  Of  the  variety  of  circuit  configurations  conceivable,  transistor  patch  antennas  can  be  classified 
into  two  categories:  single-patch  and  dual-patch  transistor-excited  antennas.  A  single-patch  transistor  antenna  usually  consists  of  a 
patch  antenna  and  a  transistor  microstrip  oscillator  (Erturk,  et.  al.  (3),  Liao  and  York  (4)).  The  oscillation  frequency  is  determined 
by  the  oscillator  while  the  patch  serves  simply  as  a  radiating  load  to  the  oscillator.  In  a  dual-patch  transistor  antenna,  the  gate  and 
drain  terminals  of  the  transistors  are  connected  to  two  patches  or  two  halves  of  a  patch  with  the  source  terminal  either  grounded 
(York  and  Compton  (5))  or  connected  to  a  section  of  microstrip  line  sandwiched  between  the  two  patches  (Wu  and  Chang  (6,7)). 
The  patches  act  both  as  radiation  elements  and  as  resonant  circuits.  Since  a  patch  antenna  is  a  narrow  band  device,  It  is  difficult  to 
incorporate  it  in  tunable  oscillator  with  a  wide  tuning  range.  The  configuration  discussed  here  incorporates  a  transmission  line  stub 
as  the  gate-feedback  coupling  element.  Considerable  control  over  antenna/oscillator  operation  is  afforded  through  adjustment  of  this 
patch.  Experiments  indicate  that  this  stub  supports  both  a  microstrip  and  a  coplanar-waveguide  mode,  which  may  be  terminated 
independently.  Thus,  in  principle,  three  degrees  of  freedom  for  design  control  are  associated  with  each  of  the  two  modes. 

Figure  1  depicts  the  circuit  configuration  of  the  new  MESFET  active  patch  antenna/oscillator.  It  consists  of  two  patch  antenna  and  a 
transistor.  A  metal  strip  island  is  etched  inside  the  lower  patch.  The  upper  and  lower  patches  are  connected  to  the  drain  and  source 
terminals  of  the  transistor,  respectively,  While  the  gate  is  connected  to  the  microstrip  line  section,  which  may  either  be  open  ended 
or  terminated.  (However,  a  DC  open  circuit  must  be  maintained  in  the  terminated  case  because  of  bias  considerations.)  The 
presence  of  this  microstrip  stub  introduced  substantial  flexibility  into  the  design  of  the  active  radiator.  In  fact,  the  stub  supports  a 
microstrip  mode  against  the  ground  plane  below  the  substrate  and  a  coplanar  waveguide  (CPW)  mode  relative  to  the  adjacent  patch. 
By  influencing  the  standing  wave  in  each  of  these  modes,  one  may  influence  both  the  radiation  field  pattern  and  the  resonant 
frequency  of  the  antenna.  Insertion  of  a  varactor  diode  into  the  stub  can  provide  voltage  control  of  the  oscillating  frequency,  by 
which,  Both  frequency  modulation  and  phase  modulation  can  be  realized.  t 


Figure  1.  Circuit  Configuration  of  the  MESFET  active  patch. 
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Oscillation  Frequency  Experiments 

Six  active  patch  antennas  with  different  patch  width  were  designed  and  fabricated  on  0.031"  thick  RT/Duroid  5870  substrate.  Three 
antennas  were  fabricated  with  progressively  wider  patch  width  wp.  Change  of  patch  width  changes  the  radiation  resistance  of  the 
antenna  and  hence  the  resistive  loading  of  the  oscillator.  (One  might  also  consider  varying  the  length  of  the  patch  /p,  which  directly 
influences  the  resonant  frequency  of  the  patch.  This  is  relatively  less  interesting  than  the  width  variation.)  The  general  dimensions 
of  these  three  patches  are  listed  on  the  right  hand  side  of  figure  1.  The  MESFETs  used  in  the  circuits  are  packaged  Fujisu 
FHX35LG. 


Figure  2.  Measurement  system  setup. 


Figure  2  shows  the  setup  for  the  MESFET  active  patch/oscillator  measurement  system.  It  consists  of  a  rotatable  plate,  two  horn 
antennas,  a  power  meter,  a  DC  power  supply  and  a  frequency  counter  or  a  spectrum  analyzer.  The  active  patch  antenna/oscillator  to 
be  measured  is  placed  vertically  on  the  rotatable  plate.  The  receiving  hom#l  is  connected  to  a  power  meter  for  measuring  the 
radiated  power.  The  distance  between  the  patch  antenna  and  the  hom#l  is  d.  The  hom#2  is  used  for  frequency  and  spectrum 
measurement. 

The  radiated  power  of  the  active  patch  antenna/oscillator  is  measured  by  effective  isotropic  radiated  power,  EIRP.,  which  is  equal  to 
P0G0.  From  the  Friis  transmission  formula 


EIRP  = 


Pj  4m/V 

g\  X  J 


where 

Pr  received  power, 

Gr  receiving  antenna  gain, 

X  signal  wavelength, 

d  distance  between  receiving  and  transmitting  antenna. 


Table  1.  Oscillator  frequency  and  EIRP  as  patch  width  is  varied. 


CU-Patch#l 

CU-Patch#2 

CU-Patch#3 

Patch  Width 

19.75mm 

14.86mm 

9.91mm 

Frequency 

8.05GHz 

8.12GHz 

7.85GHz 

EIRP 

17dBm 

15dBm 

14dBm 
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Table  1  lists  the  measured  oscillation  frequency  and  effective  isotropic  radiated  power  (EIRP)  for  the  three  MESFET  active  patch 
antenna/oscillators  for  which  patch  width  was  varied.  One  observes  the  expected  increasing  of  the  loaded  Q  (quality  factor)  as  the 
patch  narrows. 


Table  2.  Oscillation  frequency,  EIRP  and  estimated  oscillator  power  as  stub  length  is  varied 


CU-Patch#4 

CU-Patch#5 

CU-Patch#6 

Gate  stub  length 

6mm 

5mm 

4mm 

Osc.  frequency 

8.501GHz 

9.041GHz 

9.370GHz 

EIRP 

22.95dBm 

24.4dBm 

27.85dBm 

Estimated  Power 

12.65dBm 

13.5dBm 

18.5dBm 

Table  2  displays  the  measured  oscillation  frequency,  the  EIRP,  and  an  estimate  of  the  power  produced  by  the  oscillator  for  three 
MESFET  active  patch  antenna/oscillators  for  three  different  stub  lengths.  We  see  that  lengthening  the  stub  decreases  the  frequency 
of  oscillation  and  that  resonance  attains  with  stub  lengths  less  than  X/4  for  the  microstrip  mode.  However,  because  of  the  dual-mode 
nature  of  the  stub,  no  simple  relationship  between  stub  length  and  oscillating  frequency  is  discemable. 

The  configurations  of  Table  2  were  modified  through  the  attachment  of  a  20  pf  beam-leaded  capacitor  bridging  from  the  open  end  of 
the  stubs  to  the  antenna  patch  surrounding  the  respective  stubs,  providing  a  low-impedance  termination  to  the  CPW  mode  on  the 
stubs.  The  oscillation  frequencies  of  the  modified  configurations  are  given  in  Table  3. 

Table  3.  Oscillation  frequency,  EIRP  and  estimated  oscillator  power  as  stub  length  of  the  capacitively  terminated  stub  is  varied 


CU-Patch#4 

CU-Patch#5 

CU-Patch#6 

Gate  stub  length 

6mm 

5mm 

4mm 

Osc.  frequency 

11.7  GHz 

11.18  GHz 

5.66  GHz 

EIRP 

26.2  dBm 

23.4  dBm 

20.5  dBm 

Estimated  Power 

10.6  dBm 

10.4  dBm 

12.36  dBm 

Radiation  Pattern 

Two  sequences  of  three  patterns  each  are  given  in  this  section.  The  first  three  patterns  are  those  of  the  MESFET  patch  with  an 
open-circuited  stub.  The  second  sequence  of  three  patterns  is  associated  with  antennas  with  capacitively  terminated  stubs.  We  call 
the  reader’s  attention  to  the  contrast  in  patterns  of  the  first  sequence  and  the  second.  The  results  suggest  strongly  that  the  open  end 
of  the  stub  is  radiating  in  the  first  sequence,  while  the  capacitor  suppresses  radiation  in  the  second  case. 

Figure  3  to  figure  5  plotted  the  measured  radiation  patterns  for  CU-Patch  numbers  4,  5  and  6  with  open-circuited  stubs.  These  data 
were  measured  when  the  drain  to  source  voltages  VDs  =4V  and  the  drain  current  IDs  =20-23 m A.  One  may  observe  that  the  E-plane 
pattern  is  asymmetric  to  a  significant  degree.  The  phenomenon  is  believed  to  be  due  to  slot  radiation  from  the  gap  at  the  open  end 
of  the  stub,  as  subsequent  data  supports.  The  patterns  are  generally  broad  beamed,  as  one  expects  from  microstrip  patches. 


Figure  3.  Measured  Radiation  Pattern  for  CU-Patch#4  with  open  stub. 
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Angle,  degrees 


Figure  5.  Measured  Radiation  Pattern  for  CU-Patch#6  with  open  stub. 


Figure  6.  Measured  Radiation  Pattern  for  CU-Patch#4  with  capacitive  short  at  end  of  stub. 


Figure  7.  Measured  Radiation  Pattern  for  CU-Patch#5  with  capacitive  short  at  end  of  stub. 


Figure  8.  Measured  Radiation  Pattern  for  CU-Patch#6  with  capacitive  short  at  end  of  stub. 


We  note  that  the  patterns  shown  in  Figures  6-8  are  more  nearly  symmetric  than  those  in  Figures  3-5.  This  leads  us  to  conclude  that 
the  patterns  of  the  configuration  with  the  stub  open  circuited  (Figures  3-5)  manifest  a  component  of  radiation  from  the  gap  formed 
between  the  stub  end  and  the  adjacent  portion  of  the  patch  surrounding  the  stub.  When  the  capacitor  is  present,  the  charge  build  up 
around  this  gap  is  suppressed,  and  the  gap  radiation  is  not  significant.  Of  course,  the  presence  of  the  capacitor  influences  the 
oscillating  frequency,  as  indicated  in  Table  3 . 

Oscillation  Properties  vs.  Bias  Voltage  Both  the  oscillation  frequency  and  the  output  power  change  with  the  applied  drain  to 
source  voltage  VDS.  Figure  9  shows  the  relationship  between  the  oscillation  frequency  of  the  structure  and  the  drain-to-source  voltage 
for  one  patch  model. 

From  the  plot,  one  can  find  that  in  the  range  of  VDS=2  to  5  V,  the  output  power  increases  as  the  applied  voltage  increases,  while  the 
oscillation  frequency  increases  at  first,  when  it  reaches  a  maximum  value,  it  decreases  as  the  applied  voltage  increases.  This  suggest 
that  in  order  to  get  higher  power,  one  needs  to  increase  the  biasing  voltage.  When  higher  frequency  stability  is  desired,  one  always 
need  to  select  the  applied  voltage  at  which  the  maximum  oscillation  frequency  occurs.  On  the  other  hand,  if  one  wants  to  using  the 
bias  voltage  to  control  the  oscillation  frequency,  the  operating  point  should  be  away  from  the  maximum  frequency  point. 
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Figure  9.  Oscillation  Properties  vs.  Bias  Voltage  for  CU-Patch#6. 
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2  TO  18  GHz  TRIPLE  BALANCED  MIXER  FOR  MMIC  IMPLEMENTATION 
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ABSTRACT 

******** 

Multioctave  Triple  Balanced  Mixers  are  circuits  characterized  by  inherent 
ability  to  isolate  the  three  signals  for  a  very  wide  frequency  range. 
Usually,  this  characteristic  has  been  achieved  by  "suspended  substrate" 
structures,  on  duroid  or  on  allumina,  involving  double  side  mask  aligne- 
ment  tecniques,  expensive  assembly  procedures  and,  consequently,  high  pro¬ 
duction  costs.  Moreover,  two  ring  quads  of  diodes  are  requested  to  imple¬ 
ment  the  circuits.  At  our  knowledge,  the  only  alternative  proposal  for  such 
an  item  has  been  done  by  the  autor  of  this  conference  contribution  few 
years  ago,  based  on  uniplanar  technology  on  allumina. 

But  even  this  circuit  was  not  completely  uniplanar,  as  long  as  the  IF  out¬ 
put  circuit  was  implemented  in  "bifilar  line". 

The  MMIC  circuit  we  intend  to  present  is,  on  the  contrary,  fully  uniplanar, 
that  means  the  IF  output  circuit  has  been  implemented  on  the  same  surface 
of  the  GaAs  substrate  of  the  other  items.  The  circuit  uses  only  four  di¬ 
odes,  and  shows  much  more  performant  electrical  characteristics  compared  to 
the  previous  one  implemented  on  allumina:  this  excellent  result  has  been 
achieved  thanks  to  LIBRA  non  linear  simulation  and  SONNET  e.m.  analysis. 
The  advantage  in  production  costs  and  production  reliability  is  pretty  evi¬ 
dent;  the  design  is  intended  to  be  implemented  in  ELTA's  GaAs  foundry  in 
the  near  future. 

CIRCUIT  DESIGN  TOPICS 
********************* 

The  equivalent  circuit  of  the  mixer  is  described  in  fig.  1).  The  lumped 
element  power  splitters  and  baluns  have  been  implemented  in  the  phisical 
item,  taking  advantage  of  the  circumstance  that  a  coplanar  waveguide  has 
the  ability  of  handling  "even"  and  "odd"  modes.  Therefore,  the  MMIC  cir¬ 
cuit  consists  in  a  network  of  CPW,  slot  lines  and  planar  coupled  lines. 

HARMONICS  AND  INTERMODULATION  PRODUCTS 
************************************** 

Following  the  symbolic  vectors  as  depicteed  in  fig.  1),  and  accordingly 
with  a  very  well  known  geometric  algorithm,  (1),  it  is  very  easy  to  see 
the  following  topics: 

1) .  L.O.  even  harmonics  are  recovered  on  the  diodes; 

2) .  L.O.  odd  harmonics  are  dissipated  at  the  L.O.  port; 

3) .  R.F.  even  harmonics  are  recovered  on  the  diodes; 

4) .  R.F.  odd  harmonics  are  dissipated  at  the  R.F.  port; 

5) .  2*f/L0  +  2*f/RF,  2*f/L0  -  2*f/RF  are  cancelled  at  I.F.  port; 

6) .  The  following  intermodulation  products  are  cancelled  at  I.F.  port: 

2*n*f/RF  X  2*n*f/L0,  (2*n+l)*f/RF  X  2*n*f/L0, 

2*n*f/RF  X  (2*n+l)*fLO,  (2*n+l)*f/RF  X  (2*n+l)*f/L0. 

Of  course,  the  cancellation  is  as  good  as  the  four  diodes  are  similar:  in 
the  MMIC  implementation  this  circumstance  is  achieved  beyond  any  doubt. 

ISOLATION 

********* 
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The  same  geometric  algorithm  we  used  to  prove  the  cancel letion  of  several 
harmonics  and  intermodulation  products,  can  be  easily  used  to  prove  the 
inherent  isolation  among  the  ports  of  the  mixer.  Once  again,  the  isolation 
in  the  phisical  item  will  depend  on  the  ideality  factor  of  the  practical 
power  splitters  and  baluns,  beside  the  similarity  among  the  diodes. 

OUTPUT  NETWORK 

'k'k'kic'k'k'k'kic’k'k'k'k'k 

The  last  critical  item  is  the  I.F.  output  network.  The  ideal  element  is  a 
theoretical  balun,  (fig.  2).  It  splits  the  input  power  at  about  3.5  dB, 
with  9  dB  return  losses,  (see  fig. 3  and  fig.  4).  The  practical  network  we 
implemented  for  approaching  the  ideal  balun  presents  similar  power  split¬ 
ting  with  reasonable  return  loss,  as  depicted  in  fig.  5)  and  fig.  6). 


ELECTRICAL  PERFORMANCES 
*********************** 

In  fig.  7),  8),  9),  are  shown  the  typical  performances.  In  the  following 

we  present  the  summary  of  them,  for  a  typical  channel : 


R.F.  freq.  range  =2/18  GHz 
L.O.  freq.  range  =2/18  GHz 
I.F.  freq.  range  =  4  /  8  GHz 
Conversion  loss  ~  6  dB 


Ripple 

R.F.  matching 
L.O.  matching 
I.F.  matching 
RF/LO  isolation 
RF/IF  isolation 
RF/IF  isolation 


+/-  0.7  dB 
9  dB 
9  dB 
13  dB 
25  dB 
25  dB 
30  db 


C).  CONCLUSION 
************** 

We  have  presented  an  original  Triple  Balanced  Mixer  for  MMIC  implementa¬ 
tion.  The  MMIC  technology  offers  several  advantages:  low  production  cost, 
improvements  in  electrical  performances.  The  circuit  has  fully  planar  lay¬ 
out,  so  that  the  mixer  is  confined  on  only  one  side  of  the  substrate. 

No  plated  holes  are  necessary,  only  air  bridges  will  perform  the  function 
of  "mode"  filters. 


BIBLIOGRAPHY 
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fig.  6.  Phisical  Baiun  input  and  output  matching 


Fig.  9.  I.F.,  L.O.,  Image  0  R.F.  port 
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6  TO  18  GhZ  MM I C  PHASE  SHIFTER:  A  NEW  HIGH  PERFORMANCE  SWITCH  MESFET 
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ABSTRACT 

Multioctave  Phase  Shifters  are  key  items  in  E.W.  systems.  On  the  market 
only  few  MMIC  items  are  available,  whose  performances  are  not  good  enou¬ 
gh  for  some  special  application.  The  way  how  to  improve  the  performances 
doesn’t  involve  the  circuit,  which  is  pretty  classical:  improving  the  sw¬ 
itching  FET  will  lead  to  more  significant  achievements. 

For  the  well  known  reasons,  (1),  we  decided  to  use  MESFET  as  switching  ele¬ 
ments.  Therefore  we  designed  together  the  Phase  Shifter  and  its  switching 
element,  tayloring  the  two  designs  one  on  each  other. 

The  main  goals  to  the  design  were: 

a),  reduction  of  the  "ON"  resistances;  b) .  reduction  of  "ON"  capacitances. 
We  obtained  the  result  at  the  expences  of  the  "OFF"  state  parameters, 
which  exceeded  the  goal  performances  in  the  device  we  wanted  to  improve. 

We  performed  the  simulations  using  EESOF  and  SONNET  C.A.D.,  for  the  circu¬ 
its,  and  HELENA  for  MESFET  simulations. 

A).  CIRCUIT  DESIGN  TOPICS 
************************* 

1) .  180  DEG.  BIT. 

the  circuit  is  based  on  two  parallel  branches,  (fig.  1),  switched  in  alter¬ 
native  by  two  couples  of  SPST  switches.  The  two  branches  consist  in  two 
Lange  couplers,  whose  outputs  are  loaded  by  two  open  circuits  and  two  short 
circuits.  The  output  signal  comes  from  the  reflection  of  each  one  of  the 
two  switched  brances.  The  reference  branche  has  been  implemented  with  a  se¬ 
cond  Lange  coupler  rather  than  a  "PI"  of  transmission  lines, (2),  becouse  of 
the  easy  implementation  of  the  Lange  coupler  in  MMIC  technology.  The  simu¬ 
lation  has  been  carried  out  taking  in  account  the  improved  parameters  of 

the  new  MESFET  we  designed.  In  fig  1)  is  shown  the  layout  of  the  180  degr¬ 

ees  bit;  in  fig.  2), 3) ,4),  are  depicted  the  electrical  parameters  of  the 
same  circuit. 

2) .  90  DEG.,  45  DEG.,  22  DEG.,  11  DEG.  BITS. 

The  basic  circuit  of  all  the  mentioned  bits  is  the  same:  a  single  Lange 
coupler,  whose  outputs  are  loaded  by  two  reactive  capacitive  impedances. 

Two  SPST  switches  provide  to  connect  and  disconnect  the  capacitive  load  to 
the  Lange  outputs,  so  that  the  output  signal  comes  from  the  reflection  of 

the  input  signal,  depending  on  the  two  states  of  the  two  SPST  switches. 

It  has  to  be  noticed  that,  disregarding  the  performances  of  the  MESFET 
and  the  parasitic  losses  of  the  capacitors,  the  difference  in  trasmission 
loss  between  the  two  states  of  each  bit  does  depend  on  the  phase  shift;  as 
a  matter  of  fact,  the  highest  difference  in  losses  concerns  the  90  degrees 
bit.  It  has  also  been  noticed  that  the  phase  shift  value  and  its  precision 
do  depend,  both,  on  the  value  of  the  smaller  capacitor,  and  the  ratio  bet¬ 
ween  the  bigger  and  the  smaller  capacitor.  Therefore,  in  order  to  have  a 
reliable  and  repeteable  MMIC  implementation,  specific  attention  shall  be 
payed  to  the  capacitor  layouts  and  their  orientation  on  the  GaAs  substrate. 
Therefore  we  chosed  to  implement  the  capacitors  with  the  same  orientation 
toward  the  anisotropic  axes  of  the  GaAs  substrate.  This  way  the  fringing 
capacitances  will  be  almost  identical  for  the  two  components  of  the  same 
bit,  while  the  significant  part  of  the  capacitance  will  be  proportional  to 
its  length. 


-269- 


In  fig.  5), 6), 7),  are  shown  the  electrical  characteristics  of  90  deg.  bit; 
fig.  8)  shows  the  typical  bit  layout. 

3).  LINEAR  PHASE,  0  /  7  DEG.  BIT. 

All  the  previous  bit  have  constant  phase  versus  frequency;  the  smallest  bit 
has  been  designed  as  LINEAR  PHASE  versus  frequency,  in  order  to  provide  the 
possibility  of  correcting  any  reasonable  cause  of  "unmonotonicity"  of  the 
Phase  Shifter. 

In  fig.  9)  we  can  see  the  schematic  of  the  LINEAR  PHASE  bit;  in  fig.  10), 
11),  12),  are  described  the  electrical  performance  of  the  same  circuit. 

B).  STRUCTURE  OF  THE  SWITCH  MESFET. 

*********************************** 


Starting  from  an  existing  MESFET  produced  in  ELTA's  foundry,  we  studied 
the  improvements  specifically  devoted  to  the  switch  application.  The  first 
choice  has  been  the  reduction  of  the  gate  length  to  0.25  microns.  As  direct 
consequence  we  reduced  the  channel  depth  and  length.  It  has  been  found  that 
a  double  recess  of  the  gate  can  improve  the  "ON"  state  resistances.  In  or¬ 
der  to  keep  low  the  "gate  lag",  (3),  the  gate  shall  lay  directely  on  the 
channel.  Even  though  this  condition  is  in  contrast  with  the  achievement  of 
high  breackdown  voltage,  a  wide  range  of  trade  off  solutions  is  available 
to  the  designer,  (4).  A  buffer  layer  underneath  the  channel  will  provide 
high  "OFF"  resistance.  In  the  following  are  summarized  the  main  parameters 
of  the  MESFET  we  designed: 

t  =  0.1  urn;  Qu  =  2.3E12/cnf  2;  N  =  2.3E17/cnf3;  N+  =  2E18/cm"3;  Is  =  310ma/mm 
IDSS  =  200mA/mm;  Vpinch  off  ~  1.5V;  Vbr  ~  25V. 

C).  CONCLUSION 
************** 


We  presented  a  multioctave  Phase  Shifter  ,  intended  to  be  more  performant 
in  comparison  to  the  ones  already  available  on  the  MMIC  market.  The  major 
effort  has  been  devoted  to  the  design  of  a  specifically  devoted  MESFET  as 
switching  element.  The  technological  process  of  the  MESFET  is  basically  a 
"power  process",  but  the  vertical  structure  shall  be  dedicated  to  the  spe¬ 
cific  application. 
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Fig.  3.  180  deg.  BIT  "OFF"  state:  loss,  phase,  matching.  Fig.  4.  180  deg.  BIT  phase  shift. 


M3.  11.  7  deg.  L, n .  Ph.  BIT  -OFF-  ptete:  Inss.ph.  ,uh.  Fig.  17.  7  deg.  Lin.  Pn.  BlT:ph,se  shi  ft 
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Summation  Topologies  for  High  Power  Amplifier  based  on  MMIC  Technology. 


ABSTRACT— Implementation  of  Power  Amplifiers,  based  on  MMIC 
technology,  requires  a  method  for  summing  the  power  from  several  active 
devices  like  F.E.Ts  and  H.B.T's. 

This  paper  addresses  the  practical  benefits  and  limitations  of  several  in-phase 
summing  topologies.  The  application  for  each  power  summing  method  is 
related  to  the  device  technology  as  well  as  to  the  performance  goal.  The 
decision  strategy  among  the  options  yields  a  compromise  among 
performance,  size  and  circuit  complexity. 

The  methodology  is  a  function  of  the  technological  parameters  of  the  specific 
choosen  device,  the  manufacturing  process,  as  well  as  the  assets  and 
limitations  of  the  summing  topology.  The  approach  discussed  in  the  paper 
has  been  developed  in  order  to  provide  evaluation  quality  criteria  for  the 
required  performance. 


I.  INTRODUCTION 


The  design  of  Power  Amplifiers,  based  on  MMIC,  leads  the  designer  to 
dedicate  a  lot  of  thought  to  the  issue  of  power  summation. 

In  this  paper  we  present  a  brief  description  of  few  topologies  to  sum  the 
power  from  which  the  designer  can  choose,  depending  on  several  parameters 
like  frequency,  power,  power  density,  size  of  the  active  element, 
characteristics  of  the  passive  elements. 

The  topologies  considered  are: 

1)  Parallel  Summation  with  a  wide  and  long  microstrip  line  connected  in 
parallel  to  the  outputs  of  the  active  devices  on  one  side  and  on  the 
opposite  side  the  total  output  power  is  obtained  as  shown  in  Fig.  1 . 

2)  Use  of  Microstrip  Directional  Coupler  in  which  its  two  inputs  are  connected 
to  two  out  of  phase  ( 90° )  outputs  from  the  active  element. 

At  one  of  the  coupler  outputs  the  summed  power  is  obtained  while  the 
other  output  is  isolated  [1]  as  shown  in  Fig.  2.  Cascading  few  couplers 
achieves  the  power  summation  from  all  active  elements  outputs. 

3)  In  case  of  unacceptable  long  microstrip  lines  in  the  previous  topologies 
(1  &  2)  there  is  a  way  to  replace  every  microstrip  by  lumped  elements  [2] 
Fig.  3  shows  several  topologies  which  the  designer  can  choose  from 
depending  on  biasing,  DC  blocking,  level  of  the  summation  from  the  active 
element  and  the  size  of  the  coupler  as  shown  in  Fig.  4. 


-273- 


4)  Use  of  equal-spilt  Wilkinson  power  summation  network  [3]  in  microstrip 
form,  which  connects  the  output  from  the  active  element  to  one  output 
which  generates  the  summer  power  as  shown  in  Fig.  5. 

5)  In  case  of  unacceptable  long  line  in  the  design  of  Wilkinson  power 
summation  network  in  the  microstrip  form,  the  lines  can  be  replaced  by 
lumped  elements  [4]  as  shown  in  Fig.  6. 

6)  A  microstrip  fanshape  in  which  the  active  elements  are  connected  to  a 
radial  shape  line  with  one  port  output  as  shown  in  Fig.  7.  At  the  output  port, 
all  inputs  are  summed  with  the  same  amplitude  and  phase. 


II.  DESIGN  COSIDERATIONS 


The  design  considerations  will  be  based  on  the  size  of  the  summation  circuit 
and  this  will  be  directly  dependent  on  the  frequency. 

In  the  lumped  topology  the  consideration  is  on  biasing  the  DRAIN'S  and 
blocking  the  DC  from  going  out  from  the  circuit, 
the  disadvantage  of  using  lumped  topology  is  the  size  of  the  passive 
elements  but,  even  so,  at  certain  frequency  range  the  designed  circuit  will  be 
smaller  than  the  alternative  which  is  the  distributed  one. 

Another  disadvantage  to  consider  is  the  small  bandwidth  of  the  lumped 
circuit. 

The  advantage  of  using  microstrip  distributed  circuit  is  its  wide  frequency 
range  of  response.  Its  disadvantage  lies  in  the  excessive  length  and  width  of 
the  lines  when  designed  at  low  frequency  and  high  power. 

Fig.  8  shows  the  concept  of  the  size  issue,  when  the  circuit  is  designed  with 
lumped  elements. 
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111.  DESIGN  EXAMPLE 


In  this  section  we  present  an  example  of  an  amplifier  designed  in  three 
configurations:  1)  Wilkinson  with  lumped  elements,  2)  Parallel  summation  with 
a  wide  and  long  microstrip  line,  3)  Microstrip  lines  which  connect  two  gates 
without  any  previous  consideration. 

The  amplifier  was  designed  for  15  GHz  to  17GHz,  and  in  Fig.  9  the  reader 
should  note  that  we  present  only  the  power  summation  part,  and  that  all  the 
configurations  was  match  to  the  input  and  to  the  output  with  the  same 
topologies  for  the  output  and  for  the  input  respectively. 
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IV.  CONCLUSION 


Few  topologies  for  Power  Amplifier  summation  networks  were  presented. 
Advantages  and  disadvantages  for  each  topology  were  discussed. 

The  designer  has  several  tools  to  realize  the  required  performance  of  a 
Power  Amplifier,  based  on  critical  parameters  like  frequency  range,  he  can 
choose  any  of  the  presented  topologies  that  will  help  his  desired  performance 
goal. 
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This  paper  decribes  the  specifications  of  an  automated  land  mobile  channel  emulator 
developed.  The  system  is  able  to  reproduce  most  of  the  characteristics  of  the  propagation 
channel  between  a  real  transmitter  and  receiver,  allowing  the  study  of  mobile  systems  and  the 
comprobation  of  propagation  models  in  the  laboratory.  Fadding,  shadowing,  doppler  shift, 
noise  increase,  multipath  and  other  efects  like  propagation  delays  and  transponder  non 
linearities  can  be  emulated. 


INTRODUCTION 


Channel  modelling  and  simulation  is  basic  for  the  analysis  and  desing  of  mobile 
comunications  systems.  On  terrestrial  communications,  the  radio  mobile  propagation  channel 
has  been  widely  studied,  and  there  are  many  papers  published  about  it,  an  example  of  which 
are  (l)-(2).  Also  we  can  find  some  propagation  models  for  satellite  comunications  on  (3)-(4) 
and  their  aplication  to  differents  modulation  schemas,  (5)-(6).  Those  models  has  been 
applied  to  the  developement  of  channel  simulators  which  allow  the  study  of  complete 
practical  systems. 

Normally  systems  analisys  has  been  carried  out  by  using  propagation  models  for 
software  simulation  and  confirmed  with  practical  measurments.  But  now  we  propose  the  use 
of  a  channel  emulator  to  analyze  the  specificactions  of  a  system,  appling  the  existing 
models.The  behavior  of  a  system  can  be  study  in  different  conditions  and  enviroments  in  the 
laboratory,  without  having  to  make  measurements  in  a  vehicle  using  the  satellite. 

The  developped  emulator  is  able  to  reproduce  most  of  the  characteristics  of  the 
propagation  channel:  fadding,  shadowing,  doppler  shift,  noise  increase,  multipath,  and  can 
also  emulate  satellite  transponder  effects  as  non  linearities,  phase  noise  and  group  delay, 
which  is  very  important  to  analyze  digital  systems. 

EMULATOR  OPERATION 

The  equipment  is  designed  to  allow  differents  possibilities  of  use  depending  of  the 
system  we  are  working  with.  It  permit  to  test  from  a  mobil  receiver  to  a  full  transmission 
system,  and  can  be  used  in  two  different  ways. 
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For  eample.  If  we  are  developping  a  mobii  receiver  to  be  used  with  an  existing 
satellite,  we  can  input  the  received  signal  from  the  satellite  to  the  emulator,  as  can  be  seen 
on  figure  l .a,  and  test  the  receiver  in  different  conditions.  Ano'Her  posibility.  fig.  l.b.  is  to 
use  the  system  to  emulate  a  transmit  and  receive  system.  In  this  case  we  need  to  emulate  the 
up-link,  satellite  and  down-link,  which  requires  signal  processing  to  reproduce  the 
characteristics  of  the  satellite  as  non  linearities,  group  delay  variation,  phase  noise  and  others. 


SYSTEM  DESCRIPTION 

The  system  is  composed  of  a  RF  Unit  and  a  IF  Processor,  both  controled  by  a  PC. 

L-  RF  Unit 

This  unit  (Figure  3)  basically  is  a  down-converter  followed  by  an  up-converter  where 
most  of  the  propagation  effets  are  added. 

The  down  converter  is  a  dual  conversion  receiver  which  converts  the  input  signal 
from  850  to  1950  Mhz  to  an  intemedial  frecuency  centered  on  9.5  Mhz  with  a  bandwith  of 
16  Mhz.  This  IF  signal  can  be  input  to  the  IF  Processor,  to  be  sampled  and  processed,  or  can 
be  conected  directly  to  the  up  converter.  The  converter  has  an  input  attenuator  to  get  the 
desired  output  IF  level ,  and  the  reference  frecuency  of  the  first  local  oscillator  is  generated 
with  a  DDS  to  get  1  Hz  resolution. 

The  propagation  effects  of  the  channel  are  added  in  the  up-converter.  This  module  is 
a  triple  conversion  circuit,  which  uses  IF's  of  9.5,  70  and  479  Mhz  to  get  the  final  output  in 
850-1950  Mhz.  The  70  Mhz  stage  is  included  to  allow  the  use  of  a  SAW  filter  to  get  a  spurios 
free  output.  Finally  phase  variations  and  doppler  shift  are  generated  in  the  last  frecuency 
conversion  using  a  local  oscillator  driven  by  a  DDS  which  has  32  bits  of  frecuency  control 
and  12  bits  of  phase  control.  Fadding  is  emulated  using  two  variable  attenuators  and  white 
noise  is  added  to  the  output  to  get  the  desired  noise  figure. 

All  the  circuits  are  controled  trough  the  computer,  using  a  paralel  interface 

2.-  IF  Processor 

The  signal  processor  basically  is  designed  to  reproduce  the  non  linearities  of  the 
satellite  and  propagation  delaies  of  the  channel.  It  uses  a  12  bits  A/D  converter,  which  allow 
more  than  60  dB  of  spurios  free  dinamic  range,  and  proces  40Msp/s  using  a  10Mbit  FIFO 
memory.  The  output  of  the  FIFO  goes  to  two  RAM  memories  where  the  non  linear 
caracteristics  of  the  satellite  transponders  are  saved  for  the  computer.  Both  RAM  memories 
drives  two  12  bits  D/A  converters  ,  one  for  the  IF  output  and  the  other  to  control  a  phase 
shifter  to  produce  phase  distorsion. 


With  this  caracteristics  the  processor  can  generaterpropagacion  delay  from  1  to 
250ms  in  1ms  steps,  thir  order  distorsion  (phase  and  amplitud)  and  group  delay  distorsion. 
The  schema  of  the  processor  can  be  seen  on  figure  4 
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3.-Personal  Computer 

All  the  system  is  controled  through  a  166  Mhz  Pentium  personal  computer  with 
software  running  under  Windows. 

The  software  generates  all  the  calculations  to  reproduce  the  characteristics  of  the 
channel  and  programs  the  emulator  through  a  paralell  interface  card.  With  this  computer,  is 
posible  to  get  up  to  1  Million  changes  per  second,  been  most  part  of  the  time  dedicated  to 
produced  random  phase  variations  and  fadding. 

A  propagation  model  is  generaed  with  a  file  where  the  variations  of  attenuation, 
phase,  frecuency  and  doppler  shift  are  defined  for  their  statistical  models  and  distorsion  and 
propagation  delay  are  defined  through  equations.. 

MEASURMENTS 

Some  example  of  channel  effects  generated  with  the  emulator  are  figure  5.  where  we 
can  see  Raileigh  fadding,  and  figure  6  where  we  have  uniform  fase  variations  added  to  a 
carrier.  On  figure  7  we  see  the  frecuency  response  of  the  9.5  Mhz  IF  signal.  This  IF  is 
sampled  with  the  12  bit  A/D  and  so  that  it  must  be  very  flat  and  with  very  low  distorsion 
(lower  than  60  dB).  Finally  in  Table  1  we  have  the  principal  characteristics  of  the  system. 

CONCLUSIONS 

The  emulator  shown  offers  maximun  flexibility  to  simulate  satellite-to-ground 
transmission  links  and  can  be  adecuated  to  every  application.  It  can  be  easily  integrated  with 
other  testing  equipments  to  perform  multipath  fading  emulation,  BER  testing  and  closed-loop 
validation  of  mobile  transceiver.  Also  it  can  be  adecuated  to  any  other  frecuency  band  using 
external  up  and  down-converters. 
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Figure  5.  Raileigh  fadding  generated  with  the  emulator. 


Figure  6.  Fase  variations  added  to  a  carrier,  numerically  generated  with  a  DDS. 
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Figure  7.  IF  response  of  the  emulator. 


SPECIFICATIONS  OF  THE  SATELLITE  LINK  EMULATOR 

Input/output  frecuency  range  850- 1 950Mhz 


-  Input/output  bandwith 

16Mhz 

-  Fading 

90dB 

-  Doppler  shift 

±10Mhz/  1Hz  steps 

-  Phase  variation 

360° 

-  Noise  increase 

30dB 

-  Propagation  delays 

1-  250ms  /1ms  steps 

-  Distorsion  (phase  and  amplitud) 

third  order  polinom 

-  Group  delay 

Programable 

Tabla  1.  Principal  characteristics  of  the  system. 
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Abstract : 

Novel  photonic  mixer  schemes  for  up  and  down-converting  encounter  a  great  number  of  applications 
in  several  areas  of  microwave-photonic  interaction.  Photonic  mixers  may  be  used  for  up  and 
downconverting  channels  in  subcarrier  systems  such  as  mobile  communication  signal  distribution 
network,  remote  antenna  fibre-optic  links  [Park  et  al  (1)]  as  well  as  channel  tuners  in  CATV  systems 
[Gopalakrishnan  et  al  (2)].  The  novelty  of  the  schemes  presented  in  this  work  consists  on  requiring  a 
RF  source  of  a  half,  a  third,  a  fourth,  a  fifth,...  of  the  nominal  frequency  required  for  the  up  or  down 
conversion.  The  approach  is  based  on  using  the  nonlinear  behaviour  at  the  modulator.  We  present  the 
theoretical  analysis,  simulation  and  experimental  demonstration  of  the  approach  in  a  remote  antenna 
up-converting  fibre-optic  link  application. 

I.  Introduction 

The  photonic  mixer  device  is  based  on  a  Mach-Zehnder  electro-optic  modulator  (MZ-EOM) 
configuration.  MZ-EOMs  have  been  studied  previously  as  photonic  mixers  for  up  and  down 
converting  applications  for  quadrature  bias  (QB)  [Lindsay  et  al  (3),  Gopalakrishnan  et  al  (4)].  In  this 
work,  minimum  transmission  bias  (MTB)  is  also  considered,  and  non-linear  effects  occurring  at  the 
MZ-EQM  are  used  for  harmonic  generation  at  the  photonic  mixer.  In  the  QB  case,  the  fundamental 
and  odd  harmonics  of  the  local  oscillator  (LO)  driving  signal  may  be  used  for  the  up/down-conversion. 
Even  order  harmonics  are  employed  in  the  MTB  case.  The  use  of  LO  harmonics  eases  LO  frequency 
requirements.  However,  as  the  harmonic  order  increases,  a  higher  LO  power  is  required  to  drive  the 
device  to  optimum  performance.  Moreover,  optimum  performance  worsens  slightly  as  higher 
harmonics  of  the  LO  driving  signals  are  employed. 

MZ-EOM  based  devices  may  be  used  as  either  electrical  mixers  (EM),  using  photonic  technology  for 
mixing  electrical  signals,  or  as  hybrid  electrical-photonic  mixers  (HEPM),  for  up/down-conversion  of 
the  electrical  subcarriers  carried  onto  the  optical  signal.  Section  II  will  cover  modelling  and  parameter 
characterisation  of  EM  devices,  while  HEPM  devices  will  be  discussed  in  section  III.  Section  IV 
overviews  a  remote-antenna  application  which  includes  an  HEPM  for  the  up-conversion.  A  good 
agreement  between  theoretical  and  experimental  results  is  obtained.  Final  conclusions  are  presented  in 
section  V. 

II.  EM  analysis 

Several  mixing  configurations  may  be  considered  for  EM  devices  [4].  Figure  1  depicts  a  mixer  scheme 
based  on  a  single  MZ-EOM.  In  this  configuration,  two  electrical  input  signals  enter  the  mixer  through 
a  laser  diode  and  an  external  modulator,  respectively.  The  electrical  output  signal  is  provided  by  the 
photoreceiver.  This  device  may  be  considered  as  an  electrical  mixer  black  box,  with  two  electrical 
inputs  and  one  electrical  output.  Therefore,  it  may  be  characterised  by  current  electrical  parameters 
such  as  gain  or  noise  figure.  For  the  sake  of  simplicity,  loads  are  supposed  to  be  impedance  matched  to 
Z0. 
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Under  these  assumptions,  the  gain  of  the  mixer  is  given  by. 


Gmix  -  GZ0klaser 


K(/rf) 


4LwmLi 


'opt 


(1) 


where  G  is  the  photoreceiver  amplifier  gain,  5?  is  the  photodiode  responsivity,  P,aser  is  the  optical 
power  launched  by  the  laser  diode,  klaser  =  mj2/PE[N1  is  the  laser  diode  response,  Jn()  is  the  n,h  -order 
Bessel  function  of  the  first  kind  (n  =  1,  3,  5,  ...  for  QB  and  n  =  2,  4,  6, ...  for  MTB),  V^f^)  is  the  half¬ 
wave  voltage  of  the  EOM  at  fRF,  LE0M  is  the  EOM  insertion  loss  and  Lopt  is  the  optical  loss  due  to 
connectors. 

Figure  2  shows  the  dependence  of  the  gain  of  the  mixer  as  a  function  of  the  LO  driving  signal  power 
level,  both  for  QB  and  MTB,  where  n  indicates  the  harmonic  order  of  the  LO  source  employed  for  the 
up/down  conversion.  As  it  can  be  observed  from  figure  2,  the  gain  increases  linearly  as  the  LO  power 
level,  until  the  compression  point  is  reached.  Optimum  performance  occurs  at  the  peak  of  the  curve. 
As  the  harmonic  order  increases,  the  peak  of  the  curve  diminishes  and  the  LO  power  level  required  for 
optimum  performance  augments. 

The  noise  figure  of  the  mixer  is  given  by, 
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where  n  =  2,  4,  6,  ...  and 


a  =  \-J0 


^PejsiZq  ) 

K(U)  J 


for  the  MTB  case  and  n  =  1,  3,  5,  ...  and  a  =  1  for 


the  QB  case.  Fphot  is  the  photoreceiver  amplifier  noise  figure,  RIN  is  the  laser  diode  relative  intensity 
noise  parameter  and  q  is  the  electron  charge. 


Figure  4  shows  the  dependence  of  the  mixer  noise  figure  as  a  function  of  the  LO  power  level. 
Optimum  performance,  that  is  minimum  mixer  noise  figure,  is  achieved  for  the  same  LO  power  levels 
as  at  the  former  parameter. 

As  a  conclusion,  it  may  be  pointed  out  that  harmonic  mixing  is  perfectly  achievable  with  EM  devices 
and  allows  the  use  of  a  LO  source  of  lower  frequency.  However,  the  optimum  performance  worsens 
slightly  and  a  higher  LO  power  level  is  required. 
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III.  HEPM  analysis 


The  HEPM  device  performs  signal  mixing  between  a  LO  signal  and  an  electrical  signal  modulated 
onto  the  optical  carrier.  These  devices  are  normally  used  in  fibre-optic  links  for  up/down-converting 
subcarrier  multiplexed  signals  previously  modulated  onto  the  optical  carrier.  They  can  not  be 
characterised  by  electrical  parameters,  such  as  gain  or  noise  figure.  However,  a  couple  of  factors 
accounting  for  signal  and  noise  contributions  may  be  defined.  The  first  factor  (FI)  is  related  with  the 
signal  power  gain  contribution  and  is  given  by  the  following  expression, 


Jn 


where  n  -  1,  3,  5, ...  for  QB  and  n  =  2, 4,  6, ...  for  MTB.  The  second  factor  (F2)  is  related  with  the 
average  optical  power  gain  contribution  and  is  given  by, 


F2  = 
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for  QB  and  MTB,  respectively. 

Figure  5(a)  and  figure  5(b)  show  FI  and  F2  as  a  function  of  the  LO  power  level,  respectively.  FI 
affects  the  up/down-converted  signal  level  at  the  output  of  the  link,  while  F2  affects  the  overall  noise 
level  of  the  fibre-optic  link  through  the  shot,  RIN  and  EDFA  contributions.  A  HEPM  device  with  a 
high  FI  and  a  low  F2  will  improve  the  overall  carrier  to  noise  ratio  of  the  optical  fibre  link.  FI 
provides  the  same  type  of  information  in  HEPM  devices  as  gain  does  in  EM  devices.  As  it  can  be 
observed  from  figure  5(a),  optimum  performance  occurs  for  certain  values  of  the  LO  driving  signal 
power  level,  and  similar  conclusions  to  those  deduced  for  EM  devices  may  be  obtained.  F2  is  related 
with  the  input  optical  power  at  the  photodetector.  Figure  5(b)  shows  that  the  dependence  of  F2  with 
the  LO  power  level  is  constant  for  the  QB  case,  and  mostly  linear  for  the  MTB  case. 

IV.  Aplication 

To  demonstrate  the  proposed  approach,  an  experimental  setup  for  an  up-converting  fibre-optic  link  in  a 
remote-antenna  system  using  the  HEPM  structure  is  presented.  The  arrangement  is  shown  in  figure  6. 

A  150  MHz  subcarrier  is  used  as  the  IF  modulation  signal  of  a  tunable  laser  operating  at  1550  nm 
whose  optical  power  has  been  set  to  0  dBm.  An  optical  span  of  46.2  Km  SSMF  and  a  21  dB  gain 
EDFA  with  a  nsp  of  1.4  is  employed.  The  MZ-EOM  is  driven  by  a  RF  synthesiser  (HP83620A)  whose 
frequency  has  been  set  to  1.65  GHz  for  the  QB  case  and  to  0.825  GHz  for  the  MTB  case.  The 
upconverted  RF  signal  at  the  receiver  output  is  then  at  1.8  GHz.  For  the  MTB  case  the  second 
harmonic  generated  by  the  nonlinear  response  of  the  MZ-EOM  is  selected. 

The  up-converted  electrical  signal  power  level  (Pe)  is  given  by, 
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where  FI  is  defined  as  in  (3). 

The  noise  modelling  (including  shot  noise,  thermic  noise,  RIN  noise  and  EDFA  noise)  is  based  on  the 
averaged  incident  optical  power  in  the  photodiode  (Pa),  which  is  given  by, 
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where  F2  is  defined  as  in  (4a)  for  QB  and  as  in  (4b)  for  MTB. 

Theoretical  results  and  experimental  measurements  are  shown  in  figure  7.  Same  detected  power  levels 
and  signal  to  noise  ratios  are  expected  for  a  RF  oscillator  power  level  of  36  dBm  both  in  QB  and  MTB 
cases,  but  with  half  the  frequency  requirements  for  the  MTB  case.  This  optimum  RF  oscillator  power 
level  may  be  lowered  by  using  a  EOM  with  a  lower  V^(DC)  parameter  (V^(DC)  -  19.1  V  in  our 
experiment). 

V.  Conclusions 

A  novel  scheme  for  microwave  and  mm-wave  signal  transmission  through  optical  fibre  links,  based  on 
the  nonlinear  behaviour  of  MZ-EOM  based  photonic  mixers  has  been  investigated.  The  upconverting 
techniques  has  been  demostrated  for  transmission  of  a  subcarrier  of  1.8  GHz  along  46.2  km  of 
standard  fibre. 
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Figure  Captions 

Figure  1 .  Electrical  mixer  (EM)  scheme 

Figure  2.  Hybrid  electrical-photonic  mixer  (HEPM)  scheme 
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Figure  3.  Mixer  gain  versus  LO  power  level  in  a  EM  device,  n  indicates  the  harmonic  order  of  the  LO 
driving  signal  employed  for  the  mixing. 

Figure  4.  Mixer  figure  noise  versus  LO  power  level  in  a  EM  device,  n  indicates  the  harmonic  order  of 
the  LO  driving  signal  employed  for  the  mixing. 

Figure  5.  FI  and  F2  factors  versus  LO  power  level  in  a  HEPM  device,  n  indicates  the  harmonic  order 
of  the  LO  driving  signal  employed  for  the  mixing. 

Figure  6.  Experimental  setup  for  a  remote-antenna  fibre-optic  up-converting  link  application 

Figure  7.  Detected  power  and  system  noise  versus  LO  power  in  a  fibre-optic  upconverting  link  for  a 
remote-antenna  application.  Circles  and  crosses  correspond  to  experimental  results  and  solid 
lines  to  simulation  results. 
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In  this  paper  a  direct  method  for  obtaining  the  operating  regions  of  nonlinear  microwave  frequency  dividers  in  the  frequency  domain,  is 
presented.  This  method  is  based  on  the  enlargement  of  the  Harmonic  Balance  system  of  equations  with  an  additional  equation  which  stands 
for  the  condition  of  turning  and/or  bifurcation  points.  This  enlarged  system  of  equations  is  solved  in  an  efficient  way  by  means  of  a  suitable 
continuation  technique.  The  proposed  method  has  been  applied  to  the  analysis  of  a  parametric  frequency  divider  obtaining  excellent  results. 

Certain  nonlinear  microwave  circuits,  like  frequency  dividers  and  injection  locked  oscillators,  can  show  different  types  of  behavior, 
periodic,  divided-periodic  and  quasi-periodic,  depending  on  the  amplitude  and  the  frequency  of  the  input  signal.  These  circuits  constitute 
an  essential  part  of  many  communications  systems,  so  the  development  of  Computer  Aided  Design  (CAD)  tools  able  to  analyze  and  predict 
the  type  of  behavior  that  they  are  going  to  present  is  of  fundamental  importance  Rizzoli  and  Neri  (1).  Particularly  it  is  of  great  interest  to 
develop  methods  to  efficiently  trace  the  circuit  operating  regions  within  already  existing  frequency  domain  based  tools. 

In  this  paper,  efficient  tracing  of  the  operating  regions  of  a  microstrip  parametric  frequency  divider  Rizzoli  and  Lippanni  (2)  according 
to  the  amplitude  and  frequency  of  the  input  generator  is  performed  by  means  of  a  direct  frequency  domain  strategy.  The  aim  of  the  method 
lies  in  that  transition  between  different  operating  regions  is  determined  by  the  appearance  of  tumig  and  bifurcation  points,  that  will  be  called 
from  now  on  branch  points,  in  the  solution  curves  of  the  circuit  depending  on  the  interest  parameters  .This  fact  allows  to  enlarge  the 
Harmonic  Balance  system  of  equations,  that  describes  the  circuit  in  the  frequency  domain,  with  a  new  equation  which  stands  for  the 
condition  of  turning  and/or  bifurcation  points.  Such  enlarged  system  of  equations,  that  directly  describes  the  solution  curve  defined  by  the 
points  where  the  circuit  undergoes  some  change  in  its  behavior,  is  solved  in  an  efficient  way  by  the  application  of  a  pseudoarclength 
continuation  method  Barbancho  and  Molina  (3). 

?  OPERATING  REGIONS  TRACING  OF  A  NONLINEAR  CIRCUIL 

2J  INDIRECT  METHOD  ( 

A  first  approach  to  determine  the  operating  regions  of  a  nonlinear  circuit,  depending  on  the  amplitude  and  the  frequency  of  the  input 
generator,  consists  in  studying  its  behavior  by  means  of  tracing  the  solution  curves  according  to  only  one  parameter,  like  for  examplethe 
power  of  the  input  generator,  keeping  the  other  parameter  constant  to  a  fixed  value,  for  example  fixing  the  generator  frequency.  This 
procedure  has  to  be  repeated  for  a  certain  set  of  frequency  generator  values  in  the  rank  of  interest.  This  way  of  tracing  the  operating  regions, 
that  will  be  called  indirect  method,  has  been  the  most  commonly  used  for  the  study  of  this  type  of  circuits  R.Qudrd  et  al  (4),  J.  Morales 
et  al  (5). 

For  tracing  the  circuit  solution  curves,  the  Harmonic  Balance  System  of  Equations  (F,*)  describing  the  circuit  in  the  frequency  domain 
is  formulated.  This  algebraic  nonlinear  system  of  equations  can  be  written  as 


FHB(X,X=Ag)=0  (1) 


where  X  stands  for  the  Fourier  coefficients  of  the  Nx  controlling  variables  and  X=Ag  is  the  generator  amplitude,  that  is  the  parameter 
according  to  which  the  system  (1)  is  solved.  This  system  has  N=NX(2  NH+1)  equations  and  N  unknowns  plus  one  parameter.  The  generator 
frequency  Qg  is  kept  constant  during  the  whole  process. 

While  tracing  this  solution  curve  some  typical  phenomena  of  nonlinear  dynamics,  such  as  bifurcation  or  turning  points,  will  appear.  These 
points  imply  a  change  of  the  stability  of  the  solution  branch  being  followed,  and  so,  they  determine  a  possible  jump  between  two  different 
operating  regions.  Furthermore,  the  jacobian  of  the  system  of  equations  becomes  singular  at  these  points  an  this  fact  is  an  obstacle  in  the 
process  of  branch  following.  Continuation  methods  allow  a  solution  curve  depending  on  a  parameter  to  be  traced,  locating  and  overcoming 
the  obstacle  presented  for  the  appearance  of  a  turning  or  bifurcation  point  in  the  solution  curve.  Different  continuation  methods,  Rizzoli 
and  Constanzo  (6),  Suarez  et  al  (7),  Hente  and  Jansen  (8),  (3),  have  been  previously  applied  to  overcome  the  appearance  of  turning  points 
in  nonlinear  microwave  circuit  problems  analyzed  in  the  frequency  domain.  The  switching  parameter  strategy,  that  is  a  local  method 
consisting  on  interchanging  the  roles  of  the  parameter  and  of  one  of  the  system  unknowns  in  the  neighborhood  of  the  turning  point,  has 
been  used  to  trace  the  solution  curve  of  an  injection-locked  oscillator  as  a  function  of  frequency  (6)  and  to  obtain  the  operating  regions 
of  a  frequency  divider  (7).  The  pseudoarclength  continuation  method  Keller  (9),  that  is  the  one  utilized  in  this  paper,  consists  in  adding 
a  new  equation  and  a  new  parameter  so  that  in  the  solution  curve  according  to  the  new  parameter  there  is  no  turning  point.  With  this 
equation,  the  new  parameter  X=s  approximates  the  arclength  along  the  solution  curve.  The  introduction  of  this  equation  has  two  advantages: 
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in  one  hand  it  solves  the  problem  of  the  turning  points  in  a  global  way  and  in  the  other  hand,  as  s  contains  information  about  the  arclength 
along  the  solution  curve,  it  gives  invaluable  information  for  the  step-length  control.  This  way,  the  new  system  of  equations  to  be  solved 
is 


FhJX,A0)= 0 


Fpar(X,AgMs)= 


ds 


-1=0 


(2) 


where  the  generator  amplitude  has  become  an  unknown.  From  (2),  it  has  to  be  noticed  that  the  parametrization  equation  involves  the  s- 
derivatives  of  X  and  Ag  rather  than  these  quantities  themselves.  This  way  the  system  of  equations  (2)  has  N+l  equations,  2(N+1)  unknowns 
(the  N  Fourier  coefficients,  the  generator  amplitude  and  all  their  derivatives  with  respect  to  s)  and  one  parameter.  It  follows  that  it  will  be 
necessary  to  approximate  the  s-derivatives  in  any  way  such  that  X  and  Ag  become  the  unknowns  and  the  resulting  system  of  equations  has 
only  N+l  unknowns.  Many  approximations  are  possible  and  in  Barbancho  and  Molina  (10)  some  of  them  are  presented.  This  method  has 
been  applied  to  analyze  a  tunnel-diode  oscillator  (8)  and  frequency  dividers  (3). 

In  figs.  1-4,  the  solution  curves  of  the  frequency  divider  proposed  in  (2),  traced  depending  on  the  amplitude  of  the  input  generator  for  a 
fixed  frequency,  are  presented.  The  turning  points  (marked  with  X)  that  appear  in  the  curves,  were  overcome  by  the  continuation  method 
without  any  difficulty.  In  the  curves  two  types  of  branch  points  are  found:  I-type  and  D-type  Kawakami  (11).  The  I-type  branch  points, 
which  correspond  to  bifurcation  points  (marked  with  O),  establish  the  change  from  the  periodic  regime  to  the  divided  periodic  regime  (P- 
DP).  With  regard  to  the  D-type  branch  points,  even  if  all  of  them  imply  a  change  in  the  stability  of  the  solution  branch  being  followed  and 
they  involve  a  jump  to  other  stable  solution  branch,  not  always  this  jump  implies  a  change  in  the  type  of  regime.  As  can  be  seen  in  figs.  1-4, 
there  are  many  turning  points  in  which  only  jumps  between  divided  periodic  branch  take  place.  When  tracing  the  operating  regions,  the 
D-type  branch  points  to  be  taken  into  account  are  those  in  which  the  jump  between  the  divided-periodic  and  the  periodic  regime  occurs. 
Such  points  has  been  labeled  in  the  graphs  as  DP-P.  It  is  worth  to  mention  that  when  the  dynamic  of  the  circuits  becomes  complex  and  there 
are  many  simultaneous  stable  solution  branches,  the  Harmonic  Balance  does  not  convey  enough  information  to  know  exactly  to  which  of 
the  possible  stable  branches  the  circuit  is  going  to  jump.  This  fact  makes  sometimes  necessary  to  resort  to  time  domain  simulations.  Coming 
back  to  figs.  1-4,  if  the  point  labeled  as  P-DP  is  considered,  it  can  be  observed  that  as  the  generator  frequency  is  being  modified,  the 
generator  amplitude  for  which  the  I-type  branch  point  appears  is  changing,  defining  a  curve  in  the  generator  frequency-amplitude  plane. 
This  curve  establishes  the  change  from  the  periodic  regime  to  the  divided  periodic  regime.  The  DP-P  region  can  be  analogously  obtained, 
but  further  difficulties  arise  due  to  the  great  number  of  existing  turning  points,  which  make  necessary  a  careful  selection  of  the  desired  point 
to  be  followed.  From  previous  comments  it  is  clear  that  tracing  the  operating  regions  by  means  of  the  indirect  method  requires  a  large 
amount  of  solution  curves,  similar  to  those  of  figs.  1-4,  to  be  obtained  for  different  values  of  the  generator  frequency.  Note  that  this  is  a 
very  inefficient  procedure,  from  the  numerical  point  of  view,  since  for  each  figure  to  obtain  one  or  two  branching  points  all  the  intermediate 
points  of  the  solution  curve  must  be  calculated.  As  it  will  be  seen  in  the  next  section,  the  proposed  method  for  tracing  the  operating  regions 
avoids  this  unnecessary  numerical  overload  by  directly  searching  for  the  desired  branching  points. 

2.2  DIRECT  METHOD 

An  alternative  method  to  calculate  the  branch  points  is  to  add  to  the  Harmonic  Balance  system  of  equations  another  equation  (Fbranch)  which 
stands  for  the  condition  of  branch  point,  leading  to  an  Enlarged  Harmonic  Balance  system  of  equations  (FEHB).  In  this  case,  the  generator 
amplitude  is  considered  to  be  an  unknown  and  the  solution  of  such  enlarged  system  will  directly  be  the  turning  and  bifurcation  points.  This 
new  system  of  equations,  with  N+l  equations  and  N+l  unknowns  can  be  written  as 


Fhb(X’\)=* 

+ 

Fbra«*W>Ag>  °) 


-FEHB(X,Ag)=  0 


(3) 


With  the  system  of  equations  (3),  the  generator  amplitude  values  where  a  branch  point  appears  can  be  calculated  for  each  frequency  value 
and  in  this  case  it  is  not  necessary  to  calculate  the  whole  solution  branch.  This  method  has  two  disadvantages:  in  one  hand  it  needs  a 
sufficiently  good  initial  approach  so  that  the  Newton  method  converges,  and  in  the  other  hand,  as  it  was  previously  discussed,  not  all  the 
branch  points  are  relevant  to  obtain  the  circuit  operating  regions. 

It  must  be  noticed  that,  Mien  solving  (3)  for  different  frequency  values,  the  branch  points  are  defining  a  solution  curve  in  the  frequency- 
amplitude  plane,  so  the  problem  of  calculating  the  branch  points  can  be  reconverted  to  a  continuation  problem  and  the  F^  will  be  solved 
considering  the  generator  frequency  as  a  parameter,  i.e. 
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FEHB{X,Ag,\=  o)g)=° 


(4) 


The  resolution  of  the  system  of  equations  (4)  gives  the  generator  amplitude  values  where  a  branch  point  appears,  for  each  frequency  value. 
From  the  numerical  point  of  view,  the  problem  of  solving  a  system  of  equations  depending  on  a  parameter  has  to  be  faced  again,  so  the 
same  tool  will  be  used:  the  pseudoarclength  continuation  method.  In  doing  so  equation  (4)  becomes 


FEaJZ,AM= 0 


dA 

g 

ds  ) 


du 


ds 


1  -1=0 


(5) 


which  is  the  system  of  equations  to  be  solved  for  direct  obtention  of  the  circuit  operating  regions. 

Going  back  to  the  branching  equation  (Fbranch)  of  expression  (3),  it  must  be  noticed  that,  in  contrast  to  previously  published  methods  in 
which  a  different  equation  is  utilized  depending  on  the  type  of  branch  point  to  be  determined  (7, 1 1),  the  direct  method  proposed  in  this 
communication  uses  the  same  equation  to  search  for  both  kinds  of  branch  points  (I- type  and  D-type).  In  fact,  the  proposed  branching 
equation  looks  for  the  singularity  of  the  jacobian  of  the  Harmonic  Balance  system  of  equations,  using  w/2  as  the  fundamental  frequency, 
and  it  is  imposed  as 


MmW=0 

h  *  Max(SV) 


(6) 


where  Min(SV)  stands  for  the  smallest  singular  value  of  the  jacobian  and  Max(SV)  for  the  biggest.  This  way  the  system  of  equations  (5) 
used  for  tracing  the  solution  curves  defined  by  both  types  of  branch  points  is  the  same  and  only  the  initial  solution  (an  I-type  or  a  D-type 
point)  for  starting  the  continuation  method  needs  to  be  changed. 

From  a  practical  point  of  view,  obtaining  the  operating  regions  by  means  of  equation  (5)  can  only  be  fulfilled  if  an  initial  point  of  the 
desired  solution  curve  is  provided.  However  this  can  easily  be  done  by  following  the  next  steps:  i)  fixed  one  of  the  two  possible  parameters 
to  a  constant  value,  the  solution  curve  of  the  FHB  (2)  according  to  the  other  parameter  is  traced  and  some  branch  points  are  obtained;  ii) 
the  points  calculated  in  the  previous  step  are  used  like  initial  values  for  the  direct  tracing  of  the  branch  solution  curve  solving  the  F^  (5). 
This  is  the  technique  that  has  been  used  in  this  paper.  It  should  also  be  mentioned  that  all  the  sensibilities  of  the  system  of  equations  (5) 
are  calculated  in  an  analytical  way  Camacho  and  Martin  (12),  except  for  the  ones  of  the  branch  equation  (6),  that  are  calculated  in  a 
numerical  way.  With  this  strategy,  the  jacobian  of  the  system  is  calculated  very  efficiently. 

3.  OBTAINED  RESULTS 

The  direct  method  for  tracing  the  operating  regions  has  been  applied  to  the  frequency  divider  proposed  in  (2).  The  frequency  divider  has 
been  analyzed  in  a  800MHz  band  centered  at  2.375GHz,  frequency  for  which  the  divider  was  designed.  Figs.5-6  show  the  solution  curves 
determined  by  the  I-type  and  D-type  branch  points,  respectively,  in  the  generator  amplitude-frequency  plane.  Both  curves  has  been  directly 
traced  applying  the  pseudoarclength  continuation  method  to  the  enlarged  Harmonic  Balance  system  of  equations  FEHB.  Due  to  the  fact  that 
the  circuit  behavior  changes  considerablely  with  the  generator  frequency  and  amplitude,  it  was  not  possible  to  trace  the  whole  branching 
curves  with  only  one  initial  solution,  and  it  was  necessary  to  calculate  some  intermediate  points  from  which  to  restart  the  continuation 
method.  Particularly,  5  starting  points  were  needed  for  the  I-type  solution  curve  and  6  for  the  D-type  one.  In  spite  of  that,  the  computational 
efficiency  of  the  direct  method  for  tracing  the  operating  regions  is  clear  if  one  takes  into  account  that  the  computational  effort  needed  for 
calculating  only  one  branch  point  with  the  FHB  is  comparable  with  the  one  needed  for  tracing  the  whole  curve  of  branch  points  by  means 
of  the  direct  method. 

Figs.7- 1 0  clearly  illustrate  the  reason  why  the  direct  method  cannot  trace  the  whole  region  in  a  single  shot  and  some  restarting  points  must 
be  provided.  In  fig.7,  obtained  for  a  generator  frequency  fg=2.69GHz,  a  turning  point  (labeled  A269)  exists  in  the  divided  periodic  path 
which  corresponds  to  a  D-type  branch  point.  When  frequency  is  increased  this  points  suddenly  disappears  and  two  new  D-type  turning 
points  appear  in  a  different  part  of  the  curve  (labeled  C2.72  and  B  272  in  fig.8).  As  frequency  is  further  increased  (figs.9-10),  these  new  points 
move  gradually  away.  In  fig.  11  a  magnified  piece  of  the  D-type  solution  curve  of  fig.6,  corresponding  to  this  frequency  band,  is  shown 
and  the  previously  mentioned  A,  B  and  C  points  are  indicated.  From  this  figure  it  becomes  evident  that  it  is  not  possible  for  the  direct 
method  to  jump  from  the  left  side  of  the  solution  curve  (which  contains  point  A),  to  its  right  side  (where  the  B  and  C  points  are  located), 
and  therefore  it  is  necessary  to  search  for  a  new  starting  point  to  follow  with  direct  tracing  of  the  curve. 

On  other  hand,  it  can  be  seen  in  figs.5-6  that  around  fg=2.48GHz  the  direct  method  is  not  able  to  trace  any  branch  curve.This  fact  can  be 
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explained  with  the  help  of  fig.  12  in  which  complex  behavior  shown  by  the  circuit  in  this  part  of  the  frequency  band  can  be  appreciated. 
^-CONCLUSIONS 

A  novel  direct  method  to  efficiently  trace  the  operating  regions  in  a  frequency  divider,  that  i:  romputationaly  more  efficient  than  previously 
applied  indirect  methods,  is  presented.  The  proposed  branching  equation  (Fbranch),  which  looks  for  the  singularity  of  the  Jacobian,  allows 
to  treat  all  types  of  branching  points  with  a  unique  system  of  equations.  This  system  of  equations  is  then  solved  by  means  of  a 
pseudoarclength  continuation  method.  This  strategy  has  been  applied  to  the  analysis  of  a  parametric  frequency  divider  obtaining  excellent 
results.  To  our  knowledge,  the  advantages  of  using  a  continuation  method  for  the  direct  obtention  of  microwave  circuits  operating  regions, 
had  not  been  exploited  previously. 
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Absolute  values  of  the  VZ  + 1  harmonics 


Input  generator  frecuency  2.00  GHz 


Input  generator  amplitude  (V) 

Fig.  1 .  Solution  curve  for  2.02  GHz  solved  with  the  F^. 


Input  generator  frecuency  2.11  GHz 


Input  generator  amplitude  (V) 


Fig.2.  Solution  curve  for  2.11  GHz  solved  with  the  FHB. 


Input  generator  frecuency  2.15  GHz 


Input  generator  amplitude  (V) 

Fig.3.  Solution  curve  for  2.15  GHz  solved  with  the  F^- 


Input  generator  frecuency  2.18  GHz 


Input  generator  ampMude  (V) 

Fig.4.  Solution  curve  for  2.18  GHz  solved  with  the  FHB. 


l-type  bifurcation  points 


Input  generator  frequency  (GHz) 


Fig.5. 1-type  branch  points  calculated  with  the  direct 
method  (F^a). 


D-type  bifurcation  points 


Input  generator  frequency  (GHz) 

Fig.6.  D-type  branch  points  calculated  with  the  direct 
method  (Fehb). 
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Input  generator  frecuency  2.69  GHz 


Fig.7.  Solution  curve  for  2.69  GHz  solved  with  the  Fhb- 


Input  generator  frecuency  2.7S  GHz 


Fig.9.  Solution  curve  for  2.75  GHz  solved  with  the  FH] 


Input  generator  frecuency  2.72  GHz 


Fig. 8.  Solution  curve  for  2.72  GHz  solved  with  the  FHB. 


Input  generator  frecuency  2.78  GHz 


Fig.  10.  Solution  curve  for  2.78  GHz  solved  with  the  FH1 


D-type  bifurcation  points,  detail  Input  generator  frequency  2.47GHz 


Fig.  1 1 .  Detail  of  the  D-type  branch  points  curve  calculated  Fig.  1 2.  Solution  curve  for  2.47  GHz  solved  with  the  FHB. 

with  the  direct  method  (F^b). 
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Abstract 

This  paper  describes  a  new  model  for  an  open-ended  microstrip  line  under  illumination  for  the 
design  of  optically- controlled  microwave  devices.  The  model  gives  an  analytical  expression  of 
the  load  impedance  of  the  open  circuit  as  a  function  of  the  line  geometry  and  the  electrical 
parameters  of  the  substrate  on  which  it  is  manufactured.  Measurements  are  made  to  validate  the 
model  over  a  wide  frequency  range  and  show  a  very  good  agreement  between  modelling  and 
experiment. 

I.  Introduction 

Since  the  last  fifteen  years,  optical  control  of  microwave  devices  is  a  growing  topic  of  research. 
These  devices  can  be  separated  into  two  categories  :  the  active  and  passive  devices.  In  this  work, 
we  are  interested  in  a  passive  device  and  more  particularly,  a  microstrip  open  circuit  (figure  1). 
This  microwave  element  is  widely  used  for  building  more  complex  microwave  devices.  Knowing 
the  behaviour  of  this  element  should  enable  us  to  simulate  and  to  design  easily  optically 
controllable  microwave  devices. 

EL.  Description  of  the  model 

When  the  end  region  of  the  line  is  illuminated,  electron/hole  pairs  are  generated  in  the 
semiconductor  substrate.  The  presence  of  these  new  free  carriers  modifies  the  microwave 
behaviour  of  the  open  circuit.  The  observable  effect  of  the  light  penetration  is  the  modification  of 
the  input  reflection  factor.  It  is  reasonable  to  suppose  that  the  line  itself  is  not  influenced  by  the 
illumination.  The  variation  of  the  input  reflection  factor  due  to  the  illumination  is  thus  modelled 
by  a  variable  load  placed  at  the  end  of  the  microstrip  line.  The  importance  of  the  phenomenon 
depends  as  well  on  the  light  beam  as  on  the  substrate  characteristics.  All  these  specifications  have 
thus  to  be  integrated  in  the  model. 

The  calculation  of  the  load  impedance  is  based  on  the  plasma  theory  which  gives  an  expression  of 
the  complex  permittivity  as  a  function  of  the  photo  generated  carriers  concentration  present  in  the 
substrate.  Thanks  to  this  expression,  the  model  takes  into  account  all  the  parameters  influencing 
the  generation  phenomenon. 

The  equations  are  derived  in  [1]  and  give  : 
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(1) 


nxq 


ft 


ntq 


f  £ (l +eo2rf)  i  e0co  m*  (l + co2rf )  ’ 


where  i  =  0,  h  and  e.  The  doping  concentration  is  n0,  while  nh  and  ne  are  respectively  the 
photogenerated  hole  and  electron  concentrations.  The  mean  time  between  two  collisions  and  the 
effective  masse  are  denoted  xh  and  nth  for  holes  and  tc  and  m/  for  electrons. 

The  expression  of  ep  is  then  introduced  in  the  displacement  current  equation  to  get  an  equivalent 
conductivity : 

J  -jm  e0epE-o  E.  (2) 


The  load  impedance  can  be  found  by  integrating  the  conductivity  in  the  volume  where  the 
electromagnetic  fields  exist : 

y,=M<?dS,  (3) 

(4) 

L 

Making  some  assumptions  on  the  carrier  distribution  the  integration  leads  into  an  analytical 
expression.  In  this  case,  the  concentration  decays  exponentially  with  depth  and  is  considered  as 
uniform  over  the  surface  : 

n  =  nmKe'*,  (5) 


where  zO  is  the  diffusion  length. 

With  this  carrier  distribution  in  the  substrate,  the  load  impedance  reduces  to  : 

7  —  j  jPwS+S  e  z0  ^ 

Zw  C,V(  c,+c2 


where  the  expressions  C}  and  C2  are  given  in  the  appendix. 


(6) 


III.  Validation  of  the  model 

A  comparison  with  published  measurements  [2]  has  been  made.  Despite  of  the  very  narrow  band 
of  frequencies,  it  has  shown  good  agreement  between  simulation  and  measurement.  We  have  thus 
carried  out  measurements  to  validate  the  model  over  a  wider  band  of  frequencies. 

A  set  of  microstrip  lines  have  been  designed  and  manufactured  on  a  silicon  substrate  to  be 
measured  by  a  network  analyser.  The  TRL  calibration  fixes  the  reference  planes  at  the  middle  of 
the  “thru”  element.  The  reference  impedance  is  the  characteristic  impedance  of  the  microstrip  line 
but  cannot  be  determined  by  the  calibration  procedure.  An  estimation  of  the  complex 
characteristic  impedance  is  calculated  using  the  technique  described  in  [3]. 
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The  measured  scattering  parameters  Sn  with  and  without  illumination  are  depicted  in  figure  2.  It  is 
possible  from  these  parameters  to  calculate  the  input  impedance  of  the  open-ended  microstrip  line. 
Figure  3  shows  the  change  of  the  input  impedance  due  to  the  illumination  and  suggests  to  modify 
the  value  of  the  reference  impedance  to  bring  the  effect  of  the  light  to  the  fore.  The  scattering 
parameters  computed  from  measured  ones  using  a  reference  impedance  of  20  Q  are  drawn  in 
figure  4.  The  measured  scattering  parameters  are  not  corrupted  but  simply  differently  presented. 
This  representation  let  appear  a  shift  in  the  phase  of  Sn  already  observed  in  [2]  that  was  not 
visible  in  figure  2. 

Finally,  the  figures  5  and  6  show  the  comparison  between  the  simulation  and  the  measurement 
with  and  without  illumination.  In  the  two  cases  the  solid  curve  follows  very  closely  the 
measurement  points  over  the  whole  frequency  band.  The  model  gives  thus  a  very  good  prediction 
of  the  open-ended  microstrip  line  behaviour  under  illumination. 

IV.  Conclusion 

We  have  presented  an  analytical  model  of  the  load  placed  at  the  end  of  an  open-ended  microstrip 
line  on  doped  semiconductor  substrate.  This  model  will  offer  very  interesting  applications  for  the 
design  of  optically-controlled  microwave  devices.  The  first  advantage  of  this  model  is  the  short 
calculation  time  even  for  a  wide  band  of  frequencies,  due  to  its  analytical  expression.  The  second 
one  resides  in  the  fact  that  all  the  parameters  of  the  model  are  physical.  In  addition,  the 
measurements  have  shown  that  it  is  valid  over  a  wide  frequency  range. 


V.  Appendix 
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Figure  1 :  View  of  the  open-ended  microstrip  line  under  illumination.  The 
dimensions  are  :  w  =  400  \im,  h  =  280  Jim  and  l  =  8.655  mm.  The  illumination 
power  equals  20  mW  atX-  685  nm. 


Magnitude  of  S1 1  JdB] 


Figure  2  :  Measured  scattering  parameter  S}}  of  the  open-ended  line  with  and 
without  illumination.  The  reference  impedance  equals  the  characteristic 
impedance  of  the  microstrip  line. 
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Real  part  of  Zin 


Imaginary  part  of  Zin 


Frequency  [GHz] 


Figure  3  :  Input  impedance  of  the  open-ended  line  with  and  without 
illumination,  extracted  from  measured  scattering  parameters . 


Magnitude  of  S1 1  [dB] 


Figure  4  :  Measured  scattering  parameter  Sj}  of  the  open-ended  line  with  and 
without  illumination .  The  reference  impedance  equals  20  £1 
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Magnitude  of  S1 1  (dB] 


Figure  5  :  Comparison  of  the  simulated  and  the  measured  scattering 
parameters  without  illumination.  The  reference  impedance  equals  20  Cl 


Magnitude  of  S1 1  [dB] 


Figure  6  :  Comparison  of  the  simulated  and  the  measured  scattering 
parameters  with  illumination.  The  reference  impedance  equals  20  Cl 
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Abstract:  Loss  and  noise  figure  of  optical  links  transmitting  microwave  signals  -  e.g. 
for  remote  antennas  in  wireless  communications  -  is  dealt  with.  Conditions  are 
rather  general,  including  arbitrary  matching  conditions,  shot  noise  and  laser  relative 
intensity  noise.  It  is  shown,  that  -  alike  passive  microwave  systems  -  noise  figure  is 
not  proportional  to  the  loss  and  theoretically  it  can  be  less  than  the  loss.  Optical 
power  should  be  as  low  as  possible  -  this  limit  being  mainly  determined  by  the 
required  dynamic  range  of  the  system. 

1.  Introduction 

The  transmission  of  microwave  signals  via  point-to-point  and  point-to-multipoint 
optical  links  becomes  more-and-more  common  in  wireless  indoor  and  outdoor 
cellular/picocellular  communications  and  elsewhere.  In  these  applications  the  optical 
link  serves  as  a  passive  or  active  microwave  component.  It’s  loss  (or  possibly:  gain) 
and  it’s  noise  figure,  further  dependence  of  the  latter  on  the  former  is  of  basic 
importance  in  these  applications  *i.e.  they  are,  of  course,  important  in  the  design  of 
optical  microwave  links  but  also  important  from  the  conceptual  point  of  view).  As  it 
will  be  seen  in  the  sequel,  the  behavior  of  optical/microwave  links  is  much  different 
from  that  of  their  purely  microwave  counterparts. 

In  typical  optical  applications  (i.e.  in  links  transmitting  digital  signals)  noise  figure  of 
the  total  link  is  a  non-existent  parameter  and  therefore  standard  optical  texts  do  not 
deal  too  much  with  this  problem.  There  are,  however  a  few  papers  and  also  books 
dealing  with  the  theory  of  link  noise  figure  such  as  [1,2, 3, 4];  further,  loss  or  gain  is 
closely  related  to  the  noise  figure  problem  and  some  of  the  above  references  attacks 
this  problem  also.  However,  none  of  these  deals  with  the  problem  and  some  of  the 
above  references  attacks  this  problem  also.  However,  none  of  theses  deals  wit  the 
problem  in  general  and  sometimes  the  conclusion  is  not  correct  neither.  As  far  as 
known  by  the  authors,  neither  the  referenced  papers  nor  other  ones  take  all  of  the 
noise  sources  into  account.  The  intention  of  the  present  paper  is  to  give  such  a 
general  discussion. 

To  give  a  short  review  only  on  the  above  references,  [1]  and  [4]  do  not  take  into 
account  the  (electrical)  thermal  noise  generated  at  the  photodetector  end;  [2]  neglects 
the  RIN  and  further  matching  conditions  are  not  discussed;  [3]  does  not  deal  with 
thermal  noise  at  all. 
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electrical  matching  and  on  optical  power.  Further,  also  leading  to  theoretical  limits  on 
the  loss  and  noise  figure  of  these  links. 

The  system  to  be  discussed  is  shown  in  Fig.  1 . 

It  is  assumed  that  both  the  impedance  of  the  laser  diode  and  the  admittance  of  the 
photodiode  are  real  -  eventually  by  adding  an  appropriate  reactance  and  susceptance  in 
series  and  in  parallel,  respectively,  the  real  parts  of  the  laser  impedance  rL  and  the 
photodiode  admittance,  gD  can  be  adjusted  virtually  to  any  magnitude,  via  the 
transformers;  these  transformed  magnitudes  will  be  designated  as  RL  and  GD, 
respectively.  Transformers  shown  in  Fig.  1  can  represent  any  lossless  matching  circuit. 
The  optical  power  can  be  detected  either  by  a  pin  photodiode  or  by  an  APD 
(Avalanche  Photo  Diode).  As  in  the  present  paper  the  optical  link  is  regarded  as  a 
passive  microwave  component,  no  optical  amplifier  is  assumed  within  this  link. 
However,  there  is  a  post-photodetector  electrical  amplifier;  characterised  by  it’s 
optimal  noise  figure  FAO  and  the  corresponding  generator  resistance  RA0.  Note  that  the 
amplifier  noise  figure  depends  on  the  generator  impedance  -  in  the  present  case  on  the 
impedance  of  the  photodiode.  This  may  well  be  different  from  the  noise  matching 
impedance,  which  fact  must  be  taken  into  account  in  any  practical  case. 

2.  Loss  characteristics 


Electrical  loss  L  is  defined  as 


(1) 


with  P„  the  generator  available  power 

Pout  the  power  outputted  to  the  postdetection  amplifier 

the  (high  frequency)  current  flowing  through  the  laser  diode  is  2  IPaRRL 

'  =  rL  ^ 

with  R  the  generator  resistance,  normally  equal  to  the  characteristic  impedance  of  the 
connecting  transmission  line; 


the  high  frequency  component  of  the  optical  power  generated  in  the  laser 

h.f  . 

(3 

here  h  is  Plank’s  constant;  /  is  the  optical  carrier  frequency;  e  the  charge  of  the 
electron;  iy  the  quantum  efficiency  of  the  laser  diode. 

The  micro  wave  component  of  the  received  optical  power,  inputted  to  the  photodiode 
iS  „  -£SL 

Popt/ec  ^  (4) 

with  /,r  the  combined  loss  of  the  optical  components,  including  coupling  loss  into  and 
out  of  the  optical  fibre;  the  source  current  of  the  detected  current 

k  “  JfPop'sec  ® 
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with  jjq  the  quantum  efficiency  of  the  photodiode; 

M  the  current  multiplication  factor  of  the  (possible)  APD  at  the  microwave  carrier 
frequency; 

1  G 

And  the  output  (electrical)  power  is  p  =  k2  7 - rj  0  - 


here  Ga  is  the  amplifier  input  conductance. 

So,  finally ,  the  total  loss  can  be  expressed  as 

L  =  bL] 


iMwgp  R'y  GJ  RlGd 


The  fact,  that  laser  impedance  is  in  practical  cases  low  while  photodiode  resistance  is 
high  can  lead  to  a  significant  decrease  of  microwave  loss,  or,  in  principle,  even  to  a 
microwave  gain.  If  the  matching  circuits  transforms  these  to  the  appropriate 
impedances,  (i.e.  Rr~R,  Gd=Ga)  we  get  r  y 


Mvltiq 


rLgD  10 


If  laser  impedance  rL  is  equal  to  that  of  the  generator  and  photo  diode  admittance  gD  to 
the  input  impedance  of  the  amplifier,  and  both  input  and  output  are  matched,  (i.e. 
i£=R=  Ri,  Gd=Ga=Gd)  the  microwave  power  loss,  designated  as  Li  is  /  ^  Y 

no) 

It  can  be  regarded  as  the  case  of  resistive  matching,  where  transformers  can  be  omitted 
and  passive  resistors  are  connected  to  the  diodes  to  fulfill  the  matching  conditions. 

In  the  (idealised)  case,  in  which  both  ?’i/R«  1  and  Gr/GA«  1  with  no  transformers 
(rL=RL,  Gd  =  Go),  when  f  l  Y 

L>  =l 2U^)  <“> 

i.e.  12  dB  less  than  in  the  above  resistive  matched  case. 


3.  Noise  figure 

of  passive  optical  microwave  links 

Coming  now  to  the  evaluation  of  the  noise  figure,  there  are  several  noise  sources,  as 
shown  in  Fig.  2. 

Mean  square  values  of  these,  respectively,  are: 

generator  noise,  kg:  £  2  __  ^ ^4?  (tjl  R^G^ 


kg  (r+rJY  4  J  rL  Sd 
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shot  noise,  ks  (denoting  the  diode  dark  current  and  detected  current  caused  by  optical 
background  noise  together  by  IJ): 


intensity  noise,  kf. 

k,2  =(I0-IJ2RIN(coc} 
thermal  noise  of  the  photodiode: 


2c5| 

rjLVQM)2  GD 

~TT)bTd 


„  ,  w  MAL+i 


J  gD 


(13) 


V  =4  kBT0BGD 


(14) 


(15) 


and  amplifier  noise,  reduced  to  the  input  of  the  amplifier  as  show  in  Fig.  2. 

K  -  AFag  -lj  p  (16) 

aao 

and 

vl  =  2(FM-l)kBT0BRM  <17> 

where  we  assumed  that  the  voltage  and  current  sources  are  uncorrelated. 

Here,  apart  from  the  quantities  defined  before 

kfi  is  the  Boltzmann-constant;  e  is  the  electronic  charge; 

B  is  the  receiver  band-width 

RIN  ( <dc )  is  the  laser  relative  intensity  noise  measured  at  the  microwave  carrier 
angular  frequency  coc.  It  is  assumed  that  B  is  low  enough  to  take  RIN  being  constant 
in  this  band  -  a  not  very  important  assumption; 

IQ  the  DC  current  of  the  transmitter  laser  diode 
Ith  the  laser  threshold  current. 


Note,  that  the  noise  temperature  of  the  photodiode  can  be  well  different  from  Tq\  for 
sake  of  simplicity  Tq  was  applied  in  (15);  a  deeper  investigation  of  this  problem  is 
out  of  the  scope  of  this  paper. 

Having  noise  sources  in  Equations  (12)-(I7)  available,  noise  figure  can  be  determined. 
As  known,  this  is  defined  as 


(SIN)in 
(S  /  N)out 


(18) 


with  S/N  the  signal-to  noise  power  ratio  at  the  input  and  output,  respectively. 
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no  optical  loss  is  assumed  -  Lr-  tji-7]Q=1 
PIN  Photodiode  is  applied  -  M=Fj^~l 
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In  this  case  the  noise  figure  can  be  written  as 

—I* 


To  idealise  further  + 

let  the  shot  noise  also  be  very  low  - 
and  the  amplifier  ideal  -FA=\. 


RRl 

0 


Ul) 


In  this  over  idealised  case  F  can  approach  1  (in  contrast  to  some  statements  in  the 
literature  ),  i.e.  if/?^R  is  chosen  and  both  rj.  and  go  are  low.  But  this  is  the  case  in  real 
situations:  laser  diodes  have  very  low  resistance  (say  3-5H)  while  that  of  photodiodes 
is  very  high  (in  the  order  of  kO-s).  I.e.  r 

F=i+-j+gDR  (*i) 

f281 

On  the  other  hand,  if  the  laser  diode  is  matched  to  the  source  resistance  (i.e.  Rl=R) 

F  =  2  +  4rLgD(*2) 

(29) 

As  seen  , matching  being  optimal  for  minimising  loss  can  be  sub-optimal  for  minimising 
noise  figure. 


4.2  Comparison  of  electric  and  optical  links  at  high  attenuation 

It  is  well  known,  that  in  a  system  containing  only  electrical  components  at  reference 
temperature,  the  noise  figure  is  always  greater  than  or  equal  to  the  link  loss.  The 
question  can  arise  whether  it  is  true  for  the  systems  that  contain  optical  elements  and 
fiirthermore  what  noise  figure  can  be  achieved  as  a  theoretical  minimum  in  such  a  link. 
To  get  a  first  impression  on  this  problem,  assume  the  ideal  situation  that  only  the  shot 
noise  is  taken  into  account.  In  this  case  we  can  conclude  from  (24)  that  a2  vanishes,  so 
at  high  link  loss,  the  noise  figure  is  proportional  to  the  square  root  of  the  (electrical) 
loss,  therefore  above  a  certain  link  loss,  the  noise  figure  must  be  less  than  the  loss. 


Consequently,  contradiction  to  electric  circuits,  the  theoretical  noise  figure  in  an 
optical  link  can  be  less  then  the  electric  link  loss. 


Fig.  3  shows  the  result  of  a  calculation  in  a  ideal  case  where  A,=1.55  pm, 
R=\/Ga=5QQ  rL-RL«R,  go=GD«GA  and  1  mW  for  laser  optical  power  were 


assumed.  In  the  region  of  high  attenuation: 


+  3.8 


(30) 


In  fact  there  are  three  regions  where  different  causes  are  predominant  as  depicted  in 
Fig  4 


The  noise  figure  is  less  than  the  link  loss  if 

^40<1  + 


a 

1 

2 


-\2 

-1 


1 

FaqGd 


(3D 


condition  is  fulfilled,  where  the  dark  current  is  taken  negligible  for  simplicity. 
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5.  Measuring  results  and  discussion 

Unfortunately  at  the  present  stage  to  make  preliminary  measurements  was  only 
possible.  In  particular 

•  an  optical/  microwave  link  of  relatively  high  overall  optical  loss  was  only 
available  -  resulting  in  a  rather  high  RF  loss;  this  fact  did  not  allow  to  verify  that 
term  of  the  noise  figure  formulae  (23)  which  describe  the  effect  of  shot  noise; 
further,  overall  noise  figure  was  rather  high; 

•  Only  laser  diodes  and  photodetectors  of  “resistive”  matching  were  available,  i.e. 
laser  diode  was  matched  with  a  series  resistance  (a  47  Q  in  series  with  the 
approximately  3  Q  laser)  and  photo  diode  with  a  parallel  resistance. 

Measurements  were  made  at  1300  nm  optical  wavelength.  Radio  frequencies  were 
700  and  1250  MHz.  Laser  threshold  current  was  about  9  mA.  RIN  peak  was  about 
1.5  GHz  at  10  mA  laser  DC  current  and  about  3.5  GHz  at  20  mA  -  i.e.  much  above  the 
measuring  frequencies.  RIN  peak  was  less  than  lOdB  higher  only  than  its  low 
frequency  value.  In  the  measurements  laser  DC  current  was  10  mA  and  20  mA  at  the 
lower  measuring  frequency  but  only  20  mA  at  the  higher  one. 

The  validity  of  Formula  (10  was  checked  first.  According  to  this  RF  loss  is  by  6  dB 
higher  than  optical  loss-squared;  this  was  approximated  with  less  than  1  dB 
difference,  with  a  negligible  difference  at  the  two  measuring  frequencies  only.  In 
detail:  Lr//TjL=l43  dB 

rj£)=\.S  dB 
Z, 0=38. 5  dB 

Dependence  of  noise  figure  on  an  inserted  optical  attenuation  was  measured  next. 
Results  are  given  in  Fig.  5.  Reference  value  for  the  noise  figure  (AF=0)  was  taken  the 
lowest  measured  value,  i.e.  that  at  700  MHz,  1=0  mA  and  no  additional  optical  loss. 
Even  this  value  was  rather  high,  i.e.  61  dB 

In  spite  of  the  rather  limited  experimental  possibilities,  measurements  proved  some  of 
the  theoretical  predictions.  So  dependence  of  RF  loss  and  noise  figure  on  optical  loss 
is  fully  proved.  Further  the  role  of  intensity  noise  is  also  demonstrated;  in  particular 
the  rather  complicated  dependence  of  noise  figure  on  this  characteristic,  as  stated  in 
Formula  (22)  can  be  see  from  the  curve.  By  the  way  the  following  RIN(o)c)  values 
can  be  computed  from  the  presented  measurements: 

RIN  (  700  MHz)  =  -llldB  /  Hz;  I-Ifo  =  UmA 

RIN  (  700  MHz)  =  -105dB  l  Hz;  I  -  Ith  =  1mA 
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6.  Conclusions 


Some  rather  interesting  conclusions  can  be  drawn  from  the  present  paper;  these  give 
also  a  summary  of  the  new  results  of  this  paper. 

Without  resistive  matching,  applying  extreme  impedance,  a  loss  of  12  dB  lower  can  be 
achieved;  in  how  far  this  can  be  approximated  depends  on  practical  factors;  in 
particular  on  how  well  conditions  RL«R;  GD«GA  can  be  fulfilled.  Further,  if  laser 
reactance  and  photodiode  conductance  are  low,  very  low  loss  or  even  gain  can  in 
principle  be  achieved. 

Dependence  of  noise  figure  on  loss  is  radically  different  from  that  of  purely  electrical 
systems;  in  particular  it  can  be  less  than  electrical  loss.  Under  idealised  conditions  -  i.e. 
if  shot  noise  is  the  only  noise  source-noise  figure  is  (nearly)  proportional  to  the 
square-root  of  the  electrical  loss.  If  shot  noise  is  also  negligible,  the  idealised  situation 
of  F-l  can  be  realised.  In  the  general  case,  besides  of  shot  noise  proportional  to  JZ 
thermal  noise  is  approximately  proportional  to  electrical  loss  and  RIN  is 
loss-independent.  Not  also  that  there  is  no  unique  relationship  between  loss  and  noise 
figure. 

Shot  noise  and  laser  intensity  noise  are  proportional  to  the  average  optical  power  and 
it’s  square,  respectively,  (or,  as  optical  power  is  linearly  related  to  the  laser  direct 
current  the  same  laws  are  holding  for  current.)  Thus  the  optical  power  must  be  chosen 
very  carefully.  If  RIN  is  neglected,  dynamic  range  (and  relaxation  oscillation 
frequency)  are  determining  factors  ;  then  current  should  be  chosen  as  low  as  possible, 
conditioned  on  these.  (E.G.  rather  low  dynamic  range  is  required  if  digital  signals  of 
an  angle-modulated  -  PSK  or  FSK  -  GEO  satellite  are  to  be  transmitted.)  But  even  if 
RIN  can  not  be  neglected  -  what  is  the  usual  case  -  low  laser  current  (yielding 
appropriate  dynamic  range)  is  preferable,  as  this  outperforms  the  increase  of  RIN  close 
to  threshold. 
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Fig.  1  Conceptual  drawing  of  an  optical  microwave  link 


Fig .  4  Qualitative  form  of  the  noise  figure  as  function  of 
the  link  loss. 


Fig.  2  Noise  sources  of  optical  microwave  links 


0  10  20  30  40  50  L  tdBl 

Fig.  3  The  noise  figure  versus  link  loss  in  an  ideal  situa- 


SIMULATION  OF  LINEAR  AND  NONLINEAR  CHARACTERISTICS 
OF  HIGH-Tc  SUPERCONDUCTING  RESONATORS  AND  FILTERS 

O.  Vendik,  I.  Vendik,  D.  Kaparkov*,  M.  Gubina*,  V.  Kondratiev* 

Chalmers  University  of  Technology,  Goteborg,  S  421  96,  SWEDEN. 

Phone:  +46  (31)  772  1727,  FAX:  +46  (31)  16  45  13.  E-mail:  spartak@ep.chalmers.se 
Permanent  address:  see  below 

*St  Petersburg  Electrotechnical  University,  5  Prof.  Popov  str.  St. -Petersburg,  197376,  RUSSIA, 

Phone:  +7  (812)  234  96  72,  Fax:  +7  (812)  234  48  09,  e-mail:  vib&mwgroup.mit.etu.spb.ru 

ABSTRACT 

A  simple  closed  form  model  of  linear  and  non-linear  response  of  high-Tc  superconducting  resonators  is 
proposed.  The  phenomenological  model  of  the  microwave  surface  impedance  is  improved  by  a  minimization 
of  the  number  of  fitting  parameters.  The  specified  characteristic  power  is  suggested  to  use  as  a  fitting 
parameter  for  description  of  the  non-linear  microwave  power  dependence  of  the  unloaded  quality  factor  of 
planar  resonators:  microstrip,  coplanar  waveguide,  and  disk  resonator.  Application  of  the  model  to  the  planar 
filter  design  is  discussed. 

INTRODUCTION 

For  an  accurate  simulation  of  linear  characteristics  of  high-Tc  superconducting  (HTS)  resonators  and  filters  it 
is  necessary  to  use  correct  models  of  the  planar  line  characteristics  including  microwave  properties  of  HTS 
thin  film.  The  simplified  phenomenological  model  is  proposed  for  the  microwave  surface  impedance.  That 
allows  to  predict  microwave  characteristics  of  HTS  resonators  versus  frequency  and  temperature.  The  model 
of  coupled  planar  lines  is  the  basis  for  simulation  of  planar  HTS  filters.  The  characteristics  of  the  filter  can  be 
obtained  at  any  temperature.  The  non-linear  phenomenological  model  of  the  HTS  film  surface  resistance  is 
used  in  a  form  of  a  series  expansion  with  respect  to  the  magnetic  field  in  the  resonator.  The  universal  non¬ 
linear  equation  for  unloaded  quality  factor  Q  is  obtained.  The  only  phenomenological  parameter  is  used  in  the 
suggested  non-linear  model. 

LINEAR  MODEL  OF  HTS  SURFACE  IMPEDANCE 

The  simplified  phenomenological  model  of  the  microwave  surface  impedance  of  HTS  is  proposed  in  a  linear 
approach.  The  model  is  a  further  development  of  the  model  by  Vendik  and  Kollberg  (1),  which  describes 
surface  impedance  of  HTS  using  5  parameters:  the  transition  temperature  Tc,  the  normal  conductivity  <rn(Tc), 
the  London  penetration  depth  kL(0),  exponent  y  in  temperature  dependence  of  XL(T)  and  the  residual 
resistance  parameter  a.  Correlation  between  fitting  parameters  of  the  model  kL(0),  a  and  y  allows  to  reduce 
the  number  of  independent  fitting  parameters: 

A,l(0)  =  0.13  - 10~6  •  exp(l.27  -  0.5y)  (1) 

a  =  10.263  +  1 19.9 -y-6304  (2) 

The  exponent  y  varies  in  the  range  1 .5-2.5.  It  determines  absolute  value  of  A,L(0),  the  value  of  Zsur  near 
transition  temperature,  and  residual  resistance  of  the  film  at  low  temperatures.  Thus,  parameter  y  may  be 
considered  as  a  measure  of  the  HTS  film  quality. 

The  model  was  verified  on  numerous  experimental  data.  As  an  example,  the  experimental  results  from  Zaitsev 
et  al  (2)  are  shown  in  Fig.  1  in  comparison  with  simulation  data. 

THE  NON-LINEAR  PHENOMENOLOGICAL  MODEL  OF  PLANAR  HTS  RESONATOR 

The  surface  resistance  of  the  HTS  film  in  resonators  as  a  function  of  alternating  field  one  may  describe  using 

the  main  idea  of  the  model  Vendik  et  al  (3): 
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where  Rsur0  is  the  surface  resistance  of  the  film  in  the  linear  approach,  Hm  is  the  amplitude  of  the  magnetic 
field  in  the  resonator,  r  is  the  coordinate,  f(r)  is  the  function  of  the  field  distribution,  H0  is  the 
phenomenological  parameter  which  describes  the  nonlinearity. 

The  dissipated  power  in  the  resonator  PdiSS  can  be  found  upon  integrating  over  the  superconducting  surface  of 
the  resonator  and  with  respect  to  time  over  the  period  of  the  microwave  oscillations: 

Pdiss  =  jRsur(?»t)  |H(r)l2dS.  (4) 
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As  a  result 


Pdiss  — 


diss,0  ‘ 


1  + 


Hi  X 


(5) 


with  x  as  a  geometric  factor. 

Let  us  use  the  definition  of  the  unloaded  Q-factor  of  the  resonator  as 


(6) 


where  Pose  is  the  power  of  oscillations  in  the  resonator.  Using  the  relation 

Pose  2.Qe 
Pine  (1  +  Qe/Qu)2 


and  the  equation  (6)  one  can  find  the  effective  unloaded  Q-factor  as  a  function  of  the  input  power  Pj„c  in  form 
of  the  nonlinear  equation: 
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where  QE  is  the  external  quality  factor  of  the  resonator  determined  by  the  coupling  of  the  resonator  with  the 
external  transmission  lines,  P0  is  the  model  fitting  parameter  which  may  be  extracted  from  experimental  data. 
The  parameter  %  depends  on  the  field  distribution  in  the  resonator.  For  the  half-wave  length  microstrip  line  or 
coplanar  waveguide  HTS  resonator  with  two  coupling  elements  (Fig.  2) 


(9) 


For  the  disk  resonator  of  radius  R  with  TMoio  mode  (Fig.  3) 
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where  Jj(krr)  is  the  Bessell  function. 

P0  is  the  effective  oscillating  power  which  would  be  in  the  resonator,  if  the  magnetic  field  amplitude  is  H0 : 

Po  =  ^jH§f2(x)dv.  (1 

z  V 

Here  V  is  the  resonator  volume. 

For  the  half-wave  length  resonator 


P0  =60tc-H§  ~-w-h-*.  (12) 

A0 

For  the  disc  resonator 

P0  =  120n2-H?~-R2-h-0.595.  (13) 

A0 

For  a  rough  estimation  of  the  model  fitting  parameter  one  may  suppose  that 

H(>=jc,vot^L,  (14) 

where  jc  vol  is  the  volume  critical  current  density  of  the  HTS  film  measured  at  dc,  XL  is  the  London 

penetration  depth  of  the  film.  Since  the  values  depend  on  the  temperature,  the  model  fitting  parameter  P0 

depend  on  the  temperature  as  well.  The  better  is  the  quality  of  the  film,  the  higher  is  the  model  fitting 
parameter  P0. 


The  equation  (8)  can  be  presented  in  the  dimensionless  form: 


1 
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+  r- - 3 

(l  +  A/z)2 
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where 


(15) 


z  =  Qu£eff  a=Qe_  Pjnc-Qu 

Qu  Qu  p0 


(16) 


The  introduced  notations  have  the  following  sence:  z  characterizes  decreasing  the  Qu  eff  under  influence  of 

the  incident  power;  A  is  the  measure  of  the  coupling  the  resonator  with  the  external  circuit;  p  is  the 
normalized  incident  power. 

The  parameter  p  is  considered  as  the  only  fitting  parameter  of  the  nonlinear  model.  Fig.  4  shows  the  result  of 
solution  of  the  equation  (15)  for  different  coupling  parameter  A  of  the  resonator  with  the  external  circuit.  The 
weaker  is  the  coupling,  the  lower  is  the  power  handling  capability. 


EXPERIMENTAL  INVESTIGATION  OF  THE  NONLINEAR  CHARACTERISTICS  OF  THE  PLANAR 
HTS  RESONATORS 

Fig.  5  shows  the  experimental  unloaded  Q-factor  at  T  =  60  K  on  the  normalized  incident  power  p  of  the  disk 
resonator  with  a  high  power  handling  capability  Chaloupka  et  al  (4)  in  comparison  with  the  results  of 
simulation  using  equation  (15).  The  nonlinear  response  of  the  microstrip  line  resonator  at  T  =  77  K  was  also 
investigated.  Fig.  6  illustrates  the  resonator  layout.  Dependencies  of  the  experimental  and  simulated  unloaded 
Q-factor  on  the  normalized  incident  power  p  are  shown  in  Fig.  7.  The  parameter  P0  for  the  disk  resonator  is 
equal  0.2 MO6  W,  for  the  microstrip  resonator  P0=  2  mW. 
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THE  HTS  FILTER  SIMULATION 

Model  of  the  surface  resistance  of  the  HTS  film  and  models  of  HTS  transmission  lines  taking  into  account  the 
non-homogeneous  current  distribution  in  the  line  cross  section  are  used  for  HTS  filter  simulation.  The  filter 
characteristics  may  be  simulated  at  any  temperature  considering  contribution  from  kinetic  inductance,  change 
of  surface  resistance  as  well  as  temperature  dependence  of  dielectric  permittivity  of  substrate  material.  The 
simulated  characteristics  of  5-pole  YBCO  filter  at  two  different  temperature  are  presented  in  Fig.8.  The  non¬ 
linear  characteristics  of  the  filter  can  be  found  using  the  same  approach  (3),  as  it  was  used  for  the  resonators. 
If  the  loaded  Q-factor  is  determined  by  the  frequency  band  Acores  for  a  resonator  and  Acofjit  for  a  filter,  the 
maximum  current  in  the  resonator  as  a  function  of  the  incident  power  will  be  (Acofnt  /Acores)l/2  times  higher 
than  in  the  filter.  Hence  the  power  handling  capability  of  the  filter  is  higher  comparing  with  the  resonator  on 
the  planar  line  with  the  same  unloaded  Q-factor. 

CONCLUSION 

The  simple  and  accurate  empirical  model  of  linear  and  non-linear  HTS  resonators  is  derived  and  verified  by 
comparison  with  experimental  data.  The  model  can  be  effectively  used  in  a  CAD  of  HTS  devices  with  high 
power  handling  capability. 
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T,  K 

Fig.  1 .  Measured  and  simulated  dependence  of  the  surface  resistance  of  the  YBCO  film  on  r-cut  sapphire 
substrate  on  temperature  (f=l  8.7  GHz,  d=0.25  pm,  Tc=88.7  K,  an(l)=Txl06  (Ohmxm)*1, 7=2.45). 
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Fig.  2.  Equivalent  circuit  of  the  half-wave  length  resonator. 


Fig.  4.  Dependence  of  effective  unloaded  quality 
factor  Qu,eff/Qu  on  the  normalized  incident  power 

p  for  different  coupling  factors:  A  -  0.01  (1), 

0.03  (2),  0.07  (3),  0.25  (4),  0.75  (5). 


Fig..  5.  Measured  (points)  (4)  and  calculated  (solid 
line)  unloaded  Q-factor  of  the  disk  resonator  as  a 
function  of  the  normalized  incident  power 
(f  =  3.5  GHz). 
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Fig.  6.  Layout  of  the  microstrip  line  resonator.  Fig.  7.  Measured  (points)  and  calculated  (solid  line) 

unloaded  Q-factor  of  the  microstrip  line  resonator  as 
a  function  of  the  incident  power  (f  =  4  GHz). 


input 
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Fig.  8.  Layout  (a)  and  simulated  transmission  coefficient  (b)  of  the  5-pole  microstrip  line  filter  at  T  =  30K 
(solid  line)  and  T  =  85  K  (dashed  line).  Parameters  of  the  model  of  surface  resistance:  film  thickness  d  = 


0.2pm,  Tc  =  88.7  K,  y  =  2.45,  o(l)  =  MO6  (Qm)'1. 
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ABSTRACT 

This  paper  presents  a  novel  large-signal  model  of  a  MSM  photodiode.  Based  on  a  network  synthesis  approach,  the 
complex  analytical  frequency  response  function  which  characterizes  the  generation  of  electron-hole-pairs  and  the  drift  of 
carriers  in  the  depletion  layer  of  the  device  is  equivalently  described  by  a  simple  lumped-element  RLC  network.  The 
values  of  the  elements  depend  on  the  transit  time  of  the  electrons  and  holes,  which  can  be  extracted  from  measurements. 
The  residual  electrical  performance  of  the  device  is  FET-like  modelled  using  nonlinear  current  and  charge  sources  (e.g. 
Kompa  [1]).  It  will  be  demonstrated  that  the  derived  lumped-element  large-signal  model  is  very  easy  to  implement  and 
to  use  for  transient  response  analysis  in  common  commercial  CAD  software  programs. 


INTRODUCTION 

The  GaAs  metal- semiconductor-metal  (MSM)  photodiode  is  known  as  an  ultrafast  device  which  is  attractive  for  high 
speed  optoelectronic  applications  (Chou  [2]  and  Jinwook  [3]).  Regarding  the  design  of  optical  receivers,  covering  also 
high  signal  dynamics  as  in  laser  radar  systems,  an  accurate  nonlinear  model  of  the  photodiode  is  indispensable.  In  Fig.  1 
the  MSM  photodiode  is  described  as  a  2-port  which  comprises  an  optical  input  and  an  electrical  output  port.  Plopt(t)  and 
Propt(t)  are  the  incident  and  the  reflected  modulated  optical  power  signals  at  the  optical  port  1 .  The  state  functions  at  the 
electrical  port  2  are  V2(t)  and  I2(t).  Fig.  2  shows  the  large-signal  model  proposed  by  Stolze  [4].  It  consists  of  a  physics- 
based  O/E-converter  and  an  electrical  network  with  nonlinear  current  and  charge  sources.  The  transfer  function  of  the 
MSM  photodiode  converter  can  be  derived  as 


m «))  = 


e~Jm"  -1 


+ 1)  - 1  |  e*"’  -1  ,  +  !)-! 

(®t„)2  -/cot  p  (ft)Tp)2 
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Tn,  and  Tp  are  the  electron  and  hole  transit  times,  which  can  be  determined  by  measurement  (Stolze  [4]).  As  our 
experience  has  shown,  the  presentation  in  Fig.  2  is  not  very  suited  for  the  general  use,  in  particular  taking  into  account 
transient  response  analysis.  In  this  paper  we  will  show  that  using  a  synthesis  approach  (Unbehauen  [5]  and  Budak  [6]), 
the  O/E-converter  can  equivalently  be  described  by  a  simple  RLC  network.  The  derived  modified  lumped-element 
photodiode  model  can  easily  be  implemented  in  common  CAD  software.  Simulation  based  on  the  nonlinear  model  show 
very  strong  dependence  of  the  pulse  response  as  a  function  of  the  optical  peak  power. 


MODEL  DESCRIPTION 

Eq.  (1)  can  be  reformulated  as  follows 


H( o)  = 
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The  exponential  terms  are  expanded  into  Taylor  series  and  truncated  after  the  fourth  power .This  can  be  rewritten  as 
follows 


H( to)  «  +3(^i)JU<0)2  +^n-tp)2U°>? 


(3) 


The  last  term  in  eq.  (3)  is  very  small  and  can  be  neglected.  Thus  eq.  (3)  reads  after  some  reorganizing 


Hi co)* 
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with  H( co  )  = 


W 


(4) 


As  can  be  seen  from  Fig.  4,  very  good  approximation  is  given  for  lower  frequencies  up  to  25  GHz.  A  lumped-element 
RLC  circuit  can  now  be  derived  from  eq.(4),  with  L  =  2(xn  +  xp)/k  H,  C=  (xn  +  'CpV^k  F  and  R-l  Ohm  (k  fitting 
parameter).  The  final  new  lumped  model  of  the  MSM  is  given  in  Fig.  5.  For  CAD  implementation  the  optical  input 
power  is  normalized  to  Vj  =  (P'opt/lA). 


EXPERIMENTAL  RESULTS 

Figs  6  7  8  show  the  nonlinear  model  elements  as  a  function  of  optical  input  power  P’opt  and  input  bias  voltage  V2.  The 
values  have  been  extracted  from  measurements  as  described  by  Stolze  [4].  The  bias  independent  model  elements  are  Lp 

«  640  pH  and  Cp  «4fF.  r  ,r  0  ,  .  , 

Fig  9  shows  some  simulated  transient  pulse  response  results  (bias  point:  Popt,DC-  0  mW,  V2-8  V)  due  to  a  triangular 
optical  input  pulse  with  tnse=20  ps  and  tftll  =50  ps.  Curve  Ml  is  the  result  directly  derived  from  the  small-signal  model  in 
the  used  bias  point.  Curves  M2,  M3  and  M4  are  simulated  results  for  different  peak  values  of  optical  power  (M2.  0.1 
mW  M3:  2  mW,  M3:  3  mW)  based  on  the  nonlinear  model.  It  can  be  seen  that  M2,  resulting  from  rather  small  signal 
input  power  of  0.1  mW,  is  in  good  agreement  with  the  small  signal  simulation  Ml.  With  higher  amplitude  of  optical 
stimulus  significant  change  in  the  pulse  shapeform  can  be  observed  which  originates  in  the  growing  influence  of  the 
device  nonlinearity.  In  Fig.  10  the  measured  and  simulated  pulse  response  are  represented  for  an  optical  input  pulse  with 
P  eak  =  0.75  mW,  trise=  24  ps  and  tFWHM  =  35  ps.  The  pulseshape  of  the  optical  input  pulse  (inset  of  Fig.  10)  was  detected 
with  a  streak  camera.  For  this  measurement  a  double  heterostrucure  injection  laser  and  a  MSM  photodiode  are  used. 


CONCLUSION 

In  this  paper  a  new  nonlinear  quasi-static  model  for  a  MSM  photodiode  has  been  proposed.  It  has  been  shown  that  the 
physics-based  O/E-converter,  which  describes  the  generation  and  transport  of  carriers  in  the  depletion  layer  can  simply 
be  modelled  by  a  lumped  RLC  low  pass  circuit.  Based  on  the  new  model  transient  pulse  response  simulations  have  been 
performed.  It  has  been  shown  that  the  nonlinearity  of  the  MSM  photodiode  leads  to  severe  pulse  defamation.  The 
measured  pulse  response  is  in  excellent  agreement  with  the  corresponding  simulated  pulse.  Only  the  following  tail  of  the 
simulated  pulse  is  somewhat  shorter.  We  tentatively  explain  it  by  the  chosen  values  of  the  electron  and  particular  of  the 
hole  transit  times. 
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Fig.l:  Two  port  representation  of  a  photodiode 


Fig.  3:  Network  synthesis  of  eq.  (4) 


Fig.  2:  Large  signal  model  of  a  MSM  photodiode  (Stolze  [3]) 
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Fig.  5:  The  new  circuit  element  based  large  signal  model  of  a  MSM  photodiode 


Fig.  6:  Current  source  I(Ii5V;)  Fig.  7:  Charge  source  Q(I;,Vi)  Fig.  8:  Small  signal  series  resistance  Rs(Ii,Vi) 


Fig.  9:  Simulated  transient  pulse  response 
for  different  optical  peak  power 


Fig.  10:  The  simulated  and  measured  pulse  response 
of  the  used  MSM  photodiode  (60  x  60  p.m) 
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ABSTRACT 

This  paper  presents  a  novel  large-signal  model  for  MESFETs  and  HEMTs  derived  from  the 
physics-based  topology  known  from  small-signal  modelling.  It  is  easy  to  extract,  implement, 
and  use,  and  gives  very  accurate  results  even  for  non-linear  applications.  The  model  contains 
nonquasi-static  charge  source  formulations,  and  includes  low-frequency  dispersion.  The  vali¬ 
dity  of  the  concept  is  demonstrated  in  the  analysis  of  a  12/24  GHz  MMIC  frequency  doubler. 


INTRODUCTION 

As  large-signal  applications  such  as  oscillators  or  multipliers  are  evolving  into  higher  frequency 
ranges,  better  and  more  complete  models  are  required  to  ensure  highest  efficiencies.  Nonquasi- 
static  models,  that  include  delay  constants  for  the  charge  sources,  have  demonstrated  to  be 
good  candidates  [1,2],  in  that  they  give  good  fitting  to  measured  S-parameters. 


MODEL  DESCRIPTION 

Our  advanced  model  is  straightforwardly  derived  from  the  well-accepted  small-signal 
equivalent  circuit  supported  by  device  physics.  In  this  symmetrical  model  (containing  Rj  and 
Rgd),  the  bias  dependence  of  the  intrinsic  element  values  is  obtained  during  the  extraction 
process.  The  extrinsic  circuit  includes  the  resistances  Rg,  R«,  and  Rd,  as  well  as  the  parasitic 
capacitances  and  inductances. 

The  large-signal  topology  (Fig.  1)  maintains  the  structure  of  the  small-signal  equivalent  circuit. 
Two  charge  sources  are  used  symmetrically  to  the  gate  incorporating  the  effect  of  the  three 
capacitances.  The  charges  are  obtained  by  a  path-independent  integration  [3]  over  the  small- 
signal  quantities,  starting  from  an  arbitrary  vector  (Vg*,  ,V<tso)  : 

(Vgs.Vfc)  (Vgs.Vjs) 

QpfVp.Va,)-  JCpdVpt  j  CdsdVds  (1) 

(Vgso.Vdso)  (YgSO'^dso) 


Qgd  (VVfc) 


(Vgs.Vds)  (Vgs.Vfc) 

J  (“Cds  "  Cgd)dVp  +  |cgddVd! 

(Vgso.Vdso)  (Vgso.Vdso) 


(2) 


The  symmetric  topology  is  superior  to  the  conventional  one  [1,2,4],  where  Qg,  and  QdS  are 
used,  and  is  motivated  by  device  physics.  It  allows  to  maintain  the  resistances  Ri  and  Rgd  in  the 
circuit  instead  of  using  time-delay  factors  that  do  not  occur  in  the  small-signal  circuit  [5,6], 
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The  drain  current  source  is  modelled  as  a  DC-  and  an  RF-source  in  parallel,  to  be  able  to  take 
into  account  its  low-frequency  dispersion.  While  the  low-frequency  current  IdsDc  represents  the 
measured  DC-IV-characteristic,  the  high-frequency  current  Urf  is  obtained  by  integration. 

(vgs-vds)  (vgs»vds) 

WVvds>=  J'Gm<lVss+  jGd^Vds  (3) 

(vgSO>vdso)  (vgso>vdso) 

In  this  formula.  V„  stands  indeed  for  with  the  time  constant  t  being  variable,  taking 

thus  the  Gm-delay  into  account.  The  implementation  of  the  two  current  sources  is  improved 
with  respect  to  that  proposed  by  Root  [1]: 

Ids(CD) =i^IdsDc(Ci))+Tii'IdsRF(co) 


MODEL  IMPLEMENTATION  AND  VALIDATION 

The  implementation  of  the  model  in  the  harmonic  balance  simulator  MDS  is  direct  and 
straightforward  (Fig.  1).  All  elements  are  visible  on  the  circuit  pages;  no  hidden  user-compiled 
sub-routines  need  to  be  developed.  The  model  is  implemented  as  a  6-port  Symbolically- 
Defined  Device,  which  permits  to  include  time-domain  expressions. 

An  MMIC  frequency  doubler  (Fig.  2)  for  12  to  24  GHz  has  been  designed  in  a  0.3  pm  HEMT 
technology  and  analysed  with  this  new  model.  The  agreement  is  far  more  precise  than  in  [  J, 
and  due  to  better  models  for  the  passive  components  [7],  the  problem  of  the  remaining 
frequency  shift  reported  in  [4]  is  now  also  resolved.  Measurements  and  simulations  were 
carried  out  for  various  fundamental  frequencies  and  input-powers.  All  sweeps  (Fig.  3)  show 
excellent  agreement  for  the  fundamental,  the  desired  doubled  frequency  and  also  the  third 
harmonic,  thus  confirming  the  validity  of  this  new  modelling  approach. 


CONCLUSION 

A  new  complete  MESFET  and  HEMT-model  has  been  implemented  in  a  commercial  harmonic 
balance  simulator.  This  empirical  large-signal  model  contains  symmetrical  charge  sources 
delayed  via  loading  resistors,  and  uses  two  current  sources  at  the  output  to  cover  the  low- 
frequency  dispersion  effect.  All  parameters  are  stored  in  2-dimensional  tables  of  data  prepared 
for  spline-interpolation.  The  accuracy  of  this  approach  has  been  demonstrated  with  an  MMIC 
frequency  doubler  analysis,  giving  far  more  precise  results  than  with  conventional  models  |4J. 
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Fig.  1  Large-signal  model  implementation  in  MDS 


Fig.  2  MMIC  12/24GHz  frequency  doubler. 
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Fig.  3  Comparison  of  simulated  data  (lines)  versus  measured  data  (crosses); 

output  power  of  fundamental  (1),  desired  doubled  (2)  and  tripled  (3)  harmonic 
(left:  sweep  versus  fundamental  frequency;  right:  sweep  versus  input  power) 
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1.  INTRODUCTION 

Following  extensive  work  on  the  development  of  the  transmitting  and  receiveing 
components  of  a  2.5  and  10  GBit/sec  optical  fibre  communications  link  (hereafter 
referred  to  as  "the  link"),  we  soon  came  to  appreciate  the  value  of  being  able  to  predict 
the  bit  error  rate  and  other  parameters  for  a  complete  optical  fibre  communications  link 
into  which  we  could  "insert"  our  new  components.  We  found  that  simply  looking  at 
waveforms  on  very  fast  sampling  oscilloscopes  and  measuring  component  S 
parameters  were  insufficient  to  enable  us  to  fully  minimise  the  bit  error  rate  of  the  link. 

Another  useful  attribute  of  such  a  simulation  capability  related  to  the  ease  with  which 
we  could  alter  the  nature  of  the  circuitry  between  the  laser  diode  driver  chip  and  the 
laser  diode  transmitter  module  to  measurably  reduce  the  bit  error  rate  of  the  link.  An 
interesting  aspect  that  came  to  light  in  our  work  was  the  importance  of  the  interaction 
between  the  laser  diode  driver  and  the  laser  diode  module,  an  interaction  that  some 
people  minimise  by  placing  the  two  components  as  close  to  each  other  as  possible. 

2.  LINK  COMPONENT  PARTITIONING 

The  link  was  partitioned  as  discussed  next  to  enable  the  user  of  the  software  to  modify 
a  few  components  in  the  overall  link  and  observe  the  effects  of  those  changes  on  the 
link  parameters,  such  as  the  bit  error  rate. 

input  circuit  for  laser  driver  passive  microstrip  network 

laser  diode  driver  currently  solved  using  linear  simulator 

inter-component  circuit  passive  microstrip  network 

passive  circuit  in  laser  diode  package  passive  microstrip/stripline  network 
embedded  laser  diode  linear  or  non-linear  simulation 

electrical-to-optical  transformation  laser  diode  rate  equation  solution 
dispersive  optical  fibre  effects  time  sliced  optical  signal  with  dispersion 
receiving  photodiode  current  controlled  current  source  with  time 

delay,  series  resistance  and  parallel  capacitance 
transimpedance  amplifier  currently  solved  using  linear  simulator 

Thomson-Bessel  filter  using  ideal  fourth  order  filter  response  equations 

for  filter  with  bandwith  =  75%  of  bit  rate 
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3.  GENERAL  SIMULATION  PRINCIPLES 


In  general  we  predicted  the  S  parameter  response  of  a  linear  microwave  network  using 
our  WaveMaker  linear  microwave  circuit  simulator  and  saved  the  response  n  the  form 
of  an  S  parameter  data  file.  We  then  generated  a  2,048  time  sampled  waveform  that 
represented  a  64  bit  data  stream  with  a  user  defined  data  content.  The  rising  and  falling 
edges  of  the  waveform  were  defined  using  a  modified  Fermi  Dirac  equation  (borrowed 
from  semiconductor  physics)  for  better  matching  of  the  waveform  to  reality,  and  had 
user  defined  rise  and  fall  times.  The  waveform  was  transformed  into  the  frequency 
domain  using  the  Fast  Fourier  Transform  (FFT),  convolved  with  the  real  and  imaginary 
parts  of  the  linear  circuit  S21  response  and  then  Inverse  Fast  Fourier  Transformed 
(IFFT)  to  derive  the  prediction  of  the  waveform  emerging  from  the  linear  network. 
The  assumption  here  is  that  the  linear  circuit  sections  see  characteristic  impedances  at 
their  ports. 

We  modified  the  FFT  routine  defined  in  the  "Numerical  Recipes  In  C",  Second  Edition 
by  Press  et  al.,  Cambridge  University  Press,  by  replacing  the  floating  point  variables 
with  double  precision  real  variables  together  with  some  other  minor  changes.  We 
verified  the  dynamic  range  of  the  FFT  routine  on  a  pure  sine  wave  to  be  325  dB,  as 
expected  when  double  precision  variables  are  used  on  a  32  bit  computer.  This 
verification  is  necessary  to  define  the  FFT  noise  floor.  The  FFT  routine  is  used  with 
the  addition  of  a  simple  scaling  factor  related  to  the  number  of  samples  in  the  spectral 
response  to  perform  the  IFFT. 

Noise  was  included  in  the  simulation  through  the  addition  of  physically  realistic  noise 
to  the  waveform  as  detected  at  the  photodiode.  This  conforms  to  the  practice  of 
referring  the  noise  generated  in  the  transimpedance  amplifier  to  an  equivalent  noise 
level  at  the  input  to  the  amplifier  in  terms  of  pA  per  sqrt  hertz  or  nV  per  sqrt  Hertz. 
The  noise  itself  consisted  of  impulses,  the  amplitude  of  which  is  determined  by  a  biased 
random  number  generator  where  the  higher  amplitudes  above  and  below  a  particular 
level  (equivalent  to  room  temperature)  are  exponentially  less  probable,  and  the  angle  of 
the  impulse  is  determined  by  a  second  uniform  random  number.  The  impulse  angle  is 
then  simply  mapped  to  a  vertical  plane  to  determine  both  the  signal  polarity  and 
multiplier  value. 

At  any  point  in  the  link,  we  could  visualise  the  electrical  or  optical  waveform  and  the 
spectrum  of  that  waveform.  In  the  case  of  the  optical  waveform,  we  could  also  view 
the  wavelength  of  the  optical  signal  as  a  function  of  time  to  determine  the  optical 
signal  chirp.  The  S  parameter  response  of  any  of  the  linear  circuit  sections  could  also 
be  displayed  should  the  user  wish  to  modifiy  any  of  the  linear  circuit  sections. 

4.  PREDICTING  THE  OPTICAL  SIGNAL  AMPLITUDE  AND  WAVELENGTH 

input  circuit  for  laser  driver  passive  microstrip  network 

laser  diode  driver  currently  solved  using  linear  simulator 

inter-component  circuit  passive  microstrip  network 

passive  circuit  in  laser  diode  package  passive  microstrip/stripline  network 
embedded  laser  diode  linear  or  non-linear  simulation 
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The  laser  diode  driver  equivalent  linear  circuit  is  constructed  by  matching  the 
equivalent  circuit  response  to  the  measured  S  parameters  from  the  actual  laser  diode 
driver  (eg.  Fujitsu  FMM  311).  An  example  of  such  an  equivalent  circuit  approximation 
for  the  Fujitsu  FMM3 1 1  laser  diode  driver  in  netlist  form  is  as  follows: 

CKT 


IND  1  2  L=0.2609 

VCCS  2  3  0  0  M=-0.01  A=0.0  Rl=5000  R2=5000  F=100  T=0.0 

SRC  2  0  R=10.50  C=1.517 

PRC  3  0  R=267.6  C=1.515 

SRC  3  0  R=220.9  C=8.611 

IND  3  6  L=2.218 

TLIN  6  10  Z=263.7  E=1.32  F=1.0 
DEF2P  1  10  FMM311 

The  laser  diode  package  equivalent  circuit  is  derived  from  inspection  of  the  contents  of 
the  laser  diode  package.  Since  the  laser  diode  is  always  biased,  we  can  use  a  linear 
circuit  approximation  for  the  non-linear  electrical  characteristics  of  the  diode  itself 

VAR 

Ll=3.5 

CKT 


MSUB  ER=9.6  H=0.2  T=0.012  RHO=l  RGH=0.002  TAND=0.001 

WIRE  1  2  D=0.35  L=L1  RHO=l  H=3 

MLIN+  2  3  4  W=0.608  L=3.3 

IND  3  5  L=0.05 

MLIN+  5  6  4  W=0.608  L=2. 1 

IND  6  8  L=0.5 

RES  8  9  R=18 

IND  9  10  L=0.2 

IND  10  11  L=0.2 

CCCS  11  12  13  0  M=-0.027  A=0  Rl=8.0  R2=5000  F-500  T=0 
CAP  11  13  C=4.0 
CAP  10  4  C=3.9 
IND  13  4  L=0.2 

WIRE  4  0  D=0.35  L=L1  RHO=l  H=3 
WIRE  4  0  D=0.35  L=L1  RHO-1  H-3 
DEF2P  1  12  HPLD 

We  must  solve  for  the  voltage  accross  the  linearised  diode  relative  to  the  voltage 
applied  at  the  input  to  the  input  circuitry  in  front  of  the  laser  diode  driver.  The  voltage 
accross  the  linearised  laser  diode  s  monitored  through  the  use  of  a  current  controlled 
current  source  (CCCS)  which  monitors  the  current  through  the  laser  diode  resistance 
(8  ohms  in  the  above  example).  Remember  that  the  laser  diode  resistance  is  made  up  of 
the  dynamic  resistance  and  the  series  parasitic  contact  and  other  resistances. 
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The  electrical  response  of  all  the  five  components  at  the  transmitting  side  of  the  optical 
fibre  need  to  be  simulated  together  since  the  impedances  at  the  ports  are  usually  not 
the  characteristic  impedances.  The  inclusion  of  the  laser  diode  driver  is  most  important 
if  the  performance  of  the  communications  link  is  to  be  correctly  simulated. 

Using  the  previously  mentioned  FFT/IFFT  techniques  and  the  predicted  input  circuit 
S21  transfer  response,  we  can  predict  the  waveform  of  the  current  into  the  laser  diode. 
We  then  read  the  physical  data  for  the  laser  diode  being  used  (diode  length,  width, 
various  relaxation  times  and  so  on)  from  a  data  file  and  solve  the  laser  diode  rate 
equations  given  the  driving  current  waveform  to  predict  both  the  amplitude  of  the  light 
emitted  from  the  laser  diode,  and  the  wavelength  of  the  emitted  light.  We  have  verified 
the  accuracy  of  our  laser  diode  model  through  the  use  of  fast  optical  waveform 
sampling  and  fast  time  resolved  optical  spectrometry.  The  laser  diode  model  was 
derived  from  the  work  of  Professor  Ian  White  at  the  University  of  Bristol,  with  whom 
we  will  be  working  to  refine  the  model  to  account  for  transient  temperature  effects 
appropriate  to  the  laser  being  used  in  the  absence  of  a  Peltier  thermoelectric  cooler. 

5.  THE  OPTICAL  FIBRE  AND  THE  OPTICAL  RECEIVER 

Rather  than  use  the  Fourier  Transform,  we  have  time  sliced  the  optical  waveform  from 
the  laser  diode  and  applied  the  appropriate  wavelength  dispersion,  average  time  delay 
and  attenuation  to  each  optical  slice,  and  then  recombined  the  slices  appropriately  at 
the  end  of  the  fibre.  We  did  not  accont  for  any  amplitude  dispersion  effects  in  the  fibre 
since  the  incident  transmitted  optical  power  level  was  relatively  low  (few  milliwatts). 

At  the  receiver,  we  added  a  user  defined  amount  of  physically  realistic  noise  and  then 
passed  the  signal  through  the  transimpedance  amplifier  circuit  into  the  fourth  order, 
flat  phase  (equal  signal  group  delay)  Thomson-Bessel  filter  with  a  -3dB  cut  off 
frequency  of  75%  of  the  bit  rate. 

6.  BIT  ERROR  RATE  DETERMINATION 

We  used  the  FFT  based  correlation  capability  to  determine  the  relative  time  delay 
between  the  signal  at  the  input  circuit  in  front  of  the  laser  diode  driver  and  the  signal 
emerging  from  the  Thomson-Bessel  filter  at  the  link  output.  The  input  signal  is  then 
delayed  by  the  link  delay  and  directly  compared  with  the  output  signal,  where  we  have 
taken  care  to  remove  any  d.c.  bias  from  the  output  signal.  We  compare  the  signal 
amplitudes  at  the  middle  of  each  bit  period:  any  difference  between  the  two  signals  is 
registered  as  a  contribution  to  the  bit  error  rate  (BER). 

Since  we  typically  look  at  a  very  small  bit  length  compared  with  that  looked  at  by  bit 
error  rate  test  equipment  (1024  bits  rather  than  2A23  -  1)  we  increase  the  noise  level  to 
induce  a  measurable  BER.  With  a  measurable  BER  of,  for  example,  100  in  1024  bits, 
we  can  investigate  the  relative  reduction  (or  increase)  in  this  ratio  as  a  function  of 
circuit  element  and  drive  level  changes. 
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7.  APPLICATION  OF  THIS  APPROACH 


One  of  the  problems  with  the  current  generation  of  laser  diode  drivers  is  their  high 
source  impedance.  This  arises  because  the  driver  output  consists  typically  of  a  direct 
connection  to  the  drain  of  a  GaAs  MESFET  or  the  collector  or  a  bipolar  transistor. 
Any  reflected  electrical  signal  from  the  laser  diode  package  will  encounter  the  high 
impedance  of  the  laser  diode  driver  and  be  reflected  back  to  the  laser  diode  package, 
so  setting  up  a  resonant  situation  in  the  microstrip  line  between  the  laser  diode  driver 
and  the  laser  diode  package.  To  reduce  the  source  impedance  of  the  laser  diode  driver, 
we  found  that  by  placing  a  100  ohm  resistance  in  series  with  a  InF  capacitance  accross 
the  laser  diode  driver  output  to  ground  measurably  reduced  the  BER  from  150  in  1024 
bits  to  83  in  1024  bits.  The  InF  capacitance  should  not  be  too  small,  otherwise  bit 
pattern  error  effects  will  become  evident. 

We  used  the  whole  link  simulation  approach  to  help  us  in  the  design  of  a  new  2.488 
GBit/sec  laser  diode  module  including  the  design  of  the  butterfly  package  itself.  Since 
the  laser  diode  model  predicted  such  effects  as  optical  resonance  (increase  relative 
optical  intensity  noise)  we  were  able  to  minimise  these  effects  through  judicious  choise 
of  the  components  and  bond  wire  lengths  within  the  package  itself.  The  beauty  of  this 
approach  is  that  we  could  determine  the  effects  of  changing  the  length  of  a  single  bond 
wire  within  the  laser  diode  package  on  the  link  BER  and  on  any  of  the  waveforms 
throughout  the  link. 

We  have  included  all  of  the  above  mentioned  optical  link  simulation  capability  in  our 
commercailly  available  WaveMaker  software  as  our  COMMS  software  option.  This 
software  is  currently  being  used  by  some  of  the  optical  communications  component 
manufacturers  to  help  them  to  design  low  bit  error  rate  components  for  use  in 
multi-Gigabit  optical  fibre  communications  links. 

Currently,  the  most  difficult  aspect  associated  with  this  approach  is  the  derivation  of 
the  models  for  the  components,  particularly: 

the  transimpedance  amplifier  not  so  difficult 

the  laser  diode  driver  difficult 

the  laser  diode  itself  most  difficult  at  the  present  time 

Our  current  work  involves  simplifying  the  procedure  used  to  derive  the  physical  laser 
diode  parameters  for  an  arbitrary  laser  diode,  initially  unpackaged,  followed  by  the 
extraction  of  the  parameters  for  a  packaged  laser  diode.  Additionally,  we  have  in  the 
prototype  stage  as  a  result  of  our  collaborative  work  with  Professor  Tom  Brazil  at 
University  College  Dublin,  a  non-linear  simulator  based  on  a  heavily  modified  version 
of  SPICE  in  which  we  can  import  S  parameter  data  and  solve  for  the  current  waveform 
through  non-linear  devices  such  as  diodes.  The  use  of  this  new  time  domain  simulator 
with  S  parameter  data  import  capability  allows  us  to  very  accurately  simulate  the 
electrical  behaviour  of  the  laser  diode  driver  and  the  non-linear  laser  diode  in  the  laser 
diode  package. 
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Abstract 

Adaptive  digital  predistortion  for  nonlinear  power  amplifier  (PA)  became  one  of  the  most  robust  linearization 
techniques  that  can  be  implemented  in  digital  signal  processors  (DSP)  environment.  However,  its  precision 
compensation  for  AM-AM  and  AM-PM  distortion  is  wasted  when  the  quadrature  modulator  (QM) 
impairments  are  not  to  be  considered.  This  paper  presents  a  new  digital  predistorter  for  microwave  emitters 
with  real  time  modeling  of  both,  PA  and  QM  distortions,  that  can  compensate  for  nonlinearity,  gain 
imbalance,  phase  imbalance  and  DC  offset.  An  improvement  of  35  dB  of  out-of-band  power  is  obtained  in 
simulating  with  10^  complex  input  look-up  table  using  2D  interpolation. 


Introduction 

Spectral  efficiency  and  high  power  added  efficiency  became  the  importants  factors  in  Cellular  and  Personal 
Communication  Services  (PCS).  To  maximize  these  parameters,  linear  modulation  methods  and  saturated 
power  amplifiers  have  to  be  used.  However,  the  fluctuating  envelope  of  the  resulted  signal  from  linear 
modulation  methods  causes  distortion  and  spectral  spreading  in  the  output  of  microwave  emitters.  A  generic 
microwave  emitter  is  constituted  by  a  quadrate  vector  modulator  and  power  amplifier  (see  Fig.l).  In  order  to 
reduce  these  undesired  effects  and  meeting  both,  power  efficiency  and  spectral  efficiency,  linearization 
techniques  must  be  introduced.  In  addition,  quadrature  modulator  suffers  from  severe  deficiencies  Imai  et  al 
(1),  such  as  gain  imbalance,  phase  imbalance  and  DC  offset.  As  a  result,  the  residual  intermodulation  products 
in  the  output  signal  of  the  microwave  emitter  cause  the  BER  degradation.  Therefore,  a  compensation 
technique  for  these  impairments  must  be  included. 


A  variety  of  linearization  methods  have  been  reported  and  predistortion  linearization,  Imai  et  al  (2)  and 
Stapleton  et  al  (3),  is  one  of  the  techniques  that  can  be  chosen  for  an  analog  or  digital  implementation.  This 
method  uses  a  nonlinear  element  preceding  the  device  to  be  compensated  and  its  gain  expansion  characteristic 
cancels  the  gain  compression  of  the  amplifier.  In  the  case  of  the  digital  implementation,  one  of  the  most 
important  feature  is  that  any  function  is  easy  to  be  performed  by  software  and  therefore,  significant 
improvements  can  be  obtained  using  inverse  nonlinearities.  The  first  successful  work  were  presented  by 
Nagata  (4),  using  a  two-dimensional  look-up  table  technique  with  adaptive  digital  feedback  at  baseband  and 
pulse  shaping  filter  prior  to  predistortion.  This  technique  has  the  advantage  that  any  order  of  nonlinearity  and 
any  modulation  format  can  be  performed.  Moreover,  the  use  of  two-dimensional  look-up  table  permits  also 
correction  of  PM-PM  and  PM-AM  distortion  generated  in  the  QM  of  analog  part.  The  disadvantage  of  this 
technique  is  that  for  an  acceptable  accuracy,  the  size  of  the  look-up  tables  must  be  kept  higher  (two  millions 
complex  words).  Therefore,  the  memory  requirement  becomes  large  and  results  in  the  slowly  convergence 
each  time  when  the  tables  are  updated. 

Several  drawbacks  of  this  technique  have  been  improved,  by  Caver  (5)  and  Faulkner  (6),  using  one¬ 
dimensional  table.  It  has  made  possible  that  less  memory  is  needed  and  therefore,  the  convergence  time  is 
reduced.  In  this  way,  another  successful  approach  were  presented  by  authors  in  (7),  using  real  time 
nonlinearity  modeling,  where  the  iterative  algorithm  and  the  convergence  time  have  been  eliminated.  It  is  to 
be  noted  that  the  improvement  in  the  last  three  techniques  (5),  (6)  and  (7)  comparing  to  the  one  proposed  by 
(4)  is  at  the  expense  of  the  QM  impairments. 


-336- 


Because  of  the  DSP  is  expanding  at  high  rate,  the  benefits  of  this  technology  have  became  available  to  RF  and 
microwave  community.  The  contribution  in  the  last  few  years  had  permitted  that  the  processing  power 
required,  which  are  not  available  on  a  single  processor,  is  recently  available  by  multiprocessing  architecture. 
This  technology  can  handle  higher  bandwidth  signal  and  can  perform  more  intensive  processing. 

Taking  into  account  this  potentiality,  we  propose  in  this  paper  a  new  adaptive  digital  predistorter  with  Real 
Time  Modeling  (RTM)  of  both,  PA  and  QM  distortions,  that  can  supply  correction  for  any  order  of  non 
linearity,  gain  imbalance,  phase  imbalance  and  DC  offset.  This  technique  have  been  developed  to  be 
implemented  with  a  digital  signal  multiprocessors,  where  the  RTM  of  the  all  distortions  generated  in  the 
forward  path  signal  is  performed  to  provide,  using  a  two-dimensional  lookup  table  technique,  the  predistorted 
signal. 


The  adaptive  digital  predistorter 

Fig.l  shows  a  simplified  block  diagram  of  the  proposed  adaptive  digital  predistorter  where,  in  addition  to  the 
digital  domain,  a  dual  DA/ AD  converters,  a  quadrature  modulator  and  demodulator,  a  microwave  coupler  and 
a  microwave  power  amplifier  form  the  analog  domain  to  complete  the  entire  system.  The  spectrally  efficient 
16-QAM  modulation  method  is  used  as  a  transmitted  signal  source,  which  is  passed  through  a  pulse  shaping 
filter  to  ensure  free  Inter-Symbol-Interference  (ISI).  In  the  RTM  algorithm,  the  input  digital  baseband  signal 
and  the  output  lowpass  equivalent  complex  envelopes  of  the  amplifier  are  sampled,  scaled  and  updated  into 
the  lookup  tables  to  provide  the  predistorted  signal.  These  tables  are  configured  to  implement  a  mapping  from 
the  input  (I,Q)  to  the  output  (Id,Qd)  using  2D  interpolation  and  according  to  the  number  of  sampled  pairs 
measured.  Because  of  the  random  nature  of  the  data  measurement,  unequal  spacing  between  tables  entries  are 
used.  An  important  feature  to  be  considerate  is  the  adaptability  dedicated  to  drift  correction.  The  predistorted 
signal  over  time-varying  characteristics  (AM-AM  and  AM-PM)  requires  that  the  predistorter  adapt  to  this 
change.  Adapting  the  predistorter  to  compensate  this  variation  requires  a  feedback  path  through  which  the 
linearizer  can  be  notified  of  this  change.  In  this  case,  mean  error  criterion  between  the  desired  and  the 
distorted  feedback  signals  is  used  to  perform  adaptability.  The  feedback  loop  is  used  only  to  update  the  LUT. 
After  each  adaptation  and  during  normal  data  transmission,  the  feedback  loop  is  opened  until  new  significant 
drifts  have  occurred  and  new  data  has  to  be  entered  in  the  LUT.  In  order  to  estimate  the  delay  in  the  feedback 
loop,  correlation  between  the  predistorted  signal  and  the  feedback  signals  is  performed,  and  the  delay  is 
compensated  by  the  same  amount  in  the  predistorted  signal. 


Let  the  Emitter  be  considered  as  a  zero  memory  system.  Then,  the  input-output  relationship  of  such  system 
can  be  written  as  follows  : 


w(0  =  J[z(0L  (1) 

where  z(t)  and  w(t)  represent  the  input  digital  baseband  signal  and  the  output  lowpass  equivalent  complex 
envelopes  of  the  emitter  respectively.  The  complex  transfer  function  is  given  by  : 

r[z(f)Hr[z(<)]K1'('>1.  (2) 

Since z(0  is  complex-valued,  z(t)~Id( t)  +  jQd(t) ,  where  Id(t)  and Qd(t)  are  real  values.  Hence,  w(f)  can 
be  written  as  a  complex-valued  function  of  the  real  values  Id(t)  and  Qd(t)  as  follows  : 

w(t)  =  I(Id,Qd)  +  jQ(Id>Qd )>  (3) 

where  I(Id,Qd)  and  Q(Id,Qd)  are  real  functions  of  the  variables  Id  and  Qd  .  Now,  let  the  complex  transfer 

function  T[z(t)]  be  analytic  on  a  set  S.  Then,  it  is  always  possible  to  find  a  complex  function  z(t)  =  P[w(0] 
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that  satisfies  w(0  =  r{p[w(0]}  and  which  is  unique  in  that  no  other  function  has  this  properties.  Then, 
P[w(0]  become  the  inverse  function  of  the  T[z(t)}  and  can  be  used  as  a  complex  predistortion  transfer 
function.  Thus, 

z(t)  =  /„(/,  Q)  +  jQd( /,  Q),  (4) 

and  the  complex  predistortion  transfer  function  is  given  by  : 

PM!)]  =  [PM()]|eM"'<,)1.  (5) 


Simulations  results 

The  global  system  has  been  built  with  Signal  Processing  WorkSystem  (SPW)  (8)  environment  and  several 
important  analysis  results  are  presented  here.  The  spectrally  efficient  16QAM  modulation  method  with  a  baud 
rate  of  24.3  kHz  is  used  as  signal  source.  Hence,  1 6  different  possible  symbols  form  the  signal-space  diagrams 
where  we  have  assumed  equally  likely  signal  set.  The  pulse  shaping  filter  was  a  raised  cosine  having  a  roll  off 
a=  0.35,  and  the  oversampled  rate  was  16  samples/symbol.  In  addition  to  estimate  the  spectral  magnitude,  the 
signals  have  been  multiplied  by  a  blackman  window  function  to  smooth  the  signals  frequency  spectrum,  then, 
Discrete  Fourier  Transform  (DFT)  have  been  obtained  for  each  signal  with  N=1024  points.  The  Pin-Pout 
characteristics  of  a  class  AB  power  amplifier  were  modeled  using  cubic  spline  interpolation  and  stored  in  two 
look-up  tables  for  simulation  purpose.  QM  impairments  were  5°  of  phase  error,  2%  of  gain  error  and  5%  of 
DC  offset.  From  the  time  domain  analysis,  four  constellation  diagram  is  used  to  evaluate  the  distortion  and 
the  compensation.  In  fig.3(a),  we  can  see  a  compression  and  an  expansion  in  the  real  and  imaginary  part, 
respectively,  where  the  vector  signal  will  follow  an  offset  elliptical  trajectory.  In  real  system,  the  PA 
nonlinearity  and  the  QM  impairments  can  be  lumped  together  and  modeled  using  2D  interpolation.  Fig.  4(a) 
shows  the  distorted  constellation  diagram  at  the  output  of  the  emitter  and  Fig. 5(a)  shows  that  the  distorted 
symbols  are  mapped  back  to  the  desired  positions  when  the  compensation  is  performed.  A  comparison  of  the 
spectral  magnitude  shows  clearly  a  degradation  in  out  of  band  emissions,  Fig.4(b),  and  that  the  spectral 
magnitude  floor  is  limited  by  the  QM  impairments,  Fig.3(b).  Note,  in  Fig. 5(b),  that  an  improvement  of  35  dB 
of  out-of-band  power  can  be  reached  using  10^  complex  words  in  each  table  (real  and  imaginary  part).  A 
further  reduction  in  spectral  distortion  can  be  achieved  if  the  tables  sizes  are  increased. 


Conclusion 

In  this  paper,  a  new  method  dedicated  to  Adaptive  Digital  Predistorter  that  can  compensate  for  non  linearity, 
gain  imbalance,  phase  imbalance  and  DC  offset  of  a  microwave  emitters  is  proposed  and  simulation  results 
using  SPW  software  are  presented.  The  real  time  modeling  of  both  PA  and  QM  distortions  was  implemented 
to  calculate  the  predistortion  function  using  2D  interpolation.  Two  dimensional  look-up  tables  were  used  with 
unequal  spacing  between  table  entries.  The  RTM  algorithm  has  demonstrated  to  be  a  powerful  tool  for 
sounding  the  distortion  during  normal  data  transmission  and  supplying  the  knowledge  of  the  nonlinearity  to 
the  predistorter.  The  major  advantages  of  this  technique  in  comparison  with  the  predistorter  presented  by  [6]  is 
the  reduced  memory  requirements,  from  2  millions  complex  words  to  200K  complex  words.  In  addition,  the 
proposed  adaptive  linearization  technique  can  be  self  corrected  for  any  drift  in  the  operating  points  and 
without  any  iterative  procedure.  It  is  noted  that  the  ability  of  the  RTM  algorithm  is  in  eliminating  the  need  for 
complex  convergence  algorithms  in  the  adaptation  update  step. 
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ABSTRACT 


The  applicability  of  the  known  six-port  receiver  structure  for  mobile  phones  was  studied.  The  six-port 
receiver  is  typically  used  in  high  frequency  microwave  analyzers  where  a  wide  bandwidth  is  required. 
In  these  applications  the  unperfections  of  the  six-port  structure  can  be  canceled  by  using  calibration. 
In  direct  conversion  receivers  a  severe  problem  is  to  achieve  the  required  AM  suppression 
characteristics.  This  is  known  as  a  DC  problem.  Strong  adjacent  channel  signals  cause  interference  in 
the  baseband  through  second  order  effects.  To  evaluate  the  suitability  of  a  six-port  receiver  to  achieve 
the  required  AM  suppression  level  a  discrete  component  six-port  receiver  operating  at  2GHz 
frequency  area  was  implemented  and  measured.  The  results  were  compared  against  traditional  mixer 
structures. 


FOREWORD 


The  ever  increasing  demand  for  wireless  communication  services  has  led  to  the  situation  where  a 
mobile  phone  is  a  cheap  mass-produced  article.  The  multiple  of  different  cellular  systems  and 
standards  complicates  the  situation.  The  markets  are  separated  into  sections  each  having  their  own 
characteristics.  Different  systems  use  different  frequency  bands  and  modulation  methods.  This 
variety  of  systems  creates  also  demand  for  multimode  devices  (e.g.  GSM/DECT  phone). 

The  traditional  superheterodyne  receiver  architecture  is  the  best  solution  in  terms  of  electrical 
performance.  Unfortunately  it  is  not  easily  integrable  and  thus  can  not  easily  fulfill  all  future 
demands.  Low  power  consumption,  weight,  size  and  cost  can  be  achieved  only  by  integration.  Strict 
limitations  in  the  tuning  range  and  in  the  fixed  channel  filtering  make  superheterodyne  receiver  an 
inadequate  choice  for  the  multimode  receivers.  In  the  superheterodyne  receiver  the  noise  generated 
by  the  LNA  is  mixed  into  the  IF  band  from  both  upper  and  lower  sidebands.  Therefore  an  additional 
bandpass  filter  is  needed  to  suppress  the  noise  from  the  unwanted  sideband.  So  far  it  has  been 
impossible  to  integrate  the  intermediate  and  image  rejection  filters.  In  the  direct  conversion  receiver 
these  bulky  filters  are  unnecessary. 


DIRECT  CONVERSION  RECEIVER 


The  direct  conversion  concept  means  a  direct  frequency  translation  from  the  radio  frequency  (RF)  to 
the  baseband.  The  channel  filtering  is  performed  at  the  baseband  and  the  bandwidth  can  be  defined  by 
reconfigurable  digital  filters.  The  direct  conversion  principle  has  already  been  applied  successfully  in 
paging  receivers  and  its  applicability  for  narrow  band  TDMA  systems  like  GSM  are  heavily  studied. 
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Usually  the  direct  conversion  receiver  is  implemented  by  utilizing  Gilbert-cell  mixers.  Direct 
conversion  suffers  from  some  unique  problems.  Main  causes  to  these  are  insufficient  LO-RF  isolation 
and  the  unsymmetry  in  the  receiver  structure.  Due  to  insufficient  LO-RF  isolation  LO  leakage  from 
the  receiver  into  the  antenna  may  cause  interference  to  other  users.  DC  offset  in  the  receiver  is  even 
more  serious  problem.  There  are  three  causes  to  the  DC  offset.  The  LO  signal  leaking  to  the  RF  port 
and  reflecting  back  causes  DC  through  self-mixing.  This  is  not  very  harmful  because  the  LO  level  is 
constant.  Strong  near-channel  AM-modulated  signals  may  leakage  to  the  LO  port  of  the  mixer  and 
then  self-downconvert  to  DC.  The  generated  DC  signal  is  dynamic  by  nature  and  can  not  be  filtered 
out.  Any  unsymmetry  in  the  mixer  structure  generates  also  DC  offset.  However  this  can  be 
minimized  by  good  design.  The  DC  generated  by  interfering  signals  is  more  problematic. 


SIX-PORT  BASICS 


The  idea  of  using  a  six-port  structure  to  determine  the  phase  of  a  microwave  signal  was  first 
presented  in  1964  by  Cohn  and  Weinhouse  (1).  A  six-port  is  a  black  box  with  two  inputs  and  four 
outputs.  The  output  ports  are  terminated  with  power  detectors.  When  the  relations  between  the  input 
and  output  ports  are  known  the  relations  between  the  two  input  signals  (phase  and  amplitude)  can  be 
determined.  The  only  requirements  are  that  the  six-port  is  linear  and  that  the  outputs  are  not  linearly 
dependent  on  each  other.  From  the  four  equations  can  be  solved  four  unknowns.  With  a  calibration 
procedure,  the  equations  can  be  found  very  accurately.  Therefore  the  six-port  structure  has  been  used 
in  network  analyzers.  Analysis  of  the  six-port  structure  can  be  found  from  Hoer  and  Roe  (2). 

In  a  six-port  receiver  the  RF  signal  can  be  applied  into  one  input  port  and  the  LO  at  the  second.  These 
are  then  summed  up  with  different  phases  in  the  six-port  correlator  structure.  The  correlator  can  be 
formed  by  using  one  power  splitter  and  three  quadrature  hybrids.  Also  more  complicated 
implementations  are  possible.  The  power  levels  of  the  four  other  ports  are  measured  and  used  to 
calculate  the  baseband  I-  and  Q-signals.  In  the  six-port  receiver  are  used  power  detectors  instead  of 
mixers  to  get  the  baseband  signals,  see  figure  1 . 

In  a  switching  mixer,  the  LO  signal  must  be  high  enough  to  switch  a  diode  or  a  transistor  from  a 
conducting  state  to  a  non-conducting  state.  The  power  detectors  require  lower  voltage  swing.  So  the 
six-port  receiver  has  potential  for  a  very  low  voltage  operation.  Also  the  LO  power  consumption  is 
low. 


SIX-PORT  DEMONSTRATOR 


To  study  the  applicability  of  the  six-port  structure  as  a  handportable  receiver  a  demonstration  device 
was  made.  The  designed  phase  correlator  adds  up  the  input  signals  (LO  and  RF)  creating  four 
different  combinations.  Every  combination  is  a  sum  of  the  input  signals  with  different  phase  shift  (0°, 
90°,  180°  and  270°). 

In  the  six-port  demonstrator  the  baseband  I-  and  Q-channel  signals  can  be  attained  easily  by 
subtracting  the  power  readings  from  the  appropriate  correlator  output  ports,  see  figures  1  and  2. 
However  the  correlator  outputs  are  not  linearly  independent.  This  means  that  the  correlator  is  actually 
a  five-port  and  it  is  not  possible  to  calibrate  it.  One  more  independent  output  should  be  added  in  order 
to  make  the  calibration.  Originally  the  six-port  was  used  in  network  analyzers  where  only  one 
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frequency  is  used  at  time.  The  calibration  is  made  at  the  frequency  of  interest  to  remove  the 
unperfections  caused  by  the  six-port  structure.  When  the  six-port  is  used  as  a  receiver,  the  channel 
filtering  is  performed  after  the  power  detectors.  Signals  at  different  frequencies  pass  through  the 
preselection  (duplex)  filter  and  finally  reach  the  power  detectors.  When  the  unwanted  channels  are 
detected  in  the  square-law  detectors,  they  cause  DC  component  which  can  not  be  removed  by  the 
calibration  process.  Neighboring  channel  interfering  signals  can  not  be  filtered  out  in  a  single 
correlator  output  channel  (Ul,  U2,  U3  or  U4,  figure  1).  But  the  combining  of  the  two  correlator 
channels  cancels  the  interfering  signals. 

The  phase  correlator  was  implemented  with  microstip  techniques.  Two  different  microstrip  correlator 
alternatives  were  designed  and  analyzed.  The  traditional  correlator  constructed  from  three  branch-line 
hybrids  and  one  power  divider  and  a  second  one  constructed  with  two  ring  hybrids,  one  branch-line 
hybrid  and  one  power  divider.  Both  correlators  give  the  sum  and  the  difference  of  its  input  signals. 
The  correlators  were  implemented  on  a  printed  circuit  board  with  high  permittivity  DiClad  810 
(Arlon)  substrate.  The  structures  were  optimized  at  1.84GHz.  The  ring  hybrid  implementation  was 
selected  for  the  final  receiver  design  because  measurements  gave  better  isolation  between  its  input 
ports  (40dB).  The  ring  hybrid  correlator  is  seen  in  the  figure  2. 

As  power  detectors  were  used  commercial  matched  diode  pairs  to  get  optimal  symmetry.  To  form  a 
complete  receiver  front-end  a  LNA,  a  DCS  1800  duplex  filter  and  4th  order  active  baseband  filters 
with  lOdB  gain  were  added,  see  figure  3. 


MEASUREMENTS 


The  total  six-port  receiver  gain  was  39dB  and  the  noise  figure  13dB.  The  ldB  compression  point  was 
-24dBm  at  the  antenna  input.  The  IQ-balance  was  adequate.  The  measured  characteristics  of  the 
demonstration  six-port  receiver  were  compared  to  these  of  a  Gilbert  cell  and  FET  ring  mixers,  see 
table  1.  In  the  comparison  it  has  to  be  kept  in  mind  that  the  six-port  is  a  complete  I-Q  demodulator 
whereas  the  mixer  presents  a  single  channel  only.  A  comparable  receiver  configuration  would  consist 
of  two  mixers  and  two  power  splitters.  The  splitting  of  the  input  power  into  two  branches  in  the  six- 
port  is  taken  into  account  in  table  1 . 

In  the  direct  conversion  receiver  both  the  modulated  and  continuous  wave  (CW)  blocking  tests  give 
some  response  at  the  baseband  due  to  the  second  order  nonlinearities  of  the  receiver.  The  CW  test 
gives  a  constant  DC  offset  at  the  baseband.  In  the  DC  offset  measurements  an  unwanted  signal  with  a 
5  MHz  frequency  offset  to  the  LO  frequency  was  applied  at  the  input  of  the  receiver.  The  wanted 
baseband  signal  and  DC  offset  of  the  six-port  receiver  are  seen  in  the  figure  4. 

The  good  LO-RF  isolation  of  the  ring  hybrid  correlator  was  severely  deteriorated  when  the  detectors 
were  connected. 

In  (3)  is  specified  the  required  AM  suppression  characteristics  of  the  GSM  receiver.  With  a  direct 
conversion  receiver  these  can  be  fulfilled  when  the  IIP2  is  in  the  order  of  50dBm.  The  discrete 
component  six-port  demonstration  receiver  is  missing  about  20dB  from  this  value. 
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CONCLUSION 


The  growth  of  cellular  subscribers  leads  to  more  effective  use  of  the  spectrum  which  increases  the 
interference  in  the  future.  The  direct  conversion  receiver  is  especially  sensitive  to  the  spurious 
signals.  On  the  other  hand,  the  direct  conversion  method  can  offer  a  low-cost  solution  for  the  future 
handportable  phones  with  the  capability  of  smooth  change  between  different  systems  and  services. 

The  six-port  direct  conversion  receiver  seems  to  be  a  viable  alternative  for  mobile  terminals.  The 
basic  six-port  structure  operates  with  low  supply  voltages  and  low  LO  power  is  required,  typically 
from  -lOdBm  to  OdBm.  Also  voltage  conversion  gain  in  the  order  of  a  Gilbert  cell  mixer  is 
achievable.  The  noise  figure  is  comparable  to  a  standard  mixer.  The  main  problem  in  a  direct 
conversion  receiver  seems  to  be  the  DC  offset  caused  by  the  second  order  effects.  A  symmetrical 
structure  -  mixer  or  six-port  -  combined  with  a  high  RF-LO  isolation  would  make  the  life  of  a  direct 
conversion  receiver  designer  much  easier. 
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Six-port 

Gilbert  cell 

FET  ring 

Power  conversion  gain 

-8.5dB  15 

-2.5dB 

-lOdB 

Voltage  conv.  gain 

8dB  /  lk 

3dB  /  2k 

Noise  Figure 

22dB 

23dB 

lOdB 

IIP2 

32dBm 

24dBm 

36dBm 

G(ldB)  input 

-5dBm 

1.5dBm 

LO-RF  isolation 

>  23dB 

50dB 

48dB 

LO  power 

-lOdBm 

-7dBm 

+5dBm 

Power  consumption 

2V  0.16mA 

5  V  1.6mA 

-1.5  V  ~0mA 

Results  refer  to  a  single  branch  of  the  six-port 


Table  1 .  Comparison  of  six-port,  Gilbert  cell  and  FET  ring  mixer  characteristics  at  2GHz.  The  LNA 
is  not  included. 
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Figure  1.  The  basic  six-port  implementation 


a) 


b) 


Figure  2.  a)  A  six-port  junction  using  ring  hybrids,  b)  Ring  hybrid  implementation  with  microstrips. 


LNA 

Duplex  filter 


Tx 


Figure  3.  A  six-port  direct  conversion  receiver  front-end. 
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A.  Abstract 

Non  ideal  I  and  Q  calibration  circuits  on  one  hand,  phase  noise  spurious  response  of  the 
synthesizers  and  carrier  leakage  on  the  other  hand,  will  affect  the  modulation  quality  by 
degrading  Modulation  parameters  such  as  EVM,  Spectral  Mask  and  Residual  AM. 

Transmitter’s  gain  chain  and  its  output  power  amplifier  linearity  and  synthesizers  phase  noise 
will  degrade  the  spectral  purity  of  the  transmitter  and  its  Spectral  Mask  even  further, 
consequently  degrade  system's  performance  -  Bit  Error  Rate  (BER). 

This  presentation  will  identify  typical  Modulation  errors  related  to  the  RF  and  Digital  sections  of 
the  Dual  Mode[12,13]  (TDMA/AMPS)  Cellular  phone  front  end,  and  develop  calibration  methods 
which  will  effectively  minimize  the  modulator  internal  errors  by  analyzing  the  output  signal.  We 
will  focus  on  ti/4DQPSK  digital  modulation  imperfections,  errors  in  synthetic  base  band  I  &  Q 
signals  used  to  generate  FM  modulated  signal  by  a  QPSK  modulator,  Non  linear  effects  and  a 
modulation  scheme  commonly  used  in  cellular  IS54  radios 


B.  Quadrature  Modulators 

Quadrature  modulators  were  used  for  Single-Sideband  transmission  and  in  recent  years  for 
quadrature  AM  (QAM)  and  other  digital  modulation  schemes  in  digital  radios.  In  dual-mode 
cellular  phone  radios,  the  Modem  is  designed  to  use  one  modulator  for  both  digital  and  analog 
mode  transmissions.  This  is  done  in  order  to  simplify  the  design  and  calibration  of  the  RF 
section  of  the  mobile  unit. 


The  block  diagram  of  a  quadrature  modulator,  consists  of 
two  mixers  and  a  summation  circuit  to  combine  the  mixers 
outputs.  The  inputs  to  the  mixers  are  the  information 
bearing  baseband  (low  pass)  signals  i(t)  and  q(t)  and  a 
carrier  of  the  local  oscillator  signal  cos(®c0  mixing  with  the 
I  input,  and  sin(®cf)  mixing  with  the  Q  input.  The 
transmitted  signal  is  therefore  [17] 

(i)  rft)=ji2(t) Kfitjoo^+iari1^^  =A(t)cc£(qi+6(t)) 

or  (2)  A^ei^-ifO+jqft) 

The  later  presentation  of  the  QPSK  modulator  output  signal 
implies  that  any  complex  modulation  can  be  generated  by 
properly  chosen  amplitudes  and  phases  of  I  and  Q. 
Moreover,  since  the  I  and  Q  signals  have  low  pass 
characteristics,  the  low  frequency  modulation  circuitry  is 
usually  easier  to  implement  at  the  required  accuracy  .This  is 
a  major  reason  for  the  popularity  of  quadrature 
modulators. 


C.  Analog  FM  modulation  impairments 

C.l.  Generating  FM  Using  QPSK  Modulators 

To  establish  Frequency  Modulated  signal,  the  carrier’s  amplitude  is  held  constant  and  the  phase 
is  varied.  The  FM  transmitted  signal  is  thus  given  by  [17]: 

f  r  > 


(3) 


r(t)  ~  A  cos  mct  +  Aco  J  m(  z)dr 


Where  Ao>  is  the  peak  radian  deviation  and  the  peak  magnitude  of  m(t)  is  1 .  m(t)  is  the 
information  bearing  signal  and  the  phase  Oft)  is  given  by  the  integral  of  Acomft). 
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From  (3)  it  is  concluded  that  the  required  baseband  I  and  Q  signals  needed  to  generate  an  FM 
transmitted  signal  using  a  QPSK  modulator  are  given  by  [17]: 


(4) 


i(t)  +  q(t)  =  A(t)em)  =  A(t)@xp\  JA<o\m(T)dT 


J  l 


A  (fjjcos^A©  J  mfrjdr'j  +  jsin^Aa  j  j 


C.2.  Residual  AM  of  FM  modulated  signal 

In  case  of  an  ideal  modulation,  A(t)=A  .  However  in  reality,  there  are  several  parameters  that 
affect  the  amplitude  A  versus  time  like  amplitude  and  phase  imbalances  between  I  and  Q 
baseband  inputs.  These  cause  fluctuations  in  the  magnitude  A  ,  known  as  Residual  AM. 
Residual  AM  of  an  FM  signal  is  defined  as  the  amount  of  AM  fluctuation  on  the  FM  signal 
amplitude.Residual  AM  is  measured  by  AM  Modulation  Index  mi%  as  defined  by  equation  (5) 

(5)  mi%  =  mi+m2x100;m1  ~  max\A(t  )lm2  =  ™in\A(t  )\ 

In  figure  2  the  residual  AM  is  plotted  as  a  function  of  phase  balance  between  I  and  Q  ,  while  the 
amplitude  balance  is  a  parameter. 

It  can  be  seen  that  the  residual  AM  is  more  sensitive  to  the  phase  balance  a  rather  than  to  the 
amplitude  imbalance  8  for  high  phase  imbalance,  but  the  amplitude  imbalance  correction  is 
crucial  for  small  phase  errors.  This  is  because  that  in  the  ideal  case  I  and  Q  trajectory  is  a  circle 
with  a  radius  equal  to  AfAq=A.  However  in  the  non  ideal  case  there  is  an  amplitude  imbalance 
between  I  and  Q  ,  phase  imbalance  a  and  DC  offsets.  The  phase  imbalance  cause  the 
projection  of  I  on  Q  ,  I  is  decreased  by  Cosa  while  Q  is  increased  by  1+Sina.Hence  the  circle 
turns  into  an  ellipse  with  offset  axis  due  to  the  DC  offsets  caused  by  the  carrier  leakage. 

D  Digital  tc/4DQPSK  Signal  Impairments  and  Effects 

Impairments  types  can  be  divided  into  two  groups:  Linear  Impairments  (like  I  and  Q  amplitude 
imbalance,  phase  imbalance,  I  and  Q  DC  offset  [14], [15], [16], [17]  causing  the  carrier  leakage), 
and  Non  linear  Impairments  (like  AM  to  PM  generally  caused  by  the  transmitter  power  chain, 
and  LO  Phase  Noise  affecting  the  phase  imbalance  by  adding  LO’s  ±A9  nms.  to  the  phase  error 
between  I  and  Q).  We  will  concentrate  on  the  effects  of  linear  impairments  herein  (non  linear 
effects  will  be  discussed  in  paragraph  E). 

Transmitter’s  modulation  impairments  will  affect  the  constellation  diagram  of  the  transmitted 
signal,  as  described  on  Fig.3.,and  thus  degrade  the  Error  Vector  Magnitude  (EVM)  and  channel 
performance. 

1 .  I  and  Q  amplitude  imbalance  will  affect  the  constellation  symmetry  and  cause  an 
ellipse-shaped  constellation  diagram  ,  pending  on  either  I  or  Q  input  is  larger. 

2.  I  and  Q  paths  phase  mismatch  will  cause  constellation  distortion  in  both  directions  X 
and  Y  .This  is  because  the  orthogonal  projection  of  one  component  on  the  other  is  not  zero. 
Such  a  phase  error  will  rotate  the  constellation  points  from  their  original  location. 

3  The  leakage  of  the  carrier  to  modulators  output,  because  of  DC  offset  of  the  l/Q  inputs, 
will  affect  the  constellation  origin  offset.  Since  Carrier  leakage  consists  of  two  perpendicular 
components  related  to  the  I  path  and  the  Q  path  of  the  QPSK  modulator,  the  constellation  origin 
is  shifted  both  in  X  and  Y  axis  direction  respectively. 

By  applying  Sine  and  Cosine  to  the  I  and  6  inputs,  the  resultant  modulated  signal  will  be  an 
SSB  RF  signal.  Using  these  input  signals,  the  modulator  can  be  easily  calibrated  and  checked 
for  any  malfunctioning  and  thus  eliminating  any  constellation  distortion  and  BER  degradation. 

D-1  I  and  Q  Amplitude  Imbalance 

The  side  band  suppression  of  a  SSB  signal  is  defined  by  [14,15,16,17]: 


(6  )S[dBc]  =  lOfog 


§L 

S2 


+  2SCoscc  + 1 
-2SCosa  +1 


Where  a  is  the  phase  imbalance  between  the  I  path 


to  the  Q  path  and  8  is  the  amplitude  imbalance.(in  dB  or  as  a  relative  value) . 

The  plot  in  Figure  4  shows  the  side  band  suppression  as  a  function  of  amplitude  balance 
between  I  and  Q  while  the  phase  balance  between  I  and  Q 

is  a  parameter,  it  can  be  seen  that  phase  imbalance  a  and  amplitude  imbalance  8  limit  side 
band  suppression,  so  that  for  30  dB  of  suppression,  a  should  be  below  3°  and  8  below  0.3  dB. 


D-2  I  and  Q  relative  phase  Imbalance 

The  same  reasoning  of  an  SSB  signal  side  band  suppression,  when  I  and  Q  transmission 
phases  are  not  in  perfect  match,  can  be  done  by  setting  eq.(6)for  constant  amplitude  error. 
Figure  5  shows  the  side  band  suppression  as  a  function  of  phase  balance  between  I  and  Q 
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while  the  amplitude  balance  between  I  and  Q  is  a  parameter. 

It  can  be  seen  that  up  to  10%  amplitude  imbalance  I  and  Q  relative  phase  imbalance  affects 
the  side  band  suppression. 


Figure  2:  Residual  AM  vs.  phase  balance  of  a 
1.004KHz  FM  modulated  signal  with  8  KHz  peak 
deviation. 

Phase  errors  over  3°  limits  the  ability  to  calibrate  the  side  band  suppression  and  will  require 
phase  calibrating  circuit  .Hence  for  low  phase  errors  only  simple  amplitude  matching  circuit  is 
required  .  For  3°  phase  error  and  0.3dB  amplitude  error  the  side  band  suppression  will  be  30dBc 
and  thus  the  measured  EVM  was  4.5%. 


D-3  1  and  Q  DC  offset  calibration 

The  second  calibration  required  is  the  DC  offset  between  I  and  Q.  This  parameter  affects  the 
carrier  leakage  from  the  modulator.  Carrier  signal  leaking  to  the  antenna  affects  the  Origin 
Offset  of  the  constellation  at  the  Base  Station’s  receiver.  The  result  might  be  poor  BER 
performance.  The  carrier  suppression  is  given  by  equation  7  [14],[15],[17]. 

_  „  1  /4[1  +2KSCos(0-a)+[KS]z] 

(7)  SLa[dBcl  =1010 g  ^  +2KSDmlDm2Slnfi+  [KSOmf 


The  potential  Impairments  of  the  modulator  (Fig-I)and  input  baseband  signals  (I  vs.  Q)  are  as 
follows:  Del  DC  offset  error  of  the  LO  at  the  I  input. 

Dc2  DC  offset  error  of  the  LO  at  the  Q  input 
Dml  DC  offset  error  at  the  I  input 
Dm2  DC  offset  error  at  the  Q  input 
a-  Phase  error  between  I  and  Q  Inputs 

p-  Phase  balance  of  the  LO  splitter  within  the  modulator  to  quadrature 
6-  Amplitude  balance  between  I  and  Q  inputs. 

Kl«x  The  I  path  mixer  transfer  function,  including  the  phase  error  a  between  I  and  Q  inputs. 

KQ  The  Q  path  mixer  transfer  function,  with  zero  phase 

K  Amplitude  balance  of  the  LO  splitter  within  the  modulator 

Fig.  6  shows  the  carrier  suppression  as  a  function  of  DC  Offset  voltage  where  the  phase 

quadrature  error  p  of  the  LO  divider  is  a  parameter. 

It  can  be  seen  that  the  carrier  leakage  is  highly  sensitive  to  DC  Offset  errors  of  I  and  Q  inputs 
and  thus  offset  of  less  than  20  mv  are  essential  for  carrier  reduction  of  30  dB  and  higher 
By  analyzing  Eq.(6)  for  constant  a  and  DC  Offset.it  can  be  shown  that  earner  suppression  is 
only  slightly  affected  by  errors  in  LO  quadrature  (p)  or  LO  amplitude  imbalance  factor  (K). 
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Figured  Side  Band  Suppression  VS 
Amplitude  Balance  factor  8 
while  Phase  Balance  between  l/Q 
is  a  parameter 
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Figure  6 :  Carrier  suppression  as  a  function  of  the  DC 

offset .  I  offset  is  between  -150mV  to  +150mV 
LO  phase  balance  p  is  a  parameter  between 
1°  to  109,!  &  Q  phase  balance  a=1°  ,6=1  ,K=1 
and  Q  offset  is  2mV. 
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Figure-5:  Side  Band  Suppression  VS 
Phase  Balance  while  the  l/Q  relative 
balance  factor  6  is  a  parameter 

E  Non  Linear  Analysis 

E-1  Frequency  accuracy  of  the  carrier 

Frequency  error  cause  a  constant  phase 
error  offset  -A0  from  the  required  phase  of 
the  symbol  point  .The  result  can  be  seen 
as  constant  rotation  of  AG  radians  of  the 
constellation  diagram  around  it’s  center . 

A  BPSK  modulated  signal  is  a  simple 
example  to  describe  the  frequency  error 
effect  [9],  The  Eb/N0  of  of  the  modulated 
signal  is  reduces  by  cos2A0  thus,  it  results 
in  degradation  of  bit  error  probability  of 
the  system  ,so  higher  energy  per  bit  to 
noise  is  needed  to  achieve  the  same  error 
probability  ratio  (Eb/N0 ). Figure  7  describes 
bit  error  probability  for  various  phase 
errors  values. 
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Figure  7:  Bit  error  probability  for  coherently 
detected  BPSK  with  constant  phase  errors  [5] 


E-2  Phase  Noise 

A  practical  synthesizer  implies  random  frequency 
fluctuations  around  its  center  frequency  known  as  phase 
noise.  There  are  several  ways  to  define  LO’s  phase  noise. 
The  common  definition  is  Single  Side  Band  (SSB)  phase 
noise  .^f(f)[dBc/Hz].But  with  phase  modulated  signals  .the 
LO’s  phase  stability  AGrms  as  incidental  Phase  Modulation 
is  used  to  describe  the  LO  phase  noise.  With  this  last 
definition  an  indication  on  the  total  phase  stability  of  the  LO 
within  the  information  BW  is  given.For  a  stable  oscillator 
used  for  communication  radios  the  phase  noise  will  follow 
the  relation  [1 7] 


(8)  ljj(f)df  « Irad2  then  AOrms  =  ±^2fj(f)df 

This  phase  error  is  a  stochastic  value  .  that  exists  in  both  I 
and  Q  vectors.  As  a  result  both  I  and  Q  would  have  the 
same  phase  error  due  to  phase  noise  and  the  phase 
relationship  between  I  and  Q  components  is  preserved  when 
phase  noise  exists.  Hence.  r(t)  will  be[17]: 


(9) 


r(t)  =  yji2(t)  +  qz(t)cos^a)ct  +  tan1 


=  A(t)cos(  o>ct  +  p(t)  ±  A  8^) 
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The  bit  error  probability  versus  Eb/No  can  be  calculated  analytically  by: 

"  E,  Where:  Fe(Eb/No,  0)  is  bit  error  probability ,  for  the  given  modulation 

(1 0)  Pe( 5,e)=  Fe(— — « 0)f(0)d0  technique. as  a  function  of  Eb/No  and  a  random  phase  error  0.f(0)  is 
No  Jq  No  the  distribution  function  of  the  phase  noise  O.We  assume  a  Gausian 

distribution  of  mean  zero  and  variance  AGrms- 

The  phase  noise  results  in  random  rotations  of  the  constellation  diagram  around  it’s  center 
point. Figure  8  describes  a  constellation  diagram  of  a  QPSK  modulated  signal  when  the  RMS 
phase  error  is  5.75  Deg.  Figure  9  describes  bit  error  probability  of  a  QPSK  modulated  signal 
for  3  AQrms  phase  error  values  .Phase  noise  results  in  a  degradation  of  bit  error  probability.  In 
an  ideal  communication  system,  BER  goes  to  zero  as  Eb/No  goes  to  infinity.  In  presence  of 
phase  noise,  the  BER  goes  to  a  non  zero  value.  As  the  phase  noise  power  increases,  the  bit 
error  increases  thus  we  are  limited  in  improving  BER  performance  by  increasing  the  Eb/N0 . 
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Figure  8:  Constellation  diagram  for  em*,  ^ 

QPSK  with  phase  noise  of  AeRMs=5.75e  Figure  9:  Bit  error  probability  for  coherently 

E-3  Spurious  Response  detected  QPSK  with  phase  noise  [5] 

The  effect  of  spuriouses  from  the  synthesizer  on  modulated  signal  quality,  depends  on  the 
frequency  offset  of  the  spurious  from  the  synthesizer's  frequency.  Spuriouses  within  channel 
band,  would  shift  the  symbols  position  around  their  constellation  target  point ,  and  will  cause 
BER  degradation  .The  shift  radius  of  the  symbols  depends  on  the  spurious  to  carrier  power 
ratio.  Figure  6  describes  the  constellation  diagram  of  QPSK  modulated  signal  while  there  is  a 
spurious  20  dBc .  Out  of  channel  band  spuriouses  .contributes  to  the  increment  of  the 
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Figure  6:  Constellation  diagram  for 
ji/4DQPSK  with  a  spurious  of  20  dBc 
within  channel  band 


E-4  Power  Amplifier  Nonlinearities 

In  cellular  portables,  which  are  battery  fed,  it  is  important  to 
design  the  transceiver  for  minimum  power  consumption. 

A  lower  power  consumption  PA  is  more  efficient  but  is  less 
linear.  Non  linearity  of  the  PA  results  in  AM  to  AM  and  AM 
to  PM  conversions.  These  conversions  cause  to 
degradation  in  modulation  quality  and  consequently  results 
to  poor  bit  error  probability  and  increases  out  of  band 
emissions  that  reduces  spectral  efficiency  .The  nonlinear 
characteristics  of  the  PA  are  represented  by  Eq  11: 

OD  s(t)-A(lg(t)ly*<l‘<‘w=A(lg(t)l)eiI«'>,*<l!<'>l> 

where. 

I  g(t)  I :  The  magnitude  of  the  input  signal  to  the  PA 

A(l  g(t)l ):  The  AM  to  AM  conversion 
<D(|  g(t) I ):  The  AM  to  PM  conversion. 

4>(t):  The  phase  of  the  input  signal  r(t) 


The  effect  of  the  AM  to  AM  and  AM  to  PM  of  a  PA  results  by  out  of  band  power  emission 
known  as  Spectral  Mask .  The  out  of  band  power  emission  can  be  modeled  by  measuring 
A(lg(t)l)  and  <j>(|g(t)!)  functions  ,and  by  analyzing  the  power  spectrum  of  the  output  signal 
when  a  baseband  signal  waveform  function  is  applied  to  A(lg(t)l)  and  d>(ig(t)l) . 
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An  alternative  way  is  to  approximated  A(l  g(t)  I )  and  d>(lg(t)  I )  by  power  series  and  then  apply  a 
power  spectrum  analysis  [6],110},[11]  efficiency .  Fig.  7  describes  a  power  spectrum  of  a 
jiMDQPSK  modulated  signal  shaped  by  a  SRC  filter  with  a=0.35  that  feeds  the  approximated 
PA. 

E-5  Thermal  Iteigg 

The  transmitted  symbols  represented  by  the  constellation  diagram  points,  are  corresponded  by 
a  “cloud  of  points*  around  each  ideal  target  of  the  constellation  ,as  described  in  Fig,  8.  The 
Thermal  noise  results  a  modulation  error  that  degrades  bit  error  probability  of  the  system. 
Another  effect  of  the  transmitted  noise  is  desensitization  of  the  receiver.  Generally  the 
transmission  and  the  receiving  channels  within  a  transceiver  are  connected  to  the  antenna 
through  a  Duplexer.  A  wide  band  PA  injects  high  level  broadband  noise  into  the  receiver  and 
thus  reduces  its  sensitivity.  Thermal  noise  effect  on  receivers  sensitivity  can  be  minimized  by 
property  design  of  the  out-of-band  transmitter’s  noise  rejection . 


Normalized  frequency 


Fig.  7:  Out  of  band  emission  for  7C/4DQPSK 
modulated  signal 


71/4DQPSK  modulated  signal 


F.  Measured  Results 

Dual  mode  subscriber  units  containing  radio  cards  with  440-450MHz  and  825-850  MHz  TX 
channels  and  485-495MHZ  and  870-895  MHz  RX  channels  were  tested.  Calibration  methods 
and  optimization  based  on  the  aforementioned  analysis  were  used  in  the  dual  mode  radio 
cards,  achieving  good  agreement  between  the  measurements  and  the  calculated  results 

G.  Conclusions 

When  designing  a  digital  radio  modulator  and  demodulator  circuits,  it  is  important  to 
consider  the  effects  of  non-ideal  Modulator  and  limited  accuracy  of  its  baseband  interface 
network.  The  analytical  approach  to  modulation  impairments  presented,  can  help  in 
practical  non-ideal  modulation  effects  which  are  common  to  digital  communication  radios. 
Special  attention  should  be  given  to  I  and  Q  signals  amplitude  and  phase  balancing  if  the 
QPSK  modulator  is  used  to  generate  analog  FM  signal.  Special  care  should  be  given  to  I 
and  Q  inputs  DC  Offset  balancing  of  the  modulator  to  optimize  earner  leakage  (Origin 
Offset)  problems.Optimizing  the  transmitter’s  power  amplifier  to  an  optimal  biasing  point 
and  designing  the  synthesizers  to  a  low  phase  noise  and  spurious  would  improve  the 
spectral  mask  and  the  constellation  performance  of  the  radio's  transmitter. 
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A  GaAs  MMIC  Digital  Phase  Modulator 
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Abstract  -  The  paper  introduces  a  GaAs  MMIC  digital  phase  modulator  based  on  a 
lumped  quadrature  hybrid.  The  quadrature  coupler  is  implemented  using  two 
interleaved  spiral  inductors  in  a  transformer-like  configuration.  The  phase  control  is 
obtained  electronically  tuning  two  L-C  resonators  that  load  the  coupled  ports.  The 
resulting  phase  modulator  exhibits  a  continuous  phase-shift  capability  of  nearly  230°. 
The  modulator  can  be  digitally  driven  providing  a  0°-180°  or  0°-90° phase-shift,  with 
constant  insertion  loss.  Theoretical  and  experimental  results  are  discussed. 

Introduction  -  The  growing  interest  in  the  personal  communication  (PC)  field  has 
stimulated  the  research  of  even  more  compact  and  integrated  multifunction  components. 
A  critical  block  in  PC  systems  is  represented  by  the  RF  section,  which  is  subjected  to 
very  stringent  requirements  in  terms  of  cost  and  performance.  A  monolithic 
implementation  is  highly  desirable  for  the  RF  section.  In  the  low-microwave  band  (1-6 
GHz),  however,  a  monolithic  approach  requiring  distributed  elements  [1],  often  results 
in  large  die  area,  owing  to  the  dimension  of  the  transmission  lines.  Many  efforts  have 
been  spent  in  developing  new  circuit  configurations  based  on  a  lumped  element 
approach  in  order  to  decrease  the  die-area  occupation. 

A  particularly  critical  circuit,  requested  in  many  applications,  is  the  electronic  phase- 
shifter,  often  implemented  using  a  distributed-element  approach  with  switching  PIN 
diodes  as  control  elements.  This  solution  gives  rise  to  hardly  integrable  circuits. 

This  paper  introduces  a  new  approach  for  the  implementation  of  a  phase  shifter,  based 
on  a  90  degrees  hybrid  coupler,  which  allows  the  realization  of  digital  phase  modulators 
suitable  for  PC  applications.  The  circuit  is  implemented  in  monolithic  form  and  it  is 
based  on  a  lumped-element  approach,  resulting  in  a  very  compact  and  die-area  saving 
realization.  The  hybrid  topology  is  based  on  a  general  LE  COD  (lumped  element 
codirectional)  structure  [2],  which  results  particularly  suitable  for  a  monolithic 
implementation  [3].  Sample  prototypes  have  been  designed  and  tested  using  GEC 
Marconi  F20  process.  A  theoretical  investigation  of  the  new  configuration  is  reported, 
along  with  experimental  results. 

Lumped  element  90  degrees  hybrid  coupler  -  The  ideal  3dB  directional  coupler  is 
described  in  terms  of  S  parameters  by  the  symmetrical  matrix  S  shows  in  (1). 


0  1 


J  0 


0  j 
j  0 
0  1 
1  0 


(1) 


-354- 


The  matrix  can  be  implemented  on  a  lumped  element  basis,  which  results  suitable  for 
MMIC  design  (Fig.l). 

The  mutual  inductance,  M,  became  a  design  parameter  that  needs  to  be  carefully 
evaluated  performing  an  extracting  procedure  [4],  either  from  measurements  or  from 
full-wave  analysis.  The  components  in  Fig. la  are  evaluated  using  the  procedure 
described  in  [5],  which  relates  the  single  components  of  the  model  to  the  symbolical  Y- 
matrix  elements  and  are  expressed  as  a  function  of  the  coupling  factor  C,  Zo  and  coq  by 
the  relations: 


‘A-  M  =  ^ 

C  *>0  a>0 

1  c  c  1  (2) 

(OqZq  1  +  c  Z0 

The  proposed  phase  modulator  is  based  on  the  configuration  previously  described  where 
the  ports  2  and  3  are  terminated  by  reverse  biased  Schottky  diodes  connected  in  series  to 
a  proper  inductance,  in  order  to  enhance  the  phase  variation  with  voltage. 

The  following  equation  relates  the  transmission  coefficient  between  ports  1  and  4  to  the 
loading  at  the  coupled  ports  2  and  3 

S41=^r(”l  (3) 

in  which  F(v)  represents  the  reflection  coefficient  common  to  the  ports  2  and  3. 

Phase-shifter  implementation  -  A  phase-shifter  prototype  has  been  designed  and 
implemented  in  the  5.8GHz  ISM-band.  The  design  parameters  were  evaluated  using  (2). 
The  coupling  factor,  C,  in  (2)  does  not  affect  the  phase-shift  introduced  by  the  hybrid, 
but  it  is  relevant  for  the  physical  implementation  of  the  circuit.  In  particular,  higher 
values  of  C  are  related  to  closer  conductors  spacing,  G,  in  Fig.  la.  The  value  of  C  has 
been  chosen  on  the  basis  of  the  minimum  G  allowed  from  the  foundry  rules. 

The  prototypes  have  been  implemented  on  a  GaAs  substrate  and  the  layout  is 
represented  in  Fig.2.  MIM  capacitors  have  been  used  to  compensate  for  the  parasitic 
capacitances  between  the  two  interleaved  inductances.  The  values  of  the  circuit 
elements  have  been  evaluated  using  a  full-wave  analysis  based  on  the  method  of 
moments  (MoM)  [1-4]. 

The  experimental  results  are  shown  in  Fig.3,  where  the  amplitude  and  phase  of  the 
transmission  coefficient,  S4i,  are  reported.  A  phase  variation  in  excess  to  200°  is 
observed. 

The  amplitude  transmission  coefficient  exhibits  a  3dB  variation  in  the  3V-f-lV  range 
with  a  maximum  insertion  loss  of  4dB.  When  the  circuit  operates  as  a  binary  phase- 
shifter,  a  constant  amplitude  transmission  coefficient  can  be  easily  achieved.  As  shown 
in  Fig.3,  a  90°  or  180°  relative  phase-shift,  with  constant  insertion  loss  is  obtained, 
when  the  control  voltage  switches  between  VI  and  V2  or  V3  and  V4,  respectively 
(Fig.3). 

Based  on  the  previous  observations,  the  proposed  circuit  can  be  used  as  the  building 
block  of  the  QPSK  modulator  represented  in  Fig.4,  where  two  identical  phase-shifters 
are  cascaded.  In  this  arrangements,  the  first  section  provides  a  phase  shift  of  126°  @  - 
0.6V  and  216°  @  0.2V,  while  the  second  provides  80°  @  0.5V  and  260°  @  -1.3V 


L  = 
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phase-shift. 

The  transmission  phase-shifts  and  the  related  binary  control  are  reported  in  Table  I.  For 
the  first  unit,  the  low  and  the  high  levels  are  related  to  the  V2  and  VI  voltage  in  Fig. 3 
respectively,  while,  for  the  second  unit,  the  voltages  are  V4  and  V3. 

Conclusions  -  The  described  MMIC  hybrid  design  procedure  [4]  has  proven  to  be 
accurate  in  predicting  sample  performances.  A  single  chip  implementation  of  the  QPSK 
modulator  is  currently  under  development. 
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Insertion  Loss  [dB] 


Fig.  3.  Measured  response  of  the  phase  modulator  prototype 
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Abstract 

The  possibility  of  reducing  the  radiation  from  mobile  phones  into 
the  human  body  by  using  a  directive  antenna  is  studied.  The  antenna 
analyzed  is  a  Huygen’s  source,  that  is,  a  theoretical  directive  antenna 
consisting  of  an  incremental  electric  dipole  perpendicular  to  an  incre¬ 
mental  magnetic  dipole.  The  relative  power  absorption  is  calculated 
for  three  different  models  of  the  human  head.  The  simplest  head 
model  is  a  lossy  dielectric  half  space,  a  somewhat  less  rough  model  is 
an  infinitely  long  lossy  cylinder  of  circular  cross  section  and  the  most 
exact  head  model  is  a  homogeneous  lossy  dielectric  sphere.  A  compar¬ 
ison  with  a  Hertzian  dipole,  i.e.  an  incremental  electric  dipole,  at  the 
same  positions  is  done.  The  different  head  models  are  used  in  order  to 
investigate  to  what  extent  it  is  possible  to  simplify  the  model  of  the 
human  head  while  still  getting  useful  results. 

The  results  show  that  the  relative  power  absorption  for  the  Huy¬ 
gen’s  source  is  substantially  lower  than  that  for  a  Hertzian  dipole. 
When  the  antenna  is  placed  2  cm  from  a  lossy  dielectric  homogeneous 
sphere  of  radius  10  cm,  the  relative  absorption  is  5  dB  lower  for  the 
Huygen’s  source  compared  to  a  Hertzian  dipole. 

It  is  also  shown  that  when  the  antenna  is  placed  close  to  the  head, 
the  results  for  the  different  head  models  are  fairly  similar,  especially 
when  the  antenna  is  a  Hertzian  dipole. 
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Introduction 

When  analyzing  antennas  for  mobile  phones  it  is  of  great  importance  to 
consider  the  presence  of  the  phone  user.  Not  only  does  he  substantially 
affect  the  performance  of  the  phone,  but  the  radiation  absorbed  in  his  body 
is  also  a  possible  health  hazard.  Therefore,  it  is  desirable  to  find  antennas 
that  are  less  sensitive  to  the  user  as  well  as  reduce  the  energy  deposition  in 
the  human  body.  A  number  of  studies  has  been  performed  on  this  topic  [1]- 
[3]  but  from  the  health  hazards  point  of  view  few  improved  antenna  concepts 
have  been  presented. 

A  possible  way  of  reducing  the  absorbed  power  would  be  to  use  an  antenna 
producing  a  directive  radiation  pattern.  In  this  paper  we  study  the  Huygen’s 
source,  which  is  known  to  have  3  dB  higher  directivity  in  free  space  than 
a  Hertzian  dipole,  i.e.  an  incremental  electric  dipole.  The  Huygen’s  source 
consists  of  a  Hertzian  dipole  perpendicular  to  an  incremental  magnetic  dipole 
excited  by  the  same  normalized  amplitude  and  phase. 

The  most  commonly  used  method  when  analyzing  mobile  phones  radiat¬ 
ing  in  the  presence  of  a  human  is  the  Finite-Difference  Time-Domain  (FD- 
TD)  method  [4]- [5].  However,  that  method  is  very  time  consuming  and  needs 
large  computer  resources.  Therefore,  there  is  a  need  of  more  simple  yet  us¬ 
able  methods  of  modeling  the  antenna  and  human  body.  Previously,  we  have 
modeled  the  phone  and  the  human  hand  holding  it  as  rotationally  symmetric 
[6]  in  order  to  reduce  the  problem  to  two  dimensions  and  thereby  lessen  the 
computation  time.  In  this  paper  we  will  model  the  human  head  in  three 
different  ways: 

•  As  an  infinite  half-space  (Fig.  1) 

•  As  an  infinitely  long  cylinder  of  circular  cross  section  (Fig.  2) 

•  As  a  sphere  (Fig.  3) 

All  structures  are  homogeneous  and  their  relative  permittivity  is  20  —  j'5, 
which  is  an  estimated  average  value  of  the  human  head.  The  reason  for  using 
three  different  models  is  to  find  out  how  detailed  the  model  of  the  head  must 
be  to  obtain  useful  results. 

For  these  three  cases  we  will  calculate  the  relative  power  absorption  as  a 
function  of  the  distance  between  the  antenna  and  the  dielectric.  For  each  case 
a  comparison  with  a  Hertzian  dipole  at  the  same  location  will  be  performed. 
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Method  of  calculation 

Since  the  structures  in  this  paper  are  one-dimensional,  it  is  convenient  to 
perform  the  analysis  in  the  spectral  domain.  Doing  that  we  Fourier  transform 
the  current  at  the  antenna.  The  result  for  the  planar  case  is  an  infinite  current 
sheet  with  harmonic  variations.  For  the  cylindrical  and  spherical  cases  we 
get  a  current  tube  and  a  current  shell,  respectively.  The  fields  are  then  given 
as  a  spectrum  of  one-dimensional  solutions.  Therefore,  we  call  this  approach 
the  SIDS  method  [7]-[8]. 

A  further  advantage  of  this  method  is  that  the  computer  codes  are  very 
similar  for  all  one-dimensional  structures.  Only  a  minor  modification  is 
needed  [7]. 


Relative  absorption 


Let  us  consider  an  antenna  placed  at  a  distance  d  from  an  infinite  lossy 
dielectric  plane  (Fig.l),  an  infinitely  long  dielectric  cylinder  (Fig.2)  or  a  lossy 
dielectric  sphere  (Fig.  3).  Then  we  write  the  total  radiated  power  as  Ptot  = 
Paba  +  Prad,  where  Prad  is  the  power  radiating  to  the  far  field  and  Pab3  is 
the  power  absorbed  by  the  structure.  The  computation  of  Prad  and  Pabs  axe 
performed  by  means  of  the  spectral  domain  Poynting  vector  normal  to  the 
boundaries  of  the  structures. 

Now  we  define  the  relative  absorbed  power  as 


T  = 


Pgbs 

Ptot 


Results 

In  Fig.  4  and  Fig.  5  we  have  plotted  the  relative  power  absorption  as  a 
function  of  the  distance  between  the  antenna  and  the  plane,  cylinder  and 
sphere,  respectively.  We  see  that  the  absorption  for  the  Huygen’s  source  is 
substantially  lower  compared  to  that  for  a  Hertzian  dipole.  Although  almost 
all  radiated  power  is  absorbed  when  the  antenna  is  close  to  the  dielectric, 
independently  of  the  antenna  type,  we  soon  get  much  less  absorption  for  the 
Huygen’s  source  as  the  distance  d  is  increasing.  For  the  sphere,  the  Hertzian 
dipole  has  to  be  more  than  2  cm  away  from  the  structure  in  order  to  decrease 
the  absorption  to  -3  dB.  For  the  Huygen’s  source,  on  the  other  hand,  the 
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distance  only  has  to  be  about  0, 9  cm  for  a  relative  absorption  of  —3  dB. 
When  the  Huygen’s  source  is  positioned  2  cm  from  the  sphere,  which  is  a 
typical  distance  between  a  mobile  phone  antenna  and  the  user’s  head,  the 
absorption  is  as  low  as  —8  dB. 

Further,  we  note  that  when  the  antenna  is  close  to  the  structure,  the 
result  does  not  differ  very  much  for  the  three  head  models  —  especially  not 
for  the  Hertzian  dipole  case.  As  one  would  expect,  the  absorption  is  highest 
for  the  half-space  and  lowest  for  the  sphere.  As  the  distance  between  the 
antenna  and  the  structure  becomes  larger,  the  difference  for  the  three  models 
increases. 

For  all  cases  the  radius  of  the  sphere  and  cylinder  is  10  cm,  the  relative 
permittivity  of  the  material  is  et  =  20  —  and  the  frequency  1, 8  GHz.  For 
the  cylindrical  case  with  Huygen’s  source,  the  magnetic  dipole  is  2  directed 
and  the  electric  dipole  (f)  directed. 


Conclusion 

We  have  shown  that  an  antenna  which  produces  a  directive  far  field  radiation 
pattern  considerably  reduces  the  absorption  into  the  human  head  compared 
to  an  electric  dipole,  even  when  positioned  very  close  to  the  body.  When  the 
head  is  modeled  as  a  homogeneous  lossy  dielectric  sphere  and  the  distance 
between  the  antenna  and  the  head  is  equal  to  2  cm,  which  is  a  typical  distance 
between  a  mobile  phone  antenna  and  the  head  of  the  user,  the  relative  power 
absorption  is  5  dB  lower  for  the  Huygen’s  source  compared  to  a  Hertzian 
dipole. 

Although  the  Huygen’s  source  is  a  theoretical  antenna,  the  results  are 
interesting  as  a  general  study  of  directive  antennas  radiating  close  to  human 
tissue.  The  results  indicate  that  antennas  which  are  directive  in  the  far  field 
still  have  these  directive  properties  when  close  to  human  tissue. 

Finally,  we  have  observed  that  for  a  Hertzian  dipole  or  Huygen’s  source 
close  to  a  human  head,  we  can  draw  general  conclusions  about  the  radiation 
behavior  even  if  the  head  is  modeled  as  simply  as  a  half-space  or  an  infinitely 
long  cylinder. 
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Fig.  1  A  Huygen’s  source  above  a  lossy  half-space 


Fig.  5  Relative  absorption  for  a  Huygen’s  source 
above  a  half-space,  infinite  cylinder  and  sphere 


Fig.  2  A  Huygen’s  source  close  to  an 
infinite  lossy  cylinder 


Fig.  4  Relative  absorption  for  a  Hertzian  dipole 
above  a  half-space,  infinite  cylinder  and 
sphere. 
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ABSTRACT 

For  an  experimental  ETDM  fiber  transmission  systems  working  at  20  Gbit/s  and  an  OTDM  40  Gbit/s  system  the  electronic 
transmitter,  receiver,  and  amplifier  modules  were  developed.  To  guarantee  reliable  and  error  free  operation  unpackagcd 
GaAs-  and  Si-chips  on  ceramic  ihinlllm  substrates  in  combination  with  a  sophisticated  interconnection  technology  had  to  be 
used.  We  call  this  technology  "Reverse  Beam  Lcad"-tcchnic.  It  uses  self-support ittg  leads  at  the  ceramic  substrate  which 
contact  the  semiconductor  chips  and  it  allows  low  impedance  and  rather  reflection-  and  discontinuity-free  connections  even 
for  millimeter-wave  applications. 

INTRODUCTION 

The  higher  bit  rates  are  needed  for  modern  telecommunication  use  the  more  difficult  become  assembling  and  interconnecting 
technics.  In  contrast  to  small-  and  medium-band  microwave  and  millimctcnvavc  applications  most  of  the  digital  signal 
processings  have  to  be  performed  in  the  basic  baud  and  therefore  need  low  cut-off  frequencies  down  to  DC.  Problems  like 
frequency  dispersion  of  micro  striplincs.  frequency  dependence  of  parasitic  impedances,  transforming  characteristics  of  any 
finil  length  of  layer  must  be  solved. 

A  good  and  meanwhile  proved  and  reliable  tool  for  multi-gigabit  rates  and  millimetcrwavc  interconnecting  and  assembling  is 
the  chip-in-board  mounting  of  semiconductor  circuits  and  components  into  ceramic  substrates  in  combination  with  hybrid 
integrated  technics  and  the  "Reverse  Bcam-Lcad"-inlerconnccling  method.  High-speed  modules  for  optical  fiber  transmission 
systems  working  at  20  Gbit/s  and  a  40  GHz  driver  amplifier  for  an  experimental  optical  lime  divison  multiplexing  system 
working  at  40  Gbit/s  demonstrate  the  advantages  of  this  technology. 

EXPERIMENTAL  OPTICAL  20  GBIT/S  TRANSMISSION  SYSTEM 

The  schematic  circuit  diagram  of  an  experimental  optical  system  is  given  in  Fig.  1.  Two  data  signals  of  10  Gbit/s  each,  c.g, 
two  STM-64 -channels,  are  multiplexed  synchronously  in  the  transmitter  module  into  one  20  Gbit/s  output  signal  which  after 
amplification  by  a  driver  circuit  controls  the  optical  modulator.  The  laser  light  is  modulated  by  the  20  Gbil/s-signal  in  NRZ- 
format. 

At  the  end  of  the  fiber  link  the  optical  signal  is  reconverted  into  the  original  two  10  Gbit/s  data  streams.  This  is  done  by 
delecting  the  light  in  a  PIN-photodiodc  and  amplifying  and  demultiplexing  the  regenerated  data  signal  into  two  10  Gbit/s 
channels,  which  can  be  used  for  error  rate  measurements  or  SDH  signal  processing. 

20  GBIT/S  TRANSMITTER  MODULE 

For  transmission  experiments  over  fiber  links  and  measurements  of  optical  and  electrical  components  the  use  of  pseudo 
random  sequences  with  maximum  length  is  advantageous.  Fig.  2.  The  two  generators  arc  synchronized  in  such  a  way.  that 
the  output  signal  of  the  slave  is  delayed  by  half  the  wordlcngth  with  respect  to  the  master.  In  this  ease  after  multiplexing  a 
sequence  of  maximum  length  can  be  obtained  again.  Each  of  the  generators  is  realized  by  only  one  monolithic  integrated  Si- 
chip.  The  word  lengths  of  their  output  patterns  can  be  switched  between  (215-l)bit  and  {2:M)bil.  The  transmitter  module 
consists  of  four  GaAs-chips  which  arc  mounted  on  a  ceramic  thinfilm  MIC  and  has  the  size  of  2  by  2  square  inches.  The 
GaAs-chips  are  of  NLG4000  (Mux  and  clock  distributor)  and  CI4600  (DFF  and  frequency  divider)  families  from  NEL.  the  20 
GHz  power  divider  is  a  3dB/180°  ring  coupler  in  micro  striplinc-lcchnic.  The  output  amplitude  of  the  module  is  I  V,,,,. 
therefore  an  additional  modulator  driver  is  necessary  to  reach  6  Vpp. 

20  GBIT/S  RECEIVER  MODULE 

At  the  receiving  end,  Fig.  3,  one  needs  a  conventional  TDM-recciver  with  clock  recovery  circuit,  regenerator  for  both, 
amplitude  and  phase,  and  demultiplexer  1:2.  The  two  10  Gbit/s  output  signals  than  correspond  to  the  two  input  data  signals 
of  the  transmitter.  The  signal  splitter  is  a  resistive  6dB  coupler,  because  a  preamplifier  with  differential  outputs  is  still  under 
development  as  well  as  the  decision  circuit,  which  both  will  be  monolithic  integrated  Si/Gc-circuils.  The  receiver  module  also 
has  the  size  of  2  by  2  square  inches:  the  DFFs.  the  clock  distributor  and  the  phase  control  arc  GaAs-chips.  The  10  GHz  clock 
phase  for  the  DFFs  is  switched  between  0°  and  180°  by  means  of  a  synchronization  signal  to  get  the  same  channel 
coordination  as  at  the  transmitting  end. 

40  GHZ  AMPLIFIER 

As  an  example  for  applying  the  new  mounting  and  interconnection  technology  to  microwave  circuits  Fig.  6  shows  the  knout 
of  a  40  GHz  small  band  power  amplifier  (HP  HMMC-5040)  for  use  as  clock  driver  in  a  40  Gbit/s  OTDM-systcm.  Jhbrid 
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integrated  thinfilm  bypass  capacitors  arc  used,  the  capacitance  is  about  5pf/mnr.  Due  to  fabrication  tolerances  of  the  GaAs- 
chips  the  air  gap  between  chip  and  ceramic  substrate  still  has  to  be  50pm.  This  air  gap  is  the  main  reason  for  remaining 
reflections.  Therefore  we  arc  experimenting  with  precision  cxcimer-laser  cuttings  of  chip  edges  and  we  arc  hopeful  to  reach 
less  than  10pm  or  air  gaps  in  the  near  future. 

ASSEMBLING  TECHNIC 

To  realize  nearly  lossless  and  non-rcflecling  interconnections  between  semiconductor-chips  and  microstrip  lines  working  at 
up  to  50  GHz  an  advanced  CIB  (Chip-in-Board)  technology  is  developed.  For  this  purpose  the  microstrip  line  device  is 
implemented  on  an  ALOj  thin-film  ceramic  substrate  containing  chip-sized  openings  provided  with  projecting  leads  for  chip 
interconnecting  as  an  extension  of  the  microstrip  lines.  The  dice  can  be  inserted  by  face-down  mounting  with  flip-chip 
bonding  devices.  The  chips  are  to  be  mounted  (lush  with  the  Him  circuit  surface  into  the  previously  prepared  chip-sized 
substrate  openings  and  interconnected  c.g,  by  soldering  or  ultrasonic  welding.  To  produce  the  desired  microstrip  line  device 
we  use  the  photolithographic  technic  as  well  as  sputtering  and  galvanic  plating.  In  order  to  manufacture  such  a  device 
equipped  with  integrated  thinfilm  by  pass  capacitors  the  basic  electrodes  arc  structured  at  first.  Then  we  cover  these  electrodes 
with  an  overlapping  dielectric  layer.  For  this  we  use  a  photosensitive  polyimid  (PI).  The  next  step  is  to  realize  lop  electrodes 
extending  as  leads  which  project  into  a  chip-sized  substrate  opening.  To  receive  such  leads  at  first  substrate  openings  arc  cut 
out  with  a  laser  and  following  filled  with  indium.  Then  the  needed  structur  is  realized.  After  removal  of  the  indium  filling  in 
the  ease  of  solder  interconnecting  of  chips  the  inner  sides  of  (he  leads  tire  plated  with  solder  (c.g.  indium).  But  solder-free 
technics  of  lead-pad  interconnection  (c.g.  ultrasonic  welding  or  thermocompression  bonding)  tire  applicable,  loo. 

Fig.  4  shows  the  technological  process  of  the  lead  manufacturing.  In  Fig.  5  the  principle  of  CIB  face-down  placing  is  given. 
Fig.  8  is  a  photograph  of  some  leads  projecting  into  a  substrate  opening.  The  mounted  GaAs  amplifier  chip  (widths  of  the 
pads:  50  gm)  can  be  seen  in  Fig.  9.  On  (he  reverse  side  of  the  chip  a  heat  sink  is  mounted.  For  this  purpose  we  use  a  gold- 
plated  deep-drawing  sheet  metal  adhered  with  a  silver-filled  adhesive. 

As  an  additional  example  in  Fig.  7  the  front  side  layout  of  the  transmitter  module  with  all  50  Q  microstrip  lines  and  with 
power  supply  layers  for  chip  capacitors  and  some  termination  resistors  is  drawn.  These  layers  arc  connected  with  the  reverse 
side  by  metallized  via  holes  and  in  case  of  the  ground  layers  by  the  partly  metallized  chip  cuttoffs.  The  ground  layer  for  the 
micro  striplincs  and  all  power  supply'  interconnections  and  hybrid  integrated  decoupling  capacitors  are  on  the  reverse  side  of 
the  substrate.  Chip  surfaces  and  substrate  surface  arc  on  the  same  level,  therefore  wire  bonds  can  be  made  as  short  and  flat  as 
possible.  Where  50  Q  lines  cross  each  other  the  crossed  line  is  bridged  by  a  250  gm  wide  gold  ribbon. 

Due  to  thermal  problems  the  distances  between  the  chips  arc  chosen  as  long  as  possible  because  the  power  dissipation  of  all 
chips  together  is  about  9.6  W.  The  substrate  is  mounted  to  a  large  heat  sink  which  must  be  cooled  by  air. 

The  first  four  circuits  at  the  left  hand  side  are  working  at  10  Gbit/s  with  the  exception  of  (he  frequency  divider.  These  chips 
are  conventionally  wire  bonded.  The  selector  and  the  D-flipflop.  however,  at  the  right  hand  side  of  the  substrate  (inside  the 
circle  line)  are  working  at  20  Gbit/s.  They  are  connected  to  the  substrate  layers  by  the  above  discribcd  reverse  beam-lead 
technic.  The  extended  part  in  Fig.  7  shows  some  details.  The  thinfilm  gold-leads,  which  arc  connected  to  the  chips  by- 
welding  are  of  optimal  shape  to  obtain  lowest  inductivities  for  the  power  supply  and  ground  connections  and  to  guarantee  as 
perfect  as  possible  impedance  matching  for  the  50  Q  microstrip  lines.  The  advantages  of  this  technic  in  comparison  with 
bonded  wires  are  remarkable.  Nevertheless  there  are  still  some  points  to  be  improved.  The  next  goal.  c.g.  is  to  reduce  the  gap 
width  between  substrate  and  chip  to  a  minimum,  because  this  gap  is  responsible  for  discontinuities  of  the  line  impedances 
and  therefore  causes  reflections.  This  can  be  done  by  precise  cutting  of  chips  and  substrate  cutoffs  or  by  filling  the  gap  with  a 
material  with  a  suitable  dielectric  constant. 

Furthermore  we  are  working  on  hybrid  integrated  microwave  capacitors  basing  on  polyimid  materials.  These  capacitors  shall 
be  used  as  coupling  capacitors  as  well  as  bypass  capacitors  and  we  try  to  place  them  very'  close  to  the  chips.  First  experiments 
with  coaxial  bypass  capacitors  inside  the  via  holes  show'  quite  satisfactory  results. 

CONCLUSION 

The  paper  describes  two  20  Gbit/s  modules  and  a  40  GHz  amplifier  for  optical  transmission  experiments  as  examples  for  an 
advanced  chip  interconnection  technic  which  is  suitable  for  high-speed  and  microwave  applications  up  to  more  than  50  GHz. 
We  obtain  nearly  lossless  and  non-reflecting  interconnections  between  semiconductor  chips  and  micro  striplincs  and  also 
very'  low'  impedances  of  ground  and  pow'er  supply  interconnections.  By  the  aid  of  planar  by  pass-capacitors  with  polyimid 
dielectric,  which  are  placed  as  close  to  the  chips  as  possible,  a  nearly  frequency  independent  decoupling  of  the  power  supply 
is  obtained.  Comparative  measurements  with  conventional  ware  bonded  circuits  up  to  50  GHz  show  the  advantage  of  the  new 
technology  and  will  be  given  at  the  conference. 
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Structuring  of  a  "Reverse  Beam  Lead"- Device  with  Capacitor 

Example:  Microstrip-Circuit 


*  alumina  (Al203) 
thin  film  ceramic  (254pm) 
■  double  sided 
vacuum  deposition: 
chromium/gold 
(Cr:10nm/Au:  0,2pm; 
e.  g.  by  sputtering) 


substrate 


metal  layers 


basic  electrodes...- 


photolithography 
galvanic  gold  plating 
(Au:  5  pm) 
removal  of  top  sputter  layer 


*  photosensitive  polyimid 
(PI:  5pm) 

c'  photolithography 


dielectric  layers 


*  photolithography 

*  galvanic  gold  plating 

{Au:  1 0  u  m)  top  electrodes 

*  removal  of  sputter  layer 


ground 

leads 


filling  removal 
optional:  solder  covering 
of  lead  undersides  by 
galvanic  plating 
(e.g.  Ni:  1  um/ln:  8  pm) 


too  electrodes 


basic  electrodes 


riVdi)ioiotiiez(-'ntrum  Darmstadt.  FZ  215 


Fig.  4  Schematic  technological  steps  to  fabricate  gold-leads  for  connecting  fast  semiconductor  chips 
in  „Reverse  Beam  Lead“ -technic  in  combination  with  integrated  capacitors 
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Fig.  5 

Principle  of  the  face-down  mounting  procedure.  By  the 
aid  of  a  Fineplacer  (Finetech,  Berlin,  Germany)  the  chip 
can  be  positioned  within  a  tolerance  of  few  micrometers. 
The  Fineplacer  projects  both,  the  lead  structure  and  the 
chip  surface  one  upon  the  other.  If  both  are  non-over- 
lapping,  the  chip  can  be  lifted  down. 


Fig.  7 

Layout  of  the  transmitter  module.  A 
254  [am  thick  ceramic  substrate  has 
been  used  for  the  hybrid  integration 
of  the  six  GaAs  chips.  The  50  Q 
microstrip  lines  are  250  |am  wide, 
all  power  supply  layers  are  on  the 
reverse  side  of  the  substrate.  Only 
the  two  circuits  inside  the  circle  are 
operated  at  20  Gbit/s  and  therefore 
connected  in  Reverse  Beam-Lead 
technic.  Details  of  their  layouts  are 
given  at  the  right  hand  side. 


Fig.  6 

Layout  of  a  40  GHz  power  amplifier 
(HP  HMMC-5040)  for  chip-in-board  mounting. 
Input  and  output  micro  striplines  and  ground- 
layers  are  red,  dielectric  layers  of  bypass 
capacitors  are  dark  blue,  power  supply 
layers  are  light  blue. 
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Fig.  8 

Some  of  the  finished  gold-leads  for 
the  40  GHz  amplifier  (upper  right 
hand  side  comer  of  Fig.  6,  seen  from 
the  rear  side).  The  widths  of  the 
contacting  areas  are  50  pm,  thicknes 
of  the  layers  is  about  10  pm.  The 
layers  project  about  100  pm  into  the 
cut  out 


Fig  9 

Photograph  of  the  amplifier  chip 
connected  in  "Reverse  Beam  Lead"- 
technic.  There  is  still  a  too  large  gap 
between  chip  and  substrate  and  also 
the  capacitors  must  come  closer 
to  the  chip 


Fig.  10 

The  ceramic  substrate  (inner  size  1"  by  1 ")  with 
the  40  GHz  amplifier  chip  is  built  into  a  nickel- 
plated  alumina  microwave  package.  Input  and 
output  micro  striplines  leed  to  K-connectors.  An 
additional  heat  sink  is  located  at  the  rear  side 
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Abstract: 

Future  beamforming  radar,  especially  of  the  phase  array  type,  have  demanding  requirements  on  integration  of  RF  antenna,  transmit 
and  receive  functions.  This  paper  describes  a  novel  type  of  printed  circuit  board  (PCB),  combining  highly  integrated  analog  and 
digital  circuitry  on  one  side,  and  on  the  other  side  both  active  (e.g.  MMIC’s)  and  passive  RF  antenna  components  (e.g.  radiating 
elements).  The  paper  addresses  the  requirements  for  such  a  board  both  from  a  performance  point  of  view  and  from  an  industrial 
point  of  view.  A  complex  multilayer  board  including  a  microstrip  transmission  line,  stripline  for  RF  and  4  DC  layers  is  described. 
This  paper  indicates  cost  issues.  Further  developments  of  this  type  of  board  design  and  opportunities  for  application  in  telecom 
domain  are  identified.  An  example  of  the  manufactured  board  will  be  demonstrated  at  the  conference. 

Key  words:  Microwave,  multilayer,  PCB,  interconnection,  radar 
TMM®  is  a  material  from  Rogers 


Summary: 

Future  beamforming  radar,  especially  of  the  phase  array  type,  have  demanding  requirements  on  integration  of  RF  antenna,  transmit 
and  receive  functions.  The  main  characteristics  are: 

-  Lot  of  functional  modules  in  the  antenna  (some  hundreds  to  some  thousands). 

-  More  preprocessing  in  the  antenna  in  order  to  reduce  the  high  data  rate  between  antenna  and  processing  (n  x  10  Gbits/s). 

-  Distributed  RF,  IF  &  LO  on  one  RF  carrier  for  a  group  of  modules. 

-  Radiating  elements  included  in  the  same  board  as  RF  distribution. 

-  Less  levels  of  interconnection  and  packaging  between  radiating  elements  and  processing. 

-  MMIC’s  and  MIC’s  as  components  for  RF  &  IF  multilayer  structure. 

-  MIC’s  on  ceramic  with  high  density  multilayer  (LTCC,  Thick  film,  photo  imageable  thick  film...). 

-  Large  PCB  for  RF,  IF,  LO,  Control  &  Command  (digital  /  analog)  and  Power  Supply,  for  frequencies  beyond  X-band. 

-  Typically  >  125  |J.m  space  and  width  lines  with  local  fine  space  for  filters  and  couplers 

-  Lots  of  Surface  Mounted  Devices  (especially  plastic  packages)  and  some  Hybrids. 

-  Data  transmission  by  Fibre  Optic  link  between  antenna  and  below  deck  processing. 

-  Less  cabling,  especially  RF  coax,  which  will  simplify  the  structure  of  the  antenna. 

Signaal,  as  a  specialist  in  Naval  Combat  System,  and  more  specifically  in  radars  &  sensors,  has  started  a  complex  new  technology 
development.  Concerning  our  PCB  facility,  our  goal  was  to  extend  our  possibilities  in  board  manufacturing  and  to  minimize  the 
investments.  We  decided  to  combine  our  background  in  RF  multilayers  and  in  digital  boards  to  develop  a  novel  type  of  printed 
circuit  board  (PCB).  Our  approach  was  to  put  all  the  RF  and  part  of  the  IF  components  on  one  side,  and  the  low  IF  and  the 
preprocessing  on  the  other  side.  The  interconnection  between  the  control  boards  and  the  RF  components  would  be  realized  with 
several  plated  through  holes;  The  RF  interconnections  would  be  only  between  each  stripline  and  the  microstrip  line,  with  blind  via 
and  special  ground  via  around  the  transitions  to  avoid  parasitic  propagation.  After  a  review  of  the  type  of  components  used  we 
decided  to  include  some  cavities  in  the  RF  multilayers. 

1.  Bare  board  design 

RF  layout  has  been  design  in  the  HP  environment  (HFSS  &  MDS)  and  the  DC  layout  in  Cadence.  The  merging  of  the  two  layouts 
did  create  problems.  These  were  solved  manually  for  our  test  board,  but  dedicated  software  would  be  required,  HP  and  Cadence  are 
currently  looking  into  a  seamless  approach  (Intermediate  File  Format). 

We  have  adapted  existing  filters  in  L  and  X  band  to  the  configuration.  The  program  Filtsyn  doesn’t  take  in  account  the  losses  of  the 
material,  only  its  dimensions  and  dielectric  constant,  it  generate  the  filter  mechanical  dimensions  which  are  incorporated  later  on  in 
MDS  to  generate  the  layout  and  the  simulation.  The  requirements  for  the  filters  are: 

L-band:  Fc=  1300  MHz;  BW=15%,  rejection  50  dB  at  500  and  2000  MHz 
X-band:  Fo=  9.2  GHz;  BW=10%,  rejection  50  dB  at  5.2  GHz  and  at  13.2  GHz. 

These  filters  are  used  as  front  end  filtering.  No  steep  filter  is  needed  there,  but  the  only  important  requirement  is  low  loss  (e.g.low 
receiver  noise  figure).  Other  filters  would  be  IF  filters  at  1  GHz  up  to  3  GHz;  more  steep  filters  will  be  needed  here,  but 
implementation  could  easily  be  done  with  discrete  ceramic  SMD  type  filters. 
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Figure  1.  CAD  of  the  RF  layers 
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Figure  2.  Flow  chart  of  the  DC  multilayer 


Drawings 


2.  Bare  board  manufacturing 

Due  to  the  large  number  of  blind  via  (interconnection  between  the  two  striplines  and  the  microstripline,  grounding  around  each 
transition,  interconnection  between  the  top  and  bottom  layers),  the  production  department  has  decided  to  use  a  sequential  process 
(for  the  assembly  of  each  layer  and  the  plating  of  the  via).  This  means  that  we  plate  through  holes  at  each  step  and  there  are  5 
sequences  of  assembly,  drilling  and  plating,  which  is  time  consuming. 


Preparation  of  each  layer 
Pressing 

Aspect  ratio  max.:  1:6 

Protection  of 
lines 

Electroless  Cu 
Beginning  of  next  step 
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The  finish  has  to  be  compatible  with  SMD  assembly  (SnPb  joint),  wire  bonding  (Au  wedge  bonding  with  a  preheating  at  150  °C) 
and  with  RF  performance.  We  have  decided  to  test  two  Au  thicknesses,  both  compatible  with  SMD  assembly  and  which  don’t 
increase  significantly  the  RF  losses  up  to  10  GHz. 

Ni  /  Au  (5  |J.m  /  0.05  Jim)  Ni  /  Au  (5  pm  /  0.5  Jim) 

We  have  used  a  high  Tg  FR4  (180°C)  because  of  its  better  thermal  stability,  especially  during  multiple  reflows  (one  per  side  and 
repair  of  components).The  DC  multilayer  has  been  realized  separately  and  then  assembled  with  the  RF  part.  We  had  two  ground 
layers  face  to  face,  which  allow  us  to  use  an  epoxy  prepeg  as  bonding  film.  This  film  can  flow  and  fill  the  plated  through  holes, 
which  avoid  to  entrap  chemical  residue  during  the  final  plating  process  (Ni/Au). 

3.  Electrical  measurements: 

The  test  vehicle  is  described  in  figures  3,  4  &  S.The  50  Ohms  lines  show  good  performance  up  to  14  GHz,  beyond,  the  return  losses 
becomes  important.  The  losses  of  the  transition  microstrip  to  stripline  1  and  microstrip  to  stripline  2  are  respectively  0.4  dB  @  10 
GHz,  and  0.9  dB  @  10  GHz  (per  transition).  The  simulation  and  the  measurements  of  the  filters  are  in  a  very  good  accordance.  The 
influence  of  the  Ni  Au  finish  is  too  small  to  be  accurately  measured  with  such  small  lines. 


230  blind  via  and  plated  through  holes 


microstrip  /  TMM®  6  /  635  Jim 
stripline- 1  /  TMM®  6  /  2  x  1270  p.m 

stripline-2  /  TMM®  6  /  2  x  1270  pm 

DC  multilayers  /  NELCO  4000-6 
4  x  100  |lm  +  prepeg  /  101  PTH 


Cu  / 17.5  pm 


Figure  3:  cross  section  view 


Stripline  filters  in  L  and  X  band 


Figure  4:RF  multilayer  side  Figure  5:  DC  multilayer  side 

4.  Thermo  mechanical  tests: 

A  group  of  bare  boards  has  been  tested  in  thermal  shocks.The  DC  resistance  of  the  daisy  chain  has  been  measured  before  and  after 
the  test.  All  of  them  have  passed  successfully  the  thermal  shock  (-40  °C  /  +  80  °C,  cycle  time  40  min,  20  min  at  each  temperature, 
100  cycles),  with  minor  change  in  the  resistance.  Two  boards  have  been  tested  in  temperature  cycling  (-55  °C  /  +  125  °C,  cycle 
time  1  hour,  slow  ramp,  100  cycles),  one  passed  the  test  but  for  the  other  one,  a  failure  occurs  after  16  cycles,  one  of  the  1.4  mm 
via  was  cracked,  this  was  due  to  a  local  delamination  because  of  the  low  Tg  of  the  bonding  film,  this  has  been  corrected  in  the  next 
boards  by  changing  the  bonding  film. 
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5.  SMD  assembly,  Die  assembly  and  wire  bondability  (IPC-TM  650  &  MIL-STD-883): 

SMD  assembly  has  been  done  using  a  standard  process:  screen  printing  of  the  SnPb  solder  paste,  reflow  with  a  convection  +  IR 
furnace.  The  bare  dies  were  glued  on  the  boards.  Au  wire  bonds  have  been  realized  with  a  Hughes  2470-III  automatic  wire  bonder. 
A  number  of  400  wire-bonds  per  boards  have  been  realized  with  the  best  parameters  settings  and  the  wire  bonds  have  been  tested 
by  destructive  pull-testing  after  ageing  (150  °C  /  N2  /  1500  h).  The  results  are  that  ageing  of  the  wire  bonds  does  not  affect  too 
much  the  pull  strength  and  only  the  top  layer  finish  with  thick  gold  (5  |Lim  Ni  /  0.5  m  Au)  meets  the  requirements  of  the  MIL- 
STD-883D.  The  assembly  of  SMD  components  with  SnPb  and  the  gluing  of  die  imply  to  use  a  bonding  film  which  withstand  the 
high  temperature,  like  a  high  Tg  thermoplastic  or  a  thermoset  material.  Both  options  have  been  tested  successfully. 

6.  Cost  comparison: 

A  cost  comparison  between  a  classical  approach  and  the  MFC  for  one  of  our  projects  as  been  conducted  to  determine  the  interest  of 
introducing  this  new  concept. 


Standard  approach: 

MFC  approach 

cost  reduction  ratio 

NRE 

NRE  including  the  layout,  documentation,  test  fixtures, 
tooling  for  each  board. 

60% 

Bare  board 

1  RF  board  (1  microstrip 
layer  in  TMM®)  1  IF  board 
(6  inner  layer  +  2  external 
layers  for  pads  and  conduc¬ 
tors)  in  FR4 

1  digital  board  for  process¬ 
ing  (6  inner  layer  +  1  external 
layer  for  pads  and  conduc¬ 
tors)  in  FR4  +  2  analog 
board  for  SERVO  drive  and 
DC-DC  converter  (same 
technology  as  for  IF  board) 

1  board  with  one  RF  layer 
incorporated  in  FR4 
multilayer  (IF  /  Processing  / 
servo  /  DC-DC  converter) 

50% 

Assembly 

loading  /  unloading  /  references  for  each  boards... 

50% 

Interconnection 

1  RF  and  6  DC  cables  or 
flex...,  including  connectors, 
cables  assembly  and  tests) 

Plated  through  holes  between 
each  function  are  included  in 
the  board 

100% 

test 

Final  test  including  the  test  program,  loading,  test  fixture 
change,  for  each  board. 

40% 

The  assessment  is  positive,  even  if  we  include  the  development  cost,  because  of  the  limited  investment.  For  medium  to  large  quan¬ 
tities  the  potential  cost  reduction  is  obvious  to  see,  for  small  quantities,  even  though  the  cost  reduction  may  not  look  as  appealing, 
the  potential  benefit  at  system  level  can  be  massive  in  term  of  size,  weight,  reliability  and  maintainability. 

7.  Conclusion: 

During  that  feasibility  study  we  have  detected  several  problems  at  each  steps,  from  the  design  to  production  and  tests.  We  have 
proven  that  the  technology  is  feasible.  We  have  been  able  to  develop  the  design  rules  and  the  process  to  the  status  of  ready  for 
manufacturing.  In  parallel  we  made  a  market  survey  as  an  input  for  our  make  or  buy  policy.  Now  we  have  started  the  phase  2  of  this 
project.  We  are  testing  2  manufacturing  process  with  4  boards  configurations.  The  production  is  shared  between  our  internal  facility 
and  selected  subcontractors.  The  first  test  vehicle  has  been  modified  to  take  in  account  some  new  requirements.  As  a  spin  off  of  this 
study,  we  are  applying  this  new  concept  for  some  prototype  of  new  products  (a  passive  phase  shifter  with  his  radiating  element  and 
his  control  board,  a  TR  module  and  a  Ka  band  antenna).  In  parallel  we  are  investigating  a  special  version  for  power  application.This 
concept  is  currently  used  in  a  simpler  version  for  several  consumer  or  professional  products  (e.g.  telecom  boards,  remote  control 
systems  and  radars). 
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ABSTRACT 

A  new  silicon  based,  planar  hybrid  technology  is  being  developed  to  address  limitations  associated 
with  packaging  and  interconnections.  The  approach  combines  the  advantages  of  both  hybrid  and 
monolithic  technologies.  Microwave  transistor  chips  (e.g.  GaAs  FETs)  are  glued  with  an  epoxy 
resin  in  openings  micromachined  in  a  high  resistivity  silicon  substrate  with  a  vertical  precision  of 
better  than  2  pm  and  lateral  tolerances  less  than  10  pm.  Air  bridge  technology  and  thin  film 
techniques  are  then  used  to  provide  the  necessary  interconnections.  Preliminary  results  show  very 
promising  high  frequency  properties  of  this  assembly. 


I.  INTRODUCTION 

Microwave  and  millimeterwave  monolithic  integrated  circuits  ((M)MMICs)  are  commonly 
implemented  on  semi-insulating  III-V  compound  semiconductor  substrates  (GaAs  or  InP). 
Transistors  and  microwave  circuits,  e.g.  MESFET  and  HEMT  technologies,  based  on  these 
substrates  have  demonstrated  good  results  over  the  last  20  years  and  are  consequently,  well 
developed.  Commercial  HEMT  chips  covering  frequencies  beyond  60  GHz  are  available  [9].  Inspite 
of  this,  their  cost  remains  too  high  and  research  on  alternate  low-cost  technologies,  mainly  focusing 
on  advanced  hybrid  technologies,  continues.  Generally,  hybrid  technologies  have  been  used  for 
many  different  applications  as  a  good  compromise  between  cost  and  performance  e.g.  [1],  [3],  A 
promising  alternative  to  significantly  reduce  cost  are  integrated  circuits  based  on  silicon  substrate 
[2],  [10],  [13], 

Typically,  conventional  hybrid  integration  or  MICs  contain  a  small  number  of  discrete  transistors 
and  use  transmission  lines  and  other  distributed  elements  fabricated  on  a  microwave  circuit  board 
and/or  lumped  passive  elements.  The  devices  are  typically  wire  bonded  to  the  circuit  board.  Wire 
bonding  has  a  large  parasitic  inductance  that  can  change  from  bond  to  bond  even  in  automated 
systems.  This  degrades  and  limits  the  circuit  performance  and  bandwidth  respectively.  Flip-chip 
bonding  has  been  used  widely  in  industry  recently  to  circumvent  these  limitations  [1],  [8],  [14]. 
Flip-chip  devices  are  manufactured  with  suitable  bonding  bumps  allowing  very  short  and  repeatable 
interconnections.  However,  a  large  number  of  microwave  devices,  for  example  low-noise  or  low- 
power,  do  not  have  bump  contacts  and  have  to  be  bonded  [3].  Planar  interconnect  technologies 
focusing  specifically  on  low-power  microwave  devices  have  been  reported  [5],  [6].  The  proposed 
technologies  also  use  very  short  interconnections  which,  however,  are  carried  out  in  a  bonding  step. 

This  paper  presents  a  novel  hybrid  technology  whereby  discrete  GaAs  FET  devices  are  fixed  in  a 
silicon  substrate  in  a  planar  position  and  interconnections  made  by  using  air  bridge  technology  as  in 
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monolithic  circuits.  The  approach  takes  advantage  of  conventional  silicon  micromachining 
technology,  thin  film  technology  and,  as  active  devices,  uses  commercially  available  GaAs  FETs  in 
chip  form.  The  high  resistivity  silicon  substrate  serves  as  a  basis  for  fabricating  distributed  passive 
coplanar  components.  In  addition  to  repeatable,  low  parasitic  interconnections,  the  approach  allows 
a  variety  of  technologies  to  be  incorporated  in  a  single  circuit. 


II.  PLANAR  HYBRID  TECHNOLOGY 

The  proposed  technology  is  based  on  two  main  steps,  namely  planar  integration  of  the  GaAs  FETs 
in  Si  substrate  and  thin  film/air  bridge  interconnections  of  the  embedded  chip  to  the  rest  of  the 
circuit. 

a)  Planar  Embedding  Technique 

This  is  the  first  and  most  important  technological  step.  The  aim  here  is  to  make  an  opening  in  a 
substrate  and  then  glue  an  active  device  in  it  such  that  a  plane  surface  between  the  active  device  and 
substrate  results.  This  must  be  attained  to  guarantee  for  the  successful  subsequent  processing 
associated  with  lithography  and  metallisation. 

Grooves  in  silicon  for  housing  the  active  devices  may  be  micromachined  either  by  wet  or  dry 
etching.  Wet  etching  of  silicon  (with  <100>  crystal  orientation)  results  in  slanting  sidewalls.  The 
depth  of  the  openings  can  be  exactly  controlled  but  the  resulting  gap  between  a  mounted  chip  and 
silicon  is  impossible  to  planarize  removing  the  possibility  of  fabricating  planar  interconnections  [15]. 
On  the  other  hand,  dry  etching  with  inductively  coupled  plasma  and  cryo-temperature  of  the 
substrate  allows  the  etching  of  grooves  with  vertical  sidewalls  [12].  The  depth  of  the  grooves  is 
however  difficult  to  control  without  laser  interferometry.  A  technique  for  planar  integration  of  GaAs 
based  active  devices  in  silicon  substrate  utilizing  openings  micromachined  by  wet  etching  of  Si  and 
using  a  planarization  adhesive  film  was  therefore  developed. 

Fig.  1  shows  a  summary  of  the  procedure  developed  for  high  precision  mounting  of  chips  in  a 
substrate.  First  of  all,  openings  corresponding  to  the  size  of  the  active  devices  are  etched  in  a  silicon 
substrate  from  the  backside  in  KOH  solution  at  the  required  positions.  Next,  an  adhesive  film  is 
spanned  with  care  to  cover  the  opening  on  the  front  side.  A  chip  is  then  introduced  face  down  into 
the  substrate  and  positioned  on  the  adhesive  film.  The  gaps  between  the  chip  and  the  substrate  are 
filled  out  with  an  epoxy  resin.  After  the  glue  dries  up,  the  adhesive  film  is  pulled  away  leaving  a 
plane  surface.  A  surface  planarity  of  less  than  2  jim  has  been  achieved.  A  scan  of  the  surface  profile 
across  an  embedded  chip  and  the  surrounding  substrate  area  is  shown  in  fig.  2.  Note  that  multi  chip 
modules  based  on  same  principle  have  been  found  in  the  literature  [4],  [7],  [11]  and  lend  credence 
to  the  viability  of  the  proposed  technique.  A  typical  low-noise  microwave  transistor  chip  has 
dimensions  of  the  order  350x400x100  Jim  which  calls  for  very  fine  handling.  Besides,  selection  of 
the  epoxy  glue  should  be  done  carefully  not  only  taking  into  account  electrical  isolation  properties 
but  also  good  thermal  properties. 

b)  Interconnection  Technology 

The  interconnections  to  the  embedded  active  device  are  fabricated  using  air  bridge  technology.  This 
technology  offers  low  parasitic  interconnect  capacitance  and  inductance.  Furthermore,  it  eliminates 
uncertainty  that  may  be  caused  by  the  small  non-planarity  of  the  surface  at  the  chip-silicon  interface 
which  could  lead  to  cracks  or  total  breakage  of  a  connection.  A  cheaper  technology  based  on 
aluminium  rather  than  standard  gold  plated  bridges  has  been  developed.  Fig.  3  depicts  a  schematic 
diagram  of  this  air  bridge  fabrication  technique. 
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First  a  thick  layer  of  photoresist  is  spun  on  the  substrate  and  patterned.  After  a  careful  bake  of  the 
resist  for  removing  all  solvents  a  2  pm  thick  aluminium  layer  is  evaporated  under  rotating/swaying 
motion  of  the  substrate  for  uniform  covering  of  the  resist  slopes/edges.  Then  a  second  layer  of 
photoresist  is  spun  on  and  patterned.  The  extra  aluminium  is  etched  away  and  finally  the  resist 
stripped  leaving  stable  air  bridges.  Fig.  4  shows  scanning  electron  micrographs  of  a  GaAs  MESFET 
(MGFC  1402  from  Mitsubishi)  with  air-bridge  interconnections.  Design  and  fabrication  of  circuits 
using  this  technology  is  under  progress. 


III.  CONCLUSIONS 

A  low-cost  planar  hybrid  technology  for  microwave  circuits  has  been  described.  GaAs  FET  devices 
have  been  integrated  in  a  quasi-monolithic  manner  in  silicon  substrates.  Planar,  very  short  and 
reproducible  interconnections  complete  the  simple  assembly  with  promising  microwave 
performances  at  low-cost. 
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Fig.  1:  Procedure  for  high  precision 
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Fig.  2:  (a)  Top  view  of  GaAs  PHEMT  chip 
mounted  in  a  Si  Substrate. 
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Fig.  4:  Scanning  Electron  Micrographs 
(SEM)  of  air  bridge  interconnections 
between  a  GaAs  FET  (Mitsubishi  MGFC 
1402)  and  coplanar  pads  on  a  silicon 
substrate. 
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ABSTRACT: 


In  this  communication,  an  asymmetric  overlay  transition  between  a  microstrip  and  a  CPW  is 
studied.  The  mode  conversion  phenomenon  is  characterized  by  an  efficient  full-wave  approach 
associated  with  the  Matrix  Pencil  post-treatment. 


INTRODUCTION: 


Wavelengths  at  millimeter-wave  frequencies,  especially  in  conjunction  with  GaAs  or  alumina 
substrates,  are  rather  small.  Therefore,  electromagnetic  coupling  between  transmission  line 
segments  with  absolute  lengths  of  a  fraction  of  a  millimeter  become  compatible  with  the  size  of 
MIMIC’S  [1]  [2], 

So,  in  this  communication,  a  coplanar  probe  is  investigated,  and  its  electromagnetic  interaction 
with  the  microstrip  measured  (without  contact).  The  main  idea  could  be  to  create  a  process  to 
check  the  S-parameters  of  the  microstrip  circuits  without  damaging  them.  The  process  is  to  use 
an  electromagnetic  coupling  between  the  probe  and  the  circuit. 

The  problem  of  electromagnetic  coupling  from  a  coplanar  to  a  microstrip  line  may  find 
applications  in  the  design  of  Millimeter-wave  Monolithic  Integrated  Circuits.  Indeed,  since 
MMIC’s  are  typically  composed  of  a  variety  of  different  types  of  transmission  lines,  low  loss 
connection  between  the  different  propagation  media,  i.e.,  CPW  to  slotline  or  CPW  to 


-379- 


microstrip,  is  of  considerable  concern  in  the  design  of  components  like  balanced  mixers, 
multipliers,  switches,  etc. 

In  this  communication,  an  overlay  transition  between  a  microstrip  and  a  CPW  is  investigated 
[3}  [4],  In  this  mind,  a  generalized  full- wave  model  is  used  for  the  evaluation  of  the  mutual 
electromagnetic  coupling  between  the  two  transmission  lines  [5].  The  boundary  conditions  on 
the  slots  and  microstrip  are  applied  to  the  structure,  and  the  related  spectral  domain  integral 
equations  are  solved  using  Galerkin’s  Method  of  Moments.  Green’s  function  for  the  stratified 
layer  is  calculated  by  applying  a  transmission  line  approach  [5]  [6], 


RESULTS: 

The  transition  shown  in  figure  1  has  been  already  studied  by  Jing  and  Vahldieck  and  our  results 
are  in  agreement  with  published  data  [4]  (figure  2).  However,  to  check  possible  tolerances  with 
respect  to  the  adjustment  of  top  and  bottom  metallization,  the  influence  of  a  lateral  shift 
between  the  two  planes  (figure  1)  has  been  investigated  in  this  communication.  When  a  lateral 
shift  is  taking  into  account,  the  discontinuity  becomes  asymmetric  and  the  mode  conversion 
between  CPW  coplanar  and  slotline  modes  have  to  be  studied. 

In  this  mind,  given  the  magnetic  current  distribution  on  the  slots  and  the  electric  current 
distribution  on  the  microstrip  line,  the  Matrix  Pencil  approach  is  employed  to  extract  the  modal 
amplitudes  of  all  the  modes  [7].  In  order  to  exhibit  mode  conversion,  this  multiport  scattering 
is  described  by  a  generalized  scattering  matrix  (figure  1)  : 
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Where  the  subscripts  o  and  e  stand  for  the  odd  slotline  and  even  coplanar  modes.  The  subscript 
M  stand  for  the  microstrip  mode.For  example,  Toe  is  the  reflection  coefficient  of  the  CPW  odd 
mode  due  to  an  incident  CPW  even  mode  of  unit  amplitude. 
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When  scattering  parameters  between  two  modes  with  different  field  map  are  calculated,  these 
values  are  highly  sensitive  to  the  definition  used  to  obtain  the  characteristic  impedance.  For 
passive  device,  this  difficulty  has  been  overcame  by  using  the  reciprocity  theorem. 

Figure  3  shows  the  evolution  of  S-parameters  versus  the  lateral  displacement  m.  As  expected, 
the  coupling  between  the  even  coplanar  and  the  microstrip  modes  is  the  most  important  and 
the  better  configuration  is  naturally  obtained  for  m  =  0.  Nevertheless,  a  mode  conversion 
occurs. 

Concerning  the  mode  conversion,  we  must  notice  that  the  parameter  Toe  presents  a  very  low 
value  whatever  the  lateral  displacement  may  be.  It  appears  that  tolerance  requirements  about 
the  lateral  shift  can  be  determined  neglecting  the  mode  conversion  in  this  studied  transition. 
From  another  point  of  view,  the  coupling  between  the  CPW  slotline  (odd)  mode  and  the 
microstrip  mode  can  be  neglected,  specially  for  m  =  0.  This  result  can  be  explained  easily 
because  the  two  modes  present  a  very  different  field  map. 


CONCLUSION: 


In  this  communication  an  overlay  transition  between  a  microstrip  and  a  CPW  is  investigated. 
The  influence  of  a  lateral  shift  between  the  two  planes  has  been  investigated.  Theoretical 
results  for  the  full  3x3  Scattering  matrix  of  the  discontinuity  is  presented  and  the  mode 
conversion  phenomenon  is  characterized. 
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Figurel:CPW-microstrip  overlap  transition. 
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Figure2:  Variation  of  the  S-parameter  versus  the  overlap 
length  d  of  a  CPW-microstrip  transition  for  m=0 
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Figure3  :  Variation  of  the  S-parameter  magnitudes  versus  lateral  displacement  m 
of  the  CPW-microstrip  transition  for  d=lmm  and  F=20ghz. 
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ABSTRACT 

A  simple  technique  for  implementing  multiconductor  nonuniform  transmission  lines,  with  lossy  and  frequency- 
dependent  parameters,  into  SPICE  program  is  presented.  The  technique  proposed  in  this  paper  uses  the  Analog 
Behavioral  Modelling  option  of  SPICE  and  only  requires  to  know  the  S-parameters  of  the  multiconductor 
system.  So  that,  the  transient  analysis  of  distributed  nonuniform  multiconductor  system  can  be  undertaken  of  a 
straightforward  and  efficient  way. 

I.  INTRODUCTION 

With  the  recent  advances  in  electronic  packaging  design,  interest  on  the  subject  of  multiconductor 
nonuniform  transmission  lines  has  taken  on  a  great  importance.  Usually,  interconnections  lines  between  the 
“chip”  and  the  “exterior  world”  are  nonuniform  coupled  tapered  transmission  lines.  Several  methods  for 
modelling  wavefront  propagation  along  tapered  multiconductor  transmission  lines  have  been  proposed  [1-5]. 
However,  the  aforementioned  methods  are  not  easy  to  combine  with  others  popular  general-purpose  circuits 
simulators,  such  as  SPICE. 

In  this  paper,  a  simple  technique  for  implementing  nonuniform  multiconductor  transmission  lines,  with 
frequency-dependent  parameters,  into  SPICE  program  is  presented.  The  method  proposed  uses  the  Analog 
Behavorial  Modelling  option,  avoids  the  problems  of  circuit  synthesis  and  to  develop  sophisticated 
techniques  for  analysis  of  this  kind  of  structures.  The  use  of  S-parameters  as  a  starting  point  for  obtaining  the 
model  permits  greater  generality  to  the  technique  because  they  are  easier  to  measure  or  can  be  calculated 
with  any  CAD  commercial  program. 

II.  NONUNIFORM  MULTICONDUCTOR  TRANSMISSION  LINES  MODEL 
II.l.  Basic  principles 

The  starting  point  of  the  developed  model,  consist  of  finding  the  functional  relations  between  the  S 
parameters  of  the  ^-conductor  nonuniform  transmission-line  system  and  the  input  impedances,  Zu  (s),  and  the 
frequency-dependent  voltages  sources,  Fy  (s),  which  form  the  model,  as  is  shown  in  Fig.l. 

In  order  to  find  these  relations,  we  assume  that  the  S-parameters  of  the  nonuniform  interconnection  structure 
whit  a  total  of  n  ports  are  known  from  measurements  o  from  simulations.  The  nxn  generalized  scattering 

matrix  S  of  this  w-ports  network,  normalized  whit  respect  the  n  impedances  ZNi,  ZN2, . ZNn  is  defined  by 

means  of  the  linear  matrix  equation 


b  -  S  a 


(1) 


where  S  is  a  square  matrix,  and  a,  b  are  the  n- vectors  whose  /th  component  as,  b*  are,  respectively,  the 
generalized  incident  and  reflected  scattering  variables.  According  to  the  definition  of  complex  power  waves, 
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[6],  vectors  a  and  b  can  be  written  in  terms  of  V  and  I  as  follows: 


a  =  R(  V  +  ZN I) 

(2) 

b  =  R(  V  -  Zn*I) 

(3) 

In  these  equations  V  and  I  are  ^-vectors  whose  ith  component  V*,  Ii?  are  respectively,  the  voltage  across  and 
the  current  into  port  ith.  R  and  ZN  are  diagonal  matrices  whose  ith  elements  are  given  by  1/2  [Re(ZNi)]'l/2  and 
Zf4i,  respectively. 

II.2.  Generalized  Method  of  Characteristics.  S  Parameters  Formulation 

The  coupled  nonuniform  transmission  line  system  can  be  described  by  the  following  characteristic 
formulation: 


V  =  ZI  +  E  =  ZI  +  F  [V  +  ZN] 


(4) 


where  Z  is  a  diagonal  matrix  of  impedances,  whose  elements,  Zh  (s),  are  the  input  impedances  in  each  port 
with  the  others  ports  matched,  and  E  is  the  vector  which  contains  the  frequency-dependent  voltage 
wavewform  generators,  as  is  shown  in  the  model  of  Fig.  1.  On  the  hand,  the  matrix  E  can  be  split  in  a 
diagonal  matrix  F  and  vector  [V  +  ZN I].  The  matrix  F  is  a  propagation  matrix,  whose  elements,  Fy  (s), 
simulate  the  delay  and  attenuation  of  signal  propagation  between  ith  and yth  ports.  The  elements  of  [V  +  ZNI] 
vector  are  the  incident  voltage  in yth  port.  The  next  step  consist  of  finding  the  relationships  between  the  S- 
parameters  of  multiconductor  nonuniform  system  and  the  Zh  (s)  and  Fy  (s)  functions. 

To  obtain  these  relationships,  we  substitute  (2)  and  (3)  into  (1),  obtaining: 


(R  -  SR)V  =  (RZN*  +  SRZn)I  (5) 


If  we  split  the  matrix  S  in  a  diagonal  matrix  Sd  and  another  matrix  Sr  which  contains  the  rest  of  elements, 
that  is  to  say  S  =  Sd  +  Sr,  the  equation  (5)  is  transformed  to: 


{(ln  -  Sd)R  -  (S  -  Sd)R}V={RZ]s*  +  SdRZN  +  (S  -  Sd)RZN}I  (6) 


Multiplying  both  sides  of  (6)  by  R'1  (1„  -  Sd)'1,  we  obtain  after  an  algebraical  manipulation: 


{1„  -  R-'(l.  -  Sd)  '(S  -  Sd)R}V={(l„  -  Sd)JZN*  +  (1.  -  Sar'SjZM}!  +  {R  '(l„  -  Sd)-'(S  -  Sd)RZN}I  (7) 


which  can  be  reformulated  in  this  way: 
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v  ={(!„  -  Sd)’1  [ZN*  +  ScZn]}I  +  {K\\n  -  Sdy\S  -  Sd)R}{V  +  ZNI} 


(8) 


Therefore,  if  we  compare  the  equation  (4)  with  (8),  we  can  obtain  the  values  of  matrices  Z  and  F  of  the 
characteristic  formulation  in  terms  of  scattering  matrix  S  and  the  normalization  impedances  matrix  ZN.  The 
following  result  are  obtained: 


Z  -  (ln  -  Sd)_1  [Zn  +  SdZN]  (9) 

F  =  R-'(l„  -  Sd)'(S  -  Sj)R  (10) 


The  z'th  elements  of  the  previous  matrices  are  given  by: 


Z,  = 


ZNj  +  S,ZN 
1~S„ 


(11) 


I  Re(ZNi)  s9  (12) 

y  Re(Z  Nj )  1  -SH 


For  measures  in  broadband,  the  normalizing  impedances  are,  normally,  ZNi  =  Z0j  =  50  Q,  so  the  equations 
(11)  and  (12)  are  notably  simplified. 

Therefore,  frequency-dependent  input  impedances,  Zh(s),  and  voltage  controlled  voltage  sources 
Eij(s)=Fij(s)[Vj+Zoj  Ij],  whose  gains  and  phases  and  dependent  on  the  frequency,  must  be  implemented,  in 
accordance  with  [7]. 

In  the  proposed  technique,  the  Analog  Behavorial  Modelling  option  is  used  to  implement  these  controlled 
sources.  That  it  why  is  necessary  to  calculated  a  frequency  response  table  of  functions  Zn  (s)  and  Fjj  (s).  This 
task  can  be  easily  done  with  any  CAD  commercial  program  of  microwaves  circuits,  such  as  HP-EESOF  or 
SUPERCOMPACT,  taking  into  account  the  relationships  provided  by  equations  (11)  and  (12). 

III.  EXAMPLE 

To  illustrate  the  advantages  and  the  effectiveness  of  this  method  we  give  a  representative  example.  We 
consider  two  coupled  lossy  nonuniform  copper  lines,  with  a  total  length  of  5  cm.  The  network  configuration 
and  geometry  of  coupled  nonuniform  microstrip  lines  are  shown  in  Fig.  2.  This  reference  example  was 
introduced  by  G.-  W.  Pan  et  al.  [8].  The  lines  are  driven  by  a  voltage  source  that  generates  a  trapezoidal 
pulse  with  an  amplitude  of  1  V.  and  a  width  of  0.8  ns.,  with  a  rise  and  fall  time  of  0.1  ns.  The  S-parameters 
have  been  calculated  in  512  frequency  discrete  points  from  DC  to  204.4  Ghz  using  HP-EESOF.  To  calculate 
the  S-parameters  of  the  structure  the  coupled  tapered  lines  have  been  divided  into  20  coupled  uniform 
sections.  Fig.  3  shows  the  SPICE  network  resulting  from  the  application  of  the  developed  technique  to  the 
simulation  of  two  nonuniform  coupled  transmission  lines..  Figures  4a.  and  4b.  illustrate  the  waveform  of  the 
active  and  passive  lines  at  both  near  and  far  ends.  In  these  figures  the  results  obtained  in  the  reference 
example  (□)  and  those  computed  with  the  technique  proposed  in  this  paper  (A)  are  compared.  As  it  is  shown 
both  approaches  give  identical  results. 
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IV.  CONCLUSIONS 

A  method  with  allows  the  implementation  of  nonuniform  multiconductor  transmission  lines,  whit  frequency- 
dependent  parameters,  into  a  SPICE  program  has  been  proposed.  The  method  uses  the  Analogical 
Behavorial  Modelling  option  and  only  is  necessary  to  know  the  S  parameters  of  multiconductor  nonuniform 
system,  that  can  be  calculated  using  any  CAD  commercial  programs  of  microwaves  circuits. 
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Figure.  1.  The  generalized  characteristics  model  of  a  multiconductor  nonuniform  coupled  transmission  line 
system. 
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Figure.  4.  Simulation  results  of  electrical  response. 

a)  Response  in  the  generator  end. 

b)  Response  at  load  end. 
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ABSTRACT 

Design  and  results  of  active  filters  based  on  low-loss  suspended  stripline  filter  resonators  and 
MeSFET  gain  blocks  realized  in  microstrip  are  presented.  The  coupling  between  filter  resonators  and 
microstrip  gain  blocks  is  performed  electromagnetically  acting,  at  the  same  time,  as  matching 
structures  for  input  and  output  of  the  transistor.  In  this  way,  very  low  noise  active  filter  circuits  with 
a  single  gain  stage  and  two  stages  at  10  GHz  as  well  as  a  single  stage  35  GHz  active  filter  were 
realized. 

INTRODUCTION 

With  decreasing  bandwidth,  passive  filters  -  especially  in  planar  integrated  form  -  become  more  and 
more  lossy,  their  edges  are  rounded,  and  the  filter  slopes  become  less  steep. 

Filters  in  the  input  of  a  front-end  typically  should  suppress  adjacent  signals  to  avoid  intermodulation 
products  or  even  saturation  of  the  input  amplifier.  Due  to  their  position  in  the  system,  losses  as  low 
as  possible  and  a  low  noise  figure  are  of  a  major  importance,  while  the  form  of  the  filter  response  is 
not  as  critical  as  losses  or  noise.  On  the  other  hand,  sharp  edges  and  a  steep  filter  slope  are  of  prime 
interest  for  signal  separation  in  channelized  receivers  or  for  the  reduction  of  noise  bandwidth  to  a 
minimum.  This  mostly,  however,  is  done  after  preamplification,  therefore  losses  and  especially  noise 
figure  are  not  as  relevant. 

To  reduce  filter  losses  by  active  elements,  a  number  of  efforts  have  been  published,  e.g.  [1]  -  [11], 
with  different  types  of  filters  and  based  on  lumped  elements  or  transmission  line  structures  together 
with  MeSFETs  as  discrete  devices  or  even  using  monolithic  circuits.  As  the  active  elements  add 
noise  to  the  filter  circuit,  noise  figure  might  be  considerably  high  -  higher  than  the  insertion  loss  of  a 
respective  passive  circuit.  In  many  papers,  noise  figure  is  not  considered,  or  noise  figures  up  to  even 
15  dB  are  reported.  A  detailed  investigation  of  noise  in  active  filters  is  presented  in  [8], 

In  this  contribution,  design  and  results  of  active  band  pass  filters  (or  frequency  selective  amplifiers)  is 
reported  with  prime  attention  to  low  noise  figure,  as  it  is  necessary  in  the  input  of  a  receiver. 

DESIGN  OF  THE  FILTER 

To  achieve  best  performance  of  the  low-noise  active  filter,  a  basic  structure  according  to  Fig.  1  was 
chosen.  A  first  filter  resonator  does  some  preselection  to  reduce  intermodulation  problems,  a  gain 
block  provides  low-noise  amplification,  and  a  further  resonator  improves  selectivity  [12],  More  gain 
blocks  and  resonators  may  be  added  in  the  same  way  [13],  For  optimum  performance,  the  following 
set-up  was  chosen: 

-  Suspended  stripline  as  planar  transmission  line  with  lowest  loss  was  employed  for  the  resonators. 
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-  Microstrip  line  with  very  short  line  segments  was  used  for  the  gain  block,  resulting  in  easy  via- 
hole  realization  and  good  thermal  performance,  as  the  microstrip  part  of  the  whole  circuit  can 
easily  be  placed  on  a  metal  block. 

-  Multilayer  structures  with  electromagnetic  coupling  between  filter  resonators  and  gain  blocks 
were  chosen  [14].  In  this  way,  at  the  same  time  and  with  one  coupling  structure  only,  the  inverter 
function,  gain  block  input  or  output  matching,  and  DC  isolation  are  achieved  with  minimum  loss. 
Furthermore,  a  capacitive  load  close  to  the  transistor  gate  or  drain  will,  in  many  cases,  improve 
stability,  especially  at  low  frequencies. 

The  basic  layout  of  such  a  filter  with  one  gain  block  is  shown  in  Fig.  2. 

The  multilayer  transition  between  suspended  stripline  and  microstrip  (inset  of  Fig.  3)  is  calculated 
using  spectral  domain  techniques  [15],  The  overlap  d  of  both  „hot“  conductors  mostly  determines 
the  performance  of  the  transition,  while  the  gap  width  g  between  stripline  and  microstrip  ground  has 
a  minor  influence.  As  can  be  seen  from  Fig.  3,  a  wide  range  of  coupling  coefficients  can  be  adjusted. 

FILTER  RESULTS 

A  first  test  filter  according  to  Fig.  2  was  realized  for  10  GHz,  using  a  MeSFET 
CFY25  (Siemens)  with  0.5pm  gate  length  and  6  x  40  pm  gate  width.  The  measured  minimum  device 
noise  figure  for  several  transistors  (IDs  =  0.3IDss  =  10  mA)  was  in  the  range  from  1.9  to  2.2dB;  the 
maximal  available  gain  about  12  dB.  The  filter  was  fabricated  on  a  soft  substrate  of  254  pm  height 
and  a  dielectric  constant  of  2.22,  mounted  to  a  brass  housing  (channel  dimensions  5  mm  x  5  mm) 
with  SMA  coaxial  connectors. 

Two  of  these  filters  were  fabricated,  showing  a  maximal  gain  of  10.7  and  1 1.9  dB  (Fig. 4)  and  noise 
figures  of  2.3  and  2.0  dB,  respectively,  at  center  frequency.  Compared  to  the  device  performance, 
only  a  slight  degradation  can  be  stated  due  to  the  filter  and  amplifier  circuitry.  As  the  circuit  exhibits 
a  considerable  gain,  the  noise  contribution  of  further  components  added  to  the  output  of  the  filter  is 
reduced  remarkably. 

In  a  second  step,  a  filter  with  two  gain  blocks  and  three  filter  resonators  was  designed  (Fig.5).  The 
first  transistor  was  biased  for  minimum  noise  figure,  the  second  one  for  maximally  gain  (IDs  = 
0.5IDSs).  This  two-stage  active  filter  exhibited  a  gain  of  22.1  dB  (Fig.6),  associated  with  an  overall 
noise  figure  at  center  frequency  of  3.2  dB.  This  noise  figure  is  slightly  higher  than  expected  from 
cascading  another  gain  block  and  another  filter  element  to  the  structure  according  to  Figs.  2  and  4; 
but  with  this  filter,  bandwidth  was  much  lower  than  in  the  first  example  (100  MHz  compared  to  420 
MHz)  resulting  in  increased  losses. 

To  demonstrate  the  performance  of  this  type  of  active  filter  in  the  mm-wave  range,  a  circuit 
according  to  Fig.2  was  designed  at  35  GHz  employing  a  pseudomorphic  HEMT  with  0.25  pm  gate 
length  and  120  pm  gate  width  from  the  Daimler  Benz  Research  Institute.  The  S-parameters  of  the 
resulting  circuit  are  plotted  in  Fig.7,  showing  a  gain  of  4.2  dB.  In  this  case,  however,  the  transistor 
performance  was  degraded,  to  some  extent,  while  placing  it  into  the  circuit,  therefore  the  gain  was 
relative  low,  and  the  noise  figure  amounted  to  4.0  dB  only.  Nevertheless,  the  operating  principle 
could  be  demonstrated  at  this  frequency,  too. 
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Fig.  5:  Basic  layout  of  two  stage  active  filter  circuit. 
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Fig.  7:  Input  and  output  return  loss  and  gain  of  35  GHz  active  filter. 
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Abstract 

Microwave  active  filters  continue  to  attract  the  attention  of  specialists  because  of  their  unique  performance. 
The  paper  is  targeted  at  providing  microwave  and  RF  designers  with  an  introduction  to  the  state  of  the  art 
including  both  of  current  tendencies  and  unsolved  problems.  Emphasis  is  placed  on  a  physical  interpretation  of 
general  principles  of  design  and  practical  realizations  of  microwave  active  filters. 

1.  Introduction 


Major  physical  limitation  inherent  all  passive  microwave  filters  is  the  well  known  relationship  between 
insertion  loss  and  bandwidth,  namely,  their  product  is  a  constant  for  a  given  realization  of  a  passive  filtering 
structure.  There  is  a  promising  way  to  overcome  the  limitation  by  using  active  elements  to  compensate  for 
insertion  loss.  Based  on  this  idea  different  configurations  of  microwave  active  filters  (MAF)  have  been 
developed.  The  key  features  of  MAFs  are: 

•  gain  control  without  distortion  of  the  frequency  response; 

•  wide  frequency  tuning  capability; 

•  capability  of  a  performance  for  specified  poles  to  improve  selectivity; 

•  simple  adaptation  to  MIC  &  MMIC  technology; 

•  small  filter  dimensions  and  little  weight. 

The  paper  presents  a  comprehensive  overview  of  tendencies  and  the  current  state  of  the  art  concerning  MAFs 
including  estimates  of  achievements  and  unsolved  problems  which  may  certainly  attract  the  attention  of 
microwave  specialists. 

2.  Basic  MAF  Configurations 

A  variety  of  MAF  configurations  can  be  subdivided  into  several  groups  depending  on  the  type  of  active 
elements,  schematic  approaches  and  structure  of  passive  filtering  parts.  Microwave  diodes  with  negative 
resistance  such  as  Gunn  diodes  ,  IMP  ATT  diodes  and  tunnel  diodes  can  be  used  as  active  elements.  At  present 
high-Q  GaAs  abrupt  junction  varactor  diodes  are  available  with  a  total  capacitance  ratio  up  to  5  or  greater  and 
a  Q-factor  about  4000  -7000.  This  allows  a  good  performance  of  voltage  tunable  MAF  filters  to  be  achieved. 
The  drawback  of  IMP  ATT  diodes  is  a  higher  noise  level  which  prevents  their  use  for  MAF  intended  to  be 
applied  in  input  cascades  of  low  noise  receivers,  while  tunnel  diodes  have  a  lower  saturation  level  which  limits 
the  dynamic  range  of  MAFs. 

There  are  no  universal  recommendations  regarding  transistors  to  be  applied  in  MAFs  but  GaAs  FETs,  HEMTs 
and  bipolar  transistors  may  be  chosen  depending  on  the  operating  frequency,  noise  level,  power  handling 
capacity  and  other  specified  requirements.  Some  MAF  configurations  involve  both  microwave  diodes  and 
transistors  in  order  to  obtain  additional  positive  effects. 

Different  schematic  MAF  realizations  are  known  at  present.  However,  MAFs  based  on  active  loop 
configurations,  active  inductors  and  channelized  structures  can  be  recommended  for  typical  applications. 
Hunter  et  al  [1],  Any  MAF  configuration  consists  of  passive  and  active  components  with  resonant  and  non- 
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resonant  properties.  Non-resonant  components,  both  lumped  and  distributed  (  R,  L,  C,  directional  couplers, 
sections  of  the  transmission  lines  etc.)  are  needed  to  adjust  input/output  coupling  coefficients  and  coupling 
coefficients  between  resonant  units.  Resonant  components,  mostly  distributed,  are  used  to  provide  a  desirable 
frequency  response  of  a  MAF.  They  may  have  different  structures,  however,  microstrip,  stripline,  slot  or 
coplanar  lines,  Dib  et  al  [2],  Kulke  et  al  [3],  Sheinwald  [4],  Schwab  and  Menzel  [14],  dielectric  resonators, 
Kajfez  and  Guillon  [5],  fin-lines,  Solbach  [6]  or  waveguides  below  cut-off  (evanescent  mode) ,  Kapilevich  and 
Trubechin  [7-9],  Shunemann  [10]  can  be  recommended  to  be  implemented  into  many  MAF  configurations.  The 
resonant  elements  can  also  be  realized  without  transmission  line  sections  using  high  frequency  inductance- 
simulating  circuits ,  Sussman-Fort[l  1],  Filinuk[12],  Alinikula  et  al  [13], 

3.  MAPs  with  Diodes  as  Active  Elements 

Microwave  diode  as  an  active  element  of  MAF  is  preferable  for  waveguide  configurations  where  direct 
maintaining  transistor  provides  some  problems.  One  of  the  example  demonstrating  this  approach  has  been 
described  by  Kapilevich  [15].  The  MAF  consist  of  an  evanescent  mode  filtering  structure  to  provide  the 
required  frequency  response  and  a  Gunn  diode  to  compensate  for  dissipative  losses.  The  passive  filtering  part  of 
MAF  is  a  quasi -periodic  connection  of  dielectric  slabs  with  relatively  high  and  low  permittivities  positioned  in 
rectangular  waveguide  operating  below  cut-off  frequency.  However,  such  structure  is  essentially  lossy  because 
of  the  energy  dissipation  from  dielectric  and  conductor.  To  overcome  the  disadvantage  an  active  element  is 
introduced.  Fig.  1.  The  waveguide  width  is  chosen  to  obtain  a  propagating  TE]0  mode  for  sections  with 
permittivity  srl  and  nonpropagating  (evanescent)  mode  for  sections  with  permittivity  sr2.  Hence,  the  condition 
8ri  >  £r2  must  be  satisfied.  An  active  element  needed  to  compensate  for  loss  is  placed  on  the  center  of  a  filter.  It 
can  be  characterized  by  a  complex  admittance  Y  =  G  +jB  normalized  to  the  system  admittance. 

Following  a  technique  similar  to  that  applied  by  [7]  ,  a  resulting  transmission  matrix  Ares  corresponding  to  Fig. 

1  can  be  presented  in  the  form 

Arcs=A^I*AY  *  Aout  (1) 

where  Ato  and  Aout  are  generalized  resonance  sections  (GRSs)[8]  consisting  of  lines  with  lengths  /,  t,  d'2  at  the 
input  and  output  respectively  .  AY  is  a  transmission  matrix  of  the  active  element.  The  GRSs  are  determined  as 
the  product  of  transmission  matrices  of  the  above  mentioned  sections: 

A*  =  A,  *  At  *  Aj/2  and  Aouf 

where 

cos#,  jZt  sin  0, 

A.  = 

Ly  sintf, /Z,  cos#, 


:  Ad/2  *  At  *  Ai 


(2) 


T  cosh  9, 

A  -  i 

1  L-ysinh^/Z, 


jZ,  sinh  9t 
cosh#, 


(3) 


0(  and  0j  are  electric  lengths  of  corresponding  transmission  lines,  Zt  and  Zx  are  the  impedances  of  the  same 
lines.  To  determine  the  elements  of  Ad/2  a  substitution  of  0]  by  0d/2  must  be  carried  out  in  eqn.  3.  Finally, 
insertion  loss  L  [dB]  can  be  calculated  using  the  S2i  element  of  scattering  matrix  as  follows 


L  -20  log  |  S21 1  dB 


™th  52i=^ 


+a™+a: 


(4) 


The  following  passive  filtering  structure  has  been  used  to  illustrate  compensating  effect:  £^=3.8-] 0.02,  el2=l, 
t/a=0.67,  l/a=1.5,  d/a=2.4  and  the  width  of  a  rectangular  waveguide  is  a  =  9.65mm.  As  an  additional  analysis 
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has  shown  the  correct  choice  of  G  and  B  may  provide  zero  loss,  keeping  the  frequency  response  corresponding 
almost  to  that  of  original  waveguide  dielectric  filter  with  a  slight  shift  in  its  frequency  response  toward  higher 
one.  An  experiment  has  confirmed  the  existence  of  the  compensating  effect  predicted  by  theoretical  model. 

The  two  resonators  MAF  was  fabricated  with  dimensions  corresponding  to  the  above  mentioned  example.  An 
AA715D  Gunn  diode  was  used  as  the  active  element  with  proper  bias  circuit  to  control  its  gain.  The  measured 
values  of  insertion  loss  are  plotted  against  frequency  in  Fig.  2  for  Y  =  0  (the  line  marked  by  □  )  and  for  the 
maximum  level  of  a  loss  compensation  ( the  line  marked  by  ■  ).  The  configuration  of  such  MAF  is  useful  for 

miniaturization  of  filters  based  on  integrated  waveguide  technology  and  other  monolithic  waveguide  dielectric 
components. 

4.  Varactor-tuned  Resonators  for  MAF’s  Applications 

Basically  tunable  MAFs  include  microwave  transistors  as  active  elements  compensating  for  losses  and 
varactor  tuned  microstrip  resonators  (VTMR)  as  passive  resonant  elements  of  tunable  filters.  Their  tuning 
facilities  depend  on  many  factors:  characteristics  of  transistors,  varactors  and  transmission  lines, 
configuration  of  resonators  and  coupling  elements,  etc.  To  ensure  the  best  realization  of  such  a  resonator  an 
optimum  design  must  be  carried  out  on  the  basis  of  an  adequate  circuit  model. 

There  are  different  configurations  of  VTMR.  Some  of  them  were  considered  by  Chandler  et  al  [16],  Jiao  et 
al  [17],  Lin  et  al  [18],  Makimoto  and  Sagava  [19]  and  other  authors.  Usually  a  single  or  double  varactors  are 
used  in  practice  for  unbalanced  or  balanced  applications  respectively.  A  single  varactor  configuration  of 
VTMR  is  considered  below  to  avoid  difficulties  related  to  microwave  varactors  identification  needed  for 
balanced  applications. 

One  of  the  possible  configuration  of  a  single  varactor  VTMR  suitable  for  active  tunable  filters  is  shown  in 
Fig.  3,  Kapilevich  et  al  [20],  A  varactor  is  represented  by  a  two  port  network  with  a  single  normalized 
impedance  Zv  (in  a  case  of  series  connection)  or  normalized  admittance  Yv  (  in  a  case  of  parallel 
connection). 

Both  VTMR’s  configurations  have  been  studied.  It  was  assumed  that  the  normalized  impedance  of  the 
coupling  capacitor  was  C=6,  providing  the  weak  coupling  coefficient  needed  for  narrow-band  applications. 
Fig.  4  shows  the  calculated  insertion  loss  of  VTMR  as  a  function  of  electrical  length  t  for  different 
normalized  varactor  impedances  (Fig.  4a,  series  connection)  and  admittances  (Fig.4b,  parallel  connection). 
The  normalized  impedance  of  the  varactor  circuit  lines  equals  1.5.  Both  series  and  parallel  configurations 
exhibit  odd  and  even  resonances  with  different  tuning  behavior.  For  both  configurations  the  lowest 
resonance  is  odd  and  nearest  higher  resonance  is  even  resulting  in  a  maximum  current  amplitude  or  maximum 
voltage  amplitude  in  the  center  of  the  VTMR,  accordingly.  Therefore  one  of  the  above  resonances  must  not 
always  depend  on  varactor  capacity,  however  the  nearest  other  resonances  are  sensitive  to  it.  This  means 
that  “fixed”  and  “tuned”  resonant  modes  are  natural  phenomena  belonging  to  the  configurations  of  interest. 

The  tuning  facilities  of  both  configurations  have  been  also  investigated  as  a  function  of  normalized  varactor 
impedance  or  admittance  for  the  first  and  second  resonances.  In  both  cases  the  frequency  separation 
between  adjacent  resonances  tends  to  be  reduced  when  resonators  are  tuned  towards  higher  frequencies.  The 
phenomenon  establishes  the  physical  limit  of  tuning  range  for  the  VTMR  itself  and  the  MAFs  based  on  such 
configurations. 

Another  problem  takes  place  with  odd  and  even  resonances  moving  towards  each  other.  They  can  produce  a 
two-pole  filter  similar  to  coupled  resonators.  Fig.  5  illustrates  this  behavior  for  both  configurations  with  the 
normalized  impedance  of  a  coupling  capacitor  0=2.  In  practice,  the  phenomenon  discussed  will  restrict  the 
available  bandwidth  of  tunable  MAFs.  As  an  illustrative  example,  the  calculated  VTMR  performances  are 
shown  in  Fig.  6  for  both  configurations  of  Fig.  3.  The  results  were  obtained  with  following  parameters: 
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•  design  frequency  - 1.7  GHz; 

•  permittivity  of  substrate  -  9.8  (AL  03); 
thickness  of  substrate  - 1  mm; 

•  capacity  of  varactor  -  (0.5  -  2.5)  pF; 
series  resistance  of  varactor  -  2  Ohms; 

•  coupling  capacitors  -0.3  pF; 

•  transmission  line  impedance  -  80  Ohms; 

•  transmission  line  quality  factor  -  300; 

•  system  impedance  -  50  Ohms. 

The  tuning  ranges  are  about  500  MHz  for  the  first  resonance  in  the  series  configuration  and  about  570  MHz 
for  the  second  resonance  in  parallel  configuration. 

5.  MAFs  with  Active  Loops 

Combining  an  active  loop  with  a  passive  filtering  structure  is  a  simple  and  effective  way  to  realize  MAFs  in 
practice.  The  most  attractive  feature  here  is  the  possibility  of  relatively  independent  design  of  both  passive  and 
active  parts  of  a  MAF.  Indeed  the  frequency  response  is  primarily  determined  by  the  passive  filtering  part  of  a 
MAF  while  the  active  part  provides  compensation  for  loss.  Such  an  approach  is  valid  if  the  coupling  coefficient 
between  the  passive  part  and  the  active  loop  is  small  enough  so  that  they  can  be  designed  independently,  at  least 
for  initial  stage.  Otherwise,  both  parts  of  MAF  interact  with  each  other  and  the  above  decomposition  is 
inadmissible.  The  other  problem  that  should  be  taken  into  account  is  a  match-to-phase  loop  property.  Usually,  it 
is  impossible  to  support  this  condition  covering  a  wide  frequency  band.  Hence  because  of  the  above  limitations 
a  design  of  MAF  based  on  an  active  loop  approach  may  be  recommended  for  narrow  band  applications  with  a 
moderate  level  of  a  loss  to  be  compensated  Kapilevich  et  al  [21]. 

As  the  example.  Fig.  7  shows  the  configuration  of  a  two-sections  tuned  MAF  for  the  1.7  GHz  operating 
frequency  with  capacitors  as  coupling  elements  between  the  VTRM  and  feed.  The  total  phase-equalizing  line 
is  270°  with  impedance  Z0(f=  65  Ohms  and  Z0o=  50  Ohms  for  sections  of  coupled  lines.  The  termination 
resistors  are  connected  at  both  ends  of  coupled  lines  to  the  ground.  These  lines  determine  a  coupling 
coefficient  between  a  passive  resonator  and  an  active  loop.  A  design  of  the  VTRM  part  has  been  carried  out 
using  the  above  described  technique.  The  optimum  loop  impedance  needed  to  avoid  parasitic  effects  is  65 
Ohms  in  the  given  configuration. 

The  frequency  response  of  the  two-sections  MAF  is  shown  in  Fig.  8  with  a  typical  abrupt-junction  silicon 
varactor  diode  for  a  maximum  biasing  voltage  50V.  The  frequency  tuning  range  is  between  1.65  -  2.2  GHz 
with  almost  loss  compensation  at  whole.  The  transistor  FHX04  has  been  used  in  the  active  part  of  the  MAF. 

Various  types  of  dielectric  resonator  (DR)  filters  have  been  realized  during  two  last  decades  [5].  Adding  an 
active  loop  is  a  simple  way  to  transform  them  to  a  lossless  MAF.  The  idea  was  first  suggested  by  M.  Matsumura 
and  Konishi  [23],  They  described  bandstop  and  bandpass  MAF  configurations  with  an  active  loop  that  provided 
an  increase  of  unloaded  Q  of  the  DR  from  1 500  to  37000  at  a  center  frequency  of  6.6GHz.  Further  development 
of  the  technique  has  been  described  by  Madrangeas[24,25],  Delpino  [26]  and  other  authors.  A  typical  schematic 
of  a  MAF  with  DR  is  shown  in  Fig.  9.  The  active  loop  consisted  of  a  FET  amplifier  providing  a  fixed  10  dB  flat 
gain  over  the  3. 5-4. 5  GHz  bandwidth,  an  attenuating-phase  shifting  circuit  composed  of  a  Lange  coupler,  a 
Wilkinson  combiner  and  two  p-i-n  diodes,  so  that  independent  phase  and  gain  tuning  were  available.  The  three 
poles  DR  MAF  had  a  3  dB  bandwidth  of  24  MHz  centered  on  3.98  GHz  with  the  gain  of  feedback  active  loop  of 
3.5  dB.  The  theoretical  predictions  and  experimental  data  are  in  a  good  agreement.  The  major  problem  that  a 
designer  have  to  solve  in  practice  of  MAFs  with  the  active  loop  is  to  provide  a  gain  stability  conditions  for  the 
configuration  chosen  avoiding  an  extremely  high  Q  value  of  resonance  circuit. 
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6.  MAFs  based  on  an  active  inductor 


Two  basic  advantages  are  associated  with  active  inductors: 

•  replacement  of  traditional  spiral  inductors  by  their  active  equivalents  avoids  a  drastic  degradation  of  Q- 
factor  of  inductance  with  increasing  frequency; 

•  the  area  of  an  active  inductor  is  much  less  compared  to  one  of  a  spiral  inductor  so  it  is  preferable  for  wide¬ 
band  applications. 

Physically,  the  existence  of  active  inductors  is  determined  by  signal  delay  in  a  transistor.  Due  to  the  finiteness 
of  the  time  for  the  non-equilibrium  current  carriers  to  move  in  the  base  of  the  transistor,  the  emitter  current  lags 
behind  the  voltage  between  the  emitter  and  collector.  The  result  is  that  the  inductive  nature  of  the  total 
resistance  Zec  of  emitter-collector  circuits  can  be  observed.  More  details  illustrating  the  phenomenon  may  be 
found  in  Sussman-Fort  [11],  Filinuk  [12],  Chang  and  Itoh  [22],  Both  reciprocal  and  nonreciprocal  MAFs  can 
be  realized  in  practice[12].  Also  both  band-pass  and  band-reject  filters  may  be  constructed  using  a  concept  of 
the  active  inductor. 

Further  development  of  the  concept  has  been  done  by  Hara  et  al  [27]  where  new  type  of  a  girator  circuit  was 
proposed  to  realize  low-loss  or  lossless  characteristics.  The  goal  has  been  achieved  by  replacement  of  the 
feedback  resistor  by  GaAs  FETs.  Active  inductors  are  composed  of  a  common-source  cascode  FET  and  a 
feedback  FET  which  is  a  common-gate  FET  or  a  common-gate  cascode  FET,  Fig.  10.  Modeling  and 
experiments  showed  that  a  maximum  Q  factor  of  65  is  available  at  frequency  about  8GHz  because  the  resistor 
value  is  selected  to  make  the  active  inductor  stable.  However,  there  is  facility  to  realize  an  infinite  Q  factor  by 
increasing  the  value  of  the  output  shunt  resistor.  For  instance,  a  Q  factor  of  more  than  15000  has  been  measured 
with  the  active  inductor  described  by  Karacaoglu  et  al  [28].  But  the  problem  of  unstable  behavior  of  an  active 
inductor  will  certainly  provide  a  natural  limit. 

Bipolar  transistor  can  be  also  used  for  the  creation  of  active  inductors.  By  virtue  of  the  inherent  base  resistance 
it  gives  rise  to  a  Q-enhancing  effect.  But  the  control  of  instability  becomes  more  difficult.  An  example  of  a 
successful  solution  to  the  problem  has  been  described  by  Kobayashi  and  Oki  [29]. 

One  of  the  problems  in  designing  MAFs  with  active  inductor  is  an  undesirable  phase  delay  inherent  microwave 
amplifiers  resulting  in  an  unstable  circuit.  To  avoid  the  phenomenon,  low  gain  amplifiers  with  a  smaller  phase 
delay  must  be  used.  However,  this  causes  a  degradation  of  the  Q  factor.  The  contradiction  is  overcome  with  a 
MAF  configuration  proposed  by  Suwaki  and  Ohira  [30],  It  consists  of  two  lowpass  filters  with  transfer 
functions  Tj(s)  and  T2(s)  connected  to  each  other  so  that  a  negative  feedback  loop  is  formed.  The  first  lowpass 
filter  (LPF1)  suppresses  the  high  frequency  signals  resulting  in  the  passing  of  only  the  low  frequency  signals. 
By  virtue  of  the  negative  feedback  loop  formed  with  the  second  lowpass  filter  (LPF2),  the  bandpass  features  can 
be  realized.  The  performance  of  the  MAF  discussed  is  simplified  in  practice  because  the  transfer  function  of  an 
amplifier  may  be  approximated  as  follows 

A(co)  =  A0  /  ( 1  +  jco/(oc )  (  5  ) 

where  A  0  is  the  amplifier  gain  at  co  =  0  and  ooc  is  a  3  dB  roll-off  frequency.  Hence,  the  required  transfer 
functions  T^s)  and  T2(s)  are  directly  reproduced  using  (5  ).  The  variation  of  parameters  A  0  and  g>c  allows  the 
obtaining  of  a  variable  filter  to  control  the  center  frequency  and  Q  factor.  Varactors  and  varistors  which  are 
implemented  in  amplifiers  can  be  used  in  practice  for  this  aim. 

7.  Transversal  and  Recursive  MAFs 


MAFs  with  active  loops  and  active  inductors  allow  the  realization  of  configurations  used  in  narrow  and 
moderated  bandwidth  applications.  In  contrast,  the  MAFs  based  on  transversal  and  recursive  principles 
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considered  by  Rauscher  [31],  Jutzi  [32]  and  other  authors  have  demonstrated  an  ability  to  achieve  a  wider 
bandwidth  up  to  an  octave  with  excellent  selectivity  near  the  band  edges. 

Recently  new  configuration  called  Microwave  Channelized  Active  Filter  (MCAF)  has  been  described  by 
Rauscher  [33]  as  a  modification  of  microwave  transversal  filter  resulting  in  significant  improving  compactness 
and  selectivity.  This  filter  design  approach  requires  that  a  considerable  amount  of  RF  components  both  active 
and  passive  must  be  taking  into  account  to  control  interference  among  different  signal  branches  in  order  to  get 
highly  selective  filtering  action.  A  simple  MCAF  configuration  depicted  in  Fig.  1 1  is  used  as  an  illustrative 
example  to  demonstrate  its  operation.  Inner  channel  consisting  of  sections  of  transmission  line  e  and  active  part 
b  is  needed  to  form  pass-band  property  of  a  filter  while  external  channels  are  added  to  reject  a  signal  by  means 
of  creating  proper  transmission  poles.  They  consist  of  sections  of  transmission  lines /  and  g  working  as  phase 
equalizers  and  attenuators  which  are  required  to  get  phase-amplitude  equalizing  and  active  parts  a  and  c  are 
used  for  a  loss  compensation.  Sections  d  are  quarter  wave  length  matching  transformers. 


The  first  step  in  designing  MCAF  is  to  determine  its  active  resonance  parts  which  can  have  both  lumped  and 
distributed  structures.  For  a  simplicity  of  further  analysis  it  is  assumed  that  this  part  is  based  on  half-wave 
resonator  e ,  coupling  reactances  d  and  low  noise  amplifiers / to  compensate  an  insertion  loss.  Fig.  12.  Assuming 
the  50  Ohms  system  impedance,  transmission  matrices  of  resonator  A1(0) ,  coupling  reactances  A2(Z)  ,  and 
amplifiers  A3(q)  can  be  written  as  follows: 


Al(0)  : 


A2(Z) 
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I  cos  ( ©  )  i  •  sin  ( ©  )  50  \ 
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where  0  is  the  electric  length  of  a  part  e,  Z  is  the  impedance  of  a  coupling  element  d,  q  =  S2i*Sj2  depends  on 
characteristics  of  amplifiers.  The  resulting  transmission  matrix  Ares  can  be  presented  in  the  form: 

Ares(q,  Z,  0)  =  A3(q)*A2(Z)*Al(0)*A2(Z)*A3(q)/4S221  (  7  ) 

Finally,  the  insertion  loss  L  in  dB  is  calculated  trough  S2i  determined  by  (7).  It  should  be  noted  that  the  term 
A3(q)  affects  on  changing  an  insertion  loss  only  as  a  scalar  multiplier. 

Now,  it  is  necessary  to  specify  resonators  for  different  MCAF  signal  branches.  For  configuration  shown  in  Fig. 
11  the  resonator  connected  with  the  inner  channel  b  is  designed  to  operate  at  a  center  frequency.  Both 
resonators  used  within  external  channels  a  and  c  should  be  designed  to  possess  their  resonance  frequencies 
near  desired  poles.  Fig.  12  illustrates  this  situation  assuming  that  the  center  frequency  is  10  GHz  and  poles  are  ± 
0.4  GHz  aside.  The  capacitance  coupling  0.02  pF  (  element  d ),  13  dB  low-noise  FET  amplifier  (  element /  ), 
0  =  165°  (  branch  a  )  and  ©  =  1 80°  (branch  c  )  were  supposed.  In  order  to  get  better  selectivity  the  resonance 
curves  of  branches  a  and  c  must  be  narrower  compared  to  one  in  branch  b  that  may  be  achieved  by  a  proper 
choice  of  the  coupling  elements. 

Phase  and  amplitude  equalizing  for  signals  propagating  trough  inner  and  external  channels  is  very  important 
part  of  MCAF  design.  To  obtain  phase  tuning,  lines  /  and  g  with  adjusted  electrical  lengths  are  used  here.  For 
illustrating  aims  the  simple  MCAF  configuration  shown  in  Fig.  1 1  has  been  studied.  It  is  impossible  to  provide 
a  symmetrical  positions  of  attenuation  poles  if  no  measures  undertake  to  get  phase  equalizing.  Fig.  13  illustrates 
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this  fact  when  the  electric  lengths  of  sections  /  and  g  are  the  same  (0  -  80°  -  curve  1  and  0  95  curve 

2  ).  Asymmetrical  responses  with  the  only  attenuation  pole  are  observed  in  the  both  cases.  By  adjusting  these 
lengths  the  symmetrical  response  can  be  achieved  but  the  attenuation  near  poles  is  reduced  significantly,  Fig. 
14  (0  =  87°,  curve  1).  The  response  can  be  improved  when  proper  phase  equalizing  is  carried  out,  Fig.  14  (0  = 
102  0  for  the  line/  and  0  =  72°  for  the  line  g,  see  curve  2  ).  Typically,  insertion  losses  of  both  external 
channels  are  different  and  amplitude  equalizing  must  be  done  to  avoid  undesirable  response  distortion. 
According  to  Fig.  12  the  channel  a  has  about  2.7  dB  greater  gain  compared  to  the  channel  c.  Hence,  the  insertion 
loss  of  attenuator  which  is  used  as  an  amplitude  equalizer  should  be  reduced  properly  for  an  equalizing 
purpose  and  obtaining  quasi  symmetrical  frequency  response.  Fig.  1 5  shows  calculated  results  corresponding  to 
the  following  specifications  of  MCAF  after  amplitude  equalizing: 

d  impedance  -  30.3  Q,  electric  length  -  90°  ;  e:  impedance  -  60  Q,  electric  length  -  87° ; 
f.  impedance  -  45  Q  electric  length  - 106 f  ;  g  impedance  -  45  Q,  electric  length  -  75° ; 
attenuation  -4  dB  for  the  channel  c  and  6  dB  for  the  channel  a. 

Proper  choice  of  phase  and  amplitude  relations  between  different  channels  has  provided  significant  selectivity 
improvement  although  basic  resonance  circuits  had  low  Q. 

8.  Conclusion 


Development  of  Microwave  Active  Filters  is  one  of  the  promising  ways  to  upgrade  the  selectivity  of  the 
wireless  and  radar  equipment.  The  paper  has  presented  a  comprehensive  review  of  potential  facilities  providing 
better  performance  of  MAFs.  Integration  of  passive  and  active  microwave  components  together  with  MIC  and 
MMIC  technologies  has  allowed  the  realization  of  various  filtering  devices  possessing  unique  characteristics 
which  are  not  available  from  conventional  microwave  filters.  There  is  no  doubt  that  MAFs  will  find  wide  areas 
of  application  in  new  generations  of  mobile  and  space  communications,  radar  and  some  other  areas  of 
Microwaves  &  RF. 
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Fig.  1.  Evanescent  mode  MAF  configuration. 


a)  Series  configuration  of  VTMR 


Fig.  2.  Measured  insertion  losses  against  frequency 
for  passive  (Y  =  0  ,  -  □  -  □  -)  and  active 
(G  <  0,  -  ■  -  u  -)  states  of  the  Gunn  diode. 


Fig.  3.  Configuration  of  the  varactor  -  tuned  microstrip 
resonator  (VTRM). 
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b)  Parallel  configuration  of  VTMR 

Fig  4.  Calculated  insertion  losses  of 
VTRM  as  a  function  of  an  electric 
length  t:  (a)  -  normalized  impedance  is 
1  (x  xx),3(BHi)  and  5  (+  +  +); 

(b)  -  normalized  admittance  is  1  (x  x  x) 
0.55  (■■■)  and  0.1  (+  +  +). 


Fig.  5.  Coupling  effects  for  different  VTRM  configur¬ 
ations.  The  normalized  varactor  impedance  and  admit¬ 
tance  are  the  similar  to  Fig.  4. 


b)  Parallel  configuration  of  VTMR 
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b)  Parallel  configuration  of^.VTMR 

Fig.  6.  Calculated  VTRM’s  performances  for 
series  (a)  and  parallel  (b)  configurations. 
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Fig.  7.  The  two-sections  tuned  MAF 
based  on  VTRM. 


Fig.  8.  The  performance  of  the  two 
sections  MAF  shown  in  Fig.  7. 


frequency.  GHz 


Fig.  9.  Schematic  and  performance  of  the 
three- poles  MAF  with  DR  [  24  ]. 

Fig.  10.  Schematic  circuit  of  a  resonator  ba¬ 
sed  on  an  active  inductor  and  its  tuning  charac¬ 
teristic  by  steps  of  100  MHz  [27]. 
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7.6  Frequency,  GHz  12.4 


Fig.  13.  Performance  of  the  MCAF 
for  the  configuration  of  the  Fig.  1 1 
before  equalizing  procedures. 
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ABSTRACT 


The  trends  in  wireless  telecommunication  terminals  speak  in  favor  of  adjustable  miniature  microwave  filters. 
The  most  potential  integrated  high-frequency  active  filter  topologies,  the  active  inductors  and  the  loss 
compensated  passive  resonators,  can  be  designed  to  reach  the  low  microwave  region.  The  dynamic  range 
requirements  for  the  cellular  phones  have  proven  to  be  still  too  demanding  for  the  reported  circuits.  However, 
the  less  demanding  filtering  specifications  of  some  applications,  e.g.,  the  wireless  LANs,  might  be  fulfilled 
with  microwave  active  filters. 

INTRODUCTION:  TRENDS  IN  WIRELESS  TERMINALS 

Wireless  communication  systems  are  facing  a  new  era.  The  expansion  of  digital  cellular  systems  continues 
with  an  accelerated  speed:  in  Nordic  countries  the  penetration  of  mobile  phones  is  expected  to  reach  40%  this 
year.  In  the  near  future  the  voice-based  cellular  systems  are  complemented  by  wireless  data  communication 
systems  enabling  mobile  multimedia.  The  next  generation  systems,  the  European  UMTS  and  Japanese 
FPLMTS,  are  addressing  the  mobile  multimedia  market  with  adaptive  capacity  reaching  up  to  2  Mbit/s. 
Although  these  systems  are  targeted  to  be  global,  the  trend  is  toward  higher  diversity  of  co-existing  systems. 
As  a  result,  terminals  enabling  access  to  several  systems  are  needed.  Already  now  some  dual  mode  products 
are  on  the  market:  in  the  USA  the  DAMPS  phones  and  in  the  urban  areas  of  Europe  the  GSM/DCS  1800 
phones.  The  ultimate  target  is  a  world  phone  that  is  adaptive  to  all  major  systems  and  frequency  bands.  The 
main  trends  in  developing  the  handheld  terminals  for  the  future  needs  are  the  multisystem/multiband  capability 
and  the  continuous  miniaturization. 

The  implementation  of  multisystem/multiband  terminals  can  have  different  levels  of  parallel  functions. 
Typically,  the  same  baseband  section  is  used  whereas  the  RF  sections  for  different  systems  remain  separate. 
To  simplify  the  RF  section  many  active  functions,  such  as  variable-gain  amplifiers  and  mixers,  can  be 
designed  to  cover  multiple  systems  and  multiple  frequency  bands.  The  passive  filters,  however,  cannot  be 
adjusted  and  the  only  feasible  solution  at  the  moment  is  to  use  selectable  filters  for  each  designated  frequency 
band.  As  a  result,  the  products  become  bulky  and  expensive.  The  alternative  architectures  for  multimode 
transceivers  are  shown  in  Figure  1 . 

The  second  key  trend  for  handheld  terminals  is  the  continuous  drive  toward  higher  miniaturization.  The 
development  of  the  size  and  component  count  of  handheld  digital  cellular  phones  is  shown  in  Figure  2.  The 
significant  improvements  have  been  achieved  by  increasing  the  level  of  integration  in  the  phone;  currently,  all 
active  functions  are  integrated.  In  order  to  go  further  the  main  emphasis  is  on  the  packaging  and 
interconnection  technology.  The  chip  scale  packaging  has  already  been  applied  in  some  products  and  the 
usage  is  rapidly  increasing.  Integrating  the  numerous  discrete  components  and,  in  particular,  the  filters 
addresses  a  key  challenge  to  the  phone  manufacturers.  Improved  transceiver  architectures,  e.g.,  the  direct 
conversion,  can  be  applied  in  some  systems  to  remove  the  IF  filters,  but  the  RF  filters  are  still  needed. 
Currently,  the  RF  filters  are  based  on  SAW,  ceramic,  and  dielectric  technologies,  none  of  which  is  expected  to 
offer  suitable  solutions  for  future  multimode  terminals. 

High-frequency  filter  technologies  are  in  a  key  position  in  finding  implementation  solutions  for  future 
miniaturized  multimode  terminals.  Microwave  active  filters  would  enable  the  complete  integration  of  the 
transceivers  and  offer  the  required  adjustability.  The  objective  of  this  paper  is  to  analyze  the  applicability  of 
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the  microwave  active  filter  structures  for  wireless  applications,  in  particular,  for  cellular  phones.  The  most 
promising  active  filter  topologies  are  addressed  and  the  required  performance  in  various  radio  architectures  is 
discussed. 

INTEGRATED  MICROWAVE  ACTIVE  FILTERS 


Integrated  filters  at  frequencies  1-2  GHz  possess  certain  technological  challenges.  High-gain  amplifiers 
needed  in  most  active  filter  topologies  are  not  available.  Passive  LC  filters  can  be  implemented  with  on-chip 
capacitors  and  inductors,  but  the  Q-values  are  not  acceptable  for  high  selectivity  and  sufficiently  low  passband 
attenuation.  Furthermore,  the  tolerances  of  integrated  passive  elements  make  accurate  frequency  controlling 
very  difficult. 

Several  different  integrated  active  filter  topologies  have  been  reported  for  the  UHF  band,  e.g.,  transconductor- 
C  and  frequency  selective  feedback  filters.  The  comparison  of  the  topologies  is  outside  the  scope  of  this 
paper.  Instead,  the  discussion  is  limited  to  two  topologies  that  have  shown  to  be  applicable  to  1-2  GHz 
frequencies:  the  gyrator-based  LC  filters  and  the  passive  LC  filters  with  active  loss  compensation.  Both  of  the 
topologies  are  suitable  for  integration. 

The  principle  of  the  gyrator-based  active  inductors  has  been  known  for  a  long  time  but  it  wasn't  until  the  early 
1990's  when  the  availability  of  the  high-frequency  IC  technologies  boosted  new  interest.  Several  new  circuit 
topologies  were  reported  with  capabilities  up  to  the  GHz-region.  In  Figure  3  two  gyrator-based  active 
inductor  circuits  are  shown:  an  early  implementation  with  GaAs  MESFET  technology  [1]  and  a  modified 
circuit  more  suitable  for  low- voltage  operation  and  less  sensitive  to  parasitic s  [2]. 

Inherently  the  Q-values  of  the  active  inductor  circuits  are  relatively  low,  but  techniques  for  tuning  the  Q- value 
have  been  developed,  e.g.,  in  Reference  [2].  In  the  Q-enhancing  techniques  the  collapse  of  the  Q-value  is 
avoided  by  compensating  the  phase  error  occurring  in  a  practical  gyrator.  Active  resonators  built  using  active 
inductors  and  passive  capacitors  can  be  used  for  implementing  highly  selective  tunable  filters.  In  Figure  4  a 
three-resonator  HBT  active  filter  is  shown  [3].  The  filter  is  probably  one  of  the  most  advanced  circuits  that 
have  been  implemented  with  this  technique:  the  center  frequency  is  tunable  from  2.05  GHz  up  to  2.37  GHz  as 
shown  in  Figure  5.  The  dynamic  range  characteristics  are  poor:  the  noise  figure  is  30  dB  and  the 
corresponding  1-dB-gain  compression  point  is  -41  dBm.  The  dynamic  range  difficulties  are  typical  to  the 
active  inductor-based  filters.  The  simple  noise  analysis  reveals  that  the  noise  of  an  active  inductor-based 
resonator  is  many  times  that  of  a  lossy  passive  resonator  with  the  same  Q-value  [4],  [5].  With  typical 
component  values  the  noise  figure  degradation  is  10-20  dB. 

Microwave  active  resonator  filters  are  usually  constructed  from  multiple  active  resonators  with  loose 
capacitive  coupling.  This  topology,  whilst  facilitating  the  design,  inherently  involves  excessive  voltage  swings 
across  the  resonators  and  limits  the  upper  end  of  the  dynamic  range.  High  system  impedance  levels  will 
suppress  the  voltage  peaking  inside  the  filter  but  unavoidably  increase  the  overall  voltage  level. 

The  dynamic  range  can  be  improved  with  an  alternative  filter  topology  where  negative  resistors  are  used  for 
compensating  the  losses  of  passive  resonators.  The  schematic  diagram  of  a  passive  LC  resonator  with 
balanced  loss  compensation  is  shown  in  Figure  6  [6],  The  simple  noise  analysis  shows  that  the  loss- 
compensated  passive  resonator  is  superior  to  active  inductors  with  respect  to  the  noise  characteristics  [5],  The 
balanced  negative  resistance  circuit  is  insensitive  to  process  variations  and  the  resistance  value  can  be  tuned 
using  the  current  source.  Furthermore,  the  current  consumption  is  much  smaller  than  with  active  inductors, 
because  high  transconductance  values  are  not  needed  for  the  desired  functionality.  Since  the  center  frequency 
is  mainly  defined  by  the  passive  structures,  the  frequency  tuning  is  difficult.  Varactor  tuning  is  applicable  but 
then  the  low  Q-value  and  the  parasitics  of  the  varactor  deteriorate  the  performance.  In  Reference  [6]  a  2  GHz 
loss-compensated  GaAs  MMIC  passive  resonator  was  reported.  The  1-dB-gain  compression  point  was 
measured  to  be  9.5  dBm  and  the  simulated  noise  figure  was  12  dB.  A  remarkable  improvement  in  the  dynamic 
range  compared  to  the  active  inductor-based  filter  can  be  noticed. 
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MICROWAVE  ACTIVE  FILTERS  FOR  CELLULAR  PHONES 


The  analog  section  of  a  typical  heterodyne  transceiver  for  a  cellular  phone  includes  several  RF  and  IF  filters. 
The  relative  bandwidth  of  a  signal  channel  is  very  small:  only  200  kHz/900  MHz  =  0.2%  for  the  GSM.  As  a 
result,  the  channel  selection  filtering  is  not  possible  at  RF.  Instead,  the  main  function  of  the  RF  filters  is  to 
relax  the  dynamic  range  requirements  of  the  following  stages.  Then,  the  dynamic  range  of  the  filter  itself 
becomes  a  critical  parameter.  In  this  context  five  applications  are  considered:  1 .  Frequency-division-duplex 
(FDD)  heterodyne  receiver  filters,  2.  Time-division-duplex  (TDD)  heterodyne  receiver  filters,  3.  Image- 
rejection  filters,  4.  TDD  direct-conversion  receiver  filters,  and  5.  direct-modulation  transmitter  filters 

1 .  In  FDD  systems  the  receiver  and  transmitter  are  both  on  at  the  same  time.  As  a  result,  the  first  filter  of  the 
receiver,  the  duplexer,  must  be  able  to  attenuate  the  transmitted  signal  having  a  power  level  of  about  30  dBm. 
This  corresponds  to  unacceptable  stopband  voltage  swings  for  the  active  filter  even  with  very  low  impedance 
level.  The  filter  itself  will  compress  and  fail  to  function. 

2.  In  TDD  systems  the  transmitter  is  turned  off  when  receiving,  Then,  the  maximum  signal  strength  is  caused 
by  the  out-of-the-band  blocking  signals  that  can  have  a  maximum  power  level  of  approximately  0  dBm  in 
digital  cellular  systems.  The  out-of-the-band  blocking  signals  need  to  be  attenuated  about  20  dB  down  to  the 
level  of  the  in-band  blocking  signals.  In  applying  active  filters  for  TDD  duplexers  the  main  issue  is  the  noise. 
The  noise  specifications  of  the  systems  are  quite  demanding:  the  minimum  detectable  input  signal  is  -102  dBm 
in  GSM  with  a  carrier-to-noise  ratio  requirement  of  about  9  dB.  Asa  result  the  maximum  system  noise  figure 
Fs  of  the  receiver  becomes 


Fs  <  - 102  + 1 74  - 1 0  log(200«7z)  -  9  =  1 0  dB 


(1) 


The  duplexers  typically  have  a  passband  attenuation  Lp  of  3  dB  and  the  corresponding  maximum  receiver 
noise  figure  Fpx  de-embedded  from  the  duplexer  becomes 


Fs>  Ff  +  Lf(Frx  1)  <$=>  Frx  < 


Fs-Ff 

4 


+1 


(2) 


With  passive  filters  Fp  equals  Lp  and  then  FRX  <  Fs/Lp  =  7  dB.  While  active  filters  can  even  have  a  slight 
gain  ( Lp  <  1),  the  noise  figure  Fp  is  considerably  higher  resulting  in  an  unrealistically  low  fRX- 

3.  The  second  RF  filter  in  heterodyne  receivers  is  used  mainly  for  the  image  rejection.  Typically,  the  image 
band  rejection  requirements  vary  between  60-80  dB  in  different  systems.  The  image  filtering  is  distributed 
between  the  duplexer  and  the  second  RF  filter,  which  might  include  extra  poles  for  image  trapping.  If  an 
image-rejection  mixer  with  a  30  dB  rejection  is  utilized  and  the  duplexer  provides  an  additional  rejection  of  15 
dB,  a  reasonable  15-35  dB  rejection  is  needed  from  the  filter.  The  overall  dynamic  range  of  the  signal  is, 
however,  too  large  for  active  filters:  typically  -90.. .-5  dBm  in  digital  cellular  phones. 

4.  The  direct-conversion  transceiver  is  a  simplified  concept  in  which  the  modulation  and  demodulation  are 
carried  out  directly  at  the  carrier  frequency.  From  filtering  point  of  view,  the  direct  conversion  principle  is 
desirable  because  neither  IF  nor  image  band  filters  are  needed.  The  dynamic  range  requirements  for  the  first 
filter  in  a  TDD  direct-conversion  receiver  are  essentially  the  same  as  for  the  heterodyne  receiver. 

5.  In  the  transmitter  chain  the  last  filter  is  used  for  cleaning  up  the  spectrum  before  the  transmission.  The 
output  filter  cannot  be  active,  because  the  transmitted  power  levels  in  cellular  systems  are  high.  The  filter 
between  the  IQ-modulator  and  the  power  amplifier  is  used  for  filtering  the  modulator  output  signal  from  the 
leaking  spurious  frequencies  and  for  attenuating  the  noise  floor  outside  the  transmit  band.  Now,  the  most 
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important  specification  of  the  filter  is  the  noise  contribution  in  the  stopband.  Unfortunately,  with  the 
microwave  active  filters  the  stopband  noise  figure  easily  exceeds  the  stopband  rejection  by  10-20  dB. 
Consequently,  these  filters  cannot  be  applied  to  noise  floor  attenuation  in  the  transmitter  chain. 

The  only  RF  block  of  the  mobile  phone  in  which  the  dynamic  range  is  quite  limited  is  the  synthesizer.  In 
generating  the  LO  signal  in  a  direct  modulator  a  problem  will  occur  if  the  high-power  output  signal  couples 
back  to  the  oscillator  chain.  The  coupling  can  be  avoided  if  the  LO  signal  is  generated  inside  the  modulator 
from  two  reference  signals.  Then,  however,  the  generated  LO  signal  has  to  be  filtered  prior  to  the  mixers.  If 
the  filtering  is  carried  out  off-chip,  the  output  signal  might  leak  again  through  the  package  pins.  Thus,  on-chip 
LO  filtering  could  provide  improved  performance  and  be  the  first  application  for  microwave  active  filters  in 
cellular  phones.  Still,  the  high  noise  floor  caused  by  the  active  filter  can  couple  to  the  signal  path  and  degrade 
the  noise  of  the  modulator.  The  system  architecture  of  the  modulator  with  on-chip  filtering  is  illustrated  in 
Figure  7. 

The  RF  specifications  of  the  wireless  LAN  applications,  e.g.,  for  the  2.4  GHz  ISM  band,  are  quite  different. 
CDMA  FDD  systems  and  TDMA  TDD  systems  are  widely  used.  The  dynamic  range  requirement  is  more 
relaxed,  e.g.,  60  dB,  and  the  blocking  signal  levels  are  relatively  low.  In  heterodyne  receivers,  the  image  band 
problem  is  not  as  severe  as  with  cellular  systems  since  the  signal  levels  in  the  image  band  are  very  low.  For 
the  complete  transmitter  chain  a  single  passive  filter  after  the  output  stage  should  be  sufficient.  There  is 
clearly  not  as  much  need  for  filtering  in  wireless  LANs  as  in  cellular  terminals  and  the  microwave  active  filters 
could  find  some  applications  here.  Still,  it  seems  evident  that  the  main  RF  filter  would  be  a  passive  band 
selection  filter. 

If  the  performance  of  active  filters  were  sufficient,  there  would  be  an  additional  inconvenience:  the  filter  would 
require  alternatively  a  closed-loop  control  or  a  calibration  procedure  for  the  center  frequency  control  resulting 
in  an  increased  component  count  and  total  cost. 

CONCLUSIONS 


The  trends  in  wireless  telecommunications  indicate  that  multisystem/multiband  terminals  are  becoming 
popular  in  the  coming  years.  Furthermore,  the  miniaturization  of  all  wireless  products  will  continue.  Tunable 
microwave  active  filters  would  provide  an  attractive  solution  addressing  the  needs  of  the  future  wireless 
terminals.  The  filtering  specifications  of  the  cellular  terminals  are,  however,  extremely  demanding.  The  gap 
between  the  specifications  and  the  performance  of  the  reported  integrated  microwave  active  filters  is  still  wide. 
In  particular,  the  dynamic  range  capabilities  of  even  the  most  potential  active  filter  circuits  are  not  sufficient 
for  signal  filtering  in  cellular  terminals.  In  the  synthesizer  path  and  in  wireless  LAN  applications  the  filter 
specifications  are  more  relaxed;  consequently,  the  microwave  active  filters  might  become  feasible. 
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common  RF  with  adjustable  filters. 
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Figure  2.  Development  of  the  size  and  component 
count  of  the  handheld  terminals. 
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Figure  3.  Gyrator-based  active  inductors:  (a) 
GaAs  MESFET  implementation  by  Hara  et  al  [1], 
(b)  low- voltage  modification  by  Kaunisto  et  al  [2], 


Figure  6.  Passive  LC  resonator  with  negative 
resistance  loss  compensation  [6]. 


Figure  7.  Direct  modulator  with  on-chip  LO 
generation. 


Figure  4.  HBT  filter  based  on  tunable  active 
inductors:  schematic  diagram  of  the  applied  active 
resonator  and  top-level  schematic  of  the  filter  [3]. 
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Abstract — A  simple  new  extraction  method  of  the 
higher  order  channel  current  in  GaAs  MESFET  has 
been  developed.  Low  frequency  (  ~  60  MHz  )  two- 
tone  signals  are  employed  to  measure  the  harmonic 
components.  The  measured  data  are  fitted  to  the 
Volterra  series  analysis  for  extracting  of  Taylor  se¬ 
ries  coefficients  of  the  nonlinear  channel  current. 
This  proposed  parameter  extraction  procedure  is 
simple  and  straightforward.  The  extracted  current 
model  is  utilized  successfully  for  intermodulation 
analysis. 

I.  Introduction 

Volterra  series  analysis  has  been  the  common  tech¬ 
nique  used  for  the  prediction  of  distortion  properties. 
This  analysis  is  superior,  in  terms  of  conversion  effi¬ 
ciency  in  numerical  simulation,  to  the  harmonic  bal¬ 
ance  technique.  Volterra  series  analysis  is  based  on 
the  Taylor  series  expansion  of  the  channel  current 
which  is  a  major  nonlinear  component  of  MESFETs. 
Its  form  is  given  by  Equation  1.  In  this  equation,  the 
higher  order  terms  of  channel  current  are  dependent 
on  the  bias  voltages. 


Idsi'Vgsi'Vds')  — 

GmVg$  4  Gfjl'ds  4  Gm2Vg$Gm(jVg$ 

vds 

4 

G(l2l'dn  4  Gm3^'g.s  4  Gm2d^'gs^ds 

4 

Gmd2VgsVjs  4-  GdSl'js 

4- 

(1) 

Many  works  for  the  high  order  derivatives  of  Ids(vffS, 
V(/s)  in  Equation  1  have  been  reported.  A  parame¬ 
ter  set  for  Equation  1  had  been  adjusted  by  a  least- 
square  fit  to  the  measured  S-parameters  at  several 
bias  points  [1]  or  to  microwave  two-tone  test  data  [2]. 
These  methods  are  inaccurate  due  to  the  measure¬ 
ment  error  and  insufficient  data  in  the  fitting  pro¬ 
cess.  Recently,  more  advanced  methods  based  on 
the  low  frequency  harmonic  measurements  were  pro¬ 
posed  [3],  [4].  These  methods  have  merits  that  the 


measurement  errors  are  small  and  the  coefficient  in 
Equation  1  can  be  analytically  extracted.  However, 
Maas  method  [3]  can  not  represent  the  cross  terms 
of  Us,  i-e.,  a  transconductance  variation  with  v^  and 
an  output  conductance  variation  with  vgs.  Pedro  [4] 
reported  on  the  more  accurate  harmonic  component 
measurement  technique.  But  Pedro  method  is  very 
complex,  because  the  measurement  system  should 
have  a  high  power  source  at  the  drain  side  and  a  very 
high  performance  diplexer  to  reject  the  leakage  of  har¬ 
monics  generated  from  the  large  signal  source.  That 
is:  this  method  has  difficulties  on  the  measurement  of 
the  intermodulation  power  from  the  drain  side. 

A  new  simple  measurement  system  for  the  higher 
order  channel  current  terms  has  been  developed.  This 
system  shown  in  Figure  1  is  composed  of  low  frequency 
two-tone  signals,  power  combiner,  filter  at  the  input 
port,  and  spectrum  analyzer  at  the  output  port.  In 
the  equivalent  circuit  shown  in  Figure  2,  Vsi(u;i)  and 
Vs2  (^2)  are  low  frequency  two- tone  signals  around  60 
MHz.  Using  the  system,  all  harmonic  output  power 
terms  can  be  measured.  From  the  terms,  the  coeffi¬ 
cients  in  Equation  1  can  be  accurately  extracted. 

II.  Extraction  Methodology 

Volterra  series  analysis  [5]  is  used  to  calculated 
the  harmonic  distorted  output  power.  The  MESFET 
equivalent  circuit  is  shown  at  Figure  2.  At  very  low 
frequencies  (  ~  60  MHz  ),  the  Cgs  is  basically  open  cir¬ 
cuit  and  its  nonlinearity  is  not  important.  Therefore, 
the  major  nonlinear  component  is  the  drain-source 
channel  current  and  the  harmonic  distorted  output 
power  can  be  expressed  as  a  function  of  Taylor  coef¬ 
ficients  of  the  channel  current  in  Equation  1.  Com¬ 
paring  the  calculated  and  measured  harmonic  output 
power ;  these  Taylor  coefficients  are  extracted. 

The  channel  current  is  modeled  as  two  dimensional 
Taylor  series  of  \gs  and  Vrf6.  Since  all  capacitancef 
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Cy.s,  C*  and  C dg  )  of  the  equivalent  circuit  can  be 
treated  as  open  circuit  in  this  low  frequencies,  the 
circuit  is  very  simplified.  From  the  simplified  circuit, 
the  relationships  between  (vgs,  vds)  and  Vs,  In  are 
given  by 

vgs  —  Vsl  +  Vs2  +  KgnIn 

Vds  =  Kds{u>i)Vsi  +  Kds{W2)Vs2  +  KdnIn  (2) 


Kds(u) 


Kgn(u>) 


Kdn{u>) 


Vdsju) 

Vs{u) 

Vgsju) 

InH 

Vdsju) 

W 


|/„=0 
k=o 
I  v; =o 


—  —Gm(RS  +  Zl{u)) 
Rs 

1  +  RsGm 

_  Rs  +  Zj i(w) 

1  4-  RsGm 


(3) 


In  this  equation,  Kds  is  linear  voltage  gain  at  Cds 
terminals,  and  Kpn  and  K^n  are  the  transimp edence 
between  1^  and  terminal  voltages.  ln  is  the  nonlinear 
current  component,  which  is  generated  by  the  device 
nonlinearities. 

From  the  Equation  2,  the  second  order  harmonic 
components  In(u>2  —  u>i),  \n{2u)\)  and  In(2u;2)  can  be 


obtained  as 

In(aJ2  ~  o/i) 

= 

[Gm2  +  (Kis(^r  +  Kis(^))G 

md 

+ 

KdM)‘Kds(ut)Gdi \\v;,v,i 

(4) 

Jn(2wi) 

= 

[  Gm 2  4-  Kds{u\)Gmd 

+ 

KdM?Gd2  \\v; \ 

(5) 

In{U\  +U>2) 

= 

[  Gm 2  4-  ( Kds(u)i )  4-  Kds(w2))Gmd 

+ 

KjsMKt.MGa  ] 

\v*V,2 

(6) 

In  the  same  way,  the  third  order  harmonic  compo¬ 
nents  In(2u>2  —  u?i),  In(3wi),  In{2a>i  +0J2)  and  In(3cu2) 
can  be  obtain.  In(3a>i)  is  given  by 


/„( 3ui)  =  1  {  2Gm2Kgn(2ui)I„(2ui)Vs\ 

4-  Gmd[Kgn(2u\)In{2LO\)Kds{uJi)Vs\ 

+  VslKdn(  2t*)J„(2w1)] 

+  2Gd2Kdn(2uj\)In(2uJi)Kds(ui)Vsi  } 

+  {  Gm 3  4-  Kds(ui)Gm2d  +  Kds(uJi)2Gmd2 

+  KdMfGd3  (7) 


In  Equation  7,  the  first  term  is  generated  by  the  sec¬ 
ond  order  nonlinear  current  and  the  later  term  from 
third  order  nonlinearity. 


From  the  calculated  harmonic  currents  compo¬ 
nents,  the  harmonic  power  is  calculated  from  the  load 
impedance  (  Zj,  (a;)  )  at  each  frequencies: 


R no  (w)  —  2  Re 


ZL(u) 


W 

1  4*  RsGm 


(8) 


From  the  measured  and  calculated  the  harmonic 
output  power  at  each  harmonic  frequencies  (u>2  —  u>i, 
2a>i,  2<jj2—odi,  3u>i,  2aq+a;2  and  3^2),  the  chan¬ 

nel  current  Taylor  series  coefficients  given  at  Equa¬ 
tion  1  can  be  found. 


III.  Result 

In  this  experiment,  the  general  two- tone  test  shown 
at  Figure  1  are  performed  to  measure  the  harmonic 
output  power  terms.  The  source  signals  are  oj\  —  55 
MHz,  =  65  MHz  and  Pin  =  -  13  dBm.  In  this 
test,  OKI  KGF-1284  MESFET  is  used  at  the  bias 
point  Vds  =  3.5  V.  To  reduce  the  measurement  sys¬ 
tem  error,  the  harmonic  power  ratio  with  respect  to 
the  first  order  output  power,  instead  of  absolute  har¬ 
monic  powers,  are  used  in  extracting  the  coefficients. 
Measured  and  calculated  harmonic  powers  are  com¬ 
pared  to  extract  the  Taylor  coefficients.  The  extracted 
second  and  third  order  harmonic  channel  current  co¬ 
efficients  in  Equation  1  are  shown  in  Figure  3-5. 
With  this  extracted  channel  current  coefficients  and 
nonlinear  capacitance  model  extracted  from  the  mea¬ 
sured  bias  dependent  ^-parameters,  a  Volterra  series 
model  for  OKI  KGF-1284  GaAs  MESFET  has  been 
constructed.  In  order  to  verify  this  model,  the  two- 
tone  test  was  carried  out  using  automatic  tuner  sys¬ 
tem  at  1.75  GHz.  The  simulated  and  measured  results 
are  shown  in  Figure  6.  The  simulation  results  predict 
very  accurately  the  nonlinear  behavior  of  MESFET. 

IV.  Conclusion 

In  this  paper,  we  have  proposed  a  very  simple  and 
straightforward  method  to  measure  higher  order  Tay¬ 
lor  series  coefficients  of  the  channel  current  of  GaAs 
MESFET.  The  low  frequency  harmonic  measurement 
are  performed  using  the  general  two  tone  signal  test 
with  the  OKI-KGF1284.  The  MESFET  model  are 
constructed  and  the  extracted  model  is  verified  by 
comparing  the  two  tone  power  performance. 
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Figure  Captions 

Figure  1.  New  measurement  setup  for  output  harmonic 
power 

Figure  2.  MESFET  equivalent  circuit  for  nonlinear  analysis 

Figure  3.  Extracted  Gm  (  ♦  ),  Gm2  (  A  )  and  G7n3  (  □  ) 

Figure  4.  Extracted  Gd  (  ♦  ),  Gmd  (  A  )  and  G,n2rf  (  □  ) 

Figure  5.  Extracted  Grf2  (  ♦  ),  Gmrf2  (  A  )  and  G^  (  □  ) 

Figure  6.  Comparison  of  simulated  ( lines  )  and  measured 
(  points  )  results  of  two-tone  test 
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Figure  1.  Measurement  setup  for 
outputharmonic  powers 


Figure  2.  Equivalent  circuit  used  for  nonlinear  analysis 
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Figure  5.  Extracted  Gd?  (♦),  Gm2d  (A),  and  Gd3  (□) 
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Figure  6.  Comparison  of  simulated  (lines)  and 
measured  (points)  results  of  two- tone  test 
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ABSTRACT 

A  technology-independent,  mathematical  approach  is  proposed  for  the  look-up-table  based  nonlinear  modeling  of  electron 
devices.  The  model  allows  for  accurate  large-signal  performance  prediction  at  high  operating  frequencies,  even  in  the 
presence  of  important  parasitic  and  low-frequency  dispersive  effects.  All  the  nonlinear  functions  which  characterise  this 
black-box  model  are  directly  related  to  conventional  measurements  which  can  be  carried  out  with  automatic  instrumentation. 
Preliminary  experimental  results  are  presented  which  confirm  the  validity  of  the  approach. 

INTRODUCTION 

A  number  of  mathematical  approaches  [1..7]  has  been  recently  proposed  for  the  look-up-table  based  modelling  of  electron 
devices  under  nonlinear  operating  conditions.  The  basic  aim  of  these  methods  is  that  of  providing  accurate  large-signal 
performance  prediction  directly  in  terms  of  commonly  available  experimental  data  (i.e.,  DC  characteristics  and  bias  dependent 
small-signal  AC  measurements),  without  the  need  for  technology-dependent  analytical  functions  to  describe  the  nonlinear 
device  characteristics.  These  approaches  should  also  provide  a  reliable,  unambiguous  and  technology-independent  predictive 
link  between  conventional  measurements  and  CAD  tools  for  circuit  analysis  and  design.  More  precisely,  possible  uncertainties 
and  non-uniqueness  problems,  arising  in  conventional  parameter  extraction  procedures  based  on  numerical  optimisation 
techniques,  should  be  avoided. 

The  Nonlinear  Integral  Model  (NIM)  proposed  in  [1,2]  meets  the  above  requirements,  since  it  is  directly  derived,  without  any 
constraint  on  the  physical  device  structure,  by  truncation  of  a  Volterra-like  integral  series  under  the  hypothesis  of  a  “short 
duration”  of  nonlinear  memory  effects  in  voltage-controlled  electron  devices.  Moreover,  all  the  nonlinear  functions  which 
characterise  this  mathematical  model  are  directly  related  to  DC  characteristics  and  bias/frequency  dependent  small-signal 
admittance  parameters.  This  allows  for  easy,  closed-form  identification  of  the  model,  without  the  need  for  numerical  optimisa¬ 
tion  procedures  (with  possible  local  minima  problems)  or  potentially  ambiguous  computation  of  the  nonlinear  characteristics 
through  numerical  integration  of  differential  parameters. 

The  validity  of  the  Nonlinear  Integral  approach  (i.e.,  the  validity  of  the  short-term  memory  hypothesis  on  the  device  be¬ 
haviour)  has  been  verified  [1 .  .4] ,  with  good  results,  by  considering  both  accurate  two-dimensional  numerical  device  simulations 
and  actual  measurements  on  devices  not  affected  by  strong  parasitics.  However  when,  especially  at  very  high  operating  fre¬ 
quencies,  parasitic  phenomena  strongly  affect  the  device  behaviour,  the  dynamic  response  becomes  much  “slower”  (w.r.t.  the 
“intrinsic”  device)  so  that  the  short-term  nonlinear  memory  hypothesis  may  be  not  satisfied.  Parasitic  de-embedding  does 
not  always  represent  a  sufficient  solution  to  this  problem,  owing  to  uncertainties  in  parasitic  identification  procedures.  In 
such  conditions,  when  strongly  nonlinear  operation  has  to  be  considered,  the  errors  of  the  NIM  may  become  quite  large.  To 
overcome  such  a  limitation,  mainly  arising  from  limited  accuracy  in  parasitic  modeling,  a  “Finite-Memory  nonlinear  Model ” 
(FMM),  following  the  same  “philosophy”  of  the  NIM  but  with  important  new  concepts,  is  proposed. 

In  this  new  approach,  the  short  duration  of  nonlinear  memory  effects  is  not  only  an  “hypothesis”  on  device  behaviour,  but 
an  “intrinsic  feature ”  of  the  model,  where  a  limitation  on  memory  duration  is  forced  by  introducing  a  finite-time  window 
function  with  sufficiently  short  width  Tm ■  In  this  way,  a  family  of  convolution-based  models  is  obtained  where  a  single 
parameter  Tm  (i.e.,  the  finite  duration  of  memory)  identifies  a  particular  one  of  different  models.  For  Taj  — ►  oo  the  new 
FMM  coincides  with  the  NIM  proposed  in  [1,2].  For  TM  — > ►  0,  instead,  the  FMM  practically  coincides  with  conventional 
quasi-static  models  where  the  currents  are  represented  as  the  sum  of  static  conductive  terms  and  displacement  ones  defined 
as  time  derivatives  of  quasi-static  charges. 

In  practice,  by  chosing  a  suitably  small,  yet  finite,  value  of  Taj,  a  non  quasi-static  model  is  obtained  which  can  provide  more 
accurate  and  more  “robust”  (w.r.t.  measurement  errors)  results  than  the  extreme  cases  mentioned  above. 

In  the  following,  after  introducing  the  FMM  model  and  the  associated  identification  procedures,  considering  also  important 
parasitics  and  dispersive  phenomena,  some  preliminary  experimental  results  are  presented. 


THE  FINITE-CONVOLUTION  NONLINEAR  MODEL 

For  simplicity  only  the  modelling  of  a  single-port  electron  device  will  be  considered  in  this  section.  The  model,  however,  can 
be  directly  extended  to  the  case  of  multiport  electron  devices  as  shown  in  another  section. 

The  time-domain  current/ voltage  relationship  of  a  single-port,  electron  device  can  be  expressed  in  the  following  form: 


i(t)  -  |[i>(i  -  r)] 
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+  00 


It=0 


(1) 


where'  vl'|  ■  j  is  ;t  suitable  nonlinear  functional  or  "lint -function",  according  to  tin?  symbolism  introduced  by  Volterra  [8.9j. 
which  indicates  the  nonlinear  dependence  of  the  electron  device  current,  i  at  the  generic  instant  t  on  the  applied  voltage 
r(f  —  r)  in  a  time-interval  0  <  r  <  +oo. 

By  introducing  the  "dynamic  voltage  deviations 

e(f.  r)  =  v{t  -  t)  -  v(t.)  (2) 


which  represent  the  difference  between 
eqn.  (1)  can  be  rewritten  as: 


“past”  values  v(t  —  r)  of  the  applied  voltage  with  respect  to  the  present  value  u(<), 


i(t)  =  « 


l+oo 


[v{i)  +  e{t,r)} 


(3) 


I  lr=0 

It  must  be  emphasised  that  the  above  equation  is  a  very  general  description  of  the  nonlinear  dynamic  behaviour  of  an  electron 
device,  since  (3)  has  been  derived  without  any  simplifying  assumption.  However,  identification  of  a  description  like  (3)  is 
practically  not  feasible  due  to  its  great  generality  and  complexity. 

Usually,  in  an  electron  device,  the  memory  effects  have  a  practically  finite,  short  duration.  This  important  feature  can  be 
exploited  to  derive  a  simplified,  practically  usable  electron  device  model.  In  particular,  by  limiting  the  functional  dependence 
in  eqn.  (3)  to  a  practically  finite  time  Tm,  we  can  introduce  the  “ finite-memory-time  model”: 


i(t)  =  9 


[i»(t)  +  e(f,r)] 


\Tm 


+  Aim 


(4) 


where  Ai-m  represents  the  “ memory  truncation  error”]  clearly,  lim  Aim  =  0. 

Tm—>co 

The  time-domain  truncation  of  the  memory  effects  can  be  more  conveniently  represented  by  introducing  a  rectangular 
time-windowing  function  w(Tm,t)  defined  as  follows: 


w{Tm,t)  = 


1  for  |r|  <  Tm 
0  otherwise 


(5) 


By  using  the  time-windowing  function  w(Tm,t),  we  can  rewrite  eqn.  (4)  in  the  form: 


i(t)  =  * 


[  v{t)  +  w(TM,r)e{t,T)] 


+CO 

r= 0 


+  AiM 


(6) 


The  finite-memory-time  model  defined  by  the  first  term  in  the  right  hand  of  (6)  is  accurate  enough  when  the  memory 
truncation  error  A Im  is  negligible. 

To  allow  for  practically  feasible  model  identification,  further  simplifications  are  necessary.  The  still  high  complexity  of  (6) 
can  be  substantially  reduced  under  the  hypothesis  of  a  short-duration  of  the  memory  effects  (i.e.,  small  Tm)-  In  fact,  under 
such  conditions,  the  dynamic  deviations  e(t,r)  can  be  small  even  in  the  presence  of  large  signals  v(t  -  r).  In  particular, 
it  can  be  shown  [9]  that,  for  a  given  signal  v  with  fundamental  frequency  fi,  the  peak-to-peak  amplitude  of  the  dynamic 
deviations  has  an  upper  limit: 

Mmaz  £  min{pTM  f\VpP>Vpp}  (7) 

where  VPP  is  the  peak-to-peak  voltage  amplitude  and  p  is  a  derivative  shape  factor: 


dv(t  —  T ) 

dr 

max 

h  vPP 

which  characterises  the  voltage  waveform  shape  and  is  independent  on  its  amplitude  and  frequency.  For  instance,  for  a 
sinusoidal  voltage  waveform  p  =  tt.  Clearly,  for  a  given  shape  factor  p,  the  term  |e|mflr  can  be  small  even  in  the  presence  of 

a  large  peak-to-peak  signal  amplitude  VPP,  provided  that  Tm  «  j~  =  T. 

On  this  basis  we  can  introduce  the  concept  of  a  device  (or  system)  with  a  relatively  “short  memory”  (w.r.t.  a  given  family 
of  signals)  under  large-signal  operation.  For  this  class  of  devices,  since  the  dynamic  deviations  are  small,  the  nonlinear 
functional  dependence  on  eft,  r)  in  (6)  can  be  linearised  and  described  in  terms  of  a  linear  convolution  w.r.t.  e(t ,  r): 


f+O o 

i(t )  =  FDC[v(t )]  +  /  w(Tm,  r)ff[v(f),  r]e(f,  r)dr+  A iM  +  AiN  (9) 

Jo 

where  Foe  is  the  DC  characteristic  of  the  device  and  g[v(t),r]  is  the  nonlinearly  voltage  controlled  impulse  response  of  the 
electron  device.  More  precisely,  the  integral  expression  in  (9)  is  the  first  term  of  a  multidimensional  integral  series  where 
the  higher  order  terms  have  been  neglected  under  the  hypothesis  of  small  dynamic  deviations  e(f,  r).  So,  the  term  Ai^ 
represents  the  “ nonlinear  series  truncation  error”  due  to  the  linearised  approximation  for  small  dynamic  deviations.  Clearly, 
lira  A ?.v  =  0  since,  when  Tm  approaches  zero,  the  dynamic  deviations  e(t,  r)  become  vanishing  small,  and  the  convolution 

Tm— I) 

description  becomes  exact  . 

It  is  worth  noting  the  strong  analogy  between  (9)  and  the  small-signal  description  of  a  device  by  means  of  the  linear 
convolution  integral.  In  fact,  the  short-term  memory  concept  (i.e.,  small  dynamic  deviations)  enables  the  description  in 
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terms  of  a  convolution  integral  with  respect  to  the  dynamic  deviations  to  be  adopted  even  under  large  signals,  likewise  the 
small-signal  hypothesis  allows  for  the  description  in  terms  of  a  convolution  integral  with  respect  to  the  small  signals  applied. 
The  sum  of  the  first  two  terms  in  the  right,  hand  of  (9)  represents  a  Finite-Memory  Nonlinear  Model  which  can  correctly 
describe  the  behaviour  of  a  given  electron  device  provided  that,  for  a  given  set  of  voltage  signals  v,  suitable  values  of  Tm 
can  be  found  for  which  Aim  and  A are  both  small  enough.  This  happens  in  small-signal  (or  mildly  nonlinear)  operating 
conditions,  as  the  series  truncation  error  A*jv  is  certainly  small,  while  A (m  can  be  made  small  by  simply  chosing  Tm  large 
enough. 

In  strongly  nonlinear  operation,  instead,  in  order  to  have  a  small  A  iff  (which  implies,  according  to  eqn.  (7),  small  e(t,  r)  even 

with  large  v),  a  relatively  small  Tm  (i.e.,  Tm  «  ~r)  must  necessarily  be  chosen.  In  such  conditions,  the  actual  duration 

Ji 

of  the  memory  effects  within  the  device  must  be  not  too  much  longer  than  Tm  ,  to  have  also  small  A %m  ■  Both  accurate 
physics-based  simulations  and  experimental  evidence  [1..4]  have  shown  that  this  normally  happens  for  devices  with  small 
parasitic  effects  (e.g.,  “intrinsic  devices”)  and  negligible  low-frequency  dispersive  phenomena.  Otherwise,  to  achieve  good 
accuracy  in  high-frequency  strongly  nonlinear  operation,  both  parasitic  and  low-frequency  dispersive  effects  should  be  dealt 
with  separately  in  the  model  extraction  procedure,  as  shown  in  the  following. 

When  considering  discrete-spectrum  signals,  the  voltage  v  can  be  described  as  a  sum  of  spectral  components  14  by  the 
Fourier  series: 

+00 

v(t)=  £  Vke^  (10) 

k=-c o 

so  that,  according  to  well-known  properties  of  the  Fourier  transform,  eqn.  (9)  can  be  expressed,  after  simple  mathematical 
developments,  in  the  Harmonic-Balance-oriented  form: 


i(t)  =  FDC[v(t)]+  J2  Y[TMtv(t),Uk]Vkeiw*t  +  AiM  +  AiN 

k  =  —  OQ 

with  Y[Tm,  v(t),u]  =  G[Tm,  v(t),  u]  -  G[TM,v(t),0] 
and  =  ^{^(Tm,  r)g[v(t)t  r]} 


(11) 

(12) 

(13) 


!FU,  being  the  operator  denoting  the  Fourier  transform.  In  (11),  Y  is  a  nonlinearly  voltage-controlled  dynamic  admittance, 
which  describes  only  the  purely  dynamic  phenomena  since,  according  to  (12),  Y[Tm ,v(t),w\  —  0  for  w  =  0. 

Equation  (11)  defines,  for  different  values  of  the  parameter  Tm  ranging  from  0  to  00,  a  family  of  models  among  which 
a  number  of  existing  modelling  approaches  can  be  singled  out  as  special  cases  of  the  FMM.  For  instance,  for  Tm  — ►  00 
eqn.  (11)  coincides  with  the  NIM  proposed  in  [1,2],  Instead,  when  Tm  — *•  0  a  conventional  quasi-static  charge- controlled 
model  is  obtained.  In  fact,  it  can  be  shown  that: 


lim  YpAf,t;,a/]  =  juC(v) 

Tm-*0 


(14) 


where  C(v)  is  a  voltage-controlled  capacitance  corresponding  to  the  derivative  of  a  quasi-static  voltage-controlled  charge. 
Thus,  as  it  is  well-known  that  quasi-static  models  can  provide  acceptable  (although  sometime  limited)  accuracy  for  different 
types  of  devices,  we  can  reasonably  expect  that,  for  the  same  devices  and  operating  conditions,  suitably  small  values  of  Tm 
can  be  found  which  make  A ijv  negligible  without  introducing  large  AIm-  According  to  these  considerations  the  FMM  should 
be  regarded  as  a  mildly  non  quasi-static  model,  since  a  small,  but  finite,  Tm  is  adopted.  It  should  be  noted  that  when,  for 
a  given  device  and  a  given  set  of  possible  operating  conditions,  a  suitable  value  of  Tm  has  been  chosen,  the  general-purpose 
technology-independent  model  (11)  has  been,  in  practice,  “tailored”  on  the  specific  nonlinear  dynamics  of  that  device. 


MODEL  IDENTIFICATION 

As  far  as  model  identification  is  concerned,  the  function  Fqc  can  be  directly  measured,  since  it  simply  represents  the  DC 
characteristic  of  the  device.  The  dynamic  admittance  Y ,  instead,  can  be  easily  identified  on  the  bases  of  the  following 
considerations. 

Let  us  consider  small-signal  sinusoidal  operation  (so  that  the  series  truncation  error  A ijv  —*  0)  around  a  bias  condition  VB, 
and  Tm  —>  00  (so  that  the  memory  truncation  error  Atm  —*  0)-  Under  such  conditions,  linearisation  of  eqn.  (11),  taking  also 
into  account  eqn.  (12),  leads  to: 

Y[VbM  =  9dc[Vb }  +  Yc»[VbM  =  9dc[Vb\  +  G^VbM  -  Goo[V*,0]  (15) 


with 

\Yb .w]  =  lim  Y[Tm,Vb,u>] 

Jm— ‘CO 

Goc[Fu,w]A  lim  G[Tm,Vb,u) 

Tm— co 

In  (15)  y  is  the  conventional  small-signal  bias/frequency  dependent  admittance  and  gjyc  is  the  bias  dependent  DC  differential 
conductance  of  the  device. 

Equation  (15)  can  be  rewritten  as: 
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Goo  [Vb ,  w]  =  Y\Vb ,  w]  -  gne [Vs]  +  Geo [Vb  ,  0] 


(16) 


The  Fourier  transform  of  the  product  w  ■  g  in  eqn.  (13)  can  be  expressed  as  the  convolution  of  the  transformed  functions  in 
the  form: 

/+oo 

W(TM,OGco[VB,u-m  (17) 

*oo 

where  W(TM,v)  =  Fu{w(TM,  r)} 

which,  taking  into  account  (16)  becomes: 

G[Tm,Vb,u]  =  J+°°  W(TM,0  {y[Vb,u  -£]  -  9dc[Vb]  +  GU^B,0]}d£  (18) 

By  substituting  (18)  in  (12)  we  obtain  the  final  result: 

y[Tm,VbM  =  J+  W/(rAf,o{y[^B^-^-y[VBI-^]}de  (19) 

which  shows  how  model  identification  can  be  carried  out  on  the  bases  of  conventional  small-signal  bias/frequency  dependent 
admittance  parameters  (obtained  through  simple  transformations  of  scattering  parameters  which  are  more  easily  measured 
at  microwave  frequencies)  by  applying  a  simple  frequency- domain  linear  convolution  of  measured  parameters.  It  should  be 
noted  that  the  integral  operator  in  (19)  actually  involves  a  “weighted”  averaging  of  measured  Y  parameters,  which  also 
introduces  a  beneficial  “smoothing”  effect  on  noise-like  errors  in  the  frequency-domain  measurements.  Practically,  in  (19)  a 
Gaussian-like  windowing  function  W(Tm,u)  is  adopted  which  has  a  limited  frequency  width  so  that  the  integration  interval 
is  finite. 

Once  the  functions  Fdc  and  Y[Tm,  Vb,  w]  have  been  identified  on  a  suitable  grid  of  bias  conditions  and  in  the  frequency 
range  of  interest,  eqn.  (11)  can  be  directly  used  to  compute  the  FMM  response  in  the  framework  of  Harmonic-Balance 
tools  for  circuit  analysis.  To  this  end,  suitable  interpolation  techniques  are  needed  [13]  to  evaluate  the  functions  Fdc  and 
Y [Tv/ ,  Vb  ,w]  for  each  frequency  and  set  of  voltages  occurring  in  the  HB  analysis. 

MODELLING  OF  III-V  FETs 

For  transistor  modeling  eqn.  (6)  must  be  considered  as  a  two-dimensional  nonlinear  functional  of  the  voltages  vj  and  V2 
at  the  two  ports.  Moreover,  in  the  case  of  III-V  FETs,  low-frequency  dispersive  effects,  due  to  surface  state  densities  and 
bulk  traps,  should  be  taken  into  account.  Since  these  effects  are  characterised  by  slow  dynamics,  which  would  limit  the 
validity  of  the  simplifications  based  on  the  short-term  memory  concept,  they  must  be  dealt  with  separately.  To  this  end,  the 
functional  (6)  can  be  written  in  the  following  form: 

+  oo 

[vi{t)  +  w{TM,Ti)z1(tiTl),v2{t)+w(TM,T2)e2{t,T2))x{t)]  +  Aim  (20) 

t  i  ,r2= 0 

where  i  is  the  vector  of  the  port  currents  and  ei,  e2,  are  the  dynamic  deviations,  defined  as  in  (2),  relative  to  i>i  and  u2> 
respectively.  In  (20),  x  is  the  set  of  state  variables  (e.g.,  equivalent  surface  potentials,  trap  level  filling,  etc.)  used  to  describe 
the  “slow”  dynamic  phenomena  associated  with  dispersive  effects. 

Since  the  slow  dynamics  associated  with  traps  have  been  separately  described  through  the  dependence  on  x(t),  the  simplifying 
assumption  of  small  Tm  can  still  be  introduced.  Thus,  through  a  procedure  similar  to  that  previously  described,  and  by 
dealing  with  the  dispersive  state  variables  x  in  the  same  way  as  in  [10],  the  following  vectorial  expression  is  obtained: 

£(*)  =  ^dcW)]  +  JtptnWM*)  "  £>]+  (21) 

r-lrOQ 

+  /  MTM,r)g\v(t),  T]e(t ,  r)dr  +  Aim  +  Ai jy  +  A ix 

Jo 

where  A ix  is  the  error  due  to  the  simplifications  introduced  [10,11]  to  describe  the  dispersive  effects.  These,  according  to 
the  experimental  and  simulated  results  provided  in  [10,11],  are  quite  small  and  almost  negligible. 

In  (21),  Vjj  is  the  vector  of  the  mean  values  V\a  and  V20  of  v\(t)  and  v? (t),  respectively.  The  matrix  gLF  is  a  low-frequency 
voltage  controlled  dynamic  conductance  matrix  which  describes  the  deviations  due  to  traps  from  the  DC  static  characteristics 
F_dc\  the  matrix  gLf.  can  be  identified  as  described  in  [10,11]  on  the  basis  of  small-signal  or  pulsed  measurements.  The 
integral  term,  instead,  describes  only  the  deviations  of  high  frequency  dynamics  w.r.t.  low-frequency  behaviour. 

When  considering  discrete-spectrum  signals,  by  applying  well-known  properties  of  the  Fourier  transform,  eqn.  (21)  can  be 
expressed,  after  simple  mathematical  developments,  in  the  Harmonic-Balance-oriented  form: 

+oo 

i(t)  =  FDC[v(i)}  +  lLF[v(t)][v(t)~Va}^  J2  Y\TM,v(t)MVtejWki  +  A iM  +  A iN  +  A ix  (22) 

fc  =  — 00 

By  applying  the  same  procedure  described  above  and  assuming  A ix  ~  0,  we  obtain: 

£P Tm,VbM=  J*~W(TM,o{nVB,"-(]-y\^,-(}-Ur\Xj,}}dZ  (23) 


which,  analogously  to  eqn.  (19),  provides  a  simple  model  identification  criterion. 
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model  identification  considering  important  parasitic  effects 

In  or  dor  lo  guarantor  the  existence  of  suitable  values  of  7a/,  such  as  to  make  the  error  terms  in  (11)  negligible  even  when 
para  si  tics  become  very  important  in  high-frequency,  strongly  nonlinear  operating  conditions,  separate  modelling  of  parasitic 
effects  is  needed,  like  in  many  other  modelling  approaches.  This  can  be  done  by  using  the  scheme  in  Fig.l  where  parasitics 
have  been  described,  according  to  conventional  approaches,  by  series  inductances  and  resistances,  while  a  generic  linear 
parasitic  network  Y_P  has  been  considered  in  parallel  to  the  ports  of  the  intrinsic  transistor  (which  is  described  by  the  FMM). 
The  latter,  non-conventional  feature,  while  enabling  for  better  accuracy  in  the  modeling  of  parasitics,  does  not  add  significant 
complexity  since,  owing  to  the  parallel-like  admittance-matrix-based  formulation  of  the  FMM,  the  parasitic  matrix  Vp  simply 
corresponds  to  a  linear  additional  term  in  the  nonlinear  equation  (11).  In  fact,  the  complete  model  equation  becomes: 

i(c)(0  =  £dc[£(<)]  +  -  £o]+  (24) 

+oo 

+  5Z  {UpM  +  VkjUkt  +  A;a/  +  A  iN  +  Aix 

k  — — oo 

where  V*  =  ]&e)  -  Z[uk\I^ 

Z_  being  an  impedance  matrix  corresponding  to  the  three  LR  series  branches.  External  parasitic  parallel  capacitances  have 
not  be  considered  since  their  contribution  to  the  memory  effects  is  less  important  and  can  be  somehow  taken  into  account 
by  the  parallel  network  Y_P . 

When  the  series  parasitic  resistances  and  inductances  have  been  identified  and  de-embedded  (through  conventional  approaches 
or  special-purpose  procedures  which  directly  take  into  account  the  specific  short-term  memory  requirements),  the  parallel 
matrix  Y_P  can  be  easily  determined  by  solving  an  over-determined  set  of  linear  equations  which  impose  the  constraint  of 
minimum  discrepancy  between  measured  and  computed  small-signal  behaviour  at  different  bias  points  in  the  given  operating 
region  of  the  device.  Alternatively  and  more  easily,  if  good  accuracy  is  required  for  operation  around  a  given  bias  condition, 
l_f>  can  be  simply  obtained  by  imposing  an  exactness  constraint  on  the  small-signal  response  at  that  bias. 

PRELIMINARY  EXPERIMENTAL  RESULTS 

Preliminary  experimental  validation  was  carried  out  by  comparing  the  performance  predicted  by  the  above  described  mod¬ 
elling  approach  and  small-  and  large-signal  measurements  on  a  0 .6pm  x  600  pm  GaAs  MESFET. 

In  particular,  DC  characteristics  and  scattering  parameters  of  the  MESFET  were  measured  on  a  grid  of  200  bias  points  up 
to  a  frequency  of  40GHz.  After  parasitic  de-embedding,  the  voltage-controlled  dynamic  admittance  matrix  £  of  the  FMM 
was  identified  according  to  eqn.  (23).  The  associated  dynamic  conductance  matrix  fifyp,  which  accounts  for  low-frequency 
dispersive  effects  was  identified  according  to  the  procedures  described  in  [10,11].  In  particular,  the  FMM  model  was  identified 
by  using  both  a  windowing  function  with  TM  -  oo  (this  corresponds  to  the  NIM  model  [1,2])  and  TM  =  10  psec  in  (23). 
Since  no  memory  truncation  is  introduced  with  the  NIM  model,  the  small-signal  device  behaviour  is  exactly  reproduced. 
However,  under  large-signal  operations,  the  accuracy  of  the  NIM  was  found  to  be  not  accurate  enough.  This  is  reasonably 
due  to  uncertainties  in  the  parasitic  de-embedding  which  leads  to  an  intrinsic  device  where  the  memory  effects  are  still 
important  enough  so  that  for  7a/  =  oo  the  series  truncation  error  Ai/y  in  (11)  is  so  large  to  limit  the  model  accuracy. 

As  previously  said,  the  application  of  the  FMM  approach  with  a  suitable,  finite  7a/  should  reduce  the  series  truncation 
error  Azjv,  having  at  the  same  time  small  memory  truncation  error  A iM  ■  For  the  GaAs  MESFET  considered,  a  value  of 
7a/  =  10  psec  was  easily  found  which  satisfies  the  above  condition.  In  particular,  the  good  agreement  shown  in  Fig.2  between 
measured  and  simulated  small-signal  scattering  parameters,  confirms  that  the  memory  truncation  error  A/'a/  introduced  is 
negligible,  since  the  small-signal  frequency  response  of  the  device  is  not  substantially  modified  (good  agreement  was  generally 
found  for  a  large  number  of  different  bias  conditions).  Moreover,  the  accuracy  of  large-signal  performance  prediction  of  the 
FMM  (the  results  in  Fig. 3  and  Table  1  were  obtained  applying  in  nonlinear  simulations  the  highly  accurate  interpolation 
techniques  described  in  [13])  also  indicates  that  the  series  truncation  error  Ai/y  has  been  substantially  reduced  w.r.t.  the 
NIM  approach. 
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Figure  2:  Comparison  between  S-parameters  (l-40GIlz)  measured  (•)  and 
simulated  (— )  through  the  FMM  for  a  GaAs  MESFET,  (Vgs  =  —0.25V, 
Vds  —  2V).  The  good  agreement  confirms  that  the  memory  truncation  error 
introduced  is  negligible. 


Pout  (dBm) 

Figure  3:  Power  gain  vs  output  power 
for  a  GaAs  MESFET  at  5GHz.  The 
agreement  between  measurements  (•) 
and  the  performance  predicted  through 
the  FMM  (— )  is  good. 
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5 

11.0 

-13.4 

-22.7 

11.3 

-14.4 

-23.0 

10 

14.5 

-3.3 

-12.0 

14.5 

-2.6 

-12.6 

15 

16.7 

2.0 

-3.3 

16.7 

2.2 

-3.6 

Table  1:  Comparison  between  harmonics  of  the  output  power  measured  and  predicted 
by  the  FMM  for  a  GaAs  MESFET.  The  fundamental  frequency  is  5GHz. 
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ABSTRACT 

In  this  paper  we  present  a  novel  physics  based  large  signal  HEMT  model  which  describes  the  signal  properties  and  the  low 
and  high  frequency  noise  behavior  in  the  frequency  range  from  1  Hz  to  40  GHz.  The  modeling  includes  also  dispersion  and 
thermal  effects  of  the  active  device  which  at  this  time  are  only  considered  in  small  signal  models.  The  model  is  used  in 
amplifier  and  oscillator  applications.  Calculation  products  are  compared  with  measurement  results. 


INTRODUCTION 

For  oscillator  and  amplifier  applications  it  is  necessary  to  know  the  noise  behavior  and  the  large  signal  properties  of  the  active 
device.  In  oscillators  the  low  frequency  noise  contributions  are  upconverted  to  noise  sidebands  of  the  oscillator  signal  and  in 
amplifiers  the  nonlinear  behavior  of  the  active  devices  causes  harmonics  and  intermodulation  distortions  which  limit  the 
usable  dynamic  range. 

In  the  first  part  of  this  paper  we  present  a  lumped  element  model  which  describes  the  large  signal  behavior  of  HFET  devices. 
In  this  part  we  also  consider  the  dispersion  and  give  a  correction  formula  for  thermal  effects.  In  the  second  part  we  will 
concentrate  on  the  different  noise  contributions  in  AlGaAs/GaAs-HEMTs  and  describe  the  implementation  of  noise  current 
sources  in  the  model.  The  third  part  of  the  paper  gives  examples  in  which  this  HEMT  model  is  used  in  amplifier  and 
oscillator  applications. 


SMALL  SIGNAL  AND  LARGE  SIGNAL  MODELING 

The  model  is  based  on  S-parameter  measurements  up  to  40  GHz.  The  linear  and  not  bias  dependent  extrinsic  elements  LK,  Lj, 
Ls  and  RK,  Rti,  Rs  are  extracted  from  small  signal  S-parameters  using  hot  and  cold  modeling  techniques.  To  determine  the 
nonlinear  elements  of  the  inner  transistor  (RKS,  Ry,i,  CA.„  CK</,  Cj„  G,„,  G(/v  t)  we  apply  a  deembedding  procedure  to  the 
measured  small  signal  S-parameter  data  of  200  different  bias  points  [1,2].  This  has  to  be  done  for  all  interesting  frequencies. 
The  nonlinear  elements  can  be  modeled  either  by  analytical  functions  or  by  interpolation  using  look-up-tables  [3].  The  two 
dimensional  look-up-tables  contain  the  data  of  the  nonlinear  elements  as  a  function  of  the  two  independent  controlling 
voltages  Vj,v  and  Vjs  at  the  intrinsic  HEMT  (Fig.  1).  Both  approaches  are  based  on  a  quasistatic  approximation.  The  nonlinear 
diode  admittances  Gx.v  and  Gkj  are  given  by  their  I/V-characteristics  whereby  the  parameters  have  been  determined  by  DC 
measurements.  The  gate  resistor  R^  which  is  given  by  the  ohmic  resistance  of  the  gate  finger  and  the  resistance  of  the  gate 
connection  metallisation  was  determined  using  an  approximation  technique  with  lg  — >  <»  [1].  To  model  the  channel  current  /,/, 
we  use  the  DC  I/V-characteristic  and  the  dynamic  output  I/V  characteristic  we  get  by  an  integration  of  the  differential  small 
signal  RF  admittances  Gm  and  G,,s  (Fig.  1)  with 

GJu^U^u,,  +  £  GJU„,u*)du«  +  IJUw.Uno) .  (1) 

So  dispersion  effects  of  Gjx  caused  by  deep  level  traps  [4]  are  included. 

With  growing  drain  source  voltage  the  channel  temperature  is  increased  by  self  heating.  This  gives  a  decrease  of  the  effective 
mobility  and  the  saturation  velocity  of  the  electrons  and  therefore  a  smaller  current  density  J„.  As  a  result  of  this  thermal 
effect  at  high  output  voltages  and  currents  a  lowered  differential  output  admittance  can  be  observed  which  sometimes  accepts 
negative  values.  The  power  dissipation  in  a  large  signal  application  is  mainly  different  from  the  power  dissipation  which 
occurs  during  small  signal  measurements.  The  small  signal  measurement  results  therefore  have  to  be  compensated  with  the 
channel  temperature  during  the  measurement.  In  large  signal  applications  on  the  other  hand  we  have  to  consider  the  dynamic 
power  dissipation  and  the  resulting  channel  temperature  in  this  case.  The  extracted  results  for  Ij,o,  Gm0  and  Gjs0  from  small 
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signal  measurements  have  to  be  compensated  with  the  temperature  increase  A TDc  caused  by  the  power  dissipation  Pj  = 
Uli,DCl'i,nc.  In  the  case  of  large  signal  operation  ld„  Gm  and  GJs  have  to  be  corrected  with  AT  caused  by  Pj 


Therefore,  we  get  the  following  correction  formulas  [5] 


(2) 


( I  \ 

1  <lsO 

GAT) 

= 

Gjs() 

{  GJT)j 

<  G„  ,0  ) 

1  +  - 


ATn, 


1  +  - 


A  T 


(3) 


NOISE  MODELING 

The  high  frequency  noise  performance  of  the  HEMT  device  is  described  by  the  model  given  in  [6,7]  which  uses  three 
uncorrelated  white  noise  current  sources  (IN(ts,  INRj,J)  allocated  to  the  resistive  elements  of  the  intrinsic  transistor  (Fig.  2). 
The  parameters  of  these  noise  sources  are  determined  from  noise  parameter  measurements  using  the  correlation  matrix 
method.  Baseband  noise  measurements  were  done  to  determine  the  bias  dependent  low  frequency  noise  power  spectra 
(Fig.  3).  The  low  frequency  noise  contribution  is  modeled  as  a  noise  current  source  lNF,  which  includes  the  fundamental  /' 
"  noise  source  and  the  g-r  noise  source  showing  an  Lorentzian  spectrum  [8].  Besides  the  three  white  noise  current  sources  Is,, 
and  in  the  intrinsic  HEMT,  the  large  signal  and  noise  model  also  includes  noise  sources  for  the  shot  noise  of  the 
Schottky  diodes  (IN),S,  INgd )  and  the  thermal  noise  of  the  parasitic  resistances  (RH,  Rj,  /?,).  The  noise  source  INd,  describes  the 
diffusion  noise  of  the  channel  current  lj,  (hot  electrons). 

In  general  the  diffusion  noise  of  the  channel  current  dominates  all  other  noise  contributions.  Usually,  the  Schottky  noise  of  the 
diodes  can  be  neglected.  This  is  not  applicable  if  the  diodes  show  high  leakage  currents.  The  Nyquist  noise  of  the  resistances 
is  responsible  for  the  minimum  noise  figure  of  the  HEMT  and,  therefore,  we  have  to  take  it  into  consideration. 


AMPLIFIER  AND  OSCILLATOR  APPLICATIONS 

Fig.  4  gives  a  complete  presentation  of  the  lumped  element  large  signal  and  noise  model  we  use  in  different  applications. 
Calculation  results  of  the  fundamental  signal  and  the  1  st  harmonic  of  a  1 0  GHz  amplifier  including  dispersion  and  self  heating 
effect  are  presented  and  compared  with  measurement  results  (Fig.  5  -  datamod).  The  influence  of  dispersion  and  temperature 
effects  (datamod  without  dispersion,  datamod  without  thermal  effects)  on  the  calculated  results  are  shown  separately. 

The  model  was  also  used  for  the  simulation  of  planar  oscillators.  The  calculated  oscillator  output  power  (datamod)  is 
compared  with  measurement  results  and  calculations  using  the  Curtice  model  (Fig.  6).  A  parameter  variation  is  used  for 
model  validitation.  Varying  the  gate  voltage  UKS  of  the  transistor,  we  measure  output  power  and  frequency  of  the  oscillator.  In 
Fig.  6.  the  measured  output  power  is  displayed  versus  frequency  shift  and  compared  with  calculated  results. 

In  Fig.  7  the  equivalent  circuit  of  the  investigated  15-GHz-coplanar-oscillator  is  given. 

In  addition  the  large  signal  and  noise  model  was  used  for  oscillator  phase  noise  calculations  in  time  domain.  The  calculations 
agree  within  +/-  2dB  with  results  of  phase  noise  measurements. 


CONCLUSION 

The  result  of  the  investigations  demonstrates  in  a  clear  manner  that  the  presented  large  signal  and  noise  model  is  well  suited 
for  amplifier  and  oscillator  simulations  in  a  wide  range  of  linear  and  nonlinear  applications. 
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Fig.  1  Transconductance  Gm  and  output  admittance  Gjx 


iRsd 


Fig.  2  Resistive  elements  with  noise  current  sources  of 
the  intrinsic  HEMT 


Fig.  3  Low  frequency  noise  measurement  results  (f  'a- 
noise  and  g-r-noise)  at  two  different  bias  points 
(4=  10mA,  4=35mA) 
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[dBm]  (fundamental) 


Fig.  4  Large  signal  and  noise  equivalent  circuit  of  a  HEMT  device 


Fig.  5  Calculated  and  measured  output  power  of  the  fundamental  and  1  st  harmonic  of  an  amplifier  signal  with/<p  1 0  GHz 
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Fig.  6  Calculated  and  measured  oscillator  output  power 
vs.  frequency  shift  (£/,/,  =  2V,  parameter  =  Ug,). 


Fig.  7  Coplanar  15-GHz-HEMT-oscillator 
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Abstract 

This  paper  reports  on  a  general  approach  to  build  a  large-signal,  neural  network  HEMT  model 
using  a  genetic  algorithm.  By  representing  the  configuration  of  a  neural  network  model  as  the 
chromosome  of  a  virtual  creature,  we  looked  for  an  optimum  network  configuration  by  simulating  the 
evolution  of  a  group  of  these  virtual  creatures  (a  population). 

We  successfully  designed  neural  networks  representing  bias-dependent  intrinsic  elements  of  a 
HEMT’s  equivalent  circuit.  We  also  verified  the  reliability  of  this  technique  by  searching  for  the 
optimum  model  from  different  initial  conditions. 


1.  Introduction 

In  recent  years,  some  authors  have  introduced  the  use  of  neural  networks  for  active  device 
modeling.  This  model  is  open  to  everyone  and  is  capable  of  improving  the  drawbacks  of  conventional 
models  without  losing  their  advantages,  but  it  is  difficult  to  determine  its  proper  configuration  in 
return  for  its  flexibility.  As  a  result,  the  reported  neural  network  models  always  employ  a  fixed  three¬ 
layered  configuration  [1,2]. 

However,  taking  advantage  of  a  user-defined  model  in  commercial  CAD  software  effectively, 
it  is  desirable  to  achieve  minimal  error  using  a  neural  network  with  as  few  as  possible  weighting 
factors  irrelevant  to  the  number  of  layers.  Moreover,  it  is  known  that  the  simplest  configuration  also 
avoids  the  excessive  training  trap. 

In  this  paper,  we  report  on  a  technique  to  determine  large-signal,  neural  network  HEMT 
models.  The  configuration  of  a  multi-layered  neural  network  [3]  describing  bias-dependent  intrinsic 
elements  of  a  HEMT’s  equivalent  circuit  is  represented  as  the  chromosome  of  a  virtual  creature.  We 
applied  the  concept  of  a  genetic  algorithm  [4]  to  a  group  of  these  creatures  and  obtained  an  optimum 
neural  network  model. 

We  successfully  determined  a  neural  network  Cgs  model  and  a  single  neural  network  model 
simultaneously  representing  seven  intrinsic  elements,  Cgs  to  Cds,  in  order  to  show  the  practicality  of 
our  approach.  We  also  checked  the  reliability  of  our  approach  by  determining  the  optimum 
configuration  of  a  Cgs  model  under  different  initial  conditions.  As  the  genetic  approach  is  a  hands-off 
technique,  it  would  be  convenient  for  operators  who  have  no  neural  network  backgrounds. 


2.  Genetic  Algorithm 

A  genetic  algorithm  [4]  is  an  optimization  technique  based  on  a  computer  simulation  of  the 
virtual  creatures’  evolution  in  a  particular  habitat. 

Each  individual  creature  has  its  own  chromosome  and  adaptability  to  the  habitat  (fitness).  The  i-th 
creature  has  chromosome  Gi  and  fitness  value  fi,  defined  as  follows: 


Gi  "  {gO>glv,gNg-l}  (1) 


and 


-432- 


(2) 


fi*=f(Gj), 


where  gj  (j  =  0,...,Ng  -l)  denotes  a  gene,  and  Ng  is  the  number  of  genes  in  one  chromosome. 
Function  f  in  Eq.  2  is  determined  according  to  a  particular  problem. 

Figure  1  is  a  flowchart  of  a  genetic  algorithm.  First,  we  generate  a  population  composed  of  Np 
members  and  evaluate  each  creature’s  fitness  relative  to  given  conditions.  We  then  remove  s%  of  the 
current  population  from  the  creatures  with  the  lowest  fitness  value.  Third,  from  among  the  survivors, 
we  select  Nc  (=  Np*s/100)  pairs  of  parents  and  generate  their  offspring.  So  that  creatures  with  higher 
fitness  values  should  have  more  offspring,  the  parent  individual  is  chosen  according  to  the  following 
probability:  6 


Pi- 


1 


Np-Nc-l' 


Nn  -N„ 


j=0 


(3) 


Here,  the  j-th  gene  of  the  offspring’s  chromosome  is  chosen  from  the  j-th  gene  of  one  parent  at  the 
probability  of  p,  or  from  the  j-th  gene  in  the  other  parent  at  the  probability  of  1-p.  Each  offspring’s 
gene  also  suffers  from  a  mutation  at  a  probability  of  m%  to  maintain  variety. 

We  then  replace  the  current  populations  by  Np-Nc  survivors  and  their  Nc  offspring  to  obtain 
the  populations  of  the  next  generation. 

Steps  2  to  4  are  repeated  until  the  populations  adequately  fit  the  conditions  or  the  number  of 
generations  reaches  Ngen  (maximum  number  of  generations). 


3.  Implementation 

Figure  2  shows  an  abridged  multi-layered  neural  network  used  to  model  the  bias-dependent 
intrinsic  elements  of  a  HEMT’s  equivalent  circuit. 

We  defined  a  gene  as  representing  the  number  of  neurons  in  each  layer,  and  which  takes  multi¬ 
level  integer  values  between  0  to  Nn-1.  (Nn  is  the  maximum  number  of  neurons  in  each  layer).  A  gene 
of  zero  indicates  a  null  layer.  For  example,  if  the  total  number  of  neurons  is  limited  to  N,  the 
maximum  number  of  layers  becomes  L  =  N/Nn.  And  from  the  initial  populations,  we  especially 
eliminated  equivalent  creatures  to  achieve  a  wider  variety. 

The  class  definitions  of  the  multi-layered  neural  network  and  a  population  of  virtual  creatures 
are  shown  in  Figure  3.  The  class  of  a  neural  network  consists  of  a  structural  definition  part  and  a  data 
part.  The  vector  config  denotes  the  number  of  neurons  in  each  layer.  The  actual  memories  for 
weighting  factors,  denoted  as  the  pointer  to  matrix  *weight,  are  dynamically  allocated  when  required 
according  to  config  and  the  number  of  layers.  The  pointer  to  vector  *  input  indicates  the  input  teaching 
signal  for  the  neural  network  such  as  Vgs  and  Vds.  The  pointer  to  vector  *  output  indicates  a  set  of 
output  teaching  signals  for  the  neural  network  such  as  Cgs. 

The  class  of  a  population  is  composed  of  two  parts.  The  first  part  describes  neural  networks, 
that  is  a  pointer  to  class  neural_net,  *net  and  some  parameters.  Ni  is  the  number  of  the  input  node,  No 
is  the  number  of  the  output  node,  and  Nh  is  the  maximum  number  of  neurons  in  each  hidden  layer. 
The  second  part  describes  the  population.  Np  and  Ngen  are  the  number  of  members  in  a  population 
and  the  maximum  number  of  generations.  Pointers  to  vectors  *G  and  *f  indicate  the  chromosome  and 
its  fitness  values.  A  pointer  to  vector  *ev parameters  indicates  the  parameters  used  for  the  evolution, 
such  as  the  selection  rate. 

To  determine  the  simplest  configuration  possible  for  a  neural  network  that  generates  errors 
below  a  certain  criterion, eq  ,  we  defined  the  fitness  value  as  follows: 
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where  £  denotes  the  fitting  error  of  the  neural  network  corresponding  to  Gi,  and  Na  is  the  total  number 
of  active  neurons. 

We  saved  the  weighting  factors  of  every  generation  and  used  them  as  initial  values  to  train  a 
neural  network  having  a  chromosome  equivalent  to  that  of  a  former  generation.  This  accelerates 
convergence. 


4.  Measurement 

To  demonstrate  the  usefulness  of  our  approach,  we  first  verified  the  convergence  of 
populations  for  the  Cgs  model  of  a  HEMT  with  Lg  =  0.25  pm  and  Wg  =  100  pm.  Figure  4  shows  the 
average  fitness  in  relation  to  the  generations.  In  this  figure,  lines  correspond  to  the  cases:  (Nn,  Np)  = 
(10,  50),  (7,  30),  and  (5,  10),  where  Np  is  the  number  of  creatures.  Regardless  of  different  habitats, 
the  populations  converge  to  the  same  configuration.  The  determined  neural  network  and  its  fitting 
results  are  shown  in  Figures  5  and  6.  Error  values  less  than  0.0002  (3.0  %  of  rms  error)  between  the 
measured  and  calculated  values  can  be  achieved.  The.  other  parameters  are  £q  =  0.00075,  Ngen  =  50, 
andL  =  3. 

A  better  configuration  for  seven  intrinsic  elements  than  that  reported  in  Ref.  3  can  also  be 
obtained.  Using  parameters  eq  =  0.0015,  Ngcn  =  20,  L=  4,  Nn  =  10,  and  Np  =  50,  we  obtained  the 
neural  network  model  as  shown  in  Figure  7.  It  generated  a  0.0008  fitting  error  (2.8  %  of  rms  error). 
The  parameters  s  =  40%,  p  =  50%,  and  m  =  1%  are  commonly  used  in  both  cases. 


5.  Conclusions 

We  have  reported  on  a  technique  to  determine  a  large-signal  HEMT  model.  The  bias- 
dependent  intrinsic  elements  are  described  by  a  multi-layered  neural  network,  and  its  configuration  is 
represented  as  a  chromosome  of  a  virtual  creature.  We  applied  a  genetic  algorithm  to  these  creatures 
and  determined  the  optimum  model  configuration. 

We  verified  the  practicality  of  this  technique  by  determining  an  optimum  Cgs  model. 
Regardless  of  different  initial  conditions,  the  same  configuration  model  was  obtained.  We  also 
established  optimum  neural  networks  for  modeling  seven  intrinsic  elements.  These  neural  networks 
matched  the  actual  data  more  closely  than  was  determined  experimentally. 
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class  neural_net 

{ 

int  number_of_layer; 

vector  config; 
matrix  *weight; 

int  number_of_data; 

vector  *input,*output; 

}; 


class  population 

{ 

int  Ni,Nh,No; 

neural_net  *net; 

int  Np,Ngen; 

vector  *G; 
vector  *f; 

vector  *ev_parameters; 

}; 


Fig.  1.  Flowchart  of  a  genetic  algorithm  Fig.  3.  Class  definition  of  generalized  multi¬ 

layered  neural  network,  and  a  population  of 
virtual  creatures. 


0-1h  layer  k-1  th  layer  k-th  layer 

(input  layer)  _ _ , 


(hidden  layers) 

Fig.  2.  Multi-layered  neural  network. 


Fig.  4.  Average  fitness  values  against  generation 
for  Cgs  model. 

The  solid  line  is  case  (Nn,  Np)  =  (10,  50),  the 
dotted  line  denotes  (7,  30),  and  the  dashed  line 
denotes  (5,  10). 
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Abstract 

This  paper  describes  CPW  heterojunction  FET  (HJFET)  down-  and  up-  converter  MMICs  for 
millimeter-wave  wireless  networks.  To  realize  a  mixer  featuring  a  simple  structure  with  inherently  isolated 
ports,  and  yet  permitting  independent  port  matching  and  low  LO  power  operation,  a  "source  injection" 
concept  is  utilized  by  treating  the  HJFET  as  a  three-port  device  in  which  the  LO  signal  is  injected  through 
the  source  terminal,  the  RF  (or  IF)  signal,  through  the  gate  terminal,  and  the  IF  (or  RF)  signal  is  extracted 
from  the  drain  terminal.  With  an  LO  power  and  frequency  of  7dBm  and  60.4GHz,  both  converters  can 
operate  for  any  IF  frequency  within  0.5  to  2GHz,  with  a  corresponding  conversion  gain  within  -7  to  -12dB. 
Chip  size  is  3.3mm  x  2mm  for  the  downconverter,  and  3.5mm  x  1 ,8mm  for  the  upconverter. 

Introduction 

Development  of  low-cost  small-size  low-power  fully  monolithic  transceiver  modules  with  1-2GHz  IF 
frequencies,  for  facilitating  100-200Mbps  transmission  of  data  in  a  millimeter  wave  wireless  local  area 
network  (LAN)  system  has  been  urged  [1]-[4],  Frequency  converters  are  key-elements  in  a  transceiver 
module,  and  require  rigorous  design  methods  to  achieve  an  optimum  operation.  Conventional  FET 
converters  employ  either  a  "gate  mixing"  [5]-[6]  or  a  "drain  injection"  [7]-[8]  topology  to  produce  a  desired 
frequency  component,  by  applying  the  LO  signal  to  the  gate  terminal  or  drain  terminal  of  the  device, 
respectively.  In  such  a  structure,  since  LO  signal  shares  the  same  port  with  RF  (or  IF)  signal,  independent 
port  matching  for  each  signal  is  impossible,  and  to  achieve  a  sufficiently  high  isolation  between  LO  signal 
and  RF  (or  IF)  signal,  usually  bulky  hybrid  circuits  are  required  which  totally  increase  the  converter’s  circuit 
complexity.  Introducing  a  "source  injection"  concept,  and  treating  an  FET  as  a  "3-port  device",  the  present 
paper  describes  V-band  downconverter  as  well  as  upconverter  MMICs  for  millimeter-wave  wireless  LAN 
applications. 

Circuit  Design 

Equivalent  circuits  for  the  CPW  V-band  downconverter  and  upconverter  MMICs  are  shown,  respectively, 
in  Figs.  1  and  2.  The  downconverter  comprises  an  RF  image  rejection  filter,  a  source  injection  down-mixer 
utilizing  an  HJFET  as  a  mixing  element,  and  an  IF  filter.  RF  signal,  after  passing  through  toe  image 
rejection  filter  and  RF  matching  network,  is  applied  to  the  HJFET  gate  terminal.  LO  signal  is  applied  to  the 
HJFET  source  terminal  through  the  LO  matching  network.  On  the  other  hand,  a  resultant  IF  signal  is 
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extracted  from  the  HJFET  drain  terminal,  after  passing  through  the  IF  matching  network.  The  LO  matching 
network  is  essentially  responsible  to  provide  an  unconditionally  stable  operation  for  the  downconverter, 
both  in  the  presence  and  absence  of  an  LO  signal.  The  upconverter  comprises  an  IF  filter,  a  source 
injection  up-mixer,  and  an  output  filter  to  suppress  LO  signal  and  other  unwanted  frequencies.  IF  signal, 
after  passing  through  the  IF  matching  network,  is  applied  to  the  HJFET  gate  terminal,  and  LO  signal  is 
applied  to  the  HJFET  source  terminal  through  the  LO  matching  network.  On  the  other  hand,  a  resultant  RF 
signal  is  extracted  from  the  HJFET  drain  terminal,  after  passing  through  the  RF  matching  network  and  the 
filter.  The  LO  matching  network  for  the  upconverter  is  the  same  as  the  one  for  the  downconverter  MMIC. 
Both  small  signal  linear  and  large  signal  non-linear  parameters  of  a  discrete  0.15fxm  x  100pm 
AIGaAs/InGaAs  HJFET  were  applied  in  a  harmonic  balance  circuit  design  for  best  port-matching, 
maximum  conversion  gain,  unconditional  stability,  and  rejection  of  undesirable  frequencies,  at  60GHz  band 
frequency  range. 

Fabrication  Process 

The  down-  and  up-  converter  MMICs  were  fabricated  on  a  3-inch  undoped  semi-insulating  GaAs 
substrate.  A  CPW  structure  was  used  for  transmission  lines  which  permits  chip  size  reduction  and 
possibility  of  realizing  transmission  lines  with  different  characteristics  impedances  without  affecting  the 
overall  chip  layout.  The  HJFET  used  in  the  converter  MMICs  has  a  gate  length  of  0.15pm  and  a  total  gate 
width  of  100pm  (50pm  x  2  fingers).  Typical  transconductance  of  380mS/mm  and  fT  of  70GHz,  both  at  a 
drain  bias  of  4V,  and  a  reverse  gate-drain  breakdown  voltage  of  10V  have  been  measured  for  the  HJFETs. 
Measured  pinch-off  voltage  for  the  HJFET  is  -1.6V.  Chip  size  is  3.3mm  x  2mm  for  the  downconverter,  and 

Microwave  Performance 

Figs.  3  and  4  show  the  chip  photographs  for  the  complete  V-band  CPW  downconverter  and  upconverter 
ICs.  Chip  size  is  3.3mm  x  2mm  for  the  downconverter,  and  3.5mm  x  1.8mm  for  the  upconverter.  On-wafer 
millimeter-wave  probes  were  utilized  to  evaluate  the  chip  performance.  The  FET  gate  bias  was  -1.6V, 
corresponding  to  the  FET  gate  pinch-off  voltage,  and  the  drain  bias  was  0.7V.  Figs.  5  and  6,  respectively, 
show  the  return  loss  characteristics  for  the  down-  and  up-converter  chips.  Measured  downconverter’s  in- 
band  return  loss  for  the  IF  and  RF  ports  is  better  than  15dB,  and  for  the  LO  port  is  better  than  8dB.  On  the 
other  hand,  measured  upconverter’s  in-band  return  loss  for  the  IF  and  RF  ports  is  8dB,  and  for  the  LO  port 
is  5dB.  Converters’  behavior  with  respect  to  the  input  power,  and  conversion  gain  characteristics  are 
summarized  in  Figs.  6  to  10.  The  downconverter  has  a  small  signal  conversion  gain  of  -7dB  and  -8.5dB  at 
61 ,4GHz  and  62.4GHz,  respectively.  The  upconverter  has  a  small  conversion  gain  of  -9dB  and  -1 2dB  for  an 
IF  frequency  of  1GHz  and  2GHz,  respectively. 

Downconverter  LO  suppression  at  RF  and  IF  ports  is  better  than  22dB,  and  RF  suppression  at  IF  port  is 
better  than  25dB.  Upconverter  LO  suppression  at  RF  and  IF  ports  is  better  than  20dB,  and  RF  suppression 
at  IF  port  is  better  than  47dB.  Measured  pass-band  and  rejection-band  insertion  loss  for  the  image  rejection 
filter  in  the  downconverter  were,  respectively,  7dB  and  16dB.  Conversion  gain  of  the  converters  is 
dominated  by  the  insertion  loss  of  the  corresponding  filter. 
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Conclusions 

Design  consideration  and  performance  results  for  CPW  down  converter  as  well  as  upconverter  MMICs 
incorporating  source  injection  mixers  and  RF  filters  were  described.  In  the  circuit  design,  the  FET  was 
treated  as  a  3-port  device  in  which  the  LO  signal  is  applied  to  the  source  terminal.  With  an  LO  power  and 
frequency  of  7dBm  and  60.4GHz,  both  converters  can  operate  for  any  IF  frequency  within  0.5  to  2GHz,  with 
a  corresponding  conversion  gain  within  -7  to  -12dB.  The  frequency  converters  reported  in  this  paper  are 
expected  to  find  applications  in  millimeter  wave  wireless  networks. 
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Fig.  5  Downconverter  matching  characteristics. 
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Fig.  7  Downconverter  performance  versus  RF  power. 
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Fig.  9  Downconverter  gain  versus  RF  frequency. 


Fig.  6  Upconverter  matching  characteristics 
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Fig.  8  Upconverter  performance  versus  IF  power. 
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Fig.  10  Upconverter  gain  versus  IF  frequency. 
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Abstract 

A  MMIC  PIN  multipole  multithrow  switch  for  Ka-band 
monopulse  transceiver  applications  is  presented. 
Incorporating  multiple  switch  functions  into  a  single  MMIC 
topology  yields  substantial  gains  in  system  performance. 
The  switch  has  a  maximum  insertion  loss  of  1.6dB  in  the 
critical  antenna  to  LNA  path  and  greater  than  30dB  of 
isolation  between  any  two  ports  across  the  29GHz  to  37GHz 
frequency  range.  The  switch  is  fabricated  using  a  MMIC 
GaAs  PIN  process  having  a  minimum  breakdown  voltage  of 
70V,  resulting  in  high  power  handling  PIN  diodes. 
Additionally,  the  MMIC  switch  provides  greater  than  16dB 
of  passive  isolation  when  in  an  inactive  mode. 

Introduction 

Monopulse  front  end  modules  require  switches  exhibiting 
low  loss  and  high  isolation  between  the  transmit  and  receive 
paths.  Insertion  losses  in  the  front  end  of  a  receiver 
contribute  directly  to  the  noise  figure  of  the  system,  which 
places  critical  importance  on  maintaining  low  loss  in  all 
components  preceding  the  low  noise  amplifier.  High 
isolation  as  well  as  the  ability  to  handle  large  signal  levels 
are  also  necessary  requirements  in  order  to  provide 
protection  of  the  front  end  components.  A  multipole 
multithrow  switch  which  has  low  insertion  loss,  high 
isolation,  and  multi-watt  power  handling  capabilities  has 
been  designed  and  fabricated. 

The  MMIC  PIN  switch  presented  incorporates  the 
functionality  of  multiple  switches  into  a  single  GaAs  chip. 
This  single  chip  solution  greatly  improves  system 
performance  by  significantly  reducing  the  insertion  loss  in 
the  critical  path,  while  providing  the  necessary  isolation. 
The  chip  allows  three  separate  PIN  switch  chips  and  two 
LNA’s  to  be  replaced  with  the  multi-function  PIN  switch 
and  a  single  LNA  circuit.  Figure  1  illustrates  the  system 
advantage  in  terms  of  consolidation  and  reduction  in  the 
number  of  chips  used,  corresponding  to  an  improvement  in 
reliability  and  a  decrease  in  assembly  complexity  required 
to  achieve  the  same  functionality.  Additionally,  utilization  of 
a  single  MMIC  chip  ensures  repeatable  and  predictable 
phase  and  amplitude  insertion  contributions,  making  it  an 
ideal  solution  for  multi-channel  monopulse  system 
applications. 

Circuit  Fabrication 

The  circuit  is  processed  using  Alpha  Industries  standard 
MMIC  GaAs  PIN  process.  The  epitaxial  PIN  structures  are 
grown  on  LEC  semi-insulating  GaAs  substrates  with  two 

*M.  Daly  is  currently  with  Lockheed-Sanders,  Nashua,  New  Hampshire 


mesa  etch  steps  to  define  the  active  diode.  The  first  mesa 
defines  the  cross  sectional  area  of  the  diode.  The  second 
defines  the  N+  ohmic  contact  in  addition  to  providing 
electrical  isolation  from  the  other  components  in  the 
monolithic  circuit.  Low  resistance  ohmic  contacts  are  made 
by  evaporated  Pt:Ti:Pt:Au  and  Ni:Au:Ge:Au  films  alloyed 
into  the  P+  and  N+  terminals  respectively.  Circuit 
transmission  lines,  metal  layers  of  MIM  capacitors,  and  dc 
bias  lines  are  defined  by  a  Ti:Pt:Au  evaporation  and  lift  off 
process.  An  electroplating  process  is  used  to  fabricate  low 
parasitic  air-bridge  connections  to  the  P+  terminal  of  the 
diode.  The  plating  layer  also  provides  the  bulk  of  the 
metalization  for  low  resistance  transmission  lines.  The 
insulating  layer  of  the  MIM  capacitors  and  diode  passivation 
are  provided  by  PECVD  of  S^N,*.  After  lapping  and 
polishing  the  substrate  to  a  thickness  of  100pm,  via  holes  are 
fabricated  by  reactive  ion  etching  from  the  backside  of  the 
wafers.  Finally  the  ground  plane  is  provided  by  the  backside 
metalization  step.  A  GaAs  PIN  diode  with  an  intrinsic  layer 
thickness  of  3  pm  provides  a  reverse  breakdown  voltage 
between  70V  and  80V  measured  at  a  leakage  current  of 
lOpA.  The  typical  50pm  diameter  diode  has  a  junction 
capacitance  of  65fF  at  -5V  reverse  bias  and  series  resistance 
of  1 .50  at  +30mA  forward  bias. 

Circuit  Design 

The  multipole  multithrow  switch  layout  circuit  schematic  is 
shown  in  Figure  2,  and  its  circuit  schematic  in  Figure  3.  The 
seven  I/O  ports  of  the  switch,  as  labeled  in  the  illustration, 
are  the  Rx(LNA),  Tx,  I  port,  A  port,  and  BIT/Cal  port  as 
well  as  two  external  500  terminations.  The  integrated  chip 
topology  allows  for  four  active  modes  of  operation:  A  port  to 
LNA,  I  port  to  LNA,  Tx  to  antenna  (£)  ,  and  BIT/Cal  to 
LNA.  An  incoming  signal  from  either  antenna  port  can  be 
directed  to  the  LNA  port  during  the  receive  mode. 
Switching  the  non-through  path  to  an  external  load  ensures 
that  both  antennas  are  always  presented  with  VSWRs  of  less 
than  1.5:1.  The  switch  is  also  used  to  direct  a  transmitted 
signal  out  the  appropriate  antenna  port  while  providing 
protection  to  the  components  in  the  receiver  front  end.  The 
final  operating  mode  allows  a  calibration  signal  (BIT/Cal)  to 
be  injected  to  the  receiver. 

The  circuit  contains  eight  shunt  PIN  diodes  which  are  either 
forward  biased  to  a  low  resistance  state,  or  reverse  biased  to 
a  high  impedance  state.  High  impedance  shunt  transmission 
lines  are  used  to  provide  bias  to  the  diodes  and  MIM 
capacitors  are  used  as  DC  blocks.  The  multipole  multithrow 
switch  circuit  design  is  based  on  measured  two  port  small 
signal  scattering  parameters  of  a  nominal  shunt  diode.  An 
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all  shunt  design  was  selected  in  order  to  keep  the  losses 
minimal.  The  device  data  in  conjunction  with  standard 
modeling  techniques  was  used  to  optimize  the  circuit  design 
for  minimum  loss  between  the  antenna  and  LNA  ports.  A 
bias  truth  table  for  the  four  modes  of  operation  is  shown  in 
Table  1.  The  truth  table  outlines  the  appropriate  bias  for 
each  of  the  four  modes  of  operation  discussed  previously.  A 
“1”  indicates  that  the  particular  diode  is  forward  biased 
while  a  “0”  signifies  a  reverse  bias  is  applied  to  the  diode. 
Note  that  diodes  D1  and  D2  are  biased  with  a  single  control 
voltage,  therefore  turn  on  and  off  together. 

In  order  to  operate  in  the  first  mode  listed,  A  antenna  to 
LNA,  an  incoming  signal  is  received  when  a  reverse  bias  is 
applied  to  the  shunt  diodes  labeled  D3  and  D8,  while  the 
remaining  diodes  (Dl,  D2,  D4,  D5,  D6,  D7)  are  forward 
biased.  Shunt  diode  D3  presents  a  high  impedance  to  the 
through  transmission  path,  thereby  allowing  the  signal  to 
pass.  The  forward  biased  diodes  Dl,  D2,  D4,  D5,  D6,  and 
D7  are  biased  to  their  low  impedance  state  which,  when 
rotated  a  quarter  wave  length  away,  present  high  impedances 
at  the  junctions  labeled  a,  b,  d,  c  and  e.  This  high 
impedance,  in  turn,  isolates  the  arms  from  the  incoming 
signal  flow.  Reverse  biasing  the  diode  labeled  D8  directs 
the  sum  port  to  a  load,  thereby  ensuring  a  matched  situation 
is  present. 

Diode  D7  is  used  to  provide  isolation  when  the  transmit  path 
is  not  being  used.  When  transmitting  a  signal  out  the  sum 
antenna  diode  D7  is  reverse  biased  allowing  through  signal 
flow  while  diodes  D6  and  D8  are  reverse  biased  in  order  to 
present  a  high  impedance  at  the  cross  junction.  Additionally 
D5  is  reverse  biased  with  D3  and  D4  forward  biased  which 
presents  a  matched  load  at  the  delta  antenna  port.  Dl  and 
D2  are  also  forward  biased  in  order  to  prevent  any  leaked 
signal  from  reaching  the  Bit/Cal  Port.  Diodes  Dl  and  D2  are 
reverse  biased  only  when  the  BIT/Cal  function  is  used, 
otherwise  they  are  forward  biased  and  present  high 
impedances  at  junctions  a  and  b,  respectively. 

An  additional  feature  of  significant  merit  is  the  switch’s 
ability  to  protect  the  front  end  receiver  components  against 
extraneous  radiation  when  it  is  not  in  active  operation. 
When  all  of  the  diodes  are  left  unbiased,  D2  shorts  an 
incoming  RF  signal  to  ground,  providing  greater  than  16  dB 
isolation  to  the  LNA  port.  During  active  receive  and 
transmit  modes  this  diode  is  forward  biased,  thereby 
presenting  an  open  at  junction  b,  contributing  a  minimal 
amount  to  the  insertion  loss. 

Results 

On-wafer  small  signal  measurements  were  performed  on  the 
multipole  multithrow  switch  from  20GHz  to  40GHz  in  the 
four  active  modes  of  operation  as  well  as  in  the  passive 
mode.  The  measurements  shown  use  a  forward  bias  current 


of  10  mA  and  a  reverse  bias  of  -3.5V.  It  may  also  be  noted 
that  there  is  very  good  agreement  between  the  measured  and 
predicted  performance  of  the  switch  in  all  of  it’s  various 
modes  of  operation.  The  modeled  and  measured  on-wafer 
performance  of  the  critical  parameters  of  Antenna  to  LNA 
insertion  loss  and  isolation  are  shown  in  Figure  6.  Less  than 
1.6dB  of  insertion  loss  is  measured  in  the  Antenna  to  LNA 
receive  path  across  the  29GHz  to  37GHz  frequency  band 
with  an  insertion  loss  of  less  than  2dB  maintained  across  the 
entire  Ka  frequency  band.  Isolation  of  greater  than  35dB 
will  be  provided  to  the  alternate  antenna  path.  VSWRs  of 
less  than  1.5:1  are  presented  to  the  antennas  and  LNA  during 
all  modes  of  operation. 

Figure  5  depicts  the  insertion  loss  and  isolation  of  the 
transmit  to  sum  antenna  path.  The  switch  degrades  the 
transmit  signal  power  by  less  than  1 .6dB.  The  high  isolation 
of  32dB  to  35dB  across  the  entire  band,  provided  by  the 
switch,  protects  the  LNA  from  RF  leakage  from  the 
transmitter,  rendering  additional  receive  protect  circuitry 
unnecessary. 

The  switch  also  provides  a  BIT/Cal  path  for  system 
calibration.  Figure  6  depicts  the  small  signal  performance  of 
the  switch  BIT/cal  port.  Less  than  1  dB  of  insertion  loss  and 
greater  than  30dB  of  isolation  are  measured  for  this  path. 
The  passive  isolation  of  the  switch  was  measured  with  all  of 
the  diodes  unbiased.  The  switch  provides  greater  than  16dB 
across  the  29GHz  to  37GHz  frequency  range  with  a 
maximum  of  38dB  within  the  frequency  band,  as  shown  in 
Figure  7. 

The  power  handling  of  this  switch  was  not  measured  due  to 
equipment  limitations.  However,  a  MM1C  SPDT  design 
utilizing  the  same  diameter  Alpha  diodes  has  been  shown  to 
handle  greater  than  38dBm  pulsed  and  35dBm  CW  power, 
which  were  the  maximum  power  ratings  of  the  test  equipment. 1 
A  minimum  breakdown  voltage  of  70V  was  measured  for  the 
PIN  devices  in  this  multipole  multithrow  design.  This  high 
breakdown  voltage  corresponds  to  a  calculated  power  handling 
of  12W  in  a  50Q  system. 

Conclusion 

A  single  multifunction  MMIC  PIN  switch  has  been 
fabricated  which  has  exceptional  performance  reducing  the 
system  noise  figure  as  well  as  the  system  component  count. 
These  reductions  not  only  result  in  improved  system 
performance  but  also  account  for  substantial  cost  saving  due 
to  less  components  and  their  corresponding  assembly  cost. 
The  consolidation  of  multiple  functions  into  a  single  MMIC 
chip  demonstrates  the  advantages  of  MMIC  technology. 
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Figure  2.  Multipole  Multithrow  Switch  Layout 
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Figure  3.  Multipole  Multithrow  Switch  Schematic 
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1=  Diode  ON,  Forward  Bias 
0=  Diode  OFF,  Reverse  Bias 
*  Note:  Diodes  D1  and  D2  are  biased  together. 


Table  1.  Multipole  Multithrow  Switch  Bias  Truth  Table 
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Insertion  Loss  and  Isolation  (dB) 


Figure  4.  Antenna  to  LNA  Path  Measured  and  Modeled  Insertion  Loss  and  Isolation 


Figure  5.  Transmit  to  Antenna  Path  Measured  and  Modeled  Insertion  Loss  and  Isolation 
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Abstract 

AlGaAs/InGaAs/GaAs  PHEMT  switching  elements,  combined  with  coplanar  waveguide  technology 
have  been  investigated  to  realize  switches  from  X-band  through  W-band.  Experimentally  determined 
models,  which  apply  over  a  range  of  1-120  GHz,  were  used  for  the  coplanar  lines  and  elements.  Several 
switch  topologies,  compatible  with  the  active  MMIC  technology,  have  been  designed  and  analyzed.  With 
two  different  concepts  for  the  X-band  switches,  we  achieved  insertion  losses  of  1.3/1. 7  dB  and  isolations 
of  30/45  dB  at  10  GHz.  At  W-band  we  obtained  2.9/3. 2  dB  insertion  losses  and  isolations  of  22/16  dB  at 
76  and  94  GHz,  respectively. 

Introduction 

Over  the  past  years  the  potential  of  coplanar  wave  guide  technology  (CPW)  combined  with  PHEMTs 
has  been  successfully  demonstrated.  Excellent  results  for  amplifiers,  mixers,  oscillators  and  other  key 
components  for  communication  and  radar  systems  have  been  achieved  [1,2]. 

In  high  frequency  electronics,  particularly  in  radar  applications,  low  loss  and  high  isolation  RF-switches 
play  an  important  role  since  they  are  used  to  control  transmit/receive  (T/R)  signal  flow.  Hence,  up  to  W- 
band,  p-i-n  diode  switching  elements  integrated  with  microstrip  technology  are  commonly  used  [3,  4].  On 
the  other  hand,  competing  transistor  switches  offer  fabrication  advantages  and  are  therefore  preferable  for 
monolithic  integration.  Outstanding  results  for  single  pole  double  throw  (SPDT)  and  single  pole  single 
throw  (SPST)  PHEMT  switches  have  been  reported  in  Q-and  W-band  [5,  6]. 

To  reduce  system  cost,  the  complete  integration  of  coplanar  transmit/receive  modules  is  an  important 
goal.  In  order  to  meet  the  requirements  of  monolithic  fabrication  processes  and  exploit  the  advantages  of 
CPW  over  Micro  Strip,  coplanar  transistor  switches  are  in  the  center  of  interest  for  T/R  MMICs. 
Additionally,  monolithic  integration  avoids  RF  interconnections  which  can  reduce  system  performance. 
As  an  example,  system  engineers  must  add  at  least  1  dB  insertion  loss  and  0.5  mm2  extra  chip  area  for  a 
compensated  bond  interconnection  at  W-band  [7].  First  coplanar  X-band  switches  based  on  MESFETs 
were  reported  in  [8]  and  achieved  an  insertion  loss  <  1.5  dB  and  an  isolation  >  20  dB.  For  SPDT  transistor 
switches,  results  in  W-band  have  not  reported  to  date. 

To  investigate  the  feasibility  and  application  of  CPWs  combined  with  PHEMT  technology  for  switches 
up  to  W-band,  we  have  designed  and  fabricated  different  coplanar  monolithic  SPDT  switch  topologies  at 
two  microwave  bands  of  special  interest.  In  this  paper,  we  present  a  study  of  the  different  concepts  and 
on-wafer  measured  results  of  the  T/R  switches. 

Device  Models 

The  circuits  have  been  designed  using  characteristic  impedances  of  30,  50  and  67  £2  for  CPW  lines 
and  elements.  For  simulation  purpose  they  were  described  by  physical  transmission  lines,  including 
frequency  dependent  values  for  £reff  and  the  attenuation  constant  a.  All  element  parameters  were  extracted 
from  passive  test  structures  using  on-wafer  S-parameter  measurement.  The  models  are  validated  over  the 
entire  frequency  range  from  1-120  GHz  [9]. 

The  X-band  FETs  were  modeled  using  simple  equivalent  circuits  for  the  transistor  ON-  and  OFF-state. 
The  ON-state  is  represented  by  the  channel  resistance  and  the  OFF-state  by  the  drain-source  capacitance. 
Transmission  lines  were  added  to  account  for  the  distributed  effects  of  the  gate. 

Since  the  W-band  switching  HEMTs  use  the  same  standard  layout  and  technology,  we  used  the  transistor 
small  signal  equivalent  circuit  model  and  set  transconductance  gm  to  zero  [8, 10]. 
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For  the  ON-  and  OFF-state  bias  points,  device  parameters  were  extracted  from  on-wafer  S-parameter 
measurements  for  the  series  and  shunted  HEMT-model. 

All  circuits  have  been  developed,  utilizing  HP  Microwave  Design  System  with  implemented  user  defined 
models. 

X-Band-Switches 

X-band  switch  A  features  a  series  and  a  shunt  PHEMT  in  each  branch.  Figure  1  shows  a  simplified 
schematic  of  the  switch. 

Open  gate  resistors  prevent  the  DC-control  voltage  (Vgl  =  -3  V  and  Vg2  =  0  V)  from  taking  effect  on  the 
RF-signal.  They  also  prevent  leakage  through  capacitive  shunting  paths  between  the  transistors,  which 
improves  isolation  performance.  An  inductor  of  1.6  nH  is  placed  at  the  switch  junction  to  obtain  a  small 
return  loss  at  port  l.The  chip  layout,  realized  for  2-port  measurements,  is  internally  matched  with  a  50  Q 
load  at  Port  3  to  provide  realistic  switch  operation  conditions  and  is  shown  in  figure  2. 

Simulated  and  measured  performances  of  the  switch  agree  well  and  are  shown  in  figures  3  and  4.  Within 
the  desired  band,  the  return  loss  is  less  than  16  dB.  The  insertion  loss  in  ON-state  is  1.3  dB  and  the 
isolation  in  switch  OFF-state  is  30  dB  at  10  GHz. 

The  second  SPDT  switch  B,  shown  in  figures  5  and  6,  uses  an  additional  shunt  transistor  in  each  branch 
to  achieve  higher  isolation.  We  measured  an  improved  isolation  of  45  dB  and  insertion  loss  of  1.7  dB  at 
10  GHz.  Good  agreement  with  predicted  results  is  demonstrated  in  figure  7  and  figure  8. 

The  switches  were  realized,  using  100  pm  ground  to  ground  spacing  CPWs  on  GaAs  and  PHEMTs  with 
conventional  two  finger  gates  of  0.3  pm  length  and  total  gate  width  of  300  pm. 

W-Band-Switches 

Both  W-band  switches  were  realized  with  PHEMTs,  using  e-beam-lithography  to  define  the  0.15  pm 
two  finger  T-gates  with  total  gate  width  of  60  pm.  The  ground  to  ground  spacing  of  the  CPWs  is  50  pm 
and  the  DC  control  voltage  is  Vgl  =  -1  V  and  Vg2  =  0  V. 

The  topology  of  the  W-band  switches  differs  from  that  of  the  X-band  versions  since  only  shunt  PHEMTs 
were  used  in  order  to  reduce  the  insertion  loss.  Figures  9  and  10  show  a  schematic  and  a  chip  photo  of  W- 
band  switch  A. 

The  low  impedance,  presented  by  the  pair  of  the  shorted  HEMTs,  is  transformed  through  the  quarter- 
wavelength  section  to  a  high  impedance  at  the  switch  junction  .  The  characteristic  impedances  and  lengths 
of  the  transmission  lines  are  adjusted  to  give  lowest  insertion  loss  and  highest  isolation.  This  concept  also 
uses  open  gate  resistors.  No  additional  inductor  to  compensate  the  drain-source-off-capacitance  was  used 
as  in  [6]. 

During  measurement,  the  second  branch  was  open.  Thus,  there  is  a  deviation  between  measured  and 
predicted  data  for  isolation.  Figures  1 1  and  12  illustrate  the  properties  of  the  switch  from  70-120  GHz.  At 
76  GHz  the  insertion  loss  is  2.9  dB  and  despite  the  incorrect  termination  we  achieved  22  dB  of  isolation. 
For  a  monolithically  integrated  and  properly  matched  switch,  we  expect  at  least  20  dB  isolation  over  the 
entire  W-band.  The  return  loss  of  the  circuit  is  less  than  15  dB  up  to  90  GHz. 

The  second  W-band  switch  B  uses  the  same  topology  as  the  former,  but  instead  of  open  gate  resistors, 
quarter- wave-length  gate  transmission  lines  shorted  by  capacitors  at  the  ends  were  used  .  For  the  RF-path 
they  provide  the  same  function  as  resistors.  A  schematic  is  shown  in  figure  13  and  a  chip  photo 
in  figure  14.  The  MMIC  includes  a  50  Q  NiCr  resistor  as  termination  for  the  second  branch. 

With  the  fourth  switch  we  obtained  3.2  dB  insertion  loss  at  94  GHz.  Isolation  is  higher  than  15  dB  over 
the  whole  W-band.  Additionally,  return  loss  is  smaller  20  dB  over  a  10  GHz  bandwidth.  Figures  15  and 
16  depict  the  on-wafer  measured  S-parameters  versus  frequency. 

Conclusion 

The  application  of  coplanar  technology  to  switches  at  X-band  and  W-band  has  been  investigated  using 
different  switch  topologies.  The  active  switching  elements  were  PHEMTs  with  0.3  pm  conventional  and 
0.15  pm  T-gates.  We  obtained  good  agreement  between  simulation  and  measurement. 
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Fig.  1:  Topology  of  SPDT  X-band-PHEMT  switch  A 
with  UdQ  resistors  in  the  gate  bias  lines. 


Fig.  2:  X-band-PHEMT  switch  A  (1 .9x0.9  mm2). 


Fig.  3:  Insertion  loss  and  isolation  of  X-band-PHEMT 
switch  A  shown  in  figure  1. 


Fig.  4:  Return  loss  of  X-band-PHEMT  switch  A  shown 
in  figure  1 . 
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Fig.  5:  Topology  of  SPDT  X-band-PHEMT  switch  B 
with  lkD  resistors  in  the  gate  bias  lines. 


Fig.  7:  Insertion  loss  and  isolation  of  X-band-PHEMT 
switch  B  shown  in  figure  5. 


Fig.  6:  X-band-PHEMT  switch  B  (1 .9x1 .6  mm!). 


Fig.  8:  Return  loss  of  X-band-PHEMT  switch  A  shown 
in  figure  5. 
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Fig.  9:  Topology  of  SPDT  W-band-PHEMT  switch  A 
with  lkH  resistors  in  the  gate  bias  lines. 


Fig.  10:  W-band-PHEMT  switch  A  (1.4x1. 4  mm2). 


Fig.  11:  Insertion  loss  and  isolation  of  W-band-PHEMT 
switch  A  shown  in  figure  9. 


Fig.  12:  Return  loss  of  W-band-PHEMT  switch  A  shown 
in  figure  9. 
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Fig.  14:  W-band-PHEMT  switch  B  (0.9x0.9  mmJ). 


Fig.  15:  Insertion  loss  and  isolation  of  W-band-PHEMT 
switch  B  shown  in  figure  13. 


Fig.  16:  Return  loss  of  W-band-PHEMT  switch  B  shown 
in  figure  13. 
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ABSTRACT 

NEC  has  successfully  developed  a  compact  multi  chip  module  for  video  and  data  communications.  The  transmitter  (TX)  and 
receiver  (RX)  are  unified  using  high  density  packaging  technology  which  is  newly  developed  in  consideration  of  reliability, 
e.g.  hermetic  seal  and  thermal  management,  and  of  low  insertion  loss  RF  I/O  structure.  Pseudomorphic  Hetero  Junction  FETs 
(P-HJ-FET)  are  employed  for  LNA  and  power  amplifier  (PA)  MMICs  to  achieve  a  low  noise  figure  of  6.6  dB  and  high 
output  power  of  19  dBm.  And  the  module  also  realized  an  excellent  S/N  of  60  dBp-p/rms  for  the  NTSC  VIDEO  signal 
transmission. 

I.  INTRODUCTION 

The  conventional  millimeterwave  modules  were  composed  of  dielectric  resonator  oscillator  (DRO)  and  waveguide  structure, 
so  they  had  disadvantages  such  as  high  cost,  mechanical  complexity  and  heavy  weight[l].  The  tendency  of  the  market 
requirements  needs  compact  size,  light  weight  and  portable  equipment.  Recently,  there  have  been  several  reports  about 
MMIC  to  oscillate  directly  in  millimeterwave[2][3].  However,  these  MMICs  are  not  suitable  for  the  VIDEO  signal 
transmission  from  the  view  point  of  1/f  noise.  To  achieve  an  excellent  performance,  compact  size  and  cost  reduction,  it  is 
necessary  to  optimize  the  LO  -multiplier  chain,  and  to  integrate  the  transmitter  and  receiver  in  one  MIC  package  with 
microstrip-to-waveguide  transducer.  Fundamental  technology  realizing  the  MIC  is  based  on  the  metal  package,  the  multi  chip 
MMICs,  thermal  management,  and  the  hermetic  sealed  microstrip-to-waveguide  transducer.  This  paper  discusses  means  of 
the  newly  developed  packaging  technology  at  millimeterwave  and  performance  of  the  T/R  module. 

II.  PACKAGE  FOR  MILLIMETERWAVE 

In  order  to  design  the  T/R  module  package,  we  considered  of  reliability,  e.g.  hermetic  seal,  thermal  radiation  from  MMICs, 
low  insertion  loss  at  RF  I/Os,  electromagnetic  shield  and  high  isolation  between  TX  and  RX.  Fig.  1  shows  the  external  view 
of  the  T/R  module  with  the  lid  removed.  The  T/R  module  size  is  only  38  x  19.6  x  3mm3.  In  order  to  achieve  high  isolation 
between  TX  and  RX  at  51  GHz,  the  cross  section  of  the  package  mounting  MMIC  was  designed  to  have  high  cut  off 
frequency,  that  was  60  GHz.  The  block  diagram  of  the  T/R  module  is  shown  in  Fig.  2. 

1  THERMAL  MANAGEMENT 

It  is  suitable  for  package  material  to  employ  CuW  if  only  thermal  radiation  is  taken  into  consideration.  However,  CuW  is 
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much  more  expensive  than  Kovar  as  material  and  takes  long  time  processing  at  production,  and  the  casting  or  injection 
molding  of  CuW  is  difficult.  Therefor,  the  complex  structure  like  a  microstrip-to-waveguide  transducer  can  not  be  made 
easily  and  cheaply.  We  employed  Kovar  for  the  package  and  CuW  as  a  heat  spreader.  Fig.  3  shows  the  thermal  radiation 
structure  for  the  P-HJ-FET  PA  MMIC.  Fig.  4  shows  the  estimated  channel  temperature  of  various  thickness  of  CuW  heat 
spreader.  By  using  the  200  n  m  thickness  CuW  heat  spreader  which  has  high  thermal  conductivity  mounted  under  the  MMIC 
directly,  we  can  suppress  the  Tch  max  at  130°C  even  if  the  environmental  temperature  at  50°C. 


2  MICROSTRIP-TO-WAVEGUIDE  TRANSDUCER  AND  THE  HERMETIC  SEAL 

Fig.  5  shows  the  cross-sectional  view  of  the  transducer.  The  alumina  substrate  is  brazed  to  Kovar  base  plate  with  Ag.  The 
insertion  loss  is  0.2  dB  except  the  alumina  substrate  loss.  The  insertion  loss  and  bandwidth  are  degraded  by  increasing  the 
thickness  of  alumina  substrate.  On  the  other  hand,  the  thickness  of  the  alumina  substrate  is  required  more  than  0.15mm  in 
order  to  stand  the  pressure  of  4  atm  at  the  helium  leak  test  procedure.  By  using  the  alumina  substrate  we  couldn’t  find  out  the 
solution  which  satisfied  the  excellent  insertion  loss  and  mechanical  strength.  So,  we  brought  in  to  use  a  low  tan  s  material  for 
the  hermetic  seal.  Finally,  the  insertion  loss  of  0.25  dB  and  less  than  10  atm'cc/sec  leak  late  are  realized  simultaneously. 


Ill.  PERFORMANCE  OF  THE  T/R  MODULE 

The  transmitter  consists  of  a  800  *  m  P-HJ-FET  12.75GHz  to  25.5GHz  doubler,  400  u  m  P-HJ-FET  25.5GHz  to  51.0GHz 
doubler,  two  chips  of  two  stage  400  »  m  P-HJ-FET  51GHz  PA  MMICs,  attenuater  (i.e.  PIN  diode)  and  detector  diode.  Fig.  6 
shows  the  TX  power  as  a  function  of  LO  power  and  frequency.  A  saturated  output  power  of  19  dBm  at  51  GHz  is  obtained  in 
condition  of  15  dBm  LO  power.  The  operated  output  power  is  controlled  within  14  dBm  by  the  outer  circuit. 


2  RECEIVER 

The  receiver  consists  of  a  200  M  m  P-HJ-FET  LNA  and  subharmonically  pumping  mixer  where  the  25.5  GHz  LO  is  branched 


from  transmitter.  Fig.  7  shows  the  conversion  loss  as  a  function  of  LO  power.  Fig.  8  shows  the  conversion  loss  and  NF  as  a 
function  of  frequency.  A  minimum  conversion  loss  of  1.8  dB  and  a  noise  figure  of  6.6dB  at  51GHz  are  obtained  in  condition 


of  15  dBm  LO  power. 


IV.  VIDEO  SIGNAL  TRANSMISSION 

In  order  to  achieve  an  excellent  S/N  and  modulation  linearity,  LO  -multiplier  chain  is  optimized.  The  LO  is  a  12.75  GHz 


VCO  using  a  Si  Bipolar  Junction  Transistor  with  the  microstripline  resonator.  Fig.  9  shows  the  phase  noise  of  the  VCO  as  a 
function  of  offset  frequency'  from  carrier.  The  phase  noise  of  the  VCO  is  104  dBc/Hz  at  100kHz  off  earner.  The  T/R  module 
achieved  a  very  high  S/N  of  60  dBp-p/rms  for  NTSC  VIDEO  signal  transmission  at  51  GHz.  Fig.  10  shows  the  photograph  of 


the  T/R  module. 


V.  CONCLUSION 

We  had  investigated  the  millimeterwave  package  in  terms  of  hermetic  seal,  thermal  management  of  bare  chips,  low  insertion 
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loss  of  RF  I/Os  and  electromagnetic  shield.  Therefore,  we  integrated  transmitter,  receiver  and  microstrip-to-waveguide 
transducers  in  one  package  which  volume  is  1.55  cc  successfully.  The  developed  module  achieved  excellent  RF  performance 
and  high  reliability  simultaneously. 
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P-HJ-FET  PA  WMCs  on  the  Cu/W  Host  Spreader 


Fig.  1  External  View  of  the  T/R  Module.  Package  Size  is  38mm  x  19.6mm  x  3  mm 
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Fig.  2  Block  Diagram  of  the  T/R  Module 
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Fig.  3  Thermal  Radiation  Structure  of  the  P-HJ-FET  PA  MMIC.  Fig.  4  Calculated  Channel  Temperature  of  the 

P-HJ-FET  PA  MMIC 
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Fig.  5  Cross  Sectional  View  of  the  Transducer. 
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[.  6  TX  Power  as  a  Function  of  LO  Power  Fig.  7  Conversion  Loss  as  a  Function  of  LO  Power, 
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Fig.  8  Conversion  Loss  and  NF  as  a  Function  of  Frequency.  Fig.  9  Phase  Noise  of  LO. 
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Fig.  10  Photograph  of  the  T/R  module. 
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ABSTRACT 

S-parameter  results  of  93  Q  micro-machined 
ground  coplanar  waveguide  resonators  and  filters 
at  millimetric  wave  frequencies  are  presented. 
The  loaded  and  unloaded  quality  factors  are 
approximately  118  and  356  respectively  at  Ka- 
band.  The  GCPW  resonators  and  filters  were 
fabricated  on  a  thin  Si02  membrane  (suspended 
membrane)  over  an  air-cavity  defined  in  the 
silicon  wafer.  The  importance  of  micro- 
machined  circuits  is  verified  in  low  loss  circuits 
at  millimetric  and  sub-millimetric  wave 
frequencies  as  filters  and  power  combiners  as 
well  as  oscillators  with  low  phase  noise 
spectrum. 

1.  INTRODUCTION 

High  performance  and  low  cost  transmission 
lines  are  required  for  applications  at  millimetric 
wave  (MMW)  and  sub-millimetric  wave 
(SMMW)  frequencies.  Modem  military  and  civil 
communication  systems  demand,  for  instance, 
high-Q  oscillators  in  order  not  to  degrade  the 
phase  noise  and  high  output  power  at  MMW  and 
SMMW  frequencies.  The  first  entails  high-Q 
resonator  circuit  while  the  latter  requires  low  loss 
combiners/splitters  which  can  not  be  achieved 
with  conventional  substrates  such  as  GaAs, 
AI2O3  and  Duroid  due  to  the  high  radiation  and 
conductor  losses  at  these  frequencies.  For 
applications  at  MMW  and  SMMW  frequencies 
where  the  losses  are  a  paramount  issue,  the 
solutions  have  been  based  on  waveguides.  In 


practical  terms,  the  choice  between  waveguides 
and  printed  circuits  relies  on  a  compromise 
between  the  size  and  the  losses  of  a  system. 

Recently,  millimetric  and  sub-millimetric  waves 
planar  transmission  lines  using  micro-machining 
techniques  have  been  demonstrated  as  a  potential 
candidate  for  high  performance  transmission 
lines  (1,2).  Fig.  1  shows  the  cross-section  of  the 
micro-machined  ground  coplanar  waveguide 
(GCPW)  structure.  The  air-cavity  under  the  thin 
membrane  reduces  the  radiation  and  the 
dielectric  losses  as  well  as  the  dispersion  (3).  At 
MMW  and  SMMW  frequencies,  the  radiation 
loss  is  an  important,  if  not  the  dominant 
contributor  to  the  overall  loss  of  strip-like 
transmission  lines  printed  on  conventional 
substrates.  The  dielectric  loss  is  negligible 
compared  to  the  conductor  and  radiation  losses 
for  high  resistivity  substrates. 

In  this  paper,  the  fabrication  process  and  the 
measured  results  of  several  micro-machined 
GCPW  resonators  at  frequencies  above  30GHz 
are  presented.  The  resonators  were  printed  on  a 
200pm  thick  <100>-oriented  silicon  wafer.  The 
characteristic  impedance  of  the  resonators  is 
93CL  The  micro-machined  fabrication  process 
can  be  integrated  into  MMIC  circuits. 

2.  FABRICATION 

The  GCPW  resonators  and  the  coupled  line  filter 
of  Fig.  2  were  printed  on  a  200pm  silicon  wafer. 
A  5000A  layer  of  SiC>2  was  thermally  grown  at 
950°C  by  dry  oxidation.  Via-holes  areas  were 
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defined  on  the  SiC>2  layer  at  front-side  of  the 
wafer  by  using  photo-lithography  techniques. 
The  5000A  SiC>2  layer  was  etched  with  B.O.E.  - 
13:2  mixture.  The  gold  metal  was  electroplated 
on  a  sputter  gold  layer  of  1000 A  on  the  front¬ 
side  surface  of  the  wafer.  The  thickness  of  the 
gold  layer  equals  3pm  is  more  than  6  times  the 
skin  depths  at  frequencies  above  30GHz.  A  thin 
gold  layer  is  first  deposit  on  the  wafer  back-side. 
On  the  selected  areas,  i.e.,  the  areas  selected  for 
the  air-cavity,  the  gold  layer  was  removed  using 
Lift-off  techniques.  The  wafer  back  side  surface 
was  then  etched  in  a  EDP  solution.  The 
anisotropic  etching  rate  is  1.6pm/min.  The 
5000A  Si02  layer  acts  as  etch  stopper  for  the 
EDP.  In  order  to  avoid  overetching,  the  depth  of 
the  air-cavity  was  constantly  monitored.  An 
angle  of  57°  was  formed  between  the  bottom 
plate  and  the  air-cavity  side  walls,  as  shown  in 
Fig.  1 .  The  deposition  of  gold  metal  on  the  via- 
holes  and  on  the  cavity  side  walls  was  done 
through  a  thin  metal  mask  attached  to  the  back 
side  of  the  wafer. 

3.  RESULTS 


where  fa  =  / 2#  and  BW3(jB  is  the  3dB 

bandwidth. 

The  micro-machined  GCPW  lines  presents  an 
inherent  higher  the  mechanical  resistance  in 
comparison  with  the  micro-machined  microstrip 
lines.  The  mechanical  resistance  of  the 
membrane  is  increased  in  GCPW  lines  due  to 
ground  planes,  i.e.,  the  area  of  the  SiC>2 
membrane  not  covered  by  gold  metal  is  smaller 
for  GCPW  than  for  microstrip  lines. 

4.  CONCLUSIONS 

Results  of  micro-machined  GCPW  resonators  at 
millimetric  wave  frequencies  were  reported.  The 
micro-machined  resonators  are  potentially 
attractive  to  low  phase  noise  MMIC  oscillators  at 
millimetric  wave  frequencies  due  to  the  easy 
fabrication  process  and  the  compatibility  with 
the  standard  MMIC  process. 


Figs.  3, 4  and  5  show  the  simulated  insertion  and 
return  losses  of  the  microstrip  coupled  line  filter 
and  the  930  GCPW  resonators  of  Figs.  2a  and  b. 
The  aspect  ratio  s/($  +  2w)  of  the  GCPW 
resonators  equals  0.389  ( s  =  3 1 8//m  and 
w-250//m),  where  s  and  w  are  defined  in  Fig.  1. 
The  gap  between  the  feed  lines  and  the  A/ 2 
resonators  equals  40pm.  Table  1  summarizes  the 
simulated  values  of  the  loaded  (Ql  )  and  the 
unloaded  (Qy)  quality  factors  of  the  resonators. 
Ql  and  Qy  are  expressed  by  (4,5) 


w  0X\ 

0) 

2 (R+Zo) 

Ql 

(2) 

where  Zo  is  the  characteristic  impedance,  wo  is 
the  resonant  frequency  and  Zin=R+jX  is  the 
series  impedance.  For  high  Q  circuits,  QL  can 
also  be  expressed  by  (5) 
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Table  1 :  Simulated  values  of  the  loded  and  unloaded  quality  factors  of  GCPW  resonators 


Frequency 

Length 

Simulated  J 

Loaded-Q 

Unloaded-Q 

Resonator  1 

28.096  GHz 

5000  pm 

211 

315 

Resonator  2 

30.410  GHz 

4600  pm 

183 

335 

4200  pm 

134 

310 

Resonator  4 

36.365  GHz 

3800  pm 

118 

356 

Resonator  5 

45.210  GHz 

3000  pm 

89 

706 

Fig.  1-  Cross-section  of  the  micro-machined 
GCPW  structure 


Fig.  2a  -  Microphotograph  of  the  GCPW 
resonators. 


Fig.  2b  -  Microphotograph  of  the  microstrip 
coupled  line  filters. 
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Ka-Band 

Fig.  3  -  Insertion  and  return  losses  of  the  Ka-band  micro-machined  coupled  line  filter. 


Frequency  (GHz) 

Fig.  4  -  Insertion  loss  of  GCPW  resonators. 


Frequency  (GHz) 


Fig.  5  -  Return  loss  of  GCPW  resonators. 
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ABSTRACT 

This  paper  describes  a  wideband  radio  channel  complex  impulse  response  measurement  system  with  5.3  GHz  carrier  frequency.  The 
sounder  uses  crosscorrelation  method.  The  first  measurements  have  been  performed  using  sliding  correlator  principle.  Delay 
resolution  of  20  ns  and  dynamic  ranges  over  25  dB  have  been  achieved  for  the  wideband  impulse  response  measurement  Statistical 
radio  channel  parameters,  like  rms  delay  spread  and  pathloss  for  an  office  environment  have  been  measured  for  empirical  radio 
channel  characterization  purposes. 

1  INTRODUCTION 

There  has  been  a  rapid  increase  in  radiocommunications  area  during  the  last  decade.  Several  mobile  phone  systems  are  available  and 
new  systems  are  developed  using  high  data  rates  and,  therefore,  larger  bandwidths  are  required.  Radio  channel  modeling  is  needed 
for  system  design.  Empirical  channel  models  use  statistical  characterization  of  the  channel.  Rms  delay  spread  is  the  critical  parameter 
when  the  high  bit-rate  radio  LAN  systems  are  designed.  HIPERLAN  (High  Performance  Local  Area  Network)  has  23.5294  Mbit/s 
capacity  in  asynchronous  mode.  Therefore,  rms  delay  spread  values  of  the  indoor  radio  channel  are  critical  for  the  system  reliability 
together  with  the  pathloss  values.  The  delay  dispersion  of  the  received  signal  can  be  compensated  by  means  of  adaptive  equalisation 
to  some  extent  [I].  Propagation  simulations  with  ray-tracing  algorithms  are  generally  used  in  channel  modeling  (e.g.  [IJ).  In  the 
simulations,  simplifying  assumptions  about  propagation  environment  have  to  be  made,  and  therefore  propagation  measurements  have 
to  be  performed.  Measurements  with  5.3  GHz  carrier  frequency  and  53.85  MHz  3  dB  signal  bandwidth  are  suitable  for  modeling  of 
the  5.1-5.25  GHz  HIPERLAN  propagation  environment. 

2  IMPLEMENTATION  OF  THE  MEASUREMENT  SYSTEM 

In  this  paper,  the  wideband  radio  channel  has  been  measured  at  5.3  GHz  using  a  wideband  channel  sounder  [21,  which  was 
developed  at  the  Institute  of  the  Radio  Communications  at  the  Helsinki  University  of  Technology.  The  block  diagram  of  the  5.3  GHz 
extension  of  the  system  is  given  in  Figure  I.  In  the  transmitter  of  the  sounder,  a  pseudonoise  sequence  with  53.85  MHz  chip 
frequency /dty  modulates  the  5.3  GHz  carrier  signal.  In  the  receiver,  the  crosscorrelation  Ru{ T)  between  the  received  signal  and  the 
replica  of  the  original  sequence  is  obtained  yielding  the  channel  complex  impulse  response  (IR)  h^T)  the  following  way: 

R„W  =  hJr)®hjT)®R,M.  <l) 

where  /i„/t)  is  the  measurement  system  impulse  response  and  RJt)  the  autocorrelation  of  the  used  waveform.  The  dynamic  range 
and  delay  resolution  of  the  IR  measurement  are  dictated  by  the  autocorrelation  properties  of  the  signal.  For  m-sequences  of  length  L, 
dynamic  range  D=20  logl  and  resolution  AT=l/fMp  are  the  given  limits  [2],  though  it  is  stated  that  delay  resolution  can  be  improved 
by  measurement  data  post  processing  [3].  In  that  case,  the  delay  resolution  is  seen  to  be  limited  to  the  reciprocal  of  the  measurement 
system  bandwidth,  i.e.  by  h„^r) . 

The  sliding  correlator  (SC)  detector  presented  in  [4]  is  used  in  the  measurements  presented  in  this  paper.  In  the  SC,  the  replica  has  a 
slightly  slower  chip  rate,  which  results  in  bandwidth  compression  eliminating  the  need  for  rapid  A/D-conversion  of  the  wideband 
signal.  In  the  sliding  correlator  measurements,  the  difference  between  the  clock  frequencies  deteriorates  the  dynamic  range.  Typical 
dynamic  range  achieved  with  the  SC:s  is  usually  about  25  dB.  To  verify  the  dynamic  range  of  the  measurement  with  the 
delay/bandwidth  scaling  factor  AT— 2154,  the  measured  setup  was  tested  in  an  anechoic  chamber.  The  resulting  impulse  response  is 
shown  in  Figure  2a.  The  3  dB  width  of  the  IR  is  about  20  ns  and  the  spurious-free  dynamic  range  is  over  25  dB.  Each  measured  IR 
component  is  a  time  average  over  coherent  integration  time  in  the  crosscorrelation  process,  which  is  given  by  K/ftup. 

Antennas  used  in  the  measurements  were  omnidirectional  vertically  polarized  discone  antennas.  The  measured  gain  of  these  antennas 
is  1.3  dB  and  the  3  dB  beamwidth  in  the  vertical  plane  is  108  °.  The  measured  radiation  patterns  in  vertical  plane  including  the  co- 
and  crosspolarisations  of  the  discone  antenna  are  shown  in  Figure  2b. 
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The  automatic  gain  control,  which  is  realized  by  three  digital  step  attenuator  stages,  allows  pathloss  measurements  with  ±1  dB 
uncertainty.  In  this  paper,  antenna  gains  are  included  in  the  announced  pathloss  results,  i.e.  the  antennas  are  seen  as  parts  of  the 
propagation  channel. 

The  pathloss  calibration  is  done  by  connecting  the  TX  and  RX  with  a  cable  and  an  attenuator.  To  estimate  the  link  budget,  the 
thermal  noise  is  assumed  to  be  Gaussian  distributed  with  variance  <r,  and  it  is  accepted  that  that  a  noise  peak  is  detected  as  a  signal 
component  with  0.1  %  probability,  which  equals  to  3  c.  With  this  assumption  the  transmitted  power  +30  dBm  and  the  receiver  3  dB 
noise  figure  give  maximum  EIRP  pathloss  of  1 13  dB  with  25  dB  IR  dynamic.  In  this  pathloss  value  the  coherent  integration  in  the 
crosscorrelation  process  is  included.  It  is  estimated  to  give  +27  dB  processing  gain.  To  evaluate  the  range  of  the  measurement 
system  tentatively  in  indoor  environment,  the  log-distance  path  loss  model  can  be  used  [5].  Assuming  path  loss  exponent  value  4, 
free  space  propagation  to  distance  of  5  m  and  pathloss  peak  to  peak  variation  of  20  dB  only  63  m  range  is  given,  although  free  space 
pathloss  gives  2.5  km  range. 

3  INDOOR  PROPAGATION  MEASUREMENTS 

The  measurements  were  performed  at  the  Department  of  Electrical  and  Communications  Engineering  at  Helsinki  University  of 
Technology.  The  floor  plan  of  the  location  is  shown  in  Figure  3.  Measurements  were  done  in  the  corridors  and  in  the  rooms.  The 
corridor  measurements  were  continuous,  the  receiver  was  moving  with  0.35  m/s  average  speed.  The  main  parameters  of  these 
measurements  are  given  in  Table  1. 

The  measured  time-variant  complex  impulse  response  h(t,r)  is  expressed  the  following  way: 

^T)  =  £/i(.(f)<5(T-T;(f))  ,  (2) 


where  is  the  complex  amplitude  of  a  signal  arriving  via  discrete  propagation  path  which  has  an  excess  delay  t;-.  The  rms  delay 
spread  S,  which  affects  on  the  maximum  capacity  of  uncompensated  and  uncoded  channel  [6, 7],  is  defined  as: 


*=! _ 

I  1m1 

jt=i 


(3) 


where  D  is  the  average  delay  of  the  power  delay  profile  (PDP): 

XTiHr‘)l 

D=iS — —  •  <4> 

k~\ 

It  should  be  noted  that  the  measured  rms  delay  spread  depends  on  the  dynamic  range  of  the  IR.  In  the  statistical  analysis  of  the  rms 
delay  spread  along  a  track  with  thousands  of  samples  the  dynamic  range  had  to  be  reduced  to  20  dB  to  prevent  system  noise  peaks  to 
be  interpreted  as  signal  components.  This  may  happen  when  many  equally  strong  distinguishable  propagation  paths  exist  in  the 
channel.  By  assuming  exponentially  decaying  PDP,  it  can  be  calculated  that  20  dB  dynamic  range  gives  1 1  %  smaller  measured  rms 
delay  spread  values  than  actual.  By  summing  large  amounts  of  IR's  to  a  single  PDP,  it  was  deduced  that  our  measurement 
environment  obeys  the  exponential  law  statistically.  Therefore  the  measured  statistical  values  of  rms  delay  spread  presented  are 
considered  smaller  than  what  e.g.  corresponding  simulations  with  actually  infinite  dynamic  range  would  give.  The  minimum 
measurable  rms  delay  spread  is  7  ns  with  described  measurement  setup.  This  is  basically  caused  by  the  bandwidth  limitation  of  the 
signal. 

The  Fourier  transform  of  (2)  is  the  delay-Doppler  function  [8],  Thus  the  delay-Doppler  spectrum  X(T,v)  of  successive  IR’s  measured 
at  period  T  can  be  written  as: 
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X(r,v) 


(5) 


T 

7 

=  \h.t{t,T)e-j2nvtdt 

T 
2 

where  v  denotes  the  Doppler  frequency.  Generally  the  Doppler  spectrum  information  is  included  in  the  digital  radio  system 
simulations.  The  Doppler  shift  can  be  considered  to  have  a  negligible  effect  on  the  performance  of  the  HIPERLAN  system,  when 
the  moving  speed  is  relatively  slow.  This  holds  if  the  change  of  a  propagation  path  in  wavelengths  is  small  during  a  data  packet 
transmission  time.  The  Doppler  domain  can  also  be  used  to  create  a  synthetic  aperture  to  locate  individual  scatterers.  The  resolution 
in  the  Doppler  domain  Av  is  the  reciprocal  of  the  integration  time  T : 

1 

&V  =  J.  (6) 

The  uncertainty  of  the  Doppler  frequency  measurement  crv  is  determined  by  the  Allan  variance  <r/  of  the  primary  standard  the 
following  way: 

ff„(70=V2-/,.<rJ(r),  (7) 

where  fc  denotes  the  carrier  frequency  and  the  V2  is  for  the  quadratic  summing  of  the  TX  and  RX  primary  standards.  The  oy(T)  is 
announced  310'u  \ff^  for  each  primary  standard,  giving  0.22  Hz  std  for  1  s  successive  sets  of  IR’s  in  equation  (7).  Thus,  in 
practice,  integration  times  of  a  few  seconds  only  can  be  used  in  equation  (5>  The  longer  integration  time  causes  the  measurement 
uncertainty  to  be  greater  than  the  resolution. 

It  is  obvious  that  the  equations  for  optimum  integration  time  T  in  (5)  can  be  derived  for  having  maximum  angular  resolution.  The 
accurate  solution  is  beyond  the  scope  of  this  paper.  In  these  measurements,  24  IR’s  at  maximum  is  transformed  in  one  set  which  is 
estimated  to  give  17°  angular  resolution  when  the  location  of  the  scatterer  is  perpendicular  to  the  direction  of  motion.  It  must  be 
noted  that  the  direction  of  arrival  is  ambiguous,  and  that  in  indoor  environment  the  ambiguity  is  three-dimensional.  Therefore  the 
resolved  angle  tells  only  the  angular  deviation  from  the  direction  of  motion. 

4  THE  MEASUREMENT  RESULTS 

The  absolute  value  of  a  typical  impulse  response  of  the  channel  in  the  northern  corridor  is  presented  in  Figure  4a.  Here  the 
transmitter  is  TXI  in  Figure  3,  and  the  receiver  RX1  moves  along  the  corridor  towards  the  TX1.  In  the  measurement  of  Figure  4a, 
the  RX1  is  situated  10  m  from  the  north  end  of  the  corridor.  The  size  of  the  corridor  was  31-2.0  -2.2  m3  ( l-wh ).  The  sidewalls  were 
made  of  brick,  the  floor  was  concrete  covered  with  linoleum  floor  tiles  and  the  ceiling  was  concrete  covered  with  various  metal 
structures.  The  north  end  of  the  corridor  was  a  glass  window  and  the  south  end  a  fire  door  (glass  with  wire  mesh  with  13  mm  grid). 
In  this  simple  case,  the  scatterers  causing  the  impulse  response  components  can  be  easily  traced.  The  First  component  (x=20  ns)  is  the 
line  of  sight  signal  (LOS).  The  next  peak  (t=90  ns)  is  the  reflection  from  the  window  at  the  end  of  the  corridor.  This  is  confirmed  by 
the  Doppler  analysis  of  the  subsequent  IR’s  (Figure  4b):  the  direction  of  arrival  of  this  signal  is  opposite  to  that  of  the  LOS  signal. 
The  third  (t=130  ns)  component  is  the  backlobe  of  the  TX,  caused  by  objects  outside  of  the  corridor  itself,  and  fourth  (x=230  ns) 
component  is  the  twice  reflected  signal.  The  fifth  ( x=300  ns)  component  is  reflected  three  times  from  the  corridor  ends. 

The  LOS  signal  fades  very  abruptly  along  the  corridor.  The  peak  to  peak  variation  of  the  LOS  component  was  25  dB  with  average 
over  12  samples  (*0.15  m)  analyzed  from  IR’s  with  TX  and  RX  distances  16-30  m.  This  causes  also  large  variations  in  the  rms  delay 
spread.  It  can  be  concluded  from  the  parallel  and  perpendicular  reflection  coefficients  that  the  fading  is  mainly  caused  by  the 
reflections  from  the  walls,  the  floor  and  the  ceiling.  These  reflections  can  not  be  resolved  with  the  current  measurement  setup.  The 
later  signal  components  are  not  fading  so  steeply.  They  seem  to  decay  exponentially  relative  to  the  distance  from  the  reflection  end, 
which  implies  that  the  propagation  of  reflected  signals  in  the  corridor  is  analogous  to  waveguide  structures.  The  attenuation  constant 
is  estimated  to  be  0.3  dB/m  in  this  case. 

The  rms  delay  spread  along  the  corridor  evaluated  from  the  envelope  of  \h(r)\  and  its  cumulative  distribution  function  (CDF)  are 
presented  in  Figures  5a  and  5b.  The  total  number  of  IR’s  analyzed  was  1500.  The  median  value  of  about  20  ns  can  be  evaluated,  and 
90  %  of  the  values  are  less  than  44  ns.  The  use  of  the  envelope  de-emphasizes  weak  paths  compared  to  simulations  with  the  same 
dynamic  range,  where  the  length  of  each  IR  component  is  limited  by  Dirac  function  as  in  Equation  (2).  Figure  6  shows  the  received 
power  vs  RX  and  TX  distance  in  the  corridor.  Here  the  relative  received  power  is  the  power  sum  of  all  received  signal  components 
exceeding  the  20  dB  dynamic  of  the  measurement.  The  scatterplot  of  Figure  7  describes  the  received  power  vs.  rms  delay  spread 
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which  as  expected  are  correlated.  This  happens  because  the  large  delay  spread  values  result  from  the  fading  of  the  LOS  signal.  From 
this  kind  of  figure  bit  error  rates  or  outage  estimates  for  the  radio  relay  could  be  deduced  as  in  reference  [1]. 


In  total,  measurements  were  performed  in  various  corridors  and  rooms  (34  separate  measurements)  of  the  environment.  Rms  delay 
spread  median  values  were  in  all  measurement  sets  between  12-25  ns,  the  90  %  values  of  the  CDF  28-44  ns  and  the  largest  rms 
delay  spreads  were  near  70  ns.  In  the  rooms,  the  rms  delay  spread  seemed  to  be  dependent  on  the  room  size.  In  some  cases 
propagation  paths  existed  outside  of  the  building  which  is  easily  understood  from  Figure  3.  A  summary  of  the  measured  rms  delay 
spread  values  is  presented  in  Table  2. 

6  CONCLUSIONS 

In  this  paper,  a  measurement  system  for  evaluating  wideband  radio  system  performance  at  5.3  GHz  frequency  range  is  presented. 
Measurements  can  be  done  for  moderate  ranges  with  reasonable  TX  power,  and  no  cable  connection  between  RX  and  TX  is  needed. 
Some  of  the  first  measurement  results  are  given.  The  rms  delay  spread  values  are  more  than  50  %  smaller  that  has  been  published 
using  simulations  only  [1],  although  the  measurement  errors  caused  by  limited  dynamic  range  are  taken  into  account.  This  can  be 
explained  as  well  by  the  difference  of  the  environments  as  by  limited  accuracy  of  modeling  assumptions  in  simulations.  It  is  shown, 
that  the  measurement  device  described  is  capable  of  providing  information  required  in  predicting  wideband  radio  system 
performance  in  various  environments.  Obviously  the  results  are  useful  for  radio  system  design. 
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Table  1.  Main  parameters  of  the  corridor  measurements. 


average  velocity 

0.35  m/s 

average  Doppler  range 

±6  Hz 

IR  dynamic  range 

20  dB 

recorded  IR's/second 

24.4 

recorded  IR's/wavelength 

4 

measured  delay  window 

1  ps 

samples/delay  window 

205 

antenna  heights 

1.8  m 

Table  2.  Summary  of  the  measured  rms  delay  spreads. 


transmitter 

receiver 

number  of  IRS 

CDF(50  %) 

CDF(90%) 

TXt 

RX1 

1500 

20  ns 

44  ns 

TX2 

RX2 

1300 

12  ns 

28  ns 

TX2 

RX2' 

2000 

25  ns 

40  ns 

TX1.TX2 

ROOMS1-10 

34 

22  ns 

34  ns 
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Figure  1.  Block  diagram  of  the  5.  3  GHz  measurement  system.  In  the  receiver,  two  options  are  included:  the  sliding  correlator  and 
DSP  receiver,  in  which  the  received  signal  is  downconverted  to  the  baseband  and  sampled  with  2-  125  Ms/s  sample  rate. 


Figure  2a.  The  measurement  system  response  in  the  Figure  2b.  Measurement  antenna  direction  patterns  in 

anechoic  chamber.  The  distance  between  transmitter  the  vertical  plane  with  co-  and  crosspolarisations, 

and  receiver  was  5.7  m. 


14.5  m 


Figure  3.  The  floor  plan  of  the  measurement  site  (3rd  floor). 
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Abstract 

The  results  of  an  experimental  study  in  which  time  domain  pulses  are  used  to  measure  the 
far-field  characteristics  of  an  antenna  are  presented.  Pulses  with  duration  and  rise  times  in 
the  order  of  50  ps  are  generated  in  order  to  characterize  the  behavior  of  an  antenna  in  the 
frequency  range  1-18  GHz.  An  X-band  Standard  Gain  Horn  (SGH)  has  been  used  to  verify 
the  overall  performance  of  the  measurement  system.  An  excellent  agreement  between  the  time 
domain  and  the  frequency  domain  measurements  has  been  observed.  This  novel  antenna 
measurement  technique  offers  advantages  over  the  traditional  techniques  for  wideband 
measurements  in  frequency  domain  in  reducing  the  measurement  time  and  has  great 
potentials.  The  paper  describes  the  Antenna  Time  Domain  Measurement  (ATDM)  system, 
including  the  potentials  of  time  gating  and  summarizes  the  error  sources,  advantages  and 
disadvantages  of  such  a  measurement  technique. 

I.  Introduction 

The  increasing  demanding  performance  required  of  today’s  antennas  necessitate  higher 
accuracy  measurement  techniques.  Much  attention  has  been  given  to  the  far-  and  near-field 
antenna  measurements  in  the  frequency  domain.  A  new  approach  in  antenna  measurements  is 
to  determine  the  antenna  characteristics  in  the  time  domain.  Recently,  the  Antenna  Time 
Domain  Measurement  (ATDM)  technique  has  received  considerable  attention,  Miller  (1), 
Hansen,  Yaghjian  (2,3)  and  Dominek,  Shamansky  (4).  The  work  described  herein  is 
motivated  by  the  fact  that  the  measurement  times  associated  with  conventional  frequency 
domain  techniques  can  be  excessively  long  for  electrically  large  and  or  sophisticated 
antennas,  phased  array  antennas,  and  multi-beam  antennas  in  radar.  Such  antenna  systems 
have  to  be  tested  over  the  whole  frequency  band.  Dramatic  reduction  in  duration  of  antenna 
measurements  can  be  achieved  by  using  ATDM.  The  ATDM  method  enables  the  use  of  new 
error  correction  algorithms  to  increase  the  accuracy  in  antenna  measurements.  Also  for 
antenna  diagnosis  can  the  ATDM  technique  become  advantageous.  The  ATDM  set-up 
incorporates  a  pulse  generator,  a  sampling  oscilloscope  and  a  sampling  unit.  The  Antenna 
Under  Test  (AUT)  is  excited  with  a  short  time  pulse  and  the  probe  output  signal  is  registered 
and  processed  to  obtain  the  antenna  characteristics  over  a  broad  bandwidth.  This  paper 
presents  an  introduction  to  the  method,  and  discusses  the  unique  hardware  implementation  at 
IRCTR. 

II.  Advantages  and  disadvantages  of  ATDM 

The  ATDM  technique  offers  advantages  over  the  classical  antenna  measurement  technique  in 
the  frequency  domain.  The  main  advantages  of  ATDM  are: 

•  Direct  gating:  A  source  of  error  in  antenna  measurements  are  reflections.  Reflections  are 
caused  by  mismatching  and  reflections  of  walls  and  nearby  objects.  These  reflections  are 
separated  in  time  from  the  direct  antenna  signal  and  can  thus  be  removed  using  time 
domain  gating.  The  time  gating  in  ATDM  is  applied  directly  upon  each  signal  (figure  1). 

•  Reduction  of  measurement  time:  The  frequency  response  of  an  antenna,  including 
gating,  can  be  determined  from  a  single  measurement.  Dramatic  reduction  factors  in 
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measurement  time  can  be  achieved  for  wide-band  antennas,  especially  for  time 
consuming  measurements  like  near-field  scanning. 

•  Removal  of  scan  plane  errors  in  near-field  measurements:  In  planar  near-field 
measurements  a  scan  plane  with  finite  size  is  used.  This  result  in  a  scan  plane  error. 

Hansen  and  Yaghjian  (2,3)  have  shown  that  the  scan  plane  error  can  be  removed  by  using 
time  gating. 

•  Simple  measurement  set-up:  ATOM  is  less  complex  than  comparable  frequency 
domain  equipment  and  therefore  commercially  attractive. 

•  Antenna  diagnosis:  The  performance  of  the  antenna  can  be  analyzed  using  the  time 
response  of  the  antenna.  Reflections  inside  the  antenna  network  can  be  easily  observed 
from  the  measured  time  response.  This  feature  of  ATDM  can  be  used  in  antenna 
diagnosis. 

The  main  disadvantage  of  the  ATDM  method  is: 

•  Reduction  in  S/N  for  higher  frequencies:  The  spectrum  of  the  measurement  pulse 
decays  with  frequency,  while  the  noise  level  remains  constant.  The  resulting  reduction  of 
S/N  ratio  cause  a  lower  measurement  accuracy  on  higher  frequencies. 

///.  Basic  principles  of  lime  domain  antenna  measurements 

The  AUT  is  excited  with  short  duration  time  pulses.  Two  important  aspects  of  these  pulse 
signals  in  antenna  measurements  are  the  pulse  spectrum  and  pulse  energy.  The  pulse 
spectrum  determines  the  distribution  of  the  energy  of  the  time  signal  over  each  individual 
spectral  component.  The  S/N  ratio  of  spectral  components  is  directly  proportional  to  the 
energy  of  each  component.  The  larger  the  S/N  ratio,  the  more  accurate  are  the  measurements. 
The  pulse  energy  and  the  pulse  spectrum  are  related  to  the  pulse  signal  by  the  following 
equations. 

EP  =  )\pO)\2dl  (1) 

-00 

P(/)=  )pU)e-J1*dt  (2) 

For  short  time  pulses,  the  pulse  energy  is  distributed  over  a  large  number  of  frequency 
components.  In  order  to  obtain  sufficient  energy  per  spectral  component,  the  amplitude  of  the 
pulse  should  be  increased.  For  pulse  generators  it  is  observed  that  maximum  amplitude  and 
minimum  pulse  width  is  a  contradictory  demand.  A  trade-off  in  the  set-up  is  required. 

The  time  domain  antenna  response  is  measured  directly  at  the  output  of  the  probe  antenna. 
To  measure  the  high  frequency  signal,  a  stroboscopic  receiver  is  used. 

IV.  Error  sources  in  A  TDM 

For  antenna  measurements  the  error  budget  is  important.  By  introducing  a  new  technique, 
knowledge  on  the  dominant  error  sources  is  required.  This  section  overviews  the  error 
sources  specific  in  ATDM.  The  error  sources  in  the  time  domain  measurements  are  divided 
into  two  groups:  the  short-term  and  long-term  error  sources. 

Short-term  error  sources:  These  fast  variations  are  uncorrelated  from  one  measurement  to 
another.  Three  types  of  short-term  error  sources  can  be  distinguished  in  ATDM;  thermal 
noise,  jitter  and  quantization  noise.  Only  jitter  is  discussed  here,  because  this  error  source  is 
specific  for  ATDM.  Jitter  is  the  non-deterministic  variation  in  sample  position.  The  time 
error  distribution  is  considered  to  be  Gaussian.  If  the  signal  slope  is  locally  constant,  then  the 
voltage  error  distribution  is  simply  the  jitter  distribution  times  the  slope.  In  this  case  the 
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voltage  error  is  also  Gaussian.  If  the  slope  is  not  constant,  then  the  analysis  of  the  errors 
caused  by  the  jitter  is  more  complicated,  Rahman,  Sarkar  (5)  and  Gans  (6). 

Long-term  error  sources:  Long-term  variations  are  due  to  changes  in  the  position  and  shape 
of  the  measurement  pulse.  These  long  term  variations  are  mainly  caused  by  effects  of  the 
measurement  environment  and  imperfections  in  the  system.  The  variations  in  the  pulse  shape 
result  in  amplitude  variations.  The  variations  in  the  pulse  position  (‘drift’)  result  in  phase 
errors.  Long-term  variations  can  be  corrected  using  a  reference  signal. 

V.  Practical  measurement  set-up 

In  the  IRCTR  laboratory  there  is  a  moderately  sized  anechoic  chamber  called  DUCAT  (Delft 
University  Chamber  for  Antenna  Tests).  DUCAT  has  over  the  years  successfully  been  used 
for  far-fleld  measurements  of  electrical  small  antennas,  near-field  measurements  of  electrical 
large  antennas  and  radar  cross  section  measurements.  The  standard  measurement  equipment 
in  DUCAT  consists  of  an  HP  851  OB  network  analyzer,  an  HP  8341  B  synthesized  sweeper 
(RF  source),  and  an  HP  8350/HP  83592  B  sweep  oscillator  (LO  source).  This  equipment  is 
controlled  by  an  HP  9000/320  computer. 

The  time  domain  measurement  system  K2-63  has  been  developed  and  integrated  in  DUCAT 
in  a  cooperative  project  between  RTI,  Moscow  and  IRCTR.  The  DUCAT-ATDM  system  is 
shown  in  figure  2  and  consists  of  the  K2-63-1  sampling  oscilloscope,  the  K2-63-2  pulse 
generator  and  the  K2-63-3  sampling  unit.  The  main  characteristics  of  the  equipment  are 
given  in  table  1  and  2. 

VI.  Measurement  results 

To  demonstrate  the  characteristics  of  the  ATDM  equipment,  the  far  field  radiation  patterns  of 
an  X-band  Standard  Gain  Horn  were  measured  and  compared  with  measurements  using  the 
standard  frequency  domain  equipment. 

The  pulse  shown  in  figure  3  excites  the  linear  polarized  SGH.  The  transmitted  signal  is 
received  by  a  second  (identical)  SGH  and  recorded  with  the  sampling  oscilloscope.  The 
separation  between  the  two  SGH  is  approximately  3.5  m  (sufficient  for  the  antenna  far-field). 
In  figure  4  the  time  domaiin  antenna  response  on  the  main  axis  is  shown.  The  antenna 
response  is  determined  with  1024  samples  and  a  sampling  time  of  4.0  ps.  The  time  response 
is  averaged  over  256  observations. 

For  the  main  axis  signal,  the  S/N  ratio  of  this  particular  set-up  is  measured  and  shown  in 
figure  5.  The  S/N  ratio  is  determined  from  the  statistical  properties  of  100  consecutive 
measurements.  The  frequency  spectrum  is  determined  using  a  DFT  transformation  of  the 
time  signal.  The  DC  offset  of  the  pulse  is  compensated  and  a  raised  cosine  windowing 
function  is  used.  The  S/N  ratio  is  an  indication  for  the  measurement  accuracy  of  the  SGH 
patterns  in  X-band  for  this  particular  measurement  set-up. 

To  determine  the  radiation  patterns,  the  AUT  is  rotated  from  -90°  to  +90°  with  a  step  size  of 
1.0°.  In  each  rotation  point  a  1024  point  time  signal  is  measured  with  a  sampling  time  of 
4.0ps  and  an  averaging  of  256.  To  compare  the  time  domain  measurements  with  the 
frequency  domain  the  signal  is  transferred  to  the  frequency  domain  using  a  DFT 
transformation.  The  DC-offset  of  the  signal  is  compensated  and  a  raised  cosine  windowing 
function  is  used.  Figures  6  and  7  compare  the  results  of  the  time  domain  measurements  with 
CW  measurements  done  with  the  HP  equipment.  Comparison  patterns  of  the  SGH  at  1 1 .23 
GHz,  in  .E-plane  and  77-plane,  are  shown  respectively.  Note  that  the  time  and  frequency 
domain  measurements  are  done  on  consecutive  days  for  an  identical  antenna  set-up. 
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VII.  Conclusions 

A  novel  customized  antenna  time  domain  measurement  technique  has  been  presented  as  an 
alternative  to  the  classical  frequency  domain  techniques.  This  configuration  is  practical, 
accurate,  uses  less  equipment,  less  time  for  measurement  over  a  wide  frequency  band,  and  is 
capable  of  measuring  the  antenna  patterns  in  the  far-  and  near-fleld.  This  paper  is  an 
introduction  to  the  ATDM  far-field  measurement  concept,  including  the  unique  hardware 
implementation  at  1RCTR  and,  what  is  most  important,  it  shows  measured  results.  An  SGH 
in  X-band  was  used  to  check  the  overall  performance  of  the  system.  Direct  comparison  with 
a  traditional  frequency  domain  measurement  yielded  excellent  agreement  for  each  frequency 
component.  In  future,  the  near-field  time  domain  measurement  technique  will  be 
implemented. 
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Figure  1:  The  application  of  time  gating  in  ATDM 


Figure  2:  ATDM  set-up  in  DUCAT 
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Figure  6:  Comparison  far-fteld pattern  for  a  time  and  frequency  domain  measurement 

at  11.23  GHz;  E-plane 


Figure  7:  Comparison  far-fteld  pattern  for  a  time  and frequency  domain  measurement 

at  11.23  GHz.  H-plane 
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Table  1:  Characteristics  sampling  oscilloscope 


Parameter 

Value  | 

Number  of  channels 

4 

Bandwidth 

2x(H6  GHz) 

2  x(l*rl8  GHz)  | 

Noise  (RMS) 

<  1.0  mV  (1*6  GHz) 

<4.0  mV  (l-i-18  GHz) 

Max.  input  voltage 

+  1.0V 

||  Measurement  accuracy 

±(0.02  Vx  +  0.002)  V 

||  A/D  converter 

12  bits 

Number  of  samples 

256,512,1024,2048  | 

|  Max.  averaging 

256 

|  Minimum  sampling  time 

0.1  ps 

Jitter 

<  2.0  ps 

Measurement  range 

10.0  pS  -r  10  pS 

Table  2:  Characteristics  pulse  generator 

ll  ===-l - 1  ■  . ''  I  1' 


Parameter 

Value 

Type  1  (‘step  pulse’) 

Amplitude  (controllable) 

15+30  V 

10%-90%  rise  time 

60  ps 

Type  2  (‘block  pulse’) 

Amplitude 

40  V 

50%  pulse  width 

190  ps 

Type  3  (‘delta  pulse’+shaper  1) 

_ [ 

Amplitude 

30  V 

50%  pulse  width 

85  ps 

Type  4  ( ‘  block  pulse  ’ +shaper  2) 

Amplitude 

-5  V 

50%  pulse  width 

30  ps 

Pulse  repetition  rate 

10  +  100  kHz 
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ABSTRACT 

A  new  principle  of  a  mm-wave  frequency  extender,  suitable  for  commercial  available  network  analyzers,  is 
presented  and  the  main  features  of  the  modified  network  analyzer  are  discussed.  A  system  realization  in 
W-band  is  described.  The  system  performance  is  proved  by  measurements  in  the  frequency  range  89-100  GHz. 

INTRODUCTION 

The  increasing  industrial  interest  into  the  use  of  mm-wave  systems  for  communication  and  sensor  applications 
results  in  an  increasing  demand  for  measurement  equipment  in  this  frequency  range.  Unfortunately,  complex 
measurement  systems  which  operate  in  the  mm-wave  range,  for  example  network  analyzers  (NA),  are  very 
expensive.  In  the  past  some  alternative,  low  cost  network  analyzer  systems  like  homodyne  NA  presented  by 
Geek  and  Marquardt  [1]  or  sixport  systems  published  by  Neumeyer  [2]  have  been  developed,  but  no 
commercial  success  of  such  systems  is  known.  On  the  other  hand  in  most  laboratories  a  NA  covering  the 
microwave  range  already  exists.  In  1985  Hartmann  [3]  presented  a  W-band  frequency  extension  for  a  NA  but 
due  to  the  analog  NA  this  system  was  rather  complicated  and  no  full  two  port  error  correction  was  possible. 

With  the  frequency  extender  (FE)  presented  in  this  paper,  error  corrected  two  port  measurements  are  possible. 
The  FE  converts  the  original  frequency  range  of  a  microwave  NA  into  the  mm-wave  range  and  makes 
extensive  use  of  the  NA  hard-  and  software.  Display  and  data  processing  tools  like  averaging  etc.  can  be  used 
as  usual.  Because  only  a  few  mm-wave  components  are  needed  for  the  frequency  extender,  which  is  connected 
to  the  NA  only  via  the  test  port  cables,  this  system  is  not  much  expensive  but  very  easy  to  use. 

PRINCIPLE 

A  block  diagram  of  the  frequency  extender  is  shown  in  fig.  1.  The  sweep  signal  ^  fs,»w  ^  fs top) 

generated  by  the  NA  (Port  1  of  the  Test-Set)  is  mixed  in  a  double  balanced  mixer  with  a  mm-wave  LO-signal 
{/LO).  The  lower  sideband-  and  the  carrier-signal  is  suppressed  by  the  band-pass  filter  BP1,  therefore  only  the 
upper  sideband  signal,  covering  the  frequency  range  (f start  <  (/stop  +/io),  «  present  at  test 

port  A  of  the  FE.  Depending  on  the  position  of  switch  S,  the  transmitted  or  the  reflected  signal  reaches  the 
second  mixer  and  is  converted  into  the  original  frequency  range  of  the  NA.  Because  the  up-  and 
down-conversion  process  is  accomplished  with  the  same  LO-signal,  no  phase  synchronization  between  the  LO 
and  the  signal  source  of  the  NA  is  necessary.  The  second  band-pass  gives  a  further  improvement  in  the 
suppression  of  the  unwanted  sideband. 
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Because  the  transmitted  and  the  reflected  measuring  signal  is  always  delivered  to  Port  2  of  the  NA  Test-Set,  the 
standard  definition  of  has  to  be  changed  to: 


■Switch-Position  1 


This  can  be  reached  with  the  standard  firmware  of  modem  NA  like  HP  85  IOC  or  Wiltron  360B.  In  the  same 
way  the  frequency  offset  due  to  the  mixing  with  fw  can  be  taken  into  account.  Therefore  one  port  measure¬ 
ments  can  be  realized  under  software  control  of  the  NA  firmware.  Only  a  standard  calibration-kit  is  needed. 

Two  port  measurements  are  a  little  bit  more  complicated,  because  the  NA  needs  the  uncalibrated  reflection  and 
transmission  measuring  data  of  the  DUT  for  the  error  correction  of  each  S-Parameter.  Until  now  the 
mechanical  waveguide  switch  S  is  not  under  software  control  of  the  NA,  so  the  switch  position  has  to  be 
changed  manually  while  the  NA  stops  measuring.  Therefore  a  small  C++  program  running  on  a  PC  has  been 
developed,  which  takes  control  over  the  whole  measuring  process  via  IEEE  488  bus.  After  the  error  correction 
the  S-parameters  are  written  back  into  theNA  memory  and  occur  on  the  display.  The  change  of  system  settings 
like  frequency  offset  and  redefinition  of  S-parameters  is  also  done  by  this  software.  Nevertheless,  all  well 
known  features  of  the  NA  firmware  like  averaging  etc.  are  still  available  and  accessible  via  the  NA  front  panel. 


SYSTEM  REALIZATION  AND  MEASUREMENTS 

The  W-band  was  chosen  for  a  practical  system  realization  based  on  a  HP8510C  network  analyzer  with  a 
HP  8514  Test-Set  (upper  frequency  limit  20  GHz).  As  shown  in  fig.  1  waveguide  components  are  used  for  the 
FE.  The  LO  is  a  free  running  Gunn-oscillator  (PLO  =  15  dBm,  fL0  =  87,5  GHz).  The  temperature  drift  of  the 
LO-frequency  is  -3  MHz/°C  and  therefore  sufficient  for  most  applications.  A  higher  frequency  stability  can  be 
accomplished  by  phase  synchronisation  between  LO  and  NA.  A  Rat-Race-coupler  is  used  as  power  divider  for 
the  LO-signal.  An  additional  waveguide  LO-Test-port  at  the  rear  side  of  the  FE  allows  the  measurement  of  the 
LO  frequency  before  the  begin  of  S-parameter  measurements.  Then  the  actual  LO-frequency  is  used  for 
frequency  setting.  Because  the  high-power  signal  is  delivered  by  the  Gunn-oscillator,  the  microwave  signal  can 
be  small  signal.  Therefore  it's  possible  to  connect  the  FE  and  the  NA  only  via  the  test-port  cables  and  no 
hardware  changes  at  the  NA  are  needed. 

Until  now  the  frequency  range  of  our  demonstrator  is  mainly  restricted  by  the  pass-band  of  the  waveguide 
filters  to'  89-100  GHz.  Due  to  the  conversion  loss  of  the  mixers  and  the  attenuation  of  the  other  mm-wave 
components  the  signal  power  in  the  IF-range  is  rather  low  and  the  dynamic  range  of  the  NA  is  reduced.  A  low 
noise  amplifier  placed  at  the  IF-port  of  the  second  mixer  improves  the  system  performance  for  high  attenuation 
measurements. 

The  calibration  of  the  whole  system  is  possible  with  the  well  known  TMSO-method  (Thru,  Match,  Short, 
Offset  short),  so  any  commercial  available  calibration-kit  is  suitable  for  this  task. 

To  prove  the  system  performance,  test  measurements  in  the  frequency  range  89-100  GHz  have  been  carried 
out.  Fig.  2  shows  the  reflection  of  a  waveguide  (length  30  mm)  terminated  with  a  short.  In  fig.  3,  a  waveguide 
filter  was  used  for  comparison  of  measured  results  taken  from  a  HP  85 10C  with  the  commercial  Option 
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75-1 10  GHz  and  the  system  as  described  above.  This  figure  makes  quite  clear  that  the  useful  bandwidth  of  the 
FE  is  not  only  limited  by  the  band-pass  filters  BP  1  and  2  (fig.  1),  because  also  the  increasing  mixer  conversion 
oss  reduces  the  system  performance  at  higher  frequencies.  Fig.  4  gives  a  good  impression  of  the  dynamic 
range  for  transmission  measurements.  The  measured  j*S2]  |  of  a  precision  attenuator  for  different  settings  of 
attenuation  is  shown.  Obviously  the  dynamic  range  of  the  NA  is  reduced,  due  to  the  conversion  loss  of  the  FE. 
Fig.  5  shows  the  reflection  of  a  horn  antenna.  The  solid  lines  show  the  results  directly  after  calibration  and  the 
dotted  lines  6  hours  later.  During  this  time  the  change  of  temperature  was  about  2.5°C,  so  the  system  stability  is 
quite  good. 

CONCLUSION 

A  low  cost  frequency  extender  for  commercial  network  analyzers  is  presented.  Test  measurements  show  a  good 
quality  of  the  measuring  system.  The  dynamic  range  and  the  band-width  is  mainly  limited  by  the  band-pass 
filters  and  the  mixers.  Until  now  the  measuring  speed  is  slow,  due  to  the  mechanical  switch  inside  the  FE.  A 
replacement  of  this  component  by  a  PIN-switch  is  planned. 
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FIGURES 


Frequency  Extender 


Fig.  1:  Block  diagram  of  the  frequency  extender 
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Frequency  [GHz] 

Fig  5:  Su  of  a  waveguide  horn  antenna  directly  after  calibration  and  after  6  hours 
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ABSTRACT 

Traditional  coaxial-needle  probe  cards  have  difficulty  in  incorporating  combiner  structures  and 
generally  have  poor  bypassing  capability  at  high  frequencies.  In  this  paper,  we  will  demonstrate 
how  membrane  probes  can  incorporate  these  features  with  minimal  parasitic  effects  and  conduct 
accurate  and  fast  testing  of  power  amplifiers  at  Ka-band. 


Introduction 

There  are  two  principal  problems  that 
traditional  coaxial-needle  probes  face  with 
high  power  amplifier  chips  tested  on-wafer. 
One  is  the  difficulty  of  implementing  off- 
chip  matching  networks  on  coaxial  probes 
due  to  significant  parasitics  associated  with 
assembly  at  high  frequencies.  The  other 
problem  is  the  inability  to  provide  an  RF 
short  for  the  DC  lines  close  to  the  probe  tip. 
Besides  these  shortcomings  conventional 
coaxial-needle  technology  is  mechanically 
not  as  robust;  it  requires  careful  handling 
and  is  ill-suited  for  a  production  type 
environment.  We  will  show  how  a 
membrane  probe  [1]  can  integrate  combiners 
with  minimal  parasitic  effects  and  conduct 
accurate  and  fast  testing  of  Ka-band  power 
amplifiers. 

The  power  amplifier  is  a  two-stage  PHEMT 
device  designed  and  fabricated  by  TRW. 
The  device  has  two  50  ohm  inputs  and  four 
36  ohm  outputs.  The  testing  specifications 
for  this  chip  require  a  2-by-l  splitter  at  the 
input  and  a  4-by-l  combiner  at  the  output 
with  current  carrying  capability  of  2  A. 


Probe  Description 

The  layout  of  the  probe  is  shown  in  Figure 
1 .  It  consists  of  an  input  circuit  on  the  left 
and  an  output  circuit  on  the  right  with 
symmetrically  located  DC  bias  lines  on  the 
top  and  bottom.  The  input  circuit  has  a 
Wilkinson  splitter  with  its  legs  having  a 
characteristic  impedance  of  72  ohms  to 
match  the  50  ohms  at  the  tip.  The 
microstrip  lines  have  a  solid  ground  backing 
unlike  the  output  circuit  where  it  is  meshed. 
The  solid  ground  plane  is  removed  at  the 
resistor  pad  locations  to  keep  the 
characteristic  impedance  close  to  50  ohms. 
The  resistors  are  thin  film  resistors  on 
alumina  substrate  and  have  20  x  6  mils 
physical  dimension.  At  the  edge  of  the 
layout  the  microstrip  goes  through  a  CPW 
transition  to  interface  the  center  rectangular 
ring  of  the  probe  card.  The  transition 
between  the  probe  and  the  card  is  iterated  to 
insure  a  controlled  impedance  of  50  ohms 
over  50  GHz. 

The  output  circuit  unlike  the  input  is  based 
on  meshed  ground  because  the  RF  lines  need 
to  accommodate  2  A  of  DC  current.  The 
meshed  microstrip  line  can  be  represented 
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by  an  inductor  and  capacitor  network.  The 
areas  of  the  line  with  no  ground  bar 
underneath  are  inductive  whereas  the 
portions  with  the  ground  bar  component  of 
the  mesh  under  the  line  are  capacitive. 
Because  of  the  apparent  fragmentation  of  the 
ground,  signal  lines  can  be  made  wider 
without  any  change  in  the  characteristic 
impedance  while  accommodating  larger 
amounts  of  current.  The  width  of  the  lines 
for  this  specific  design  are  derived  from 
subsequent  measured  results  on  test 
structures. 

The  output  circuit  has  a  4-by-l  combiner 
with  its  front  legs  (closest  to  the  tip)  having 
characteristic  impedances  of  60  ohms  to 
match  the  tip  impedances  of  36  ohms.  The 
bias  networks  consist  of  two  quarter-wave 
lines  at  the  center  frequency.  The  ground 
mesh  is  removed  from  the  first  line  to 
increase  its  characteristic  impedance,  and  the 
radial  stub  has  a  ground  plane  to  maximize 
its  capacitance.  A  DC  blocking  cap  is 
mounted  at  the  edge  of  the  output  RF  line; 
the  ground  underneath  the  mounting  pad  is 
removed  to  eliminate  any  parasitic 
capacitive  effect  on  the  transmission  line. 

The  other  DC  bias  lines  are  made  wide  to 
lower  their  characteristic  impedance.  The 
150  pF  bypass  capacitors  are  mounted  close 
to  the  tip  of  the  probe  to  provide  a  good  RF 
short.  An  equivalent  circuit  looking  into  one 
of  the  DC  lines  would  see  a  pi  circuit  with 
the  short  transmission  line  capacitance,  the 
ribbon  inductance,  and  the  150  pF.  By 
controlling  the  width  of  the  lines  and  the 
distance  of  the  bypassing  capacitor,  stray 
inductances  can  be  lowered  to  less  than  0.5 
nH.  This  bypassing  capability  is  lower  by  a 
factor  of  20  relative  to  conventional  needle 
card  technology. 

The  input  and  output  circuit  of  the  probe  is 
characterized  using  a  custom  impedance 
standard  substrate  (ISS).  The  ISS  was  laid 
out  to  accommodate  load  and  short 


standards  for  the  input  and  the  output  circuit 
at  Ka-,  Q-,  and  V-  band  for  TRW’s 
respective  PHEMT  amplifiers.  The  load 
standard  is  made  to  match  the  footprint  of 
the  probe  bumps  and  the  impedances  of  the 
input  and  output  circuit.  The 

characterizations  of  the  circuits  are  made  by 
calibrating  up  to  the  coaxial  cable,  attaching 
it  to  the  probe,  and  then  measuring  three 
known  standards  such  as  open,  short  and 
load.  Considering  these  three  measurements 
and  the  assumption  that  S21=S12  the  three 
s-parameter  unknowns  can  be  determined. 
One  such  characterization  is  that  of  the 
output  circuit  as  shown  in  Figure  2.  The 
return  and  insertion  losses  are  below  10  dB 
and  5  dB,  respectively,  in  the  32-34  GHz 
range.  Most  of  the  circuit  losses  are  in  the 
membrane  probe  and  are  predominantly 
conductor  losses. 

Results 

There  are  various  different  calibration 
schemes  that  can  be  used  to  test  the  TRW 
Ka-band  chips  on-wafer.  The  simplest  and 
most  efficient  one  chosen  was  a  response 
thru  calibration  to  determine  the  insertion 
gain  of  the  amplifier.  This  was  an  adequate 
measurement  criterion  for  the  production 
testing  of  these  chips  for  known  good  die. 
We  fabricated  a  custom  matching  thru 
between  the  input  and  output  circuit  on 
membrane  and  mounted  it  on  a  glass  slide. 
The  loss  and  delay  of  the  thru  were 
measured  and  calculated  independently  with 
a  pair  of  ACP  probes  and  entered  into  the 
calibration.  The  comparison  between  probe 
and  fixtured  data  is  shown  in  Figure  4.  The 
two  curves  correspond  quite  well  showing 
the  viability  of  on-wafer  testing  scheme 
using  this  membrane  probe.  The  curves 
seem  to  be  shifted  in  frequency  by  about  0.5 
GHz.  This  is  attributed  to  the  difference  in 
parasitics  of  bond  wires  in  the  fixtured  set¬ 
up  relative  to  the  bumps  and  lines  at  the  tip 
of  the  probe.  We  will  investigate  this  testing 
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scheme  further  for  higher  frequency 
applications  such  as  in  the  Q  and  V  band. 
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Conclusions 

We  have  shown  the  viability  of  integrating 
combmer  circuits  in  the  membrane  probes 
tor  testing  power  amplifier  chips  at  Ka-band 
at  on-wafer  level.  Such  integration  reduces 
parasitics  that  are  significant  at  very  high 

frequencies  and  enable  fast  production  level 
testing. 
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Figure  2:  An  impedance  standard  substrate  (ISS)  designed  to 
Figure  1. 


calibrate  the  membrane  probe  in 


Figure  3:  S-parameter  responses  of  the  output  circuit  of  the  membrane  probe  in  Figure  1. 


Figure  4:  Comparison  of  measured  responses  between  membrane  probe  and  fixtured  set-up  of 
B  the  TRW  Ka-band  amplifier. 


-484- 


ANALYTICAL  AND  FULL -WAVE  CHARACTERIZATION  OF 
MULTIMODE  WAVEGUIDE  DISCONTINUITIES 

Ph.  PANNIER,  E.  PALECZNY,  C.  SEGUINOT,  F.  HURET,  P.  KENNIS 

«  Institut  d’Electronique  et  de  Microelectronique  du  Nord  » 

IEMN,  BP  69,  Universite  de  LILLE,  59655  Villeneuve  D’Ascq  cedex,  FRANCE 
phone:  (33)  3  20  19  79  63,  fax:  (33)  3  20  19  78  83,  E-mail:  Seguinot@iemn.univ-lillel.fr 


ABSTRACT 

The  derivation  of  multimode  S  parameters  of  a  multiconductor  waveguide  discontinuity  is 
investigated  using  an  analytical  quasi  TEM  model.  Analytical  and  full  wave  results  are 
compared.  On  the  basis  of  the  proposed  methodology,  precise  and  simple  equivalent  circuits 
can  be  derived.  Such  analytical  models  can  be  implemented  in  CAD  libraries. 


INTRODUCTION 

Nowadays,  Computer  Aided  Design  offers  a  convenient  and  rapid  way  of  prototyping 
MMICs.  CAD  tools  libraries  have  been  improved  to  include  most  of  the  active  or  passive 
components  required  in  monolithic  and  microwaves  technologies.  Nevertheless,  as  soon  as 
multiple  mode  problems  have  to  be  considered,  analytical  models  are  generally  no  longer 
available.  In  these  cases,  3D  EM  simulations  appears  as  the  only  solution.  This  is  encountered 
for  example  with  interconnections  involving  two  different  types  of  waveguides  as  well  as 
multiconductor  transmission  lines  discontinuities  [1],  [2]. 

The  aim  of  this  communication  is  to  present  a  simple  methodology  leading  to  the 
determination  of  an  analytical  model  accounting  for  multiple  mode  propagation.  We  will  first 
present  the  investigated  mutimode  network,  and  the  proposed  quasi  TEM  model.  Then,  the 
conversion  between  multimode  S  and  Z  parameters  will  be  detailed.  Finally,  analytical  and 
full  wave  results  will  be  compared. 


STUDIED  STRUCTURE 

The  studied  structure  is  presented  figure  1 .  This  is  a  simple  two  coupled  strips  transmission 
line  discontinuity.  The  asymmetry  of  this  one-port  implies  that  the  two  fundamental  quasi 
TEM  modes  will  be  propagated  in  the  incoming  waveguide.  For  example,  if  a  generator  is 
connected  such  as  only  the  even  mode  is  excited,  one  part  of  the  power  will  be  reflected  on 
this  mode  while  generally  one  another  part  will  be  guided  by  the  odd  reflected  mode. 

In  order  to  characterize  this  effect,  we  have  analyzed  this  one-port  using  a  simple  quasi  TEM 
model  described  below.  Such  a  model  is  based  on  the  low  frequency  behavior  of  the  network. 
It  must  be  considered  as  a  basic  model  which  can  be  improved  and  optimized  by  comparison 
to  rigorous  simulations  such  as  those  provided  by  full-wave  analysis.  We  have  considered  that 
the  muiticonductor  section  (before  the  reference  plane)  was  connected  to  two  lines  of  length 
1=0  and  l=d.  It  was  also  found  that  more  precise  scattering  parameters  were  found  if  open  end 
effects  where  taken  into  account  on  both  conductors.  The  conventional  (single  line)  microstrip 
open  end  model  has  been  used.  Further  improvements  of  the  model  have  not  been  investigated 
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yet.  Starting  from  the  impedances  seen  in  the  reference  plane,  scattering  parameters  can  be 
computed  as  describe  in  the  next  section. 

CONVERSION  FROM  Z  PARAMETERS  TO  MULTIMODE  S  PARAMETERS 

We  will  assume  that  the  quasi  TEM  approximation  can  be  made.  In  a  waveguide,  EM  fields 
can  be  described  by  fields  of  modes  and  related  complex  wave  amplitudes.  We  define  waves 
amplitudes  column  vectors  Ak  and  Bk  with 


Nk  being  the  number  of  TEM  or  quasi  TEM  modes  propagated  in  the  waveguide  k.  We 
assume  that  all  modes  incident  fields  are  normalized  with 

\  l(ek+,i  a  'ds  =  St]  (2) 

2sk 

The  generalized  reciprocity  normalized  scattering  matrix  S  is  used  to  relate  all  the  reflected 
wave  amplitudes  to  the  incident  wave  amplitudes 
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We  will  now  relate  analytically  voltages  and  currents  to  wave  amplitudes  of  EM  fields.  If 
(Nk+1)  conductors  are  encountered,  Nk  TEM  modes  propagate.  Conductor  0  is  the  voltage 
reference  conductor  (ground).  We  define  vector  conductor  voltage  (Vk)  and  current  (IJ  in 
waveguide  k  by: 


Vk  =  (Vkl>Vk2> 

h  =  (hi  »*k2>' 


-’VkNk) 

">*kNk) 


(4) 


Where  scalar  vkj  (ikj)  denotes  the  RMS  voltage  (current)  associated  to  conductor  j  in 
waveguide  k.  In  waveguide  k  we  also  note  vok5ij  (iok  ij)  the  voltage  (current)  induced  by  unit 
amplitude  wave  mkj  (or  mode  j)  on  conductor  i.  This  is  used  to  define  reference  wave  voltage 
and  current  matrices: 

Vok=[vokiij]  I  ok  =  [>ok,ij]  <5> 

As  TEM  modes  are  orthogonal  (2),  and  fields  of  reference  waves  have  been  normalized,  we 
can  derive  the  orthogonality  of  reference  voltages  and  currents  matrices 

v;i*=m  «> 
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In  order  to  characterize  two-ports,  we  now  define  V0  and  I0 


|V01  <n  (iol 
U  vj  °  lo  i o2J 


(7) 


At  this  point,  we  must  observe  that  each  port  is  associated  to  one  block  of  block  diagonal 
matrices  V0  and  I0.  Thus,  our  work  can  be  easily  extended  to  multiport  networks  be  simply 
adding  blocks  to  V0  and  I0.  In  the  same  way,  multimode  one-ports  can  be  considered  by 
retaining  only  one  block  in  V0  and  I0.  We  use  the  orthonormality  of  V0  and  I0  (6)  to  define  a 
normalization  impedance  matrix  Z0  [3] 


Zo  =  v0(i;')'=(v0)2  =  (n)': 


(8) 


Equation  (8)  is  derived  using  Maxwell  equations  the  TEM  assumption  and  the  reciprocity 
principle.  It  is  similar  to  or  related  expressions  derived  from  transmission  line 

equivalent  circuits  and  sometimes  found  in  the  literature  [3],  [4].  The  voltage  and  current 
vector  in  waveguide  K  are  found  to  be  related  to  wave  amplitude  by 


kl 

fvok  V^Ya^ 

\^ok  'IokYBk> 

(9) 


Using  this,  we  now  relate  S  and  Z  matrix: 


S  =  (Zm  -  [I])(Zm +  [I]) 


(10) 


Where  the  square  root  of  matrix  Z0  is  equal  to  V0  (8).  We  must  point  out  that  (10)  is  valid  for 
any  multiports  having  TEM  ports.  If  a  one-port  is  considered,  as  in  the  present  case,  S  in  (10) 
reduces  to  the  reflection  coefficient  (Z=Z,„  S=S„).  Futhermore,  if  single  mode  waveguide  are 
considered,  Zo  is  a  diagonal  matrix  (multiport)  or  a  single  scalar  (single  mode  one-port)  and 
(10)  reduces  to  well  known  conventional  formulas. 


RESULTS 

The  above  procedure  was  applied  to  the  multimode  discontinuity  of  figure  1 .  Z0  was  evaluated 
using  a  quasi  TEM  model.  As  only  one  port  and  two  quasi  TEM  mode  are  considered,  the  S 
matrix  reduces  to  a  2*2  reflection  coefficient 


S  =  T  = 


r  r 

L  oe  oo 


(11) 
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In  (11),  lowerscript  e  and  o  refer  to  even  and  odd  mode.  For  example  reo  is  the  reflection  of 
the  even  mode  with  respect  to  the  excitation  of  the  odd  mode.  Analytical  results  are  compared 
to  multimode  S  parameters  obtained  using  a  full-wave  analysis  [5]  associated  to  a  matrix 
pencil  method  [6]  (figure  2).  For  small  line  length  difference  (d),  rec  and  roo  are  close  to 
+1  (linear)  which  indicate  that  the  one-port  behave  like  an  open  circuit  for  the  two  modes,  as 
could  have  been  expected.  In  this  situation,  no  coupling  is  found  between  the  odd  and  even 
mode  (roe  =reo=0).  For  d/XQ  close  to  0.1,  the  line  length  difference  (d)  is  close  to  a  guided 
wavelength.  The  conversion  from  one  mode  to  the  other  is  high  and  close  to  0  dB.  This 
indicates  that  all  the  incident  power  carried  by  one  mode  is  reflected  back  by  the  other  mode. 
Consequently,  Tce  and  F00  are  close  to  0  ( -15  dB). 


CONCLUSION 

We  have  derived  the  multimode  scattering  parameters  of  a  simple  multiconductor 
discontinuity.  The  proposed  method  can  be  extended  to  derive  analytical  model  for 
multiconductor  waveguides  transitions.  Such  models  are  based  on  low  frequency  behavior  and 
quasi  TEM  approximations,  so  we  suggest  that  their  domain  of  validity  (frequency  range  for 
example)  have  to  be  improved.  This  can  be  provided  by  optimizing  models  using  rigorous 
full-wave  analysis.  The  present  method  yields  simple  models  which  are  well  suited  to  be 
implemented  in  CAD  software. 
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Figure  1 :  Studied  multimode  structure 
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Figure  2:  Scattering  parameters  of  the  studied  one-port 


A  Matrix  Decomposition  Technique  for  the  Efficient  Analysis  of  Complex  Waveguide 

Networks 

Ferdinando  Alessandri  and  Roberto  Sorrentino 
Istituto  di  Elettronica,  Universita  di  Perugia,  Italy 


Abstract 

A  method  for  fast  and  rigorous  analysis  of  complex  waveguide  networks  of  any  topology  is 
presented.  A  modal  analysis  based  on  the  generalized  admittance  matrix  representation  of 
discontinuities  and  components  is  employed  leading  to  a  linear  set  of  equations  in  the  internal 
voltages.  A  special  L*U  decomposition  is  introduced  that  exploits  the  specific  features  of  the 
coefficient  matrix,  namely:  symmetry,  block  banded  and  stepped  structure.  The  high  numerical 
efficiency  of  this  approach  is  shown  at  the  example  of  a  4x4  Butler  matrix. 


Introduction 

The  mode  matching  method  is  a  very  efficient  technique  for  the  analysis  of  waveguide 
components.  In  recent  years  the  method  has  been  extensively  used  for  the  analysis  and 
optimization  of  very  complex  components  and  networks  [1].  For  optimization  purposes 
however  the  technique  must  be  implemented  with  the  highest  numerical  efficiency  since 
hundreds  or  thousands  analyses  may  be  required  [2].  The  efficiency  issue  is  extremely  critical 
when  complex  waveguide  networks  have  to  be  designed,  as  in  the  case,  for  instance,  of  beam 
forming  networks  for  high  performance  satellite  antennas.  In  this  paper  we  present  a  numerical 
approach  to  the  solution  of  the  linear  system  of  equations  arising  from  the  application  of  modal 
analysis  to  the  modelling  of  complex  waveguide  networks.  The  method  consists  of  a  proper 
matrix  decomposition  technique  that  exploits  the  typical  features  of  the  system  matrix,  in  such  a 
way  as  to  reduce  the  computational  cost  of  the  solution  process  by  one  order  of  magnitude.  A 
4X4  Butler  matrix  is  used  as  an  example  to  demonstrate  the  validity  of  the  proposed  approach. 


Theory 

The  application  of  the  mode  matching  technique  to  the  analysis  of  a  complex  microwave 
structure  requires  the  latter  to  be  divided  into  elementary  cells  or  buildings  blocks  [3].  (To 
avoid  confusion,  the  term  "elementary  cell"  rather  then  "building  block"  will  be  used 
throughout  this  paper).  Each  elementary  cell  corresponds  to  a  discontinuity  or  a  junction  or,  in 
some  instances,  to  an  entire  component  of  the  network 

By  way  of  the  microwave  network  formalism,  each  elementary  cell  is  represented  as  a  multiport 
network.  Although  the  most  commonly  used  representation  is  the  generalised  scattering  matrix 
(GSM),  the  generalised  admittance  matrix  (GAM)  has  proved  to  be  more  efficient  for  lossless 
structures  as  it  can  be  evaluated  analytically  with  no  matrix  inversion  [4].  Since  the  losslessness 
hypothesis  can  be  assumed  for  the  analysis  of  waveguide  components  in  most  practical  cases, 
the  GAM  approach  has  been  adopted  here. 

Once  each  cell  has  been  characterized  as  a  multiport,  the  analysis  of  the  overall  microwave 
network  is  reduced  to  the  analysis  of  the  equivalent  network  resulting  from  the  connection  of 
the  GAM’s  of  the  elementary  cells.  By  combining  the  GAM  descriptions  of  the  elementary  cells 
with  the  topological  equations  expressing  the  equalities  between  voltages  and  (apart  from  the 
sign)  currents  at  the  connected  ports,  the  analysis  of  the  overall  network  is  reduced  to  the 
solution  of  the  following  set  of  equations: 
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(1) 

(2) 


AVj  =  B  Ve 
Ie=CV|+D  Ve 


where  Vj  and  Ve  are  vectors  representing  the  voltages  at  the  internal  and  external  ports, 
respectively,  Ie  is  the  vector  of  the  currents  at  the  external  ports.  A,  B,  C,  D  are  known  matrices 
that  are  expressed  in  terms  of  the  GAM’s  of  the  elementary  cells. 

For  a  given  excitation  Ve  at  the  external  ports,  the  internal  voltage  distribution  can  be  computed 
first  by  solving  the  linear  system  (1).  The  current  distribution  Ie  at  the  external  ports  is  then 
evaluated  through  (2).  In  this  manner,  the  admittance  matrix  of  the  entire  network  is  obtained. 

It  could  be  observed  that  the  solution  process  could  also  be  developed  along  different  lines,  e.g. 
by  sequentially  cascading  the  various  GAM’s  of  the  elementary  cells.  This  strategy,  however, 
besides  leading  to  numerical  instabilities,  is  such  that  the  information  on  the  internal  voltage 
(and  current)  distribution  is  lost.  This  information,  on  the  contrary,  is  necessary  when  circuit 
optimization  has  to  be  performed  [7]  as  well  as  for  high-power  check  purposes. 

It  is  noted  that  the  key  step  of  the  entire  is  the  solution  of  (1),  i.e.  the  solution  of  a  linear  system 
of  NjXNi  equations.  The  associated  numerical  effort  is  obviously  strictly  related  to  the  structure 
of  the  coefficient  matrix  A,  provided  that  a  suited  solution  algorithm  is  adopted  to  fully  exploit 
its  typical  features.  Depending  on  the  numbering  adopted  to  identify  the  internal  ports  of  the 
network,  different  matrix  structures  are  obtained. 

By  adopting  a  proper  port  numbering,  a  banded  block  matrix  A  with  minimum  bandwidth  can 
be  obtained  [5],  the  band  having  a  block  structure.  Because  of  the  different  dimensions  of  the 
blocks  and  to  the  presence  of  null  blocks  within  the  band,  the  latter  has  a  stepped  structure 
(skyline). 

As  shown  in  this  paper,  the  specific  structure  of  the  coefficient  matrix  A  can  be  exploited  to 
reduce  dramatically  the  computer  effort,  in  such  a  way  as  to  make  affordable  the  fullwave 
analysis  and  optimization  of  very  complex  waveguide  networks.  More  specifically,  we  first 
exploit  the  symmetry  of  the  coefficient  matrix  by  adopting  the  following  decomposition: 


A  =  UUU  (3) 


where  U  is  a  upper  triangular  matrix  with  unit  elements  on  the  diagonal  and  A,  is  a  diagonal 
matrix.  The  elements  of  A,  and  U  can  be  computed  by  the  following  formulas: 


A-i  =  ai,rMc=i,i-i  ^kui,k 

uy  =  (ay -2k=u-i  uk,iA*ukj)Ai  forj=i,i-i 


As  can  easily  verified  the  U  matrix  has  the  same  stepped-banded  structure  with  minimum 
bandwidth  as  the  A  matrix.  This  allowed  us  to  develop  a  very  efficient  solution  algorithm,  that 
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not  only  exploits  the  block  banded  structure  of  the  matrix,  but  takes  advantage  of  the  presence 
of  the  nulls  in  the  band  in  such  a  way  as  to  minimize  the  overall  computational  effort  to  solve 
the  system  (1). 

The  approach  is  illustrated  in  the  next  Section,  at  the  specific  example  of  a  4x4  Butler  matrix. 


Results 

The  geometry  of  4x4  Butler  matrix  is  shown  in  Fig.l  The  structure  consists  of  6  branch  guide 
couplers  and  4  phase  shifters.  Each  phase  shifter  consists  of  two  H-plane  symmetrical  steps 
and  a  cascade  of  five  symmetrical  E-plane  stubs.  For  analysis  purposes  the  overall  structure  has 
been  divided  into  18  elementary  cells  corresponding  to:  6  six  branch  guide  couplers,  4  cascades 
of  5  E-plane  stubs,  8  H-plane  steps. 

The  reference  planes  of  the  elementary  cells,  shown  in  Fig.l,  are  placed  at  half  distances 
between  two  discontinuities  so  as  to  minimize  the  number  of  modes  to  be  taken  into  account  at 
each  physical  port. 

The  structure  of  the  coefficient  matrix  A  resulting  from  the  analysis  described  in  the  previous 
section  is  shown  in  Tab.l.  It  is  a  symmetrical  matrix  partitioned  into  20x20  blocks.  Only  the 
numbering  of  the  internal  ports  is  shown  in  Fig.l,  since  the  structure  of  the  matrix  does  not 
depend  on  the  numbering  of  the  external  ports.  Each  block  of  the  A  matrix  corresponds  to  a 
block  of  the  admittance  matrix  of  an  elementary  cell.  The  apex  indicates  the  corresponding 
elementary  cell  (shown  in  Fig.l),  while  the  indices  correspond  to  the  port  numbers.  The  blocks 
of  the  main  diagonal  (e.g.  Y^+Y0!!)  are  the  sum  of  the  admittance  matrices  of  the 
elementary  cells  (C  and  D). 

The  port  numbering  has  been  optimized  in  such  a  way  as  to  minimize  the  block  bandwidth.  In 
the  present  example,  the  block  bandwidth  is  five.  The  actual  bandwidth  of  the  coefficient 
matrix  depends  on  the  number  of  modes  used  at  the  reference  planes  (connected  ports),  since 
these  numbers  correspond  to  the  dimensions  of  the  GAM’s.  The  actual  bandwidth  BW  can  by 
computed  by  the  formula: 


BW  -  max(for  j=120)[^i=j,min(j+5,20)mo<ie(i)] 


(5) 


where  mode(i)  is  the  number  of  modes  at  port  i. 

In  addition  to  being  block  banded  the  matrix  A  is  seen  to  have  zeros  within  the  band.  Such  a 
stepped-banded  structure  can  be  exploited  to  further  reduce  the  computational  effort  required  to 
solve  the  system  (1).  Observe  that  a  conventional  banded  solver  involves  a  computation  time 
proportional  to  Nj*BW2.  For  a  stepped  banded  matrix,  by  taking  advantage  of  the  presence  of 
null  blocks  located  at  the  band  border,  the  same  expression  can  be  used  assuming  an  average 
bandwidth  BWeff.  In  the  present  example,  an  average  bandwidth  of  BWeff  =0.8*BW  has  been 
found,  so  that  a  further  reduction  of  more  than  one  third  of  the  computation  time  has  been 
achieved. 

Fig.2  shows  the  computed  response  of  the  4x4  Butler  matrix  of  Fig.l.  Using  the  presented 
approach,  the  analysis  of  the  Butler  matrix  required  less  then  one  second  for  frequency  point  by 
using  a  486  PC  50MHz.  The  same  analysis  required  1 1  seconds  per  frequency  point  using  a 
conventional  solver,  showing  a  computer  time  saving  exceeding  one  order  of  magnitude. 
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Conclusions 

A  method  for  fast  and  rigorous  analysis  of  complex  waveguide  networks  of  any  topology  has 
been  presented.  The  method  is  based  on  the  exploitation  of  the  specific  features  of  the 
coefficient  matrix  arising  in  the  mode  matching  analysis  of  the  segmented  microwave  structure. 
This  has  led  to  a  considerable  increase  of  the  computational  efficiency.  For  a  4x4  Butler  matrix, 
used  as  a  test  case,  a  CPU  time  reduction  of  more  than  one  order  of  magnitude  has  been 
demonstrated  in  comparison  with  conventional  solvers. 
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Abstract 

The  scattering  properties  of  the  TEn  mode  from  two  asymmetric  ridges  of  finite 
thickness  in  a  circular  waveguide  are  determined  using  the  Coupled-Integral-Equations 
Technique  (CIET).  Two  vector  coupled  integral  equations  for  the  transverse  electric 
field  at  the  two  discontinuities  are  derived  and  then  solved  by  the  moment  method. 
The  eigenmodes  of  the  ridged  section,  in  terms  of  which  the  kernels  of  the  inte¬ 
gral  equations  are  expressed,  are  themselves  determined  using  the  CIET  where  basis 
functions  with  the  proper  edge  conditions  are  used. 


1  INTRODUCTION 

Ridged  structures  are  important  components  in  modern  microwave  communication  systems 
such  as  dual-mode  filters  and  polarizers  whose  frequency  response  is  primarily  determined 
by  the  dimensions  and  positions  of  the  ridges.  Accurate  prediction  of  the  response  functions 
of  these  devices  is  contingent  upon  an  efficient  and  precise  determination  of  the  scattering 
properties  of  their  ridged  sections. 

The  first  step  in  determining  the  scattering  properties  of  ridged  sections  in  waveguides 
consists  in  solving  for  the  cutoff  frequencies  and  eigenmodes  of  the  corresponding  infinitely 
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long  ridged  structures.  In  this  work,  this  first  and  important  step  is  carried  out  through  the 
Coupled-Integral- Equations  Technique  (CIET)  where  a  set  of  coupled  integral  equations 
for  the  tangential  electric  field  are  solved  by  the  moment  method  using  basis  functions 
which  include  the  proper  edge  conditions  at  all  the  metallic  wedges  [1], 

The  second  step  consists  in  the  analysis  of  the  scattering  of  incident  modes  of  the  empty 
waveguide  at  the  different  discontinuities  of  the  ridged  sections.  In  this  work,  we  establish 
sets  of  coupled  vector  integral  equations  for  the  transverse  electric  field  at  the  different 
discontinuities.  More  specifically,  we  are  concerned  with  the  scattering  of  the  fundamental 
modes  of  a  circular  waveguide,  TEn,  with  arbitrary  polarization,  by  a  finite  section  of 
an  asymmetric  double  ridge  structure.  Instead  of  following  the  Mode-Matching  Technique 
(MMT)  and  determining  the  scattering  matrix  by  cascading  the  scattering  matrices  of 
the  two  discontinuities,  we  determine  the  scattering  matrix  of  the  section  directly.  This 
alternative  approach  allows  us  to  concentrate  directly  on  the  dominant  physics  of  the 
problem  which  takes  place  at  the  discontinuities  and  also  take  advantage  of  the  fact  that 
the  coupling  between  the  modes  of  the  empty  waveguide  and  those  of  the  ridged  waveguide 
are  identical  at  both  discontinuities.  In  addition,  by  solving  the  vector  integral  equations 
for  the  electric  field  at  both  discontinuities  simultaneously,  we  eliminate  the  arbitrariness  in 
determining  what  is  commonly  referred  to  as  accessible  modes  between  the  two  interacting 
discontinuities. 

We  purposely  limit  the  analysis  to  the  fundamental  mode  as  it  is  the  only  propagating 
mode  in  the  uniform  regions  between  the  different  ridged  sections  as  long  as  these  are  not 
too  closely  located.  It  is,  however,  worth  mentioning  that  the  analysis  is  straightforwardly 
extended  to  handle  the  case  where  modes  other  than  the  fundamental  are  propagating. 

2  THEORY 

The  cross  section  of  the  ridged  waveguide  is  shown  in  figure  la.  We  assume  that  all  metallic 
walls  are  lossless  and  that  the  ridges  fit  into  the  polar  system  of  coordinates. 

The  eigenmodes  of  the  structure  can  be  divided  into  TE  and  TM  modes  whose  cutoff 
frequencies  are  determined  from  the  solution  of  Helmholtz  equation.  The  electric  and 
magnetic  potentials  are  expanded  in  modal  series  in  each  of  the  subregions  of  figure  la.  A 
set  of  coupled  integral  equations  for  the  electric  field  at  the  interfaces  between  the  different 
regions  are  derived  from  the  continuity  of  the  magnetic  field  [1].  These  are  solved  by  the 
moment  method  using  basis  functions  which  include  the  edge  conditions  at  the  metallic 
wedges  of  the  two  ridges.  The  details  can  be  found  in  reference  [1]. 

To  determine  the  scattering  of  the  fundamental  mode  from  a  ridged  section  of  finite  length 
L ,  as  depicted  in  figure  lb,  we  again  derive  two  coupled  vector  integral  equations  for  the 
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Figure  1:  Cross  section  of  asymmetric  ridged  circular  waveguide  (a)  and  ridged  section  of 
finite  length  (b) 


transverse  electric  field  at  the  two  discontinuities  at  z  —  0  and  z  —  L  [2].  Let  us  assume 
that  the  transverse  electric  field  at  the  two  discontinuities  are  given  by  two  unknow  vector 
functions  Z  and  W.  Using  the  orthogonality  properites  of  the  normal  modes  in  the  boundry 
conditions  of  the  transverse  electric  field,  the  modal  expansion  coefficients  are  eliminated 
in  favour  of  the  vector  functions  Z  and  W.  Substituting  the  resulting  expressions  in  the 
continuity  condition  of  the  transverse  magnetic  field  at  the  two  discontinuities,  we  obtain 
two  coupled  integral  equations  in  these  two  vector  functions.  A  moment  method  solution 
is  applied  to  determine  Z  and  W  after  which  the  reflected  and  transmitted  waves  follow 
straightforwardly.  More  precisely,  we  get  the  following  coupled  integral  equations 
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jV'  “*»  e0t(/;™"l)[  Jsi  W  7*»‘"IJi  la  xy^TMIl 

+  y,J^ _ I _ r  4  Z.V$™"cfa 

t- j  *£?"  sin(k™"L)  l/S2  V$™"V«.™"d8Ja‘  *  V*”  W 

+  £..*S".  .nTm.irls,  W.(az  X  V$™")c 

y  ,g'  1 

„  a;Uo  Sin(A£f/JX) 


SZ7HK- J52  -as 

,  jk™n  cota-TBUnfa  W,(az  x  V^E77)ds ,  TBJJ 

+  V  c/zo  COt{k ~  L)l  /Ssv$™^?%  ]V$- 

r4j-(^  _  _2  S'  ikTEIClnV<f>TEI 


The  evident  symmetry  of  these  two  integral  equations  in  Z  and  W  should  be  fruitfully 
exploited  in  the  numerical  solution  by  the  moment  method. 


3  RESULTS 

The  present  approach  is  applied  to  compute  the  reflection  coefficient  of  the  fundamental 
mode  of  arbitrary  polarization  at  a  ridged  section  of  lengths  L  —  10 mm  as  a  function  of 
frequency.  Figure  2  shows  the  reflection  coefficients  polarization  SUcc,  Sllcs ,  and  Sllaa  as  a 
function  of  frequency.  The  notation  Sn$c  stands  for  the  reflection  of  the  since  polarization 
when  only  the  cosine  polarization  is  incident  at  port  1,  the  other  terms  follow  by  analogy. 
The  dependence  of  the  coupling  between  the  two  polarizations  shows  a  substantial  sensi¬ 
tivity  to  the  frequency  as  exhibited  by  the  dip  at  9.80  GHz  which  corresponds  to  a  phase 
of  approximately  90  degrees  for  the  lowest  mode  in  the  ridged  section. 
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Figure  2:  Reflection  coefficients  5ncc(solid  line),  5nss  (dashed  line)  and  SUsc  (dotted- 
dashed  line)  versus  frequency  of  a  ridged  section  of  lengh  L  =10  mm.  r  =t  =  3°,  s  =  135°, 
b=0.5a  and  d  =  0.4a  and  a  =  10  mm 
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Abstract 

This  paper  presents  the  design  method  of  BPF  using  closed  loop  resonator, 
analyzed  on  the  basis  of  TEM  mode  [1]  and  broadside  coupled  lines.  The  closed  loop 
resonator  has  been  analyzed  with  manly  different  methods;  magnetic  wall  method, 
numerical  solution,  field  solution  and  so  on.  However,  these  method  take  large 
amounts  of  calculations  due  to  using  field  theories  and  it  is  difficult  to  build  application 
circuits  including  other  elements[2],  but  the  analysis  method  given  in  this  paper  is 
more  simple  and  faster  and  the  analysis  of  other  elements  in  resonator  is  possible. 

The  BPF  using  closed  loop  resonator  is  possible  to  put  the  number  of  additional  poles 
equal  to  the  number  of  closed  loop  resonator  by  assigning  resonance  frequency  of  each 
closed  loop  resonator  differently.  By  taking  advantage  of  the  presented  design 
method,  the  BPF  containing  good  attenuation  slope  and  wide  rejection  band 
characteristics  can  be  realized  by  proper  assignment  of  poles 

In  this  paper,  the  2-pole,  3-pole  BPFs  have  been  designed  with  the  presented  design 
method  and  the  2-pole  BPF  has  been  realized  on  1 .72  ~  1.75  GHz  frequency  band. 

Theory  and  Design  Method 

In  case  of  the  2-pole  BPF  is  shown  in  Fig.  1  [3],  It  consists  of  the  closed  loop 
resonator  and  ln/Output  broadside  coupled  lines.  Fig. 2  shows  the  equivalent  circuit  of 
coupled  lines  which  has  one  port  open.  n,Zt  and  Z2  are  defined  as  follows[4]. 

n  =  ^°e  +Zqo 
^oe  ~Zoo 

=  o  (1) 

Z2  =  Z1(/)2- 1) 
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The  equivalent  circuit  of  2-pole  BPF  can  be  expressed  as  shown  in  Fig.  3. 
Another  equivalent  circuit  like  Fig.4.  is  obtained  by  eliminating  transformer  and 
impedance  conversion  from  Fig.4.  the  closed  loop  resonator  in  Fig  4  is  converted  with 
7t-network  as  transmission  line  equivalent  circuit  Thus,  Fig.4  can  be  converted  to 
Fig.  5.  Susceptances  in  Fig.  5  are  expressed  as  eq.  (2),  (3). 


V|-Y3  tan(02/2)tan0i 


jBb  =  -jn2\YAcscfa  + 


sin^p  cos2  0,  -  Y32  sin2  *,)+ sin  20,  cos^2 


(2) 

(3) 


The  structure  of  general  2-pole  BPF  using  admittance  inverter  can  be  expressed  in 
Fig.6.  So,  eq  (4),  (5)  are  derived  from  equivalence  between  Fig.  5  and  Fig.  6. 


jBr  =  j(Ba  +Bb)  +  jwCt 
where  Ct  =  (cpn2  +  c1e) 

(4) 

/  _  |enK)ef2(w2) 

2  If  (w\g^w\g2) 

(5) 

,  Y0Br2(w2) 

jQ1  3  1  ’ 
l(  WiStoSh 

J23  , 

V  ^g2gz 

Cj,  lumped  capacitor  between  In/Output  port  and  closed  loop  resonator,  can  be 
expressed  by  J-inverter  as  follows: 

C,=  (6) 


U{wQC,/YQf 


If  we  apply  resonance  condition,  Br  (wo)  =  0 
to  eq.  (6).  we  can  obtain  eq.  (8). 

$-£±*1  (8 

w0 

Shunt  capacitor,  Cp  can  be  derived  by  eq.(4)  and  eq.  (8). 


_C,-Cf 
5  ^ 


(9) 


We  can  obtain  the  characteristics  of  2-pole  BPF  with  J-inverter  by  using  the 
above  equations  and  closed  loop  resonator  as  Fig.  1 . 

Simulation  and  Measurements 


The  2-pole  BPF  using  one  closed  loop  resonator  is  designed  with  presented 
method  in  this  paper  and  fabricated  with  3 -layer  substrates.  Each  substrates  were  used 
31  mil-thick  Teflon  (er=2.2).  The  total  electrical  length  of  this  BPF  is  360°  at  1.84 
GHz  and  the  electrical  length  of  (20i+0  2)  and  <f> ,  are  293°  and  67°  respectively.  The 
passband  is  1.72  GHz  to  1.75  GHz.  Fig.  7,  8  show  simulated,  measured  result 
respectively,  and  show  two  attenuation  poles  at  1.84  GHz  and  1.476  GHz.  the 
insertion  loss  characteristic  in  pass-band  and  attenuation  slope  in  stop-band  are 
excellent. 


-502- 


The  3-pole  BPF  using  two  closed  loop  resonators  is  designed  with  extension  of 
equations  given  in  this  paper  for  another  application.  The  passband  of  3-pole  BPF  is 
2  30  to  2  33  GHz  and  resonance  frequencies  of  closed  loop  resonators  are  selected  as 
2.372  GHz,  2.395  GHz  respectively  to  get  the  rejection  band  of  2.37  to  2 .40  GHz. 
Fig. 9  shows  simulated  results  of  designed  BPF.  The  attenuation  of  about  50  dB 
above  overall  rejection  band  was  obtained  by  assigning  resonance  frequency  of  each 
closed  loop  resonator  differently  the  substrate  was  used  same  one  for  simulation. 

Conclusions 

Firstly,  analysis  method  based  on  TEM  mode  for  closed  loop  resonator  was 
presented  It  is  possible  analyze  efficiently  with  n  -  type  network  as  transmission  line 
equivalent  circuit  without  requiring  special  numerical  treatments.  Second,  the  design 
method  of  BPF  adjusting  rejection  and  easily  with  the  proper  assignment  of  poles  of 
closed  loop  resonator  was  suggested.  The  usefulness  of  this  design  method  was 
verified  through  2-pole  and  3-po!e  BPF  having  simple  geometry  design  This  method 
is  available  to  the  implementation  of  BPF  or  duplexer  in  handset  of  mobile 
communication  system  which  require  high  performance  such  as  h  high  attenuation  and 
compact  size. 
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Fig.  1  The  structure  of  2-pote  BPF 


Fig.  4  2-pole  BPF  of  which  transformer  has 
been  eliminated  by  impedance  conversion 


Fig.  2  The  equivalent  circuit  of  coupled  line  Fig.  5  rc-network  as  transmission  line 

equivalent  circuit 


2'i 


Fig.  6  2-pole  BPF  using  admittance  inverter 
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SOM 


Fig.  7  The  simulation  results  of  2-pole  BPF 
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Fig.  8  The  measured  results  of  2-pole  BPF 
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Fig.  9  The  simulation  results  of  3-pole  BPF 
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Abstract  -  We  present  here  a  rigorous  method  for  analysing  antennas,  using  the  finite  element  method  inside  a 
sphere  and  an  expansion  of  fields  in  spherical  harmonics  in  the  exterior  domain.  The  studied  structure, 
represented  as  a  multipole,  can  be  entirely  determined  by  its  scattering  matrix  at  the  interfaces.  The  radiating 
pattern  and  input  impedances  obtained  for  an  axisymmetric  feed  horn  and  for  a  microstrip  antenna  are 
presented  and  compared  to  those  obtained  with  other  methods. 


1  -INTRODU  CTION 

The  Finite  Element  Method  presents  the  advantage  of  being  able  to  characterise  precisely  structures  having  complex 
geometries  and  to  take  into  account  dielectric  losses.  It  applies  usually  to  bounded  domain,  therefore  it  has  to  be 
modified  to  study  open  structures.  Several  methods  are  proposed  to  achieve  this  goal  (1).  Absorbing  Boundary 
Conditions  are  often  applied,  but  they  give  approximate  results,  which  eliminate  one  great  advantage  of  the  FEM, 
also  they  increase  the  domain  to  be  studied  because  the  ABC  surface  must  be  far  enough  from  the  studied  radiating 
structure.  We  can  also  couple  the  FEM  to  an  integral  method  or  a  boundary  element  method.  The  system  to  be  solved 
in  this  case  is  partly  full  and  partly  sparse,  which  represents  a  numerical  disadvantage.  To  preserve  two  great 
advantages  of  the  FEM  which  are  its  precision  and  its  sparse  system  to  be  solved,  we  have  chosen  to  expand  the 
fields  in  the  open  region  in  spherical  harmonics.  Moreover  this  rigorous  treatment  allows  to  characterise  frilly  and 
economically  the  radiating  structure  as  a  network.  The  associated  scattering  matrix  contains  all  the  information  that 
enable  to  determine  the  interesting  features  of  the  structure,  mainly  its  radiating  pattern  and  its  input  impedance. 


II-METHOD  OF  ANALYSIS 

1 -Delimiting  the  FEM  domain 

We  know  that  in  order  to  characterise  open  structures  using  finite  element  analysis,  the  studied  domain  has  to  be 
bounded.  The  spherical  harmonics  can  well  describe  the  physical  phenomenon  of  propagation  in  free  space.  As  the 
basis  of  spherical  modes  is  discrete,  we  easily  express  the  fields  as  an  expansion  on  spherical  harmonics.  Therefore, 
the  domain  is  bounded  by  a  spherical  surface.  The  FEM  is  applied  inside  it  and  the  fields  are  decomposed  on  edge 
elements. 


2-The  spherical  modes 

A  complete  and  orthogonal  set  of  spherical  modes  TEmn  and  TMmn  is  employed  to  express  the  fields  in  the  open 
region: 


E(r,M=I  a:jnrhl'\k0r)+b:j0rh^\kDr)  +X 


<  [knrh™(k0r)-nh*(knrj\+b:  [knrh(nl\(k0r)-nh?(knr)] 


a"  korKU(~ktf)+K  KlMv) 


(1) 

(2) 


The  index  1  and  2  of  the  Hankel  spherical  functions  indicate  inward  and  outward  travelling  waves  respectively. 
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The  radiated  fields  can,  in  principle,  contain  an  infinity  of  modes,  but  for  r  larger  than  n/k,  we  can  truncate  the 
expansion  of  series  representation  of  spherical  waves  functions.  A  sufficient  number  of  terms  is  given  by  the 
empirical  rule  (2): 

N  =  [/cr0]+rt,  (3) 

where  r0  is  the  radius  of  the  minimum  sphere,  the  square  brackets  indicate  the  largest  integer  smaller  or  equal  to 
krQ ,  and  n, ,  integer,  depends  on  the  size  of  the  sphere  delimiting  the  domain  and  on  the  accuracy  required.  Typically 
we  taken,  =  10. 


3-Network  representation 

In  our  method,  the  space  outside  the  sphere  is  explicitly  considered  as  a  spherical  waveguide,  in  which  the 
propagation  takes  place  in  the  radial  direction.  Concepts  as  orthogonal  modes,  cut-off,  propagation  and  evanescence 
can  then  be  defined  as  in  conventional  cylindrical  waveguides.  The  studied  structure  is  represented  as  a  network,  its 
constant  section  waveguides  and  the  bounding  spherical  waveguide  are  considered  to  have  ports  excited  by  several 
modes  (fig.  1).  It  can  be  shown  (3)  that  in  order  to  determine  the  scattering  matrix  for  this  network,  the  impedance 
matrix  or  admittance  matrix  can  be  calculated  by  imposing  the  magnetic  or  electric  fields  on  the  ports,  and  converted 
into  a  scattering  one.  The  system  to  be  solved  is  always  sparse. 


HI-PARTICULAR  GEOMETRIES 

1-Axisvmmetrv 

As  many  closed  or  open  microwave  devices  like  dielectric  resonators  or  antenna  feeds  and  horns  exhibit  a  rotational 
symmetry,  it  is  computationaly  interesting  to  benefit  from  this  axisymmetry  to  reduce  the  computational  domain. 

In  this  case,  the  field  can  be  expanded  in  Fourier  series.  As  Fourier  mode  are  decoupled,  they  can  be  studied 
separately,  and  the  studied  domain  can  be  reduced  to  a  2D  one  in  the  meridian  plane  (4). 

For  example  a  circular  waveguide  excited  by  the  TEM  mode  imposes  a  (p  dependence  in  cos  (p  for  Er  and  Hv  , 
and  in  sin  (p  for  E9  and  Hr .  The  spherical  modes  to  be  excited  have  to  follow  the  same  <p  dependence  and  are 
then  the  TE‘U  and  the  TM[‘n  spherical  modes. 


2-Microstrip  antennas 

The  spherical  modes  defined  in  the  half  space  also  form  a  complete  and  orthogonal  set  of  modes.  Therefore  we  can 
study  microstip  antennas  by  delimiting  the  open  region  where  they  radiate  with  a  half-sphere. 

We  consider  that  the  ground  plane  of  the  antenna  coincides  with  the  plane  z=0.  The  spherical  modes  taken  into 
account  follow  the  electric  wall  conditions  on  the  plane  z=0,  and  are  of  the  form  TE*m“  with  (n+m)  even,  and  TM“'n 
with  (n+m)  odd. 


IV-APPLICATIONS 
1-Axisvmmetric  feedhom 

The  circularly  polarised  primary  feedhom  operating  in  the  Ku  band  (14.-14.5  GHz)  like  that  shown  in  fig.  2  was 
developped  in  (5)  as  a  primary  feed  radiating  a  sectoral  pattern  on  a  ±  70°  angular  width  for  a  satellite  payload.  Its 
excitation  is  performed  through  a  circular  waveguide  having  the  TEn  mode  as  the  fundamental  operating  mode. 
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The  radiation  pattern  at  14.25GHz  (fig.  3)  and  the  input  impedances  (fig.  4)  have  been  determined  using  our 
formulation  and  compared  to  the  results  obtained  using  an  integral  equation  method  (6).  A  very  good  concordance  of 
the  results  can  be  noticed. 


2-Microstrip  antenna 

The  microstrip  antenna  shown  in  fig.  5  is  characterised  using  our  proposed  combination  of  the  FEM  and  spherical 
modes  expansion.  The  radiation  pattern  at  the  first  anti-resonance  frequency  6.647GHz  (fig.  6)  and  at  the  second 
resonance  frequency  11.48GHz  (fig.  7)  are  compared  to  those  obtained  using  the  FDTD  (Finite  Difference  Time 
Domain)  method  using  PML  (Perfect  Matched  Layer)  condition  (6).  A  relatively  good  concordance  of  the  results  is 
noticed. 

V-  CONCLUSION 

The  presented  method  for  analysing  antennas,  using  the  finite  element  method  and  an  expansion  on  spherical  modes, 
benefits  from  the  advantages  that  presents  the  finite  elements  method,  mainly  :  precision,  capacity  of  characterising 
complex  geometries  containing  different  materials,  and  having  a  sparse  system  to  solve. 

Our  proposed  analysis  permits  to  characterise  entirely  the  studied  structure  by  its  scattering  matrix  in  terms  of  modes 
of  the  structure  and  spherical  modes  applied  on  an  equivalent  network.  This  matrix  representation  allows  to 
characterise  entirely  both  off  transmitting  and  receiving  antennas. 

The  adaptability  of  our  formulation  for  characterising  complex  structures  has  been  demonstrated  through  the 
determination  of  the  radiation  patterns  and  input  impedances  for  different  types  of  antennas. 
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Fig  1 :  (a)  Studied  FEM  domain 

(1)  Studied  structure, (2)  Spherical  bounding  domain 
(b)  Structure  network  representation 

One  input  port  (excited  by  its  fundamental  mode),  outputs  ports  (excited  by 
spherical  modes,  TEen?n  and  TMem "  for  1  <  n  <  N  and  0  <  m  <  n 
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Fig  2  :  Half-meridian  plane  of  the  feedhom 


Fig.  3 

(a) :  Radiation  pattern  at  14.25GHz  using  the  FEM 
spherical  modes  expansion 


(b) :  Radiation  pattern  at  14.25GHz 
using  an  integral  equation  method 
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a):  Normaliszed  imput  impedances  using  the  FEM 
nd  spherical  modes  expansion 


(b):  Normalized  input  impedances 
using  an  integral  equation  method 
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Fig  5  :  Microstrip  antenna 
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Fig.  6 

i) :  Radiation  pattern  in  the  E-plane  at  6.647GHz 
sing  the  FEM  and  spherical  modes  expansion 


(b)  :  Radiation  pattern  in  the  E-plane 
6.647GHz  using  the  FDTD 


(c  ):  Radiation  pattern  in  IteH-phne* 6.647GHz 
using  the  FEM  and  spherical  modes  expansion. 


(d) :  Radiation  pattern  in  die  H-pbne  at 
6.647GHz  using  the  FDTD. 
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Abstract 

Plane  wave  reflection  from  soft  and  hard  surface  coated  with  chiral  material  is  analyzed  for  the  normal  incidence. 
The  fields  inside  the  chiral  slab  are  presented  with  circularly  polarized  eigenwaves.  The  eigenwaves  are  not 
coupled  at  the  soft  and  hard  surface,  the  coupling  occurs  at  the  interface  between  free  space  and  chiral  medium. 
Reflection  coefficients  are  calculated  and  the  polarization  properties  of  the  reflected  field  are  studied.  The  soft 
and  hard  surface  coated  with  chiral  medium  can  be  used  for  applications,  such  as  polarization  transformers  and 
twist  reflectors. 


1  Introduction 


Chiral  materials  have  recently  been  achieving  attention  because  they  can  be  used  to  build  novel  microwave  devices 
and  structures  [1] — [4].  They  can  be  utilized  to  change  the  plane  of  polarization  of  the  electromagnetic  field  in 
lens  antennas  [5],  or  to  construct  polarization  transformers  [6],  [7].  Chiral  materials  are  realizations  of  the  chiral 
medium,  which  is  the  most  general  reciprocal  isotropic  medium,  its  eigenfields  being  right  hand  and  left  hand 
circularly  polarized  fields.  When  constructing  devices  using  chiral  materials  one  evidently  has  to  cope  with  the 
behavior  of  the  eigenfields  at  boundaries  and  interfaces.  In  the  applications  exhibiting  air-chiral  or  conductor- 
chiral  interfaces  one  observes  that  the  eigenfields  couple  at  the  interfaces,  which  usually  is  a  rather  undesirable 
phenomen.  However,  there  is  an  anisotropic  surface  that  does  not  have  this  coupling  property:  the  soft  and  hard 
surface  (SHS)  [8], [9].  usually  realized  as  a  corrugated  surface.  Now,  since  the  eigenpolarizations  of  the  chiral 
medium  are  ’compatible’  with  the  soft  and  hard  surface,  it  might  be  interesting  to  investigate  the  possibility 
of  constructing  a  polarization  transformer  from  these  materials,  and  indeed,  irr  this  paper  we  give  the  essential 
parameters  for  building  such  a  transformer.  Obviously  we  have  to  begin  by  analyzing  the  reflection  of  the  plane 
wave  that  is  normally  incident  upon  the  chiral  slab  backed  with  the  soft  and  hard  surface. 


2  Analysis  of  the  fields  at  the  interface 

Assuming  e^wt  time  dependency  the  constitutive  relations  of  the  chiral  medium  become 

D  =  eE  -  jKyJii0e0  H,  B  =  ftH+ 

where  e  and  fj,  are  the  permittivity  and  permeability,  respectively,  and  k  is  the  chirality  parameter  of  the  chiral 
medium.  Incerting  these  constitutive  relations  into  the  sourceless  Maxwell  equations  the  fields  in  the  chiral  medium 
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can  be  obtained.  The  plane  wave  solution  of  the  Maxwell  equations  consists  of  two  partial  waves.  +  and  -waves, 
which  are  the  right  hand  and  left  hand  circularly  polarized  eigenwaves,  respectively, 


E±{r)  =  E±e-jfc±z. 


where  the  corresponding  propagation  factors  are  k±  —  u T  •  In  this  case  the  plane  wave  is  coming 
normally  to  the  slab  as  shown  in  Figure  1.  The  fields  inside  the  chiral  slab  can  be  written  as  combinations  of  the 
eigenwaves  [4] 


E(r)  =  E+&re-il‘+s+E-*ie-jk-‘  +  Er+bre’k+l  +  Elb,e’l‘-‘, 

H(r)  =  iUix[£+are-^2  +  £:-ale-J*-J]  +  iurx[£;b^‘*I  +  Elb,e’*-2l1 

where 

ar  =  uz  x  v  +  jVj  a;  =  u2xv- j\,  br  =  -uz  x  v  +  jv,  b,  =  -uz  x  v  -  jv,  (1) 

are  the  circularly  polarized  eigenvectors  for  the  two  waves  propagating  in  the  positive  {  a r,i )  and  negative  z 
direction  (br,/ ).  The  unit  vector  v  indicates  the  direction  of  the  corrugation  on  the  soft  and  hard  surface.  The 
unit  vector  Uj  =  uz  is  the  propagation  direction  of  incoming  plane  wave  and  the  unit  vector  ur  =  — uz  is  the 
propagation  direction  of  the  reflected  plane  wave.  The  boundary  conditions  at  the  soft  and  hard  surface,  z  =  0, 
are  [8] 


v  •  E  =  0,  v  •  H  =  0. 


These  equations  lead  to  the  conditions  relating  the  coefficients  of  the  reflected  part  and  the  propagating  part  of 
the  total  field 


E\  =  -E+,  Er_  =  -E-. 

This  means  that  the  two  circularly  polarized  eigenmodes  are  not  coupled  at  the  soft  and  hard  surface  [9].  Because 
the  soft  and  hard  surface  does  not  couple  the  two  eigenmodes  propagating  in  the  chiral  medium  the  total  fields 
can  be  written  inside  the  chiral  slab  as 


E(r)  =  E+[ &re~jk+z  -  bre^+z]  +  £_[ a,e  jk~z  -  bie^k~z}, 
H(r)  =  jS±[^e-^  -  [a,e-*-‘  -  b,e*-’]. 


Here  we  have  also  applied  relations  (1).  The  total  field  in  the  free  space  outside  the  chiral  slab  consists  of  the 
incident  and  reflected  field 


E0(r)  =  E'e"^"2  +  EVfe!, 


H„(r)  =  !«.  x  [E'e->k“  -  EV1-']. 

lo 


By  using  the  natural  coordinates  v,u2  x  v  the  incident  and  reflected  fields  can  be  written  as 


E*  =  £>  +  E]_ uz  xv,  E r  =ETvv  +  Er± uz  x  v, 
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and  the  continuity  conditions  of  the  tangential  fields  at  z  =  -d  become 


Elve^d  +  Erve~ik°d  = 

EiLe>k°d  +  ErLe~jk°d  = 

?-[EiLejk°d  -  ETLe-ik°d\  = 
Vo 

^[Eyk°d  -  ETve~jkod]  = 

Vo 

After  eliminating  the  coefficients  E+  and  E _  in  the  ab 
of  the  incident  field  Er  =  R  •  E*. 


~2E_  sir.  ’c~d  +  2 £_  sin 

(2) 

2 E+  cos  -r  2  £_  cos 

(3) 

j2E+  cos  k-d  -  j2E-  cos 

(4) 

j2E+  sin  k„d  +  j2E~  sinA;_d. 

(5) 

equations  the  reflected  field  can  be  given  as  a  function 


3  Reflection  dyadic 


The  continuity  of  the  tangential  field  leads  to  the  expression  for  rhe  reflection  dyadic 


R  =  RyV vv  +  Ry^{uz  x  v)  +  X  V;V  -f  J?x x(uz  x  v)(u*  x  v). 


This  can  be  obtained  by  solving  the  coefficients  E+  and  £_  from  the  equations  (2)  -  (3)  and  incerting  these 
coefficients  into  the  equations  (4)  -  (5).  The  reflection  coefficient?,  when  written  in  y,  uz  x  v  coordinates,  read 


Rw  —  e? 


'2k0d L 


rll  =  e**-*- 


cos  fc_)d+cos(fc++jfc_)d1 

sin2  (k+—k-)d 

sin  (*++*:_  )d  J 

sirr(jfc++&_)d 

ccs  —k-  )d+cos  (k++k~  )di 

■  sin2  (k+-k-)d 

sin  (k++k-)d  J 

sin2  {k++k-)d 

•  cos  «_-fc_)d+cos(fc++A:_)d1 

sin2  (k+—k-)d 

'  sin  (k++k-)d  i 

sin2  (k++k-  )d 

•  cos  'k——k~ )d+cos  (k++k- )d i 

,  sin2  (k+-k-)d 

sin  (k++k-)d  J 

'  sin2  (k++k-  )d 

—  R±.V  — 


•O  7}  sin  (k±—k-  )d  j2k0d 
J  7)0  sin 


f A  t  ;Cos(k+-k-)d-cos(k++k-)dyV  ,-ccs  ■k--k-)d+ctx(k*+k-)di  ,  sin2  (k+-k-)d 
lVo  J  sin  (£++&_  )d iL>j0  J  sin(fc++fc_)d  J  '  sin2  (k++kJ)d 


For  the  isotropic  slab,  k+  =  k _  =  k,  and  the  crosspolarized  reflection  coefficients  vanish  whereas  the  copolarized 
reflection  coefficients  are 


B  _JJ  k,dl+jmtkd 

—  C  7} 


—  jcotkd' 


R± 


...  -  jtanfcd 

_  ci2kad  Vo  J _ 

+  j  tan  kd ' 

Vo 


Thus  there  is  no  change  of  the  polarization  in  the  reflection,  but  the  copolarized  field  components  are  shifted  in 
phase.  But  for  the  chiral  slab,  k+  ^  fc_,  and  the  crosspolarized  reflection  coefficients  remain.  The  expressions  for 
the  reflection  coefficients  do  not  reduce  to  a  simple  form  except  in  some  special  cases  considered  in  the  next  section. 
In  those  special  cases  there  is  a  phase  shift  between  the  copolarized  and  crosspolarized  reflection  coefficients  and 
hence  the  polarization  will  be  changed. 
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4  Polarization  transformer 


By  choosing  suitable  values  for  the  parameters  and  thickness  of  the  slab  we  can  construct  a  polarization  transformer 
(  Fig.  2).  In  the  polarization  transformer  the  incident  linearly  polarized  field  is  changed  to  a  elliptically  polarized 
one  in  the  reflection.  The  suitable  values  might  be  chosen  as  follows 

(fc++fc_)d=y,  {k+-k-)d=~,  (6) 


that  is  k+d  =  7r,  k-d  =  §,  and  the  expressions  for  the  reflection  coefficients  reduce  to 


Rvv  -  R±±  =  —e?2k°d 


Rvs.  =  R±v  =  -3e?2kod 


The  helicity  vector  p  can  be  utilized  to  determine  the  polarization  state  of  the  field.  For  the  electric  field  p  is 
[4], [10] 


E  x  E* 
P=  j'E  ■  E*  * 


The  helicity  vector  is  a  real  valued  vector  and  the  magnitude  of  the  helicity  vector  is  -1  <  p  <  1.  When  p=  1, 
the  field  is  right  hand  circularly  polarized,  when  p  -  -1,  field  is  left  hand  circularly  polarized,  and  when  p  =  0, 
the  field  is  linearly  polarized.  In  other  cases  the  field  is  elliptically  polarized.  Let  us  then  consider  the  case  where 
the  incident  field  is  linearly  polarized 


E*  =  E0[ cosav  +  sinau*  x  v]  e  ik°z 


(7) 


Then  the  reflected  field  is 


Er  =  E0e?koZ{  [Rw  cos  a  +  Rv ±  sin  a]  v  +  [R±v  cos  a  +  RL±  sin  a]  uz  x  v  } 


The  helicity  vector  of  the  reflected  field  is 


Er  x  Er* 
P  -  jW  •  Er* 


i1  -  (^)2i 
l!  +  fe)2]2 


|  In  a  general  case  the  reflected  field  is  elliptically  polarized.  The  ellipticity  and  handedness  depend  on  the  impedance 
v/Vo  and  the  angle  a.  The  performance  of  the  transformer  is  optimal  when  all  the  values  in  the  range  -l<p<  l 
can  be  reached  as  the  angle  a  changes.  One  obtains  this  optimal  situation  when  77/%  =  V2  ±  1.  The  helicity 
vector  of  the  reflected  field  becomes  now  p  =  ±  cos  2a  u2,  and  all  polarization  states  can  be  obtained  from  linearly 
polarized  incident  field  by  rotating  the  soft  and  hard  surface.  A  resembling  polarization  transformer  that  changes 
the  polarization  of  the  transmitted  field  is  presented  in  [6].  However,  the  transformer  presented  in  [11]  is  also 
worth  mentioning,  for  it  can  be  thought  of  being  a  dual  to  our  transformer. 


In  the  chiral  case  when  the  thickness  of  the  slab  is  chosen  as  in  (6),  and  choosing  the  impedance  of  the  chiral 
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medium  as  q/q0  =  1.  the  copolarized  reflection  coefficients  vanish  and  the  crosspolarized  ones  reduce  to  the  form 


Rv±  =  Riv  =  -j^2k-d. 


The  linearly  polarized  incident  field  (7)  remains  linearly  polarized  in  the  reflection,  but  is  twisted  by  an  angle 
<p  =  90°  -  2a.  The  electric  field  that  is  parallel  or  perpendicular  to  the  direction  of  the  corrugation  is  twisted  90° 
in  the  reflection.  Also  the  ellipse  for  elliptically  polarized  incident  field  is  twisted  in  reflection  while  for  circularly 
polarized  incident  field  there  is  a  phase  shift  in  the  reflection. 


5  Conclusion 


We  can  construct  a  reflector  polarization  transformer  from  the  chiral  slab  and  from  the  soft  and  hard  surface 
by  choosing  the  thickness  of  the  slab  and  the  impedance  of  the  chiral  medium  properly.  The  use  of  the  chiral 
material  is  essential,  for  one  can  not  achieve  the  polarization  altering  effects  we  described  by  substituting  a 
nonchiral  isotropic  slab  in  the  place  of  the  chiral  slab. 
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Figure  1.  Plane  wave  reflection  from  soft  and  hard  surface  coated  with  chiral  slab. 


Figure  2.  Polarization  transformer.  v='\. 
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Abstract 

This  study  provides  the  possibility  of  developing  tunable  microwave  components  based  on  the 
dielectric  substrate  nonlinearity,  with  the  conducting  surfaces  made  of  a  superconductor.  It  is  shown 
that  with  a  ferroelectric  film  thickness  of  140  nm,  phase  shifts  in  the  order  of  tens  of  degrees  per 
cm  can  be  obtained  with  bias  voltages  of  tens  of  millivolts  at  4  K  for  a  frequency  of  10  GHz. 


INTRODUCTION 

The  particular  property  of  ferroelectric  materials  of  having  a  relative  dielectric  constant  (er)  that  can 
be  altered  by  ambient  temperature  and  externally  applied  electric  field  has  been  explored  Vendik  and 
Ter-Martirosyan  (I),  Varadan,  et  al  (2),  Jackson,  et  al  (3)  and  Takemoto-Kobayashi,  et  al  (4).  There  is 
potential  to  exploit  the  use  of  the  nonlinearity  of  ferroelectric  materials  with  superconducting  surfaces 
for  tunable  microwave  device  applications.  Ceramic  phase  shifters  employing  ferroelectric  materials 
are  distinguished  by  their  high  power  handling  capacity,  great  speed,  low  drive  power,  high  radiation 
resistance,  low  cost  and  the  simplicity  with  which  they  can  be  incorporated  into  integrated  circuits 
Vendik  and  Ter-Martirosyan  (1)  and  Varadan,  et  al  (2).  Such  tunable  microwave  phase  shifters  based 
on  the  dielectric  nonlinearity  by  using  high  temperature  superconductors  (HTS)  and  ferroelectric  thin- 
films  are  promising  for  the  development  of  phased  antenna  arrays  with  large  numbers  of  elements.  In 
this  case  a  phase  shifter  is  usually  subject  to  additional  requirements:  low  energy  loss  in  the  control 
circuits  and  (for  use  in  phased  antenna  arrays)  a  low  noise  figure.  Ferrite  phase  shifters  have  been  used 
presently  for  phased  arrays  because  of  their  high  operational  speed,  and  their  small  weight  and  size, 
but  their  high  unit  cost  and  complexity  have  prevented  their  widespread  use  Varadan,  et  al  (2).  PIN 
diode  phase  shifters  are  cheaper  than  ferrite  phase  shifters  but  the  high  insertion  loss  of  PIN  diode 
phase  shifters  limits  their  usefulness  Varadan,  et  al  (2).  Also,  the  figure  of  merit  of  the  PIN  diode  and 
HTS/ferroelectric/HTS  phase  shifters  is  same  order  of  magnitude  but  the  former  are  not  as  fast  as  the 
latter  ones,  since  the  switching  time  of  the  diode  is  determined  by  the  time  of  diffusion  of  the  minority 
carriers  in  the  I-region.  The  switching  time  for  a  PIN  diode  is  of  the  order  of  10~7  to  10~8  s  whereas 
for  the  ferroelectric  phase  shifters  the  switching  time  is  10“9  -  10“ 10  s  Vendik  and  Ter-Martirosyan  (1). 
Another  recently  proposed  cooled  discrete  phase  shifter  based  on  superconducting  switches  can  provide 
the  same  parameter  values  as  ferroelectric  phase  shifters  [Vendik  and  Ter-Martirosyan  (1),  and  references 
therein].  The  control  element  is  a  superconductor  switch  made  in  the  form  of  a  lumped  element  in  the 
shape  of  a  meander.  In  principle,  with  a  control  current  (dc  or  pulsed)  the  switch  is  converted  from 
the  superconducting  to  the  normal  state,  with  its  resistance  abruptly  increasing,  in  a  transition  time  of 
no  more  than  10“10  s.  When  the  superconducting  technology  develops  to  enable  such  switches  to  be 
optimized,  it  will  be  necessary  to  compare  the  phase  shifters  based  on  switched  superconducting  and 
ferroelectric  phase  shifters  for  use  in  cooled  microwave  integrated  circuits.  Ferroelectric/superconductor 
tunable  microwave  components  are  advantageous  because  of  their  power  handling  capability  Jackson,  et 


-518- 


al  (3)  compared  to  superconducting  types  based  on  the  use  of  rf  SQUIDs  Takemoto-Kobayashi,  et  al  (4). 
Non-linearity  can  occur  in  a  transmission  line  when  the  rf  voltage  becomes  comparable  to  the  dc  control 
voltage  Jager  (5).  Power  for  a  microstrip  is  given  by  P  =  V2/Z,  and  for  the  minimum  5  volts  bias,  and 
a  1  ohm  impedance,  25  watts  (i.e.  >  40  dBm)  could  be  handled  before  distortion  occurs.  This  is  an 
under  estimate,  and  without  a  non-linear  analysis,  it  is  not  an  over  estimate  to  expect  that  even  higher 
powers  might  be  used.  These  high  powers  will  determine  the  microstrip  linewidth  requirement  to  insure 
that  the  critical  current  carrying  capacity  of  the  line  is  not  exceeded. 


DTSCIJSSTONS  AND  RESULTS 

Tunable  microwave  components  based  on  dielectric  nonlinearity  by  using  HTS/ferroelectric/HTS  thin- 
films  shown  in  figure  1  can  be  described  by  the  penetration  depth  Ar  and  the  normal  conductivity  crr 
of  the  superconductors,  the  dielectric  constant  eT  of  the  dielectric,  and  the  thicknesses  d  and  lT  of  the 
dielectric  and  the  superconductors.  The  temperature  dependence  of  penetration  depth  A  and  the  normal 


Figure  1:  Configuration  of  tunable  microwave  structure  investigated. 

conductivity  a  of  a  superconductor  can  be  described  using  any  one  of  several  models  outlined  in  the 
Ref.  Abbas,  et  al  (6).  Any  of  those  models  for  complex  conductivity  can  be  used  in  our  analysis. 
Nonlinearity  of  the  dielectric  constant  €2  due  to  the  variations  of  the  temperature  T  (K)  and  the  dc 
bias  electric  field  E  (kV/cm)  can  be  approximated  using,  Sawaguchi,  et  al  (7)  and  Barrett,  et  al  (8) 
€2  =  M/[(Ti/2)  coth(Ti/T)  -  T0]  or  e2  =  -429 E2  +  12992  where  M  =  9  x  104  K,  T0  =  38  K  and 
Ti  ss  84  K.  The  above  equation  is  obtained  by  using  the  MATLAB  polyfit  routine  which  fits  the  data 
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Sawaguchi,  et  al  (7),  in  a  least-squares  sense.  Also,  equations  in  Ref.  Abbas,  et  al  (6).  give  the  expression 
for  the  phase  shift 


where  L  is  the  length  of  the  line.  Different  experimental  combinations  for  the  layers  of  HTS/ferro- 
electric/HTS  have  been  reported  in  the  literature  Vendik  and  Ter-Martirosyan  (1),  Varadan,  et  al  (2), 
Jackson,  et  al  (3)  and  Takemoto-Kobayashi,  et  al  (4),  and  the  derived  expressions  can  be  used  for  any 
combination  of  superconductors  and  dielectric  to  describe  the  tunability.  Let  us  consider  an  example 
in  which  superconductors  are  taken  to  be  thin  films  of  YBCO,  and  ferroelectric  (dielectric)  is  taken 
to  be  Strontuim  Titanate  (SrTiOs).  The  parameters  for  these  materials  are  taken  from  the  references 
Vendik  and  Ter-Martirosyan  (1),  Varadan,  et  al  (2),  Jackson,  et  al  (3),  Takemoto-Kobayashi,  et  al  (4), 
Sawaguchi,  et  al  (7)  and  Scott  (9).  The  value  for  penetration  depth  used  for  the  high  quality  thin  films 
of  YBCO  is  140  nm. 


DC  bias  electric  field  E  (KV/cm) 

Figure  2:  Computed  phase  shift  per  cm  vesus  dc  bias  electric  field  for  different  thickness  of  HTS  at  10 
GHz. 

In  Figure  2,  phase  shifts  are  plotted  versus  dc  bias  electric  field  E  (KV/cm)  for  different  thickness 
{l /K  —  °°!  1)  0.5,  0.3  and  0.1)  of  YBCO  (HTS)  films  at  T /Tc  —  0.05  by  using  above  and  in  Abbas,  et 
al  (6)  equations.  The  dielectric  thickness  d  is  taken  equal  to  140  nm  and  the  temperature  variation  of 
A  is  according  to  the  two-fluid  model  of  Gorter  and  Casimir.The  phase  shift  can  be  tuned  by  a  dc  bias 
electric  field  E  (KV/cm)  as  shown  in  Figure  2.  It  is  also  clear  from  Figure  2  that  the  thinner  the  (HTS) 
YBCO  films,  the  more  the  phase  shift. 

In  Figure  3,  phase  shifts  are  plotted  versus  electric  field  E  (KV/cm)  for  different  separations  (A Q/d  = 
1,2,5,10,50)  of  identical  infinite  superconducting  planes  at  T/Tc  =  0.05.  It  is  clear  in  the  electric  field 
range  shown  in  Figure  3  that  the  thinner  ferroelectric  material  gives  more  tunability,  i.e.  phase  shift. 
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Figure  3:  Phase  shift  per  cm  versus  dc  bias  electric  field  for  different  separation  d  at  10  GHz. 

CONCLUSIONS 

An  analysis  has  been  completed  which  provides  the  possibility  of  developing  tunable  microwave  com¬ 
ponents  based  on  the  dielectric  nonlinearity  of  ferroelectrics  with  conducting  surfaces  made  of  a  su¬ 
perconductor  as  shown  in  figure  1.  A  sinusoidal  wave  solution  is  found  for  a  planar  superconducting 
transmission  line  using  the  displacement  vector,  the  dipole  moment,  polarization,  polarizability,  suscep¬ 
tibility  and  relative  permittivity  concepts  for  ferroelectrics,  and  for  superconductors  the  Gorter  and  the 
Casimir  two-fluid  model,  London’s  equations,  and  the  classical  skin  effect  for  the  normal  component  of 
the  current.  The  use  of  Bose  statistics  for  the  superconductor  gives  very  similar  results.  The  solution 
gives  expressions  for  the  phase  velocity  and  attenuation  coefficient  which  are  used  to  characterize  the 
tunability  of  microwave  components.  The  variation  of  the  relative  phase  velocities  and  phase  shifts,  with 
reduced  temperature  and  dc  bias  electric  field  has  been  computed  for  YBCO  and  SrTi03.  From  this 
example,  it  may  be  concluded  by  using  thinner  ferroelectric  and  superconducting  films  a  larger  variation 
of  phase  shift  with  voltage  can  be  obtained,  i.e.  increased  tunability. 
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ABSTRACT 

The  EMS  inside  slotted  screens  has  been  studied  by  using  a  hybrid  technique.  The  screen  is  characterized,  using  the  FEM,  by 
a  generalized  admittance  or  impedance  matrix,  from  which  the  scattering  matrix  can  be  straightforwardly  obtained.  The 
scattering  matrix  is  then  combined  with  a  modal  solution  to  compute  the  fields  inside  and  outside  the  envelope.  This  circuital 
approach  provides  a  systematic  procedure  for  the  analysis  of  very  complex  open  structures. 

1.  INTRODUCTION 

Electronic  devices  are  generally  covered  by  some  kind  of  envelope  or  screen.  One  important  property  of  those  covering 
structures  is  the  way  they  protect  the  enclosed  circuit  from  external  electromagnetic  interference.  When  the  envelope  is  slotted, 
environmental  electromagnetic  fields  can  originate  an  important  field  inside  the  envelope,  which  may  affect  the  electrical 
performance  of  the  enclosed  devices  or  circuits.  In  this  case,  the  knowledge  of  the  internal  field  distribution  and  polarization 
can  help  the  designer  to  choose  the  best  place  and  orientation  for  the  most  sensitive  devices.  Moreover,  the  electromagnetic 
behavior  of  the  screens  depends  on  the  electromagnetic  properties  of  the  materials  they  are  made  of  (usually  lossy  dielectric 
materials). 

The  analysis  of  arbitrarily  shaped  screens  made  of  lossy  dielectric  is  a  quite  difficult  problem,  so  it  is  necessary  to  carry  it  out 
by  numerical  methods  [1-4].  The  Finite  Element  Method  (FEM)  is  a  very  good  tool  for  the  electromagnetic  analysis  of 
complex  structures,  but  it  can  not  deal  with  open  problems.  In  this  paper  the  study  of  cylindrical  dielectric  envelopes  of 
arbitrary  cross  section  has  been  accomplished  by  combining  a  modal  analysis  in  free-space  and  a  circuital  representation  of  the 
screen  obtained  with  the  FEM.  The  proposed  method  is  used  in  this  paper  for  the  analysis  of  several  screens,  in  order  to  show 
its  possibilities. 

2.  SCREEN  CHARACTERIZATION 

The  structure  to  be  analyzed,  which  is  invariant  in  z,  is  enclosed  by  two  circles,  named  access  or  ports,  as  is  shown  in  figure  1. 
The  analysis  will  be  presented  for  TMZ  waves,  but  the  same  procedure  is  directly  applicable  to  TEZ  waves.  In  p>  px  the 
electric  field  can  be  expanded  in  terms  of  Bessel  functions  of  the  first  kind  and  Hankel  function  of  the  second  kind  [5],  as  is 
stated  in  eq.  (1),  while  in  the  region  p<  p2,  the  electric  field  is  written  in  terms  of  Hankel  functions  of  the  first  and  second 
kind  [5],  as  in  eq  (2).  The  superscripts  +  and  -  in  eq.  (1)  and  (2)  stand  for  waves  propagating  towards  and  from  the  coordinate 
origin.  In  eq  (1)  the  limit  of  the  series  is  taken  Nx  =  k0pl ,  in  order  to  account  only  for  propagating  waves  in  the  p>  px 
region  [6],  while  in  eq  (2)  the  value  of  N2  depends  on  the  problem,  and  it  will  be  discussed  later. 


K^'i.KJniKpy"*  p^pi 

n--Nt 

(1-a) 

E:  =  f,a„,H^(koPy*  p>p, 

n=~N , 

(1-b) 

e;  =  f.hX'^py*  p*pi 

(2-a) 

E:  =  T,a2nH(n2)(k0p)eJ"^p<p2 

(2-b) 

The  first  step  of  the  analysis  is  to  characterize  the  screen  by  a  generalized  admittance  matrix.  To  do  so,  the  magnetic  fields 
,  with  A=1 ,2  and  /=!  ,2,  must  be  computed  by  solving  via  the  FEM  the  vector  wave  equation 

'p-Pt 
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with  the  boundary  conditions 


and  ESft  =  0  at  the  other  port,  with  -N,  <n<N,. 


(7) 


The  FEM  discretization  of  the  problem  described  by  eqs.  (6)  and  (7)  using  first  order  triangular  edge  elements  leads  to 
2(n,  +  N2  +  l)  systems  of  equations  of  the  form: 


(8) 


where  {///,}  is  the  value  of  the  transverse  magnetic  field  at  the  edges  of  the  FEM  mesh.  In  eq.  (8)  [  A ]  is  a  very  sparse  matrix 
which  depends  only  on  the  differential  operator  which  is  being  analyzed,  so  it  is  independent  of  the  excitation  terms  given  by 

the  boundary  conditions  (7).  This  matrix  can  be  factorized  once,  and  then,  after  computing  each  excitation  vector  |c/,  j  ,  the 
corresponding  magnetic  field  can  be  computed  by  backsubstitution,  leading  to  a  very  efficient  procedure. 

After  computing  the  tangential  magnetic  field  on  each  port  for  all  the  excitation  terms,  the  admittance  parameters  are  defined 

as: 


H 


=  YrV 

mn 

m=-Nk 


Jm4> 


(9) 


Using  the  orthogonality  property  of  the  complex  exponentials,  the  admittance  parameters  can  be  straightforwardly  computed: 


-Nt<m<Nt  -N,<nZN,  <,0> 

From  these  admittance  parameters,  the  scattering  matrix  relating  the  amplitudes  of  the  cylindrical  harmonics  in  eq.  (1)  -(2)  can 
be  derived  [7]: 


M  rtci 
IMJ  Lter] 


(ii) 


This  approach  permits  to  make  use  of  well-known  circuital  techniques,  developed  for  closed  problems,  but  which  can  be 
straightforwardly  extended  to  open  problems  (8).  So,  the  study  of  complex  open  problems  can  be  carried  out  in  a  very 
systematic  way. 

3.  NUMERICAL  RESULTS 

To  show  the  possibilities  of  the  proposed  method,  it  has  been  applied  to  the  study  of  different  structures.  First,  we  have 
computed  the  electric  field  inside  the  dielectric  circular  shell  of  figure  2,  with  R,=0.45  m,  R2=0.5  m,  and  s’  =  1.25 ,  when  a 

TM2  wave  of  the  form  E  =  e~jkxz ,  with  k=6  m'1,  incides  over  the  structure.  Since  the  incident  field  is  a  plane  wave,  we  have: 


b 


lH 


(12) 


being  </>0  the  angle  of  incidence.  To  compute  the  coefficient  vectors  |a,  | ,  |i2|  and  \a2  j  we  need  another  condition, 
which  may  be  derived  from  the  fact  that  the  harmonics  propagating  towards  the  origin  cannot  be  absorbed  nor  reflected  at 
p  =  0,  and  hence  |fl2}  =  {^2 )  HI-  So,  (7)  leads  to  a  convergent  series  of  Bessel  functions  of  the  first  kind  for  the  total  field 
in  the  p<  p2  region.  In  this  case,  the  value  N2  =  k0px  has  been  found  to  be  a  good  limiting  criterion.  In  figure  2  we  plot 
the  amplitude  of  the  computed  Ez  field  inside  the  envelope  at  y  =  0  for  different  values  of  the  loss  tangent.  It  can  be  seen 
how  the  electric  field  decreases  exponentially  inside  the  lossy  material,  and  when  tg  8  increases,  the  field  penetration  into 
the  material  decreases,  as  can  be  expected  from  the  skin  effect  theory.  Moreover,  as  the  material  approaches  to  a  perfect 
electric  conductor  (which  means  that  tg  8  — >  co ),  the  electric  field  tangent  to  the  envelope  surface  vanishes. 
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When  the  envelopes  are  made  of  perfect  conductor,  it  has  been  shown  [1,3,4]  that  they  present  resonances  at  the  cut-off 
frequencies  of  the  modes  in  the  corresponding  waveguides.  This  behavior  holds  when  the  envelope  is  made  of  a  lossy  material. 

To  show  that,  we  have  analyzed  the  slotted  square  envelope  of  figure  3,  taking  Sr  =  1  —  y’2-106.  A  TEr  incidence  of  the  form 

H  =  ejkyz  is  assumed.  Since  it  is  also  an  empty  screen,  the  analysis  is  carried  out  in  the  same  way  as  described  for  the 
previous  example.  In  figure  4  we  present  the  computed  magnetic  field  near  and  inside  the  screen  when  the  frequency  of  the 
incident  wave  matches  the  cut-off  frequency  of  the  TE]0  mode  in  the  square  waveguide.  As  it  was  pointed  out  in  [3]  for  the 
perfect  conductor  screen,  the  field  inside  the  envelope  corresponds  to  the  TE]0  mode  field  pattern.  However,  when  the 
frequency  of  the  incident  wave  does  not  correspond  to  the  cut-off  frequency  of  any  mode  in  the  waveguide,  no  significant  field 
is  excited  inside  it.  This  behavior  can  be  seen  in  figure  5,  where  we  have  used  k=4,  which  does  not  match  any  cut-off 
wavenumber  of  the  square  waveguide. 

Finally,  we  have  analyzed  the  slotted  coaxial  structure  of  figure  6,  where  R=0.25  m  and  the  square  envelope  has  the  same 
dimensions  of  that  of  figure  3.  The  p<R  region  is  a  perfect  conductor,  while  the  envelope  is  made  of  a  conductor  material 

with  conductivity  a.  In  this  case,  the  analysis  can  be  solved  using  the  circuital  model  of  figure  7.  The  coefficients  {&,}  are 
those  given  by  eq.  (12),  while  the  other  coefficients  can  be  computed  as: 


{«'}  =[[s,i]+[s,!K1[/]-K][s1]]-,[s2,]]  {*'} 

(13) 

{«2}=[s1][[/]-[s22][si]]“[s2,]{*1} 

(14) 

(15) 

where  [su],  [S12 

]  ’  [^21  ]  ’  [^22  ]  are  the  submatrices  of  the  scattering  matrix  characterizing  the  envelope,  [/] 

is  the 

identity  matrix  and 

[iSt  ]  is  the  scattering  matrix  which  characterizes  the  shielded  conductor.  For  a  perfect  conductor  of 

circular  shape,  [S£] 

|  is  a  diagonal  matrix  with: 

(16) 

for  the  TAP  case  [5]. 

The  induced  current  in  the  inner  conductor  is  given  by: 

I  =  R['{pxH)-z\^dif  (17) 

Due  to  the  modal  coupling  described  in  the  previous  examples,  there  will  be  peaks  of  current  at  the  cut-off  wavenumbers  of 
the  corresponding  coaxial  waveguide  [1,4],  Because  of  the  particular  symmetry  of  this  waveguide,  an  taking  into  account  eq. 

(17)  the  peaks  are  expected  to  occur  only  at  the  cut-off  frequencies  of  the  ^-invariant  modes.  However,  another  peaks  will 
appear  due  to  the  unsymmetry  of  the  induced  field,  as  it  will  be  discussed  later. 

In  figure  6  we  have  plotted  the  induced  current  in  the  inner  conductor,  as  a  function  of  the  wavenumber,  when  a  TAP  wave  of 
the  form  E  =  eJkyZ  incides  over  structure  when  the  envelope  is  made  of  a  material  with  <x=  1000  Q'1.  The  graphic  shows  two 
peaks.  The  first  peak  corresponds  to  the  first  TM  mode  of  the  coaxial,  which  is  a  ^-invariant  mode  with  kc=  10.04  m1.  The 
second  peak  correspond  to  the  sixth  TM  mode,  which  has  £c=  14.26  m1.  This  mode  is  not  ^-invariant,  but  the  induced  field 
exhibits  some  degree  of  unsymmetry  (the  so-called  banana  modes  [1])  which  is  the  responsible  of  this  induced  current.  This 
behavior  is  strongly  dependent  on  the  particular  modal  field  pattern.  In  fact,  the  induced  current  at  kc=  10.48  m'1  and  kc  = 

13.19  m'1,  corresponding  to  the  forth  and  fifth  modes,  is  nearly  negligible.  Finally,  the  second  and  third  modes,  both  with  kc= 

10.19  m1,  do  not  present  a  separate  resonance.  This  is  due  to  the  high  mode  density  near  k  =  10  m'1.  (in  fact,  the  peak  of 
current  near  this  frequency  is  due  not  only  to  the  first  mode,  but  also  to  the  second  and  third  modes). 
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Finally,  to  study  the  effect  of  the  conductivity  in  the  induced  current,  the  same  structure  of  figure  6  has  been  analyzed,  but 
considering  now  an  envelope  conductivity  of  <j=  5  Q'1,  and  the  induced  current  is  shown  in  figure  8.  We  can  see  that  the  basic 
behavior  of  the  current  holds,  even  for  very  low  conductivity  values.  However,  there  are  some  evident  differences.  The  first 
one  is  that  the  resonant  peak  widths  is  bigger  when  the  conductivity  drops,  because  the  modal  coupling  phenomenon  is  less 
frequency-selective.  The  second  is  that  the  values  of  the  induced  current  are  smaller  when  the  conductivity  decreases.  The 
reason  to  this  behavior  is  found  to  be  the  value  of  the  induced  field  inside  the  envelope.  In  fact,  if  for  a  <r=  1000  the 

maximum  value  of  the  induced  field  at  &c=  10.04  m"1  was  |isz|  =  12.3  Vm~] ,  and  [is.  |  =  6.44  Vm~x  at  kc~  14.26  m'\  this 

values  drop  to  \E,\  =  2.17  Vm ~!  and  |is.j  =  2,96  Vm~l ,  respectively,  when  the  conductivity  is  er=  5  ft'1. 

4.  CONCLUSIONS 

A  very  powerful  tool  for  studying  the  electromagnetic  susceptibility  in  arbitrarily  shaped  screens  made  of  lossy  dielectric 
materials  has  been  developed.  The  proposed  method  is  based  on  a  circuital  characterization  of  the  structure  with  a  generalized 
admittance  matrix,  via  the  FEM,  which  is  then  combined  with  a  modal  expansion  to  compute  the  field  inside  and  outside  the 
envelope.  The  versatility  of  the  FEM  allows  the  application  of  the  method  to  any  bi-dimensional  envelope,  no  matter  it  has 
more  than  one  slot,  or  it  contains  different  dielectric  parts.  The  analysis  has  been  carried  out  for  both  TMZ  and  TEZ  waves.  The 
proposed  scheme  is  a  very  helpful  tool  for  circuit  designers,  since  it  permits  to  chose  the  best  location  and  orientation  for  the 
most  sensitive  devices  and  the  optimal  shape  and  material  for  the  screen  at  a  given  frequency. 
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LIST  OF  CAPTIONS 

FIGURE  1:  General  dielectric  slotted  screen 

FIGURE  2:  Electric  field  amplitude  inside  a  lossy  closed  dielectric  screen  for  different  values  of  tg8 
FIGURE  3:  Square  slotted  screen. 

FIGURE  4:  Magnetic  field  amplitude  inside  the  square  dielectric  screen  when  the  frequency  of  the  incident  wave  matches  that 
of  the  TE ,0  mode  of  the  corresponding  square  waveguide. 

FIGURE  5:  Magnetic  field  amplitude  inside  the  square  dielectric  screen  when  the  frequency  of  the  incident  wave  matches  that 
of  the  77s  20  mode  of  the  corresponding  square  waveguide. 

FIGURE  6:  Induced  current  in  a  circular  perfect  conductor  of  radius  R  =  0.25  m  screened  by  the  dielectric  envelope  of  figure 
4  with  a  =  1000  £T‘. 

FIGURE  7:  Schematic  representation  of  the  Generalized  Circuit  Model  of  a  conductor  covered  by  an  arbitrary  dielectric 
screen. 

FIGURE  7:  Induced  current  in  a  circular  perfect  conductor  of  radius  R  =  0.25  m  screened  by  the  dielectric  envelope  of  figure 
4  with  ct  =  5  Q  !. 

TABLE  1 :  Cut-off  wavenumber  for  the  first  six  TMZ  modes  in  the  waveguide  formed  by  one  circular  perfect  conductor  of 
radius  R  =  0.25  inside  a  square  waveguide  of  1  m  x  1  m  cross-section,  computed  following  the  procedure  described  in  [9]. 
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Abstract 


The  effect  of  a  conductive  substrate,  such  as  silicon,  on  the  attenuation  of  microstrip  (MS)  lines  has 
been  investigated  in  the  past.  No  such  treatment  exists  for  coplanar  (CPW)  lines,  and  experimental 
data  on  the  additional  attenuation  due  to  a  finite  conductivity  of  the  substrate  is  extremely  scarce. 

Using  basic  transmission  line  theory,  simple  expressions  have  been  derived  for  the  losses  caused  by  a 
conductive  substrate  for  both  the  coplanar  and  the  microstrip  lines.  For  microstrip  lines,  good 
agreement  is  obtained  with  previously  published  theoretical  and  experimental  data  oh  conducting 
silicon  substrates. 

In  contrast  to  the  case  for  microstrip  lines,  where  the  conductive  substrate  losses  are  independent  of 
the  line  impedance,  a  dependence  is  found  for  coplanar  lines. 

Introduction 


Silicon  is  an  attractive  substrate  material  for  microwave  and  millimeter  wave  transmission  lines  and 
packaging  applications,  because  of  the  more  advanced  and  costeffective  technology. 

Present  and  future  microwave  and  millimeter  wave  systems  in  the  areas  of  communication  and  data 
transmission,  radar,  imaging,  etc.  are  driven  primarily  by  cost.  With  the  development  of  low  loss 
interconnection  techniques  [1,  2],  it  is  more  efficient  to  place  passive  circuit  elements  and  transmission 
lines  not  on  the  substrate  containing  the  active  high  performance  circuits,  but  on  different  inexpensive 
substrates  in  close  proximity.  Silicon  (Si),  because  its  mature  state  of  technology,  which  allows 
incorporation  of  elements  such  as  resistors  and  capacitors,  as  well  as  active  devices,  meets  the  above 

criteria.  In  contrast  to  most  Ml— V  material  substrates,  which  have  a  typical  resistivity  of  106-107  Qcm, 

the  upper  limit  of  the  resistivity  of  Si  substrates  is  in  the  range  103-104  £2cm.  The  effect  of  this  finite 
conductivity  on  the  wave  propagation  in  coplanar  and  microstrip  transmision  lines  is  treated  below. 

The  properties  of  microstrip  transmission  lines  on  substrates  such  as  gallium  arsenide  (GaAs)  and 
silicon  (Si)  have  been  studied  extensively  in  the  past  [3,  4,  5,  6].  Recently,  coplanar  transmission  lines 
however  have  been  used  increasingly  in  the  microwave  and  millimeter  wave  frequency  range  [7,  8]. 
There  is  extensive  theoretical  and  experimental  data  available  on  the  ohmic  losses  in  coplanar 
transmission  lines  [9,  10].  However,  little  is  known  for  coplanar  transmission  lines  [11]  about  the 
additional  attenuation  of  conducting  substrates. 

Following  the  classical  quasistatic  approach  for  coplanar  lines  [12],  and  applying  fundamental 
transmission  line  theory  [13],  simple  expressions  for  the  substrate  conductance  and  the  resulting 
attenuation  of  coplanar  lines  have  been  derived  below.  Similarly,  expressions  have  also  been 
developed  for  microstrip  lines  for  the  conductive  substrate  losses. 

Transmission  line  losses 


The  total  losses  of  a  transmission  system  are  the  sum  of  ohmic  losses  due  to  the  rf  currents  in  the 
resistive  metalisation  (skin  effect)  aohmic  [9, 10],  radiation  losses  arad ,  losses  due  to  conversion  of  energy 
into  undesired  modes  amodes  [14],  losses  due  to  substrate  polarization  effects  (tan  6)  asub.pol ,  and  losses 
due  to  a  conducting  substrate  asub_cond .  Thus, 

^total  —  ^ohmic  ^rad  Anodes  ^sub-pol  ^sub-cond  (1) 
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Ohmic  losses  in  microstrip  lines  have  been  treated  extensively  in  the  past  [3,  6].  Recently,  such  data 
has  also  become  available  for  coplanar  lines  up  to  millimeter  wave  frequencies  [9, 10]. 

Losses  due  to  radiation  and  conversion  of  energy  into  other  modes,  will  not  be  discussed  here.  They 
have  been  treated  by  numerous  authors  in  the  past  [14, 15]. 

A1  Substrate  polarization  losses.  alub_DQj, 

If  an  rf  field  at  frequency  eo  is  applied  to  a  dielectric,  polarization  and  displacement  lag  behind,  resulting 
in  a  complex  dielectric  constant 

e(co)  =  e’(to)-je”(G>),  (2) 

where  the  loss  angle  8  is  defined  by 

,an8(“»=7§  •  (3) 


The  resulting  energy  loss  is  [16] 


L,  =  _E’e”«o) 


where  E  is  the  electric  field.  The  energy  loss  is  proportional  to  go  and  sin  5,  the  loss  factor.  For  small  5, 
sin  5  «  tan  8.  Values  for  tan  8  are  scarce,  but  typically  in  the  10*4  to  10’3  range.  These  dielectric  losses 
become  significant  at  millimeter  wave  frequencies  for  tan  8  ^  1 0' . 


B)  Losses  due  to  a  conducting  substrate,  a 


The  additional  losses  for  microstrip  lines  caused  by  conductive  silicon  substrates  have  been  treated  in 
the  past  [3,  5,  6, 17]. 

Because  of  the  less  mature  nature  of  the  coplanar  line  however,  neither  theoretical  nor  experimental 
data  is  available  for  this  type  of  transmission  line. 

Below,  we  present  simple  analytical  expressions  which  describe  these  additional  conductive  substrate 
losses  for  coplanar  and  microstrip  lines. 

a.)  Coplanar  line: 

Only  ohmic  and  conductive  substrate  losses  are  considered  in  the  following  treatment. 

From  transmission  line  theory,  for  the  case  when  losses  are  low,  the  attenuation  may  be  approximated 
by  [13,  p.  250] 


a  =  anhmir  +  a 


ohmic  "r  usub-cond 


R>  ,  G’Z0 
2  Zn  2 


where  the  first  term  is  due  to  the  ohmic  losses  in  the  conductors,  and  the  second  term  represents  the 
losses  in  the  substrate  due  to  its  finite  conductivity.  Here,  R’  and  G’  are  the  rf  resistance  and 
conductance  per  unit  length,  and  Z0  is  the  line  impedance. 

Analogous  to  quasi-static  calculations  of  the  capacitance  of  coplanar  lines  [12,  p.  349],  we  can  express 
the  conductance  per  unit  length  G’  of  a  coplanar  line,  on  a  substrate  of  finite  resistivity  p,  as 

G'=2KW  ,  (6) 

p  K(k’) 


and  k’=  Vl-k2  •  (8) 

Here,  K(k)  and  K(k’)  are  the  elliptic  integrals  of  the  first  kind  [12,  p.  371],  w  is  the  width  of  the  center 
line,  and  d  is  the  spacing  between  ground  planes  (see  insert  of  Fig.  2). 


For  p  in  [Gl-cm]  and  a  in  [dB/mm],  the  conductive  substrate  losses  are 

-  =  8.68^*^ 


10  p  K(k’) 
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The  impedance  Z0  for  various  w/d  ratios  for  coplanar  lines  on  silicon  is  shown  in  Fig.  1 .  The  values  of 
asub-cond  obtained  from  equation  (9)  are  illustrated  in  Fig.  2  for  different  values  of  w/d. 


b)  Microstrip  line  : 

If  we  follow  a  similar  approach  for  microstrip  lines,  we  obtain 


G’  =  i 

P 

H 

^sub-cond  : 

■hi 

1  + 


w 


where  w  is  the  width  of  the  microstrip  line,  and  h  the  substrate  thickness. 
For  p  in  [fii  cm]  and  a  in  [dB/mm], 


=  8.68 


20  p 


1+* 
h 


(10) 

(11) 


(12) 


The  values  of  the  attenuation  asub.cond  as  derived  from  this  expression,  are  shown  in  Fig.  3  and  agree 
well  with  values  published  previously  [3,  5,  6, 17],  as  shown  in  Fig.4. 


Summary : 

Simple  equations  have  been  developed  which  predict  the  losses  of  coplanar  and  microstrip 
transmission  lines  on  conductive  substrates.  Whereas  the  theoretical  predictions  presented  agree  well 
with  published  theoretical  and  experimental  data  for  microstrip  lines,  they  remain  to  be  verified  by 
experimental  data  for  coplanar  lines. 
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Typical  impedance  values  for  coplanar  (CPW)  and  microstrip  (MS)  transmission  lines  on  silicon. 
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Fig.  2 

The  additional  attenuation  caused  by  a  conductive  substrate  of  finite  resistivity,  for  coplanar  (CPW) 
transmission  lines,  as  determined  from  this  theory  (Equ.  9). 


LINE  IMPEDANCE  Z0  [Cl] 

Fig.  3 

’  The  additional  attenuation  caused  by  a  conductive  substrate  of  finite  resistivity  p  for  microstrip  (MS) 
transmission  lines  on  Si,  as  determined  from  this  theory  (Equ.  12). 
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The  additional  attenuation  caused  by  a  conductive  substrate  of  finite  resistivity  p  for  50  Q  microstrip 
(MS)  transmission  lines  on  Si  substrates.  The  circles  are  published  data  [3, 5,  6, 17],  the  solid  line 
represents  this  theory  (Equ.  12). 
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Abstract 

We  present  a  method  for  computer  aided  generation  of  lumped  element  equivalent  circuits  for  linear 
reciprocal  distributed  microwave  circuits.  The  method  is  based  on  a  field  theoretical  analysis  of  the 
distributed  multiport  circuit  by  the  three-dimensional  Transmission-Line-Matrix  method.  It  allows  to 
generate  the  topology  as  well  as  the  parameters  of  the  lumped  element  equivalent  circuit.  System  iden¬ 
tification  techniques  are  used  for  the  extraction  of  approximated  admittance  parameters  describing  the 
essential  multiport  characteristics.  By  Foster  decomposition  of  the  admittance  matrices  canonical  equiva¬ 
lent  circuit  models  are  generated.  Two  examples  are  given  to  verify  the  proposed  method  and  demonstrate 
their  application  to  the  modeling  of  multichip  module  (MCM)  interconnections. 

1  INTRODUCTION 

In  recent  years,  the  Transmission-Line-Matrix  (TLM)  method  [1]  and  the  Finite  Difference  Time  Domain 
method  (FDTD)  [2]  have  proven  their  ability  to  handle  general  structures.  Due  to  the  high  numerical  effort 
the  application  of  electromagnetic  full- wave  analysis  is  restricted  to  small  substructures  of  the  circuits. 
Usually  only  the  critical  distributed  circuit  elements  are  modeled  by  full-wave  analysis,  and  the  complete 
circuit  modeling  is  performed  using  network-oriented  methods.  There  are  different  ways  to  incorporate  the 
models  of  the  distributed  circuits  into  the  network-oriented  overall  circuit  simulation  as  for  example  by 
description  of  the  distributed  circuits  by  look-up  tables,  by  general  methods  of  system  identification  or  by 
equivalent  circuit  models.  When  modeling  circuits  containing  nonlinear  and  active  devices,  two  generally 
different  approaches  are  possible.  One  way  is  to  include  the  nonlinear  behavior  into  the  electromagnetic  field 
simulation  [3].  This  method  suffers  from  a  high  computational  effort  and  is  not  optimum  if  the  nonlinear 
and  active  parts  of  the  circuit  may  be  treated  as  lumped  element  subcircuits.  A  circuit  consisting  of  several 
electrically  large  interconnect  structures  with  many  active  devices  can  be  modeled  in  an  optimum  way 
by  separating  distributed  linear  and  lumped  nonlinear  parts.  The  incorporation  of  distributed  subcircuit 
models  into  network-oriented  nonlinear  time-domain  circuit  simulation  has  already  been  demonstrated  in 
[4],  where  the  distributed  linear  subcircuits  have  been  represented  by  their  pulse  response  functions  and  have 
been  incorporated  into  the  computation  via  a  convolution  procedure.  Substituting  distributed  subcircuits 
by  lumped  element  equivalent  circuits  with  reduced  complexity  is  another  possible  method.  Equivalent 
circuit  models  exhibit  the  advantage  of  compactness,  easy  implementation  in  existing  circuit  simulators, 
applicability  in  frequency  domain  as  well  as  in  time  domain,  and  exact  representation  of  some  fundamental 
circuit  properties  as  for  example  passivity,  stability  and  reciprocity.  However,  usually  it  requires  a  lot  of 
creativity  to  find  an  appropriate  lumped  element  equivalent  circuit  that  models  a  certain  distributed  circuit 
within  a  specified  interval  of  frequency. 

This  work  presents  a  general  method  for  the  generation  of  lumped  element  equivalent  circuits  for  linear 
passive  reciprocal  multiports. 

2  MODEL  GENERATION 

Starting  with  a  three-dimensional  electromagnetic  full-wave  analysis  of  a  distributed  multiport  we  obtain 
the  impulse  response  functions  for  reflection  and  transmission  between  the  ports.  For  this  we  use  the  time 
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domain  TLM  scheme  with  Symmetrical  Condensed  Nodes  [1].  To  reduce  the  computational  effort  an  irreg¬ 
ularly  graded  mesh  is  used  [5].  This  TLM  scheme  is  completely  implemented  in  a  distributed  computation 
simulation  package,  which  is  realized  within  the  Parallel  Virtual  Machine  (PVM)  environment  [6]. 

In  order  to  establish  a  lumped  element  equivalent  circuit  for  a  symmetrical  four  port  MCM  microstrip  cross¬ 
ing  two  single  simulation  runs  are  necessary  (plus  two  short  time  reference  simulations).  Time  responses 
s(n )  are  separated  from  spurious  parts  by  utilizing  system  identification  techniques.  Applying  an  augmented 
UD  identification  (AUDI)  algorithm  [7]  to  reference  simulation  data  an  HR  Filter  describing  the  dispersive 
transmission  lines  at  the  ports  can  be  set  up.  A  time  shifting  of  all  input  signals  with  this  filter  structure 
results  in  a  complete  deembedding  of  the  analyzed  discontinuity  from  its  connecting  transmission  lines. 
After  this  preprocessing  of  simulation  results  the  locations  of  multiport  admittance  function  poles  are  ex¬ 
tracted  by  a  steepest-ascent  search  algorithm.  Therefore  the  Laplace  transforms  of  the  complete  set  of 
time  domain  scattering  signals  has  to  be  calculated  numerically.  The  scattering  parameters  for  a  certain 
frequency  point  p  are  given  by 

s..(v)  =  EiLiSiMot ,(e-P”T 

Simulated  time  domain  scattering  signals  are  well  suited  for  numerical  transformations,  because  they  axe  as 
well  bandwidth  as  time  length  limited.  Even  lossless  structures  result  in  short  time  series  due  to  the  loading 
of  resonant  structures  by  their  connecting  transmission  line  impedances.  The  multiport  admittance  matrix 
Y (p)  can  be  determined  from  its  corresponding  scattering  matrix  S(p). 


Y(p)  =  (q+S(p)q)- 


—  S(p)q 


q  is  a  diagonal  matrix  containing  the  square  roots  of  all  port  impedances.  Reasonable  starting  values 
for  a  gradient  based  pole  extraction  working  on  single  elements  of  Y  ( p )  can  be  taken  from  contour  plots 
of  the  admittance  function  Laplace  transforms.  Choosing  all  local  maximums  in  the  Fourier  transform 
(Re(p)  =  0)  of  all  admittance  functions  yijip )  within  the  specified  frequency  range  results  in  the  extraction 
of  all  dominant  poles.  Any  additional  poles  and  trial  solutions  converging  towards  them  can  be  found  easily. 
Knowing  the  location  of  a  number  of  N  poles  an  of  a  linear  reciprocal  lossless  multiport  a  Foster  equivalent 
circuit  model  may  be  specified  directly.  We  extend  this  method  also  to  lossy  linear  reciprocal  multiports. 
Their  admittance  matrix  Y  ( p )  may  be  represented  by 

N  (  .(n)  Jn)*  \ 

Y(p)  =  A<°>  +  T  -^2—  +  )  -AW  +  A(°°)p  (3) 

P~<) 


where  the  are  real,  symmetric  and  positive  semidefinite  matrices.  The  proof  is  given  for  two-ports  in 
[8]  and  holds  also  for  multiports.  In  order  to  describe  a  passive  multiport  all  poles  must  be  stable  and  the 
contained  parameters  must  fulfill  the  following  conditions: 


<K*} 


={4n)“»}  < 


In  [9]  Cauer  has  shown  that  every  matrix  A^  can  be  realized  by  a  network  of  ideal  transformers  and 
M  <  dim(A(n))  one-port  admittances.  Each  of  the  matrices  A^n^  may  be  decomposed  into  a  sum  of  real 
symmetric  matrices  of  rank  1.  For  example: 

.  /  1  *n  *12  \ 

A(n)  =  *(»)  .  kn  knka  + 

\  *12  *11*12  (*12)2  / 

/  o  o  0\  /000\ 


0  *21  (*2l)2 


0  0  0 
0  0  0 
0  0  1 
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y(n)  _ 


Gjn)+pCj 


,(n) 


P2£(»)c(»)  +  p(G<»>i,j»>  +  rMc'”)  + 1  +  *<»><?<"> 


=  K-n^y^ 


(7) 


These  matrices  of  rank  1  in  combination  with  their  admittance  function  y(n)  contribute  multiport  elements 
as  depicted  in  Fig. (3)  consisting  of  R,  G,  L,  C  and  ideal  transformers.  Connecting  these  compact  n-port 
elements  according  to  eq.(5)  results  in  full  rank  M-port  elements  as  depicted  in  Fig.  (5). 

All  matrix  elements  a j"*  associated  with  the  amplitudes  of  the  poles  can  be  calculated  by  fitting  eq.(3)  to  the 
supposed  admittance  values  obtained  in  eq.{2).  Solving  these  (N  4-  2)  dimensional  optimization  problems 
has  to  be  done  with  respect  to  the  valid  parameter  space.  Due  to  the  special  function  structure  in  eq.(3)  (a 
sum  of  highly  localized  subfunctions)  the  global  minimum  of  the  used  error  function  can  be  found  without 
any  convergence  problems.  After  computing  all  parameters  in  eq.(3)  and  decomposing  all  matrices  according 
eq.(5)  the  parameter  values  of  the  equivalent  lumped  element  circuit  can  be  determined.  The  turns  ratios 
of  the  transformers  in  Fig.  (5)  can  be  expressed  by  the  following  relationships: 
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The  parameter  values  of  R,  G,  L  and  C  are  defined  by  a  comparison  of  the  coefficients  in  eq.(7)  and  eq.(3). 
This  leads  to 

1  -  ,  .  c=  2Re{7} 

Tc 

with 


1  =  2Re{7} 
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in  general  or  even  simpler  formulas  for  special  cases  like  an  =  0. 


3  EXAMPLES 


As  a  verification  example  we  have  modeled  a  microstrip  spiral  inductor  which  was  analyzed  and  measured  by 
Becks  in  [10].  Its  structure  with  stair-case  approximated  boundaries  is  shown  in  Fig.  (6).  We  used  nine  poles 
for  the  generation  of  the  equivalent  circuit  model  shown  in  Fig.  (2).  A  comparison  of  the  simulation  results, 
the  measurement  data  taken  from  [10]  and  the  scattering  parameters  of  the  generated  equivalent  lumped 
element  circuit  are  depicted  in  Fig.  (7).  An  acceptable  agreement  between  all  curves  can  be  seen  over  the 
whole  frequency  range.  A  minimization  of  admittance  error  functions  doesn’t  minimize  the  approximation 
error  for  scattering  parameters  and  explains  the  general  deviation  between  model  and  simulation  results. 
As  a  second  example  we  modeled  a  MCM  transmission  line  crossing.  This  four  port  structure  is  shown  in 
Fig. (4).  It  is  placed  on  a  ceramic  MCM  substrate  (er  =  9.8)  carrying  a  dielectric  polyimid  layer  (lO/nm, 
er  =  3.3),  a  structured  ground  metalization,  another  25^m  polyimid  layer  and  a  signal  layer.  We  took 
three  poles  for  model  generation  and  the  resulting  equivalent  circuit  consists  of  a  shunt  connection  of  three 
elementary  four  port  sections  depicted  in  Fig.  (5).  A  comparison  of  admittance  parameters  is  shown  in 
Fig.  (8).  Increasing  the  number  of  poles  up  to  six  doesn’t  enhance  the  complexity  of  the  model.  Due  to 
the  symmetry  of  the  structure,  a  mayor  part  of  the  matrices  reduces  to  rank  one  or  two.  In  our  first 
approach,  which  includes  only  three  poles,  this  reduction  doesn’t  take  place  and  consequently  undermodels 
this  microstrip  crossing. 
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4  CONCLUSION 


We  have  presented  a  method  for  generation  of  lumped  element  equivalent  circuits  for  distributed  microwave 
components  based  on  time  domain  scattering  signals.  It  can  be  applied  to  linear  reciprocal  multiports  and 
produces  topology  as  well  as  parameters  of  a  model,  which  is  restricted  to  a  user  specified  range  of  frequencies. 
Equivalent  lumped  element  circuits  for  two  and  four  port  circuits  have  been  extracted  from  TLM  simulation 
data.  A  comparison  between  generated  models,  simulation  and  measurement  results  demonstrates  the  ability 
of  our  method  to  approximate  signal  transmission  characteristics  within  the  range  of  resonant  frequencies. 
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Figure  1:  Microstrip  crossing:  signals  for  Gaussian  excitation  at  port  1 
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Figure  7:  Scattering  parameters  for  a  microstrip  spiral  inductor  (Fig.(6));  measurement  data  were  taken 
from  [10] 


0.40 

1 _ l 

CO 

0.30 

<D 

-a 

0.20 

'c 

O) 

CO 

E 

0.10 

0.00 

4.00 

TJ 

2.00 

to 

1 _ 1 

(D 

0.00 

« 

CO 

-C 

Q. 

-2.00 

-4.00 

frequency  [GHz]  frequency  [GHz] 


Figure  8:  Admittance  parameters  of  a  MCM  microstrip  crossing  (Fig. (4)) 
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ABSTRACT 

The  series  of  band-pass,  band-reject,  and  diplexer  filters,  and  also  the  frequency-separation  devices  with 
excellent  features  were  designed  on  the  base  of  coaxial  dielectric  resonators  (CDR).  The  dielectric  materials 
used  for  the  CDRs  manufactory  were  distinguished  by  low  dielectric  loss  and  adjustable  temperature  stability 
covering  the  wide  range  of  dielectric  constant  values  (from  3  to  90).  The  electric  MW  parameters  of  the 
developed  devices  were  measured  at  the  frequency  range  of  100  MHz  to  5  GHZ.  Some  advice  for  improving  the 
filters'  design  and  quality  were  adduced. 

INTRODUCTION 

The  development  of  air  and  cable  broadcasting,  communication  systems,  the  increasing  number  of  sets,  and 
effective  utilization  of  frequency  ranges  lead  to  more  stringent  requirements  for  the  quality  of  microwave 
transmissions  and  for  noise  level.  One  of  the  ways  to  tackle  the  tasks  of  improving  the  information  transmission 
quality  is  to  improve  the  technical  characteristics  of  filtering  and  oscillatory  communication  systems.  The  use  of 
monolithic  coaxial  dielectric  resonators  (CDR)  allows  the  reduction  of  weight/dimensional  parameters  and 
production  costs  of  microwave  devices.  In  some  cases,  it  is  possible  to  manufacture  systems  which  operate 
under  special  conditions,  e.g.  under  strong  vibrations  and  impacts,  which  is  difficult  to  effect  on  other 
mechanical  principles.  At  the  recent  time  MW  filters  and  frequency-  separation  devices  realized  on  CDRs'  base 
were  applied  in  the  frequency  ranges  below  1  GHZ  for  the  low  amplitude  and  power  levels.  As  a  basis  for 
CDRs  manufacture  ceramic  materials  with  a  high  dielectric  constant  values  (from  40  to  90)  are  usually 
employed.  The  research  of  possible  application  of  the  devices  mentioned  above  under  conditions  of  high  power 
and  amplitude  levels,  and  also  in  the  frequency  ranges  above  1  GHz  are  insufficient. 

In  this  connection  our  efforts  were  directed  to  developing  the  requirements  for  ceramic  materials  as  well  as  for 
the  design  of  coaxial  dielectric  resonators  (CDRs)  for  the  applications  in  filtering  and  frequency-separation 
devices  which  are  employed  in  the  frequency  range  of  1-10  GHz.  The  present  work  was  devoted  to  developing 
band-pass  (BP),  band-reject  (BR)  filters,  diplexer  filters,  and  frequency-  separation  devices  based  on  the  single 
monolithic  CDRs,  which  operate  over  the  wide  ranges  of  power  and  amplitude  values  at  the  frequencies  from 
100  MHz  to  5  Ghz  as  well  as  to  researching  their  MW  electric  parameters. 

The  following  activities  have  been  executed  to  study  this  problem: 

1)  the  research  of  ceramic  materials  with  low  and  temperature  stable  dielectric  constant; 

2)  the  development  of  CDRs  design  to  meet  requirements  of  operating  over  the  wide  ranges  of  power  and 
amplitude  values; 

3)  the  study  of  oscillatory  modes  distribution  in  the  CDRs,  which  were  made  on  the  base  of  ceramics  differed 
by  dielectric  constant  values; 

4)  the  development  and  research  of  the  microwave  devices  based  on  CDRs. 
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MATERIALS 


In  the  present  work  the  ceramic  dielectrics  over  the  wide  spectrum  of  dielectric  constant,  and  based  on  single-  or 
multi-phase  systems  were  developed  and  investigated  to  obtain  materials  with  temperature  stable  dielectric 
constant  and  low  dielectric  loss  tangent  (tg  5)  in  the  microwave  range. 

When  investigating  multiphase  systems,  a  high  temperature  stability  of  electrophysical  properties  was  achieved 
by  effecting  volume  temperature  compensation,  which  consists  in  the  simultaneous  existence  of  chemically  not 
interacting  phases,  which  are  distinguished  by  the  different  character  of  the  temperature  dependence  of  e  .  When 
developing  dielectrics  with  low  e  value  ( less  then  15  )  we  suggested  composite  of  silicates  and  aluminates  such 
as  Mg2Si04,  MgAl204,  ZnAl204,  and  magnesium  titanates  (MgTi03,  Mg2Ti04  )  to  be  employed  as  a  basic 
phases  possesing  low  s  and  positive  temperature  coefficient  of  s  (t  8).  Dielectrics  with  e  value  about  20  were 
based  on  the  magnesium  and  zinc  titanates.  CaTi03  and  ZnTi03  were  chosen  as  phases  with  negative  t  8.  A 
possibility  of  free  varying  of  the  correlation  between  above  mentioned  compounds  allowed  us  to  obtain  in  a 
material  controllable  x  z  on  both  the  positive  and  negative  sides  from  0.  Ceramics  with  dielectric  constant  of  35- 
40  were  based  on  barium  tetratitanates  (BaTi409)  differed  by  reagents  grade  to  obtain  various  Q-factor  in  the 
ceramics  retaining  s  value. 

When  developing  MW  dielectrics  with  e  value  of  60-90  based  on  single-phase  systems,  a  great  attention  was 
given  to  the  elucidation  of  the  influence  of  aliovalent  substitution  in  cationic  sublattice  on  the  electrophysical 
properties  of  perovskite-like  complex  oxides.  This  substitution  leads  to  lattice  distortions  and  structure  channel 
and  vacancy  formation,  permitting  one  to  influence  the  phonon  spectrum.  The  subjects  of  investigation  were 
rare-earth  elements  titanates.  Among  rare-earth  elements  titanates  (Ln203-Ti02),  perovskite  structure  is  formed 
only  at  a  Ln203:  Ti02  ratio  of  1 :3  (Ln203*3Ti02-3Ln2/3Ti03)  and  is  unstable. 

When  rare-earth  ions  are  substituted  by  alkaline-earth  ions,  e.g.  barium  ions,  according  to  the  scheme 
Ln2/3-xBa3/2XTi03,  at  x=l/6  barium  lanthanide  tetratitanates,  BaLn2Ti40i2  are  formed,  which  have  highers 
values  (  e  =  70  -  90  )  and  a  high  temperature  stability  of  properties  ( if  =  +10  .  lO^K'1  ).  The  A  sublattice 
vacancies  in  compounds  lead  to  electromagnetic  energy  absorption,  resulting  in  an  increase  in  dielectric  loss 
tangent  (tg  8).  Our  investigations  showed  that  the  partial  substitution  of  rare-earth  ions  by  alkali  metal  ions 
according  to  the  scheme  BaLn3+2_xM1+3xTi40]2  within  the  confines  of  single-phase  compositions  (0<x<l/6) 
makes  it  possible  to  decrease  tg  8  by  a  factor  of  two  in  the  microwave  range  due  to  a  decrease  in  vacancy 
concentration.  We  also  investigated  barium-lanthanide  titanates  with  various  starting  oxides  ratio,  and  those 
partially  substituted  of  Mg2+,  Ca2+,  Pb2+  ions  for  Ba  2+  ions. 

CDR  DESIGN 

Figure  la  shows  a  rectangular  CDR  design  with  the  cylindrical  central  electrode.  Unlike  the  known  CDR 
designs  and  devices  based  on  them,  the  coupling  elements  in  our  design  (coupling  and  aligning  capacitors)  are 
constructed  as  plane  electrodes  on  the  open  end.  Figure  la  shows  coupling  electrodes  (2),  fine  alignment  (1)  and 
coarse  alignment  (3)  electrodes.  Figure  lb  shows  an  equivalent  circuit  of  such  a  CDR.  The  coupling  and 
aligning  elements  that  are  located  on  CDR  allow  one  to  control  the  coupling  of  the  resonator  with  the  load  over 
a  wide  range  and  to  change  (to  decrease)  the  resonant  frequency  by  up  to  10%.  The  absence  of  external 
additional  coupling  elements  allowed  us  to  extend  the  range  of  application  of  CDR’s. 

The  resonance  frequency  of  such  CDR’s  was  determined  from  the  relation  (for  TEM  wave): 
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where  p  -  — — — -Js ,  and  1  is  the  resonator  length. 
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The  capacitor  capacity  Cs  “  CA  +  Cc,  where  CA  is  the  total  capacity  of  aligning  capacitors  and  Cc  the  total 
capacity  of  coupling  capacitors. 

The  characteristic  impedance  (Zo)  of  a  cylindrical  CDR  was  determined  from  the  formula: 
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where  D0  and  Dj  are  the  outer  and  inner  diameters  respectively.  For  a  rectangular  CDR,  Zo  was  calculated  from 
the  formula: 
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where  A  is  the  side  length  of  the  rectangular  resonator  cross-section.  To  calculate  Zo,  formula  (2)  may  be  used, 
in  which  Do=1.27A. 

The  critical  wavelength,  at  which  higher  modes  arise,  was  determined  from  the  formula: 
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At  the  ratio  — -  »  3.3 ,  which  is  optimal  in  Q-factor,  the  following  ratio  was  obtained,  taking  into  account  that 

no  higher  modes  must  be  excited  up  to  f==3fp,  for  calculating  the  dimensions  of  a  homogeneous  CDR  operating 
under  monofrequency  conditions  (up  to  3fp): 


]P_>  io 


Dn 


(5) 


We  used  this  type  of  discrete  CDR  with  cross-sectional  dimensions  of  5x5  mm  to  25x25  mm  as  a  base  design  in 
developing  filters,  frequency  division  systems  and  stabilizing  circuits.  CDR  of  such  a  type  has  a  Q-factor  of 
500-1500. 

At  high  frequencies  (above  2000  MHz),  resonance  phenomena  are  observed  in  lumped  coupling  elements 
(capacitors,  inductors),  which  lead  to  a  decrease  in  the  operating  efficiency  of  CDR.  To  retain  the  single-mode 
monofrequency  system  of  CDR's  operating  at  frequencies  above  2000  MHz,  the  following  measures  can  be 
taken: 

1 .  To  decrease  the  e  value  of  ceramic  from  90  to  4. 

2.  To  reduce  the  cross-section  of  CDR's  to  the  optimal  one  in  terms  of  manufacturability  and  their 
Q-factor. 

3.  To  use  distributed  couplings. 

THE  RESEARCH  OF  CDRs  MODES  SPECTRUM 

The  research  of  CDRs  modes  spectrum  was  carried  out  in  the  frequency  range  of  109--5*109  Hz  inducing  the 
natural  oscillations  spectrum  in  the  resonator.  Resonance  modes  were  determined  at  the  minimums  of  VSWR.  It 
was  applied  inductive  and  capacitive  coupling  with  resonator  to  reveal  all  oscillations,  moreover  the  coupling 
rate  was  less  than  crucial  one.  Results  of  the  tests  are  shown  in  Table  2,  where  fj  is  the  lowest  frequency 
corresponding  to  the  basic  TEM  oscillation  in  quarter-wavelength  resonator  with  one  short-circuited  end. 

Data  in  the  Table  2  clearly  shows  thinning  out  the  modes  spectrum  of  a  resonator  due  to  its  diminishing  and 
lowering  e  in  its  material  in  the  frequency  range  of  1—5*10^  Hz.  Q-factor  in  CDRs  is  in  proportion  to  their 
cross-section,  and  tends  to  decrease  when  dielectric  constant  in  material  increases  [1].  Therefore,  lowering  s  in 
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CDRs  material  at  the  frequencies  above  109  Hz  allows  simultaneously  suppression  of  undesirable  modes  and 
increase  of  Q-factor  in  CDRs  as  well  as  reproducibility  of  electrical  parameters  in  CDRs  based  devices. 

Due  to  the  fact  that  CDR  is  almost  screening  resonance  system,  the  overall  dimensions  of  CDRs  based  devices 
are  less  in  comparison  with  the  similar  ones  based  on  the  open  dielectric  resonators,  e.g.  with  Hjod  oscillations. 
A  decrease  in  s  of  the  dielectric  loading  of  CDR  leads  to  an  increase  in  higher  mode  excitation  frequency.  The 
reduction  of  CDR  cross-section  deteriorates  the  electrical  characteristics  of  devices  based  on  CDR’s.  However, 
by  changing  simultaneously  the  dimensions  and  e  one  can  optimize  the  electrical  properties  of  CDR’s  and 
decrease  the  effect  of  higher  modes. 

Taking  into  account  that  the  resonator  modes  spectrum  is  being  thinned  out  when  £  decreasing,  filters  based  on 
the  CDRs  with  low  e  are  preferable  for  the  applications  at  the  frequencies  above  109  Hz  in  comparison  with  the 
similar  ones  based  on  the  CDRs  with  s  value  of  40-80.  Moreover,  utilization  of  low  c  material  in  CDRs 
facilitates  filters  tuning  and  fabrication  of  coupling  electrodes. 

Monolithic  block  of  resonators  (MBR)  was  designed  as  a  three-dimensional  ceramic  bar,  in  which  holes  were 
made  during  pressing  .  The  bar  and  holes  were  covered  by  a  high-conductivity  coating.  Coupling  with  the  outer 
resonators  is  brought  about  through  coupling  capacitors,  which  are  set  up  on  MBR  or  attached  as 
interconnection  elements.  The  main  purpose  of  MBR  is  band  filters,  which  are  produced  in  quantity.  MBR’s  are 
promising  designs  for  the  quantity  production  of  MW  filters,  including  «chips»,  due  to  their  monolithic  design, 
the  higher  Q-factor  of  the  resonators  in  them  and  the  possibility  of  the  automatic  adjustment  of  filters. 

We  also  developed  CDR’s  which  are  combined  into  «quasi-monolithic»  blocks,  and  a  distributed  coupling  (of 
inductive  or  capacitive  character)  is  formed  between  individual  CDR’s.  In  the  design  developed,  it  is  possible  to 
control  couplings  over  a  wide  range  on  rectangular  CDR’s,  which  can  be  easily  combined  into  blocks  (fig.2)  by 
soldering  or  cementing. 

MW  MONOLITHIC  DEVICES 

The  characteristic  feature  of  developed  CDRs  BP  was  that  they  were  designed  with  the  use  of  single  CDRs 
and  composed  of  2  to  8  circuits  with  coupling  units  (capacitors),  which  were  filled  on  the  open  end  face  of  the 
quarter- wavelength  rectangular  resonator.  Such  design  allows  the  easy  adjustment  of  filter  parameters:  Center 
Frequency  (Fc),  Bandwidth  (BW),  Rectangularity  Coefficient  (Cr),  V  S  W  R,  Insertion  Loss,  Attenuation  out 
of  BW.  It  also  allows  the  choice  of  weight/dimensional  parameters,  provides  high  reliability,  environmental 
durability,  protection  against  strong  vibration  and  impacts.  The  CDRs  employed  in  filters  were  designed  for 
the  frequencies  from  100  MHz  to  5  GHz  with  cross-section  dimensions  from  25*25  mm  to  6*6  mm. 

All  the  filters  were  intended  for  purposes  of  TV  systems  signal  processing,  duplex  communication  systems, 
mobile  and  cellular  phones,  DRO  systems. 

1 .  Input  BP  Filters. 

The  relative  BW  of  input  BP  filters  composed  of  3  to  5  CDRs  was  from  0.5%  to  10%.  Insertion  loss  in  BW 
were  in  the  range  from  0.4  to  2  dB,  rectangularity  coefficient  at  30/3  dB  levels  was  from  1 .5  to  3.  For  the  input 
duplex  filters  attenuation  at  the  transmitter  frequencies  attained  more  then  90  dB. 

2.  Transmitter  Filter  for  duplex  communication. 

The  transmitter  filters  for  duplex  communications  (TDF)  were  designed  on  the  2-3  circuits  base.  Insertion  loss 
for  such  design  was  from  0.5  to  1  dB,  and  attenuation  at  receiver  frequencies  was  not  less  then  60  dB  at  the 
relative  duplex  BWs  of  0.8%  to  15  %.  To  provide  the  rise  of  steepness  of  the  filters'  slopes  and  to  reduce 
insertion  loss  in  BW  the  additive  units  formed  attenuation  poles  were  connected  and  settled  at  the  relative 
distance  of  1-10%  from  Fc.  Such  filters  were  designed  for  the  VHF  and  UHF  ranges  for  the  power  levels  of 
0.1  to  100  W.  For  example,  parameters  of  TDF  filter  for  mobile  phone  comprised  2  resonators  with  cross- 
section  of  6*6  mm  at  Fc  =  814  MHz  were:  BW  =  25  MHz;  insertion  loss  in  BW  was  less  then  0.8  dB; 
attenuation  at  transmitter  frequency  (904  MHz)-  more  then  50  dB.  For  the  TDF  filter  designed  on  the  base  of  2 
resonators  with  cross-  section  of  25*25  mm  at  the  Fc  =  130  MHz  parameters  were:  BW  =  1.5  MHz;  Insertion 
loss  -  less  then  0.8  dB;  attenuation  at  134  MHz  -  more  then  50  dB. 
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3.  Frequency-separation  devices 

Frequency-separation  devices  (FSD)  were  designed  as  BP  filters  connected  with  the  mutual  input  (output)  using 
the  passive  matching  unit  (MU).  MU  contained  inductive  circuits  and  capacitors,  or  quarter-wavelength  cable 
segments  and  matching  capacitor.  The  use  of  such  a  unit  allows  the  stability  of  the  filter  parameters.  For 
example,  in  the  systems  for  TV  transmitter  signals  addition  of  24,  27,  30,  33  channels  for  the  power  level  of  up 
to  20  W  the  filters  were  designed  on  the  base  of  CDRs  with  cross-  section  of  13*13  mm.  The  ceramic  materials 
selected  for  CDRs  manufacture  possessed  dielectric  constant  e=38  and  low  tg  d. 


In  such  filters,  which  consist  of  4  circuits  the  following  parameters  were  attained:  insertion  loss  in  BW  -  less 
then  1  dB;  attenuation  between  the  neighbor  channels  -  not  less  then  45  dB;  attenuation  between  the  distant 
channels  -  more  then  60  dB.  Such  FSDs  allows  the  simultaneous  transmission  of  2  to  6  TV  channels  using 
single  antenna  with  the  VHF-transmitters  distribution  over  the  channel  (8  MHz)  or  more  for  the  transmitted 
power  of  up  to  1 00  W.  The  developed  FSDs  help  to  avoid  reciprocal  influence  both  for  the  transmitters  and  for 
the  receivers. 

With  the  use  of  high  CDRs'  dielectric  constant  values  (  more  then  60  )  and  large  CDRs  cross-section 
dimensions  at  the  frequencies  above  1  GHz  it  is  possible  to  expect  a  stimulation  of  a  number  of  higher  modes. 
In  this  case  we  can  not  attain  high  Q-factor  for  such  CDRs  without  employment  of  special  methods  for  the 
higher  modes  suppression.  That  is  why  the  utilization  of  the  dielectric  materials  with  low  dielectric  constant 
(from  3  to  20)  is  preferable  for  the  manufacture  of  CDRs,  which  are  intended  for  the  applications  at  the 
frequencies  above  1  GHz.  The  use  of  low  e  CDRs  provides  high  quality  of  filter  parameters  without  essential 
increase  of  filter  weight  and  dimensions.  To  process  the  signals  of  VHF  transmitters  with  transmitted  power  of 
up  to  200  W  the  new  antenna  reject-band  filters  were  designed.  The  attenuation  of  TV  signal  in  BW  for  such 
filters  was  less  then  0.5  dB,  and  intermodulation  signals  for  them  were  rejected  over  6.5  or  5.5  MHz  to  the  level 
of  50  dB. 


Table  1.  Dielectric  properties  of  sintered  ceramics. 
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Table  2.  CDR  modes  spectrum. 
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Table  3.  Q-factor  values  of  CDR’s  at  the  fundamental  frequency  (fo)  of  TEM  wave. 


Figure  2.  The  design  of  quasi-monolithic  block  of  resonators. 
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ABSTRACT 

With  the  clock  speeds  and  data  rates  greater  than  1GHz  being  used  on  digital  Printed  Circuit  Boards,  it  is  now 
essential  that  the  electromagnetic  effects  of  crosstalk,  reflection  and  pulse  distortion  be  taken  into  account  in  the 
design.  Unfortunately  the  size  and  complexity  of  a  typical  PCB  is  so  great  that  a  full-wave  electromagnetic 
analysis  is  not  practicable  and  a  more  pragmatic  approach,  such  as  the  derivation  of  equivalent  passive  electrical 
circuits  to  represent  the  actual  structure,  must  be  considered.  In  this  contribution  a  novel  time  domain  technique 
is  presented  for  analysing  such  equivalent  circuits  in  a  computationally  efficient  and  accurate  manner.  Results 
are  presented  for  example  structures  showing  the  computational  speed  and  accuracy  achieved. 


INTRODUCTION 

As  the  clock  speeds  and  component  densities  on  digital  Printed  Circuit  Boards  increase,  it  becomes  essential  to 
take  account  of  the  electromagnetic  effects  of  crosstalk,  reflection  and  pulse  distortion  at  the  design  stage.  One 
technique  for  doing  this  involves  the  derivation  of  an  equivalent  passive  electrical  circuit  which  is  analagous  to 
the  PCB  under  investigation  based  on  a  quasi-static  analysisfl].  In  addition  similar  techniques  can  be  used 
for  IC  packages  and  other  associated  structures  [2]  [3]. 

Once  the  equivalent  circuit  has  been  derived,  it  is  then  necessary  to  perform  a  circuit  analysis  in  order  to 
calculate  the  properties  of  the  structure  under  investigation.  Due  to  the  complexity  of  the  equivalent  circuit, 
standard  circuit  solvers  such  as  Spice  are  not  appropriate  and  algorithms  which  are  specialised  and  optimised 
to  this  type  of  circuit  must  be  used.  In  [1]  the  analysis  was  done  in  the  frequency  domain,  however  there  are 
many  advantages  to  solving  in  the  time  domain: 

1 .  For  digital  PCBs  it  is  the  time  domain  properties,  such  as  pulse  shape  and  peak  crosstalk  levels  which 
are  of  most  interest. 

2.  The  effects  of  non-linear  components  are  readily  included. 

3.  It  is  easier  to  take  advantage  of  the  special  topology  of  the  equivalent  circuits  in  a  time  domain 
algotithm.  Indeed,  if  interactions  are  considered  to  be  confined  to  a  specified  "radius  of  influence"  then 
the  computational  resources  can  be  made  just  linearly  dependent  on  the  number  of  unknowns  in  the 
formulation. 

4.  Once  the  system  matrices  are  set  up,  no  further  matrix  inversion  is  required. 

In  addition,  even  if  frequency  domain  data  is  required,  it  is  often  faster  to  perform  a  transient  analysis  using  a 
time  domain  algorithm  and  to  use  the  Fourier  transform  than  to  use  a  frequency  domain  algorithm  directly. 

THE  TIME  DOMAIN  ALGORITHM 

Following  [1],  each  track  on  the  PCB  is  divided  into  segments,  each  of  which  is  represented  by  an  inductor  and 
a  capacitor.  Mutual  coupling  is  assumed  to  exist  between  each  pair  of  inductors  and  capacitors.  For  example, 
the  equivalent  circuit  of  2  parallel  PCB  tracks  is  shown  in  Figure  1 .  There  is  clearly  a  trade  off  between  segment 
size  and  accuracy  with  a  commonly  used  rule  of  thumb  being  that  the  segment  size  is  chosen  to  have  a 
magnitude  approximately  one  tenth  of  a  wavelength  at  the  maximum  frequency  of  interest. 

Using  Kirchoff’ s  laws  and  applying  a  central  difference  approximation  to  the  time  derivatives  the  modelling 
equations  for  current  and  voltage  taking  into  account  mutual  inductance  and  capacitance,  are  as  follows  : 
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where  the  vectors  I  and  V  are  the  currents  flowing  through  each  inductor  and  the  voltages  accross  each  capacitor 
respectively,  the  matrices  C  and  L  are  the  capacitance  and  inductance  matrices  respectively,  the  functions  nl(m) 
and  n2(m)  return  the  two  nodes  to  which  branch  m  is  connected  and  the  functions  bl(m)  and  b2(m)  return  the 
branches  which  are  connected  to  node  m. 

The  voltage  and  current  values  are  updated  in  a  leap-frog  manner  at  every  time  step  increment  until  a  specified 
maximum  time  is  reached.  The  size  of  the  time  step  is  limited  by  the  stability  condition  which  has  been  found 
to  be  the  minimum  value  of: 


di  <  dxjLC 


where  dx  is  the  distance  between  consecutive  nodes,  L  and  C  is  the  self  inductance  and  self  capacitance  per  unit 
length  of  the  segment. 

It  can  be  seen  that,  once  the  inverse  inductance  and  capacitance  matrices  have  been  calculated  using,  for  example 
the  methods  of  [1],  no  further  matrix  inversions  are  necessary.  This  contrasts  with  frequency  domain  methods 
where  the  system  matrix  must  be  inverted  at  every  frequency  point.  Moreover  if  specified  interactions,  such  as 
those  between  widely  separated  segments,  can  be  assumed  negligible,  the  corresponding  terms  in  the  summations 
of  equations  (1)  and  (2)  can  simply  be  omitted  with  a  corresponding  saving  in  computation  time. 

RESULTS 

In  order  to  demonstrate  the  efficiency  of  the  technique,  three  examples  are  chosen: 

1.  Coupled  parallel  printed  circuit  tracks,  2.  A  stepped  impedance  microstrip  filter,  3.  Interconnections  within 
an  IC  package  and  a  PCB  track 

Example  I  has  been  previously  analysed  using  both  the  Spectral  Domain  method  [4]  and  the  FDTD  method 
[5],  Example  2  has  been  previously  analysed  in  [1]  in  which  there  are  measured  and  calculated  results. 
Example  3  illustrates  the  use  of  the  time  domain  technique  in  conjunction  with  different  static  analysis  tools  in 
order  to  model  a  complicated  three  dimensional  structure. 

Example  1  -  coupled  microstrip  lines 

For  this  example,  the  microstrip  lines  were  on  a  substrate  of  permittivity  9.7  and  thickness  1.5mm  and  had 
widths  of  1 ,5mm  and  separation  between  centres  of  4.5mm.  The  modelling  parameters  were  as  follows  :  segment 
size  =  1.5  mm,  no.  of  iterations  =  300,  width  of  excitation  pulse  =  100  picoseconds.  Figure  2  shows  the  time 
domain  responses  obtained  by  the  3  methods  on  the  sense  line  at  a  point  80mm  from  the  position  of  excitation. 
From  the  results,  it  can  be  concluded  that  this  approach  produces  results  of  similar  accuracy  to  those  produced 
by  other  existing  methods  and  but  the  run  time  taken  is  significantly  shorter.  The  time  taken  to  run  the  time 
domain  algorithm,  taking  into  account  all  possible  interactions,  was  2  mins  on  a  133MHz  Pentium. 

Example  2  -  Stepped  impedance  low-pass  filter 

This  method  was  also  applied  to  a  microstrip  low  pass  filter  [1,  pl00].  The  plan  of  the  filter  is  shown  in  Figure 
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3  and  the  results  obtained  using  this  method  are  compared  to  measurement.  Good  agreement  has  been  obtained. 
The  time  taken  to  run  the  new  algorithm  was  20  mins  on  a  133MHz  Pentium  whereas  the  time  quoted  in  [1] 
using  the  frequency  domain  method  was  90  mins  for  100  frequency  points  on  a  Sun  SparcStation  2.  It  is  noted 
that,  to  obtain  time  domain  results  by  applying  the  fourier  transform,  many  more  than  100  frequency  points 
would  be  required,  also  all  the  couplings  were  included  in  the  time  domain  model.  If  a  "radius  of  influence"  were 
defined  then  it  is  expected  that  the  computer  time  would  decrease  by  a  factor  of  between  5  and  10. 

Example  3  -  interconnections  within  an  IC  package 

The  geometry  for  this  example  is  shown  in  Figure  5.  Here  a  ceramic  integrated  circuit  containing  a  silicon  chip 
is  placed  on  a  printed  circuit  board.  The  interconnect  consists  of  a  transmission  line  on  the  chip,  a  bond  wire 
which  includes  a  sharp  bend,  a  pin  and  the  PCB  track  to  which  it  is  connected.  It  can  be  seen  that  a  number  of 
discontinuities  exist  in  this  structure  which  would  be  expected  to  cause  reflections  and  pulse  distortion.  In  the 
simulation,  a  InS  digital  pulse  having  a  risetime  of  lOOps  [6]  is  applied  at  the  chip  and  the  resulting  waveform 
at  the  PCB  is  examined.  The  chip  transmission  line  and  the  PCB  track  are  both  assumed  to  be  connected  to 
matched  loads. 

In  order  to  ascertain  the  equivalent  circuit  for  this  structure,  the  IC  package  and  the  PCB  were  treated  as  two 
separate  modules  which  interact  only  through  the  intentional  connection.  In  order  to  gain  greatest  accuracy  and 
computational  efficiency,  the  IC  package  was  modelled  using  FASTCAP  and  FASTHENRY  whereas  the  printed 
circuit  board  was  modelled  using  techniques  described  in  [1].  The  outputs  of  these  programs  were  then  combined 
and  used  as  input  to  the  time  domain  analysis  program. 

In  Figure  6  the  calculated  transmitted  and  reflected  signals  are  shown  together  with  the  input  pulse.  It  can  be 
seen  that,  for  this  example  the  pulse  suffers  slight  distortion  and  there  is  a  reflected  signal  of  approximately 
600mV  peak. 


CONCLUSION 

This  contribution  shows  that  the  time  domain  response  of  PCB  tracks  and  associated  structures  can  be  accurately 
and  efficiently  modelled  using  a  time  domain  method  based  on  a  discretisation  of  circuit  equations  derived  from 
Kirchoff  s  laws.  This  approach  has  advantages  over  other  existing  methods  in  terms  of  computational  efficiency 
and,  in  particular,  that  the  computation  time  can  be  made  linearly  dependent  on  the  number  of  unknowns. 
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Figure  I  -  Equivalent  circuit  for  coupled  microstrip  lines 


Figure  2  -  Calculated  crosstalk  level  on  a  coupled  microstrip  line 
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Figure  3  -  The  plan  of  the  stepped-impedance  low-pass  filter 
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Figure  4  -  Calculated  and  measured  results  for  the  stepped-impedance  low-pass  filter 
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Figure  5  -  The  geometry  of  the  interconnect  within  the  chip  package 
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Figure  6  -  Predicted  waveforms  on  the  interconnect  in  the  chip  package 
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ABSTRACT 

Antennas  such  as  log-periodic  arrays  are  often  used  to  quantify  the  emission  of  electromagnetic 
radiation  from  a  test  object.  The  calibration  of  such  relatively  large  antennas  is  a  challenging  task  with 
conventional  farfield  measuring  sites,  while  nearfield  scanning  offers  an  advantageous  alternative.  From 
basic  electromagnetic  theory  it  is  well-known  that  correct  farfield  data  from  a  nearfield  to  farfield 
transformation  can  only  be  obtained  if  the  nearfield  is  measured  on  a  closed  surface  around  the  antenna 
under  test.  The  consequence  of  sequentially  scanning  on  a  closed  envelope  is  that  measurement  time 
becomes  considerable,  which  cannot  be  accepted  if  these  measurements  involve  test  persons.  To 
overcome  these  drawbacks,  a  new  multiple  probe  scanning  technique  is  proposed. 


INTRODUCTION 

Emission  measurements  of  radiation  in  EMC  applications  are  using  the  so-called  antenna  factor  (AF)  of 
a  calibrated  receiving  antenna.  As  the  conventional  methods  (e.g.  as  defined  in  [1])  to  determine  this 
antenna  factor  suffer  from  some  significant  disadvantages,  the  nearfield  technique  can  be  applied  to 
overcome  these  drawbacks. 

In  mobile  communications,  a  rapidly  growing  market  for  handsets  and  the  public  concern  about  possible 
radiation  hazards  necessitates  the  investigation  of  antennas  of  portable  hand-held  transceivers.  Here, 
nearfield  scanning  is  an  efficient  method  to  determine  radiation  performance  and  efficiency  of  the 
antenna,  as  well  as  absorption  factors  of  the  biological  tissue. 


NEARFIELD  SCANNING 

The  essential  advantages  of  nearfield  scanning  -  due  to  the  small  distance  between  the  antenna  under 
test  and  the  probe  (which  is  typically  1  to  2  m)  -  are  an  improved  signal-to-noise  ratio,  the  reduction  of 
reflections  caused  by  the  environment,  as  well  as  a  significant  reduction  of  space  requirements  [2], 
Conventional  nearfield  scanning  is  carried  out  on  planar,  cylindrical  or  spherical  surfaces  as  shown  in 
Figure  1.  Any  of  these  techniques  suffers  from  certain  drawbacks  as  outlined  in  [2],  [3]  and  [4].  While 
spherical  scanning  is  usually  accomplished  by  rotation  of  the  antenna  under  test  round  two  orthogonal 
axes,  which  for  obvious  reasons  is  not  a  procedure  to  be  carried  out  if  test  persons  are  involved  -  such 
as  is  the  case  when  measuring  handsets  under  realistic  operating  conditions  -  the  two  remaining 
techniques  do  not  take  the  entire  radiating  power  into  account  and  cause  systematic  errors  in  the 
nearfield-farfield  transformation  particularly  with  antennas  of  low  directivity.  To  overcome  these 
drawbacks,  scanning  along  modified  surfaces  such  as  the  biconical  and  the  bicylindrical  technique  was 
suggested  in  [3]  and  [4].  Unfortunately,  sequential  scanning  on  a  closed  envelope  requires  a  lot  of 
measurement  time  when. using  a  single  probe.  In  the  following  a  way  to  overcome  the  drawbacks  of 
single  probe  nearfield  scanning  is  presented. 
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MULTIPLE  PROBE  SCANNING 


A  drastic  reduction  of  measurement  time  can  be  achieved  by  using  multiple  probes  which  are  scanned 
by  means  of  RF  switches  as  shown  in  Figure  2.  Hence,  in  the  spherical  case,  a  single-axis  turntable  is 
sufficient  for  azimuth  scanning.  To  guarantee  "identical  performance  of  all  probes",  for  any  test 
frequency  a  calibration  of  the  system  (magnitude  and  phase)  is  necessary  to  take  into  account  the 
different  signal  paths  and  the  mutual  coupling  of  the  probes  as  well  as  manufacturing  tolerances.  In 
practice  this  is  realized  by  scanning  all  probes  with  a  calibration  antenna  to  get  the  calibration  factors, 
with  which  any  following  nearfield  measurement  can  be  corrected. 

Carrying  out  nearfield  measurements  by  multiple  probe  scanning  makes  no  difference  to  the 
transformation  algorithm  and  the  basic  ideas  of  conventional  nearfield  technique  can  be  applied  as 
presented  in  [2]. 


MEASURING  THE  ANTENNA  FACTOR 

In  principle,  all  calibration  methods  to  get  the  antenna  factor  use  the  measurement  geometry  shown  in 
Figure  3  {two  antenna  method  acc.  to  ANSI,  see  [1]),  requiring  very  large  measurement  sites  (distance 
R  up  to  30  m)  with  flat  and  homogeneous  ground  planes  as  well  as  large  and  expensive  linear  axis 
positioners  (height  /*2max  up  to  6  m).  On  the  other  hand,  the  antenna  factor  of  any  antenna  depends  on 
its  radiation  characteristic  which  can  be  described  by  the  so-called  spherical  transmitting  coefficients 
(see  [2]  and  [4])  as  e.g.  used  in  a  nearfield  to  farfield  transformation.  These  transmitting  coefficients  can 
be  exploited  not  only  to  calculate  the  farfield  results,  but  also  to  simulate  the  measurement  set  up  shown 
in  Figure  3  with  an  identical  receiving  antenna  and  an  image  antenna  representing  the  ground  plane. 
Thus,  the  appropriate  antenna  factors  can  be  determined  for  any  separation  distance  R  or  any 
polarization  of  the  antenna  with  only  one  measurement,  using  simple  (low-cost)  positioning  systems.  In 
addition,  to  reduce  the  significant  measurement  time  for  a  broadband  determination  of  the  AF  s,  one  can 
take  advantage  of  the  spherical  multiprobe  scanning  as  presented  in  this  paper. 


MEASURING  THE  ABSORPTION  FACTOR  OF  HANDSET  ANTENNAS 
Measurement  principle 

The  schematic  picture  of  Figure  4  defines  the  essential  parameters  and  the  situation  describing  the 
interaction  between  the  antenna  of  a  handset  and  its  user.  The  single  parameters  are: 


/  =  1 800  MHz 

a  xbxc  =  2x6xl2cm3,  R-(r  +  d,0,\)cm,  d->  0 
/*  =  X0/4«4cm,  p  =  0.5mm 
F  =  (r  +  d+a/2,0,\)cm 


For  free  space  measurement  (index  f),  the  entire  radiated  power  Pf  propagates  through  a  closed 
envelope  around  the  hand-held  set  (P/  -  P#),  whereas  with  the  presence  of  biological  tissue  (index  b) 
a  part  of  the  radiated  power  is  absorbed:  Ptb  =  P^  +  Pabs- 
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The  absorption  factor  of  the  lossy  biological  tissue  is  given  by 


- 


(i) 


assuming  that  the  antenna  is  matched  in  both  cases.  If  Pt0  is  the  available  power  of  the  R F  source,  the 
radiated  power  depends  on  the  matching  of  the  antenna  and  is  given  by 

^=(Hd2k»  (2) 


with  r  representing  the  reflection  coefficient  of  the  antenna.  If  the  matching  of  the  antenna  deteriorates 
in  the  case  of  the  presence  of  biological  tissue  (if  ±  Pf),  a  "normalized"  radiated  power  has  to  be 
introduced  in  order  to  assure  comparability: 

P,b„=P?f-U)  (3) 


So,  in  the  case  of  |rt|  *  0,  equation  (1)  has  to  be  modified  to 


‘fc  i-Kf  pl 


(4) 


Measurement  results 

The  absorption  caused  by  DCS- 1800  transceivers  was  investigated.  The  measurements  were  carried  out 
with  different  test  persons,  applying  the  multiple-probe  scanning  as  shown  in  Figure  5.  In  order  to  find 
out  the  worst  case  of  absorption,  the  persons  held  the  antenna  in  an  upright  position  close  to  their  head. 
Figure  6  shows  the  spread  of  measured  absorption  factors;  the  average  absorption  factor  is  about  68%. 
This  value  decreases  to  50%  (see  Figure  7)  if  the  antenna  is  held  with  an  inclination  of  about  60°  out 
of  the  upright  position  as  is  customary  when  telephoning.  Figure  8  demonstrates  that  a  reduction  of  the 
absorption  losses  can  also  be  observed  when  increasing  the  distance  between  the  antenna  and  the  head. 
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FIGURES 


Figure  1:  Conventional  nearfield 
scanning  surfaces 


Figure  2:  Principle  arrangement  of 
multiple  probe  scanning 


Figure  3: 

Typical  measurement  geometry  acc.  ANSI  C63.5  (left) 
and:  Simulation  of  the  ANSI  measurement  (right) 


Figure  4:  Principle  situation 
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Figure  5:  Measurement  situation 


absorption  factor  [%1 

100  T 


Person  1  Person  2  Person  3  Person  4  Person  5  Person  6 
Figure  6:  Measurement  series  1 :  Worst  case  situation 
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Figure  7:  Measurement  series  2:  Influence  of  the  inclination  of  the  handset 
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Figure  8:  Measurement  series  3:  Influence  of  the  distance  between  head  and  handset 


-560- 


TEM-Modes  in  Slot- Coupled  Waveguides 


A. S.  Omar1,  C.Rieckmann1  and  A.  Jostingmeier2 

1  Technische  Universitat  Hamburg-Harburg  2  Deutsches  Elektronen-Synchrotron  DESY 

Arbeitsbereich  Hochfrequenztechnik  Notkestr.  85,  D-22609  Hamburg,  Germany 

Postfach  901052,  D-21071  Hamburg,  Germany 


Abstract 

TEM-modes  which  are  usually  expressed  in  terms  of  a  scalar  electric  potential  <f>  are  shown  to  be  derivable 
from  a  scalar  magnetic  potential  i p  if  the  supporting  transmission  line  can  be  considered  a  slot  coupled 
waveguide  with  more  than  one  coupling  slot.  The  magnetic  potential  must  jump  at  the  coupling  slots  in 
order  to  give  rise  to  the  axial  electric  current  on  the  strips  separating  these  slots.  The  advantage  of  this 
formulation  is  its  compatibility  to  the  numerically  efficient  generalized  spectral  domain  technique  which 
has  been  successfully  applied  for  the  analysis  of  planar  transmission  lines.  Several  multi-slot  planar  trans¬ 
mission  lines  have  been  analyzed  using  this  formulation.  Excellent  agreement  with  the  results  obtained 
by  other  methods  have  been  achieved  with  extremely  low  cpu-time  and  storage  requirements. 


L  Introduction 

The  numerically  efficient  generalized  spectral  domain  (GSD)  technique  is  the  generalization  of  the  conventional  one¬ 
dimensional  spectral  domain  technique  [1],[2].  It  has  been  applied  to  the  analysis  of  both  guiding  and  resonance  structures 
(see  e.g.  [3]-[5]).  This  technique  is  based  on  subdividing  the  structure  to  be  analyzed  into  well-defined  regions  which  are 
coupled  by  apertures.  The  latter  are  next  short-circuited  and  the  non- vanishing  tangential  electric  field  there  is  restored 
by  inserting  surface  magnetic  currents  at  both  sides  of  the  introduced  short  circuit.  This  procedure  has  the  advantage  of 
separating  the  structure  into  subregions  which  are  independently  analyzed.  This  gives  the  method  its  modular  feature. 
Details  of  the  GSD  method  can  be  found  in  the  above  mentioned  references. 

In  order  to  include  the  analysis  of  the  TEM-modes  in  the  GSD  technique,  it  is  necessary  to  describe  these  modes 
in  terms  of  a  scalar  magnetic  rather  than  the  conventional  electric  potential.  The  existence  of  the  axial  electric  current 
enforces  the  magnetic  potential  to  be  multi-valued,  which  gives  rise  to  numerical  difficulties.  In  this  contribution  it  is 
shown  that  an  equivalent  alternative  to  the  multi-valued  feature  in  a  class  of  slot-coupled  transmission  lines  is  to  let  the 
magnetic  potential  jump  across  the  coupling  apertures.  Except  there  the  magnetic  potential  remains  well-behaved  and 
single- valued. 


II.  Basic  Formulation 


We  will  now  consider  the  double-slot-coupled  waveguides  shown  in  Fig.  1.  Extending  the  analysis  to  arbitrary  number  of 
coupling  slots  will  be  done  later.  The  two  waveguides  with  cross  sections  and  are  considered  to  be  slot-coupled 
by  the  composite  slot  Co  (Co  =  Coi  U  Co2)-  The  two  unit  vectors  n  and  f  are  normal  and  tangential  to  Co,  respectively. 
Because  of  the  metal  strip  separating  Coi  from  C02  the  waveguide  supports  a  TEM-mode.  For  the  analysis  of  this  mode 
we  will  essentially  follow  the  method  presented  in  [5],  which  has  already  been  applied  to  the  computation  of  TE-  and 
TM-modes  of  slot-coupled  waveguides. 

Let  kin  and  (i— 1,2)  be  the  complete  sets  of  axial  magnetic  and  electric  fields  characterizing  the  TE-  and  TM- 
modes,  respectively,  in  the  individual  waveguides  (1)  and  (2).  The  scalar  fields  hin  and  ein  which  correspond  to  cutoff 
wavenumbers  k^h  and  knl ,  respectively,  are  real  functions  of  the  transverse  coordinates  and  satisfy  the  orthogonality 


relations  [6): 


dS  =  pj-ltn 


Is(') 


dS  ~  P$8n 


(1  a-b) 


where  dnm  is  the  Kronecker  delta. 

Let  Vt  and  k  be  the  transverse  component  of  the  del-operator  and  the  unit  vector  in  the  axial  direction,  respectively. 
The  sets  {Vtei*2}  and  {k  x  are  complete  with  respect  to  curl-free  and  divergence-free  transverse  electric  fields, 

respectively,  which  can  exist  in  the  ith  waveguide.  The  two  sets  { Vc  hzn  }  and  {Vtei^  x  fe}  have  the  same  properties  with 
respect  to  transverse  magnetic  fields. 

Let  e  and  h  be  the  electric  and  magnetic  field,  respectively,  of  the  TEM-mode  in  the  composite  waveguide  with  the 
^-dependence  e~jknZ  being  dropped  out,  where  k0  denotes  the  free  space  wavenumber.  Each  of  these  fields  can  be  written 


f  fW  on  S*1* 
^  /(2)  on  S<2> 


(2) 
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The  composite  coupling  slot  Co  is  next  short-circuited  and  the  non-vanishing  tangential  electric  field  there  is  restored  by 
sandwiching  this  short  circuit  between  two  surface  magnetic  currents  m,  (in  waveguide  (1))  and  —ms  (in  waveguide  (2)) 
which  are  given  by 

m,  =  mszk  —  n  x  e\Co  .  (3) 

The  continuity  of  the  tangential  electric  field  across  Co  is  then  guaranteed.  Maxwell’s  equations  in  the  individual  wave¬ 
guides  are  then  reduced  to 

Vf  x  e(i)  =  ^mszS{n  -  n0)  k  ,  Vt  x  h{i)  =  0  ,  e(f)  =  Z0  (h{i)  x  fc)  ,  (4  a-c) 

where  Zo  is  the  free  space  intrinsic  impedance,  S(n  —  no)  is  the  Dirac  delta  function,  n  is  the  coordinate  normal  to  the 
slot  Co;  and  no  corresponds  to  the  location  of  the  slot.  The  term  S(n  —  no)  is  necessary  because  the  currents  entering 
Maxwell’s  equations  are  volume  and  not  surface  distributions.  The  upper  (lower)  sign  in  (4  a-c)  and  the  subsequent 
analysis  corresponds  to  i  =  1  (i  =  2). 

Before  we  go  ahead  with  the  analysis,  it  is  worthy  noting  that  due  to  short  circuiting  the  coupling  slot  Co,  the  two 
waveguides  (1)  and  (2)  can  be  treated  independently.  In  particular,  the  domain  of  definition  of  in  (2)  is  which 
means  that  any  derivative  of  /W  with  respect  to  n  (i.e.,  normal  derivative  of  any  order)  at  n  =  no  is  defined  as  that  at 
iin  and  nj  for  i  =  1  and  i  —  2,  respectively.  On  the  other  hand  the  normal  derivative  of  /  in  (2)  at  n  =  n0  is  not  defined. 


A)  The  scalar  magnetic  potential 

Due  to  (4b)  h ^  can  be  written  as  the  transverse  gradient  of  a  single- valued  scalar  magnetic  potential 

=  Vt^>  .  (5) 


Substituting  (5)  into  (4)  results  in 

-  ±-^-mszS(n  -  n0)  (6) 

Zo 

with  Neumann’s  boundary  condition. 

The  two  magnetic  potentials  ijjW  and  ipW  are  next  expanded  with  respect  to  the  sets  }  and  {hin  },  respectively: 


The  expansion  coefficients  are  easily  shown  to  be  given  by 


«£>  =  -7=  /  *(<)*S3  is  =  /  . 

,  / p(»)  JsW  Zo  .(»)•*  / p(t)  Jc0 

V  rnh  Knh  V  r nh 


,  dl . 


(7) 


(8) 


It  is  worthy  noting  that  the  Hoo-mode  must  be  included  in  (7)  (see,  e.g.,  [5]).  This  mode  corresponds  to  n  =  0  (with 
=  0  and  =  constant),  in  (8)  remains  however  finite,  because  the  line  integral  of  m3Z  along  Co  vanishes. 

Let  us  now  expand  mgz  with  respect  to  a  suitable  set  of  basis  functions  {j^},  which  satisfy  the  edge  condition  at  the 
slot  edges: 

m,z  ■  (9) 

k 

Since  the  composite  slot  Co  is  composed  of  Coi  and  C02,  a  part  of  the  basis  functions  r)k  must  be  defined  over  Coi  and 
vanishes  on  C02  while  the  other  part  is  defined  the  other  way  round.  Following  the  standard  procedure  presented  in  [5] 
the  matrices  [C^]  and  the  column  vectors  D ^  are  defined  with  the  following  elements: 


rV)  _ 


n  ^  0  , 


Dl°  =  -7=  /  -*<"■ 


(10  a-b) 


This  results  then  in 

«(i)  =  =F^t[a*(<)]"  [c(i)]  u  ,  dF»U  =  =F^o(*ffi)aoi°  =  0  (11) 

where  is  a  column  vector  with  elements  (n  ^  0),  [AA(*)j  is  a  diagonal  matrix  with  elements  k^h  (n  ^  0)  and  U 
is  a  column  vector  with  elements  Uk- 
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B)  Continuity  of  the  tangential  magnetic  field 


The  fact  that  the  surface  magnetic  currents  in  waveguides  (1)  and  (2)  are  equal  in  magnitude  and  opposite  in  direction 
leads  automatically  to  the  continuity  of  the  tangential  electric  field  across  the  composite  coupling  slot  Co-  In  order  to 
determine  the  unknown  expansion  coefficients  of  the  surface  magnetic  current  (£4),  the  continuity  of  the  tangential 
magnetic  field  across  the  slot  has  to  be  enforced.  Refering  to  (5),  the  continuity  of  the  tangential  magnetic  field  across 
Co  leads  to 


cfyil1)  dipW 

dr  Co  ~  ~wr 


(12) 


The  above  equation  tells  us  that  the  tangential  derivates  of  ipW  and  ip^  must  be  equal  at  the  slot  Co-  This  does  not 
necessarily  mean  that  the  two  potentials  and  must  be  equal  at  Co-  Equation  (12)  indicates  that  a  possible 
difference  between  xIjW  and  ipW  must  be  constant  along  Co-  Due  to  the  composite  nature  of  Co  (Co  =  Coi  U  C02)  the 
above  statement  should  be  reformulated:  The  difference  between  ipW  and  ipW  at  Coi  and  C02  must  be  constant  along 
Coi  and  C02,  respectively.  These  two  constants  must  however  be  different  as  is  shown  in  the  following: 

Let  us  integrate  the  transverse  magnetic  field  along  the  closed  contour  C  as  shown  in  Fig.  2: 


fPb  rPd 

h  di  m  hW-di  +  j  hF>  ■  di  =  {4>W(Pb)  -  ^(Pa))  +  W(1){Pd)  -  iP[1){Pc)) 
=  ty{1HPd)-^2){Pa))-WW(Pc)-4>{2)(Pb))  =  I  , 


(13) 


where  /  is  the  current  on  the  metal  strip  separating  Coi  from  Co2-  Equation  (13)  tells  us  that  at  least  one  potential 
difference  (jump)  must  exist;  either  between  Pd  and  Pa  or  between  Pc  and  Pb  (or  both).  In  addition,  the  potential 
differences  across  Coi  and  across  C02  must  be  different,  otherwise,  the  current  on  the  strip  will  vanish.  However,  one  of 
the  two  potential  jumps  can  be  put  equal  to  zero  without  loss  of  generality. 


C)  Multi-strip  Transmission  Lines 

In  this  section  we  will  consider  the  multi-strip  transmission  line  shown  in  Fig.  3.  The  composite  slot  Co  is  now  composed 
of  the  simple  slots  C0O1  Coi,  •  •  •>  Co m  (Co  =  Coo  U  Coi  U  C02  U  ■  •  •  U  Com)-  As  mentioned  before,  the  magnetic-potential 
jump  at  one  of  the  slots  is  arbitrary.  We  will  set  the  potential  jump  across  Coo  equal  to  zero.  The  potential  jump  across 
any  other  slot  is  then  the  algebraic  sum  of  the  axial  currents  on  all  strips  below  this  slot.  Let  us  denote  the  potential 
jump  across  the  mth  slot  by  am.  We  have  then 

t/>(2)|  -^1)|  =  am  ,  m  =  0, 1,  -  •  ■ ,  M  ;  a0  =  0  .  (14) 

ICom 

It  is  easily  shown  that  the  axial  current  Im  on  the  mth  strip  (which  separates  the  (m  —  l)st  slot  from  the  mth  one)  is 
given  by 

4n  =  -  am_i  ;  m=  1,  2, ....  M  (15) 

The  two  column  vectors  I  and  a  with  elements  Im  and  am  (am  ^  0),  respectively,  are  then  related  by  a  linear  transfor¬ 
mation  according  to 

,  as) 

where  the  elements  of  [T]  are  either  (+1),  (-1)  or  zero.  Note  that  [T]  is  non-singular  and  can  be  inverted. 

Because  the  composite  slot  Co  is  now  composed  of  (M  +  1)  slots,  the  matrices  [C^]  and  the  column  vectors 
and  U  have  to  be  subdivided  into  submatrices  and  subvectors,  respectively. 


where  the  submatrices  and  the  subvectors  Dm  and  Um  correspond  to  the  mth  slot  according  to  (10  a-b)  and  (9), 

respectively. 

Testing  (14)  with  the  same  set  of  basis  functions  {t]k}  (Galerkin’s  procedure)  results  in 


o„  “0  jD+fcW]  „<»> 

V  h  V 

-  [C'(1)]a(1>=  (  0  Dlcn  -Dl- 

"Am  •  Dm  )  =  x  ■ 

(18) 

Substituting  (11a)  into  (18)  leads  to 

A0D  +  [Y]U  =  X  , 

(19) 

where 

Ao  = 


[Y]  =  -J-  ( [c,(2)]  *  [aa<2>]  ~ 1  [c(2)]  +  [C*1)]1^1)]"1  [C^])  . 
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(20  a-b) 


Note  that  the  size  of  [ Y ]  is  not  affected  by  the  number  of  eigenmodes  in  the  individual  waveguides.  The  dimension  of  [Y] 
is  rather  determined  by  the  number  of  expansion  functions  The  unknown  constant  Aq  can  be  eliminated  by  making 
use  of  (lib): 

A0  =  Dl  [Y^X/D*  [Y]_1D  (21) 

Because  a  potential  is  not  affected  by  adding  a  constant,  dj,1*  can  be  put  equal  to  zero.  The  unknown  surface  magnetic 
current  is  finally  determined  in  terms  of  U  which  is  obtained  by  combining  (19)  and  (21): 


U  =  [Y]-1(X  — 


-£>) 


Dl  [Y]_1jD~ 

D)  Determination  of  the  characteristic-impedance  matrix  [Zc\ 

Referring  to  Fig.  3,  the  voltage  of  the  mth  strip  (refered  to  the  external  shielding)  is  easily  shown  to  be  given  by 

m  — 1  -  m  — 1 


(22) 


Vn 


=  -E/  m*2J  dl  =  —  E  Dj  U  j 

j—0  JC°3  j= 0 


Inserting  (17  a-c)  into  (20  a-b)  the  matrix  [Y]  1  can  be  partitioned  as 


[^oo] 

[Zoi]  • 

•  •  [ZoAf] 

[Zio] 

[Zn]  • 

•  •  [Zim] 

[Zmo] 

[Zjtfi]  • 

■  ■  [Zmm] 

Making  use  of  the  above  partitioning,  (22)  can  be  decomposed  into 

M 


1=0 


where  ao  ~  0  and  j4q  is  given  by  (21)  which  can  be  rewritten  as 


a>  =  |  £°<  |  £  to] )  ®« )  /  ( E  L  of  di 

\l=0  j=0 


1=1  Vi— o 


Combining  (23),  (25)  and  (26)  results  in  expressing  Ym’s  in  terms  of  aj’s 

M 

=  m- '.2,..., A/  , 


(23) 


(24) 


(25) 


(26) 


(27) 


where 


■Rml  — 


{:}-■ . 


M) 


Equation  (27)  can  be  written  in  a  matrix  form 


V  =  [R]a  , 


(28) 


(29) 


where  V  and  [i7]  are  a  column  vector  and  a  matrix  with  elements  Vm  and  Rmi,  respectively.  Combining  (16)  and  (29) 
results  in  the  transmission-line-characteristic-impedance  matrix  [Zc ]: 


V  =  [R][T]~lI=[Zc]I  . 


(30) 


For  a  given  voltage  (current)  distribution  (represented  by  the  column  vector  V(I)),  a  is  first,  determined  by  making 
use  of  (29)  ((16)).  The  column  vector  X  is  then  determined  according  to  (18).  Aq  is  given  by  (21).  Next  U  can  be 
determined  in  terms  of  X  by  using  (19).  The  expansion  coefficients  ( n  ^  0)  and  hence  the  magnetic  potentials  ^’) 

are  then  determined  using  (11a),  which  completes  the  determination  of  the  field  distribution. 
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III.  Numerical  results 


The  performance  of  the  GSD  technique  can  significantly  be  improved  if  the  basis  functions  satisfy  the  edge  condition  [7] 
which  reads  ms~  «  r_5  for  a  360°  edge  where  mS!  and  r  denote  the  axial  surface  magnetic  current  and  the  distance 
from  the  edge,  respectively.  In  most  cases,  three  basis  functions  which  fulfill  the  edge  condition  are  sufficient  even  if  high 
accuracy  is  required  which  leads  to  a  very  small  characteristic  system  of  equations. 

Each  element  of  the  characteristic  matrix  contains  however  a  doubly  infinite  sum  over  the  eigenmodes  of  the  individual 
waveguides.  For  these  matrix  elements  as  well  as  for  the  field  series  it  has  been  found  that  the  summation  over  the  index 
corresponding  to  the  direction  normal  to  the  surface  magnetic  current  has  a  closed-form  expression  [8].  This  increases  the 
numerical  efficiency  of  the  presented  method  significantly.  In  order  to  validate  the  suggested  method  a  coplanar  slotline 
with  three  slots  is  analyzed.  This  structure  supports  two  TEM-modes.  In  Fig.  4  the  electric  (solid  line)  and  magnetic 
(dashed  line)  field  lines  are  presented  for  both  TEM-modes  which  have  been  defined  by  having  a  potential  of  unity  on 
one  of  the  two  strips,  and  zero  potential  on  the  other  one. 

In  Fig.  5  the  axial  surface  magnetic  current  (solid  line)  is  compared  with  the  field  component  Ey  in  the  plane  of  the 
slots  (dashed  line)  for  both  TEM-modes.  They  should  be  equal  because  of  (3).  This  is  in  good  agreement  with  the  plots. 

Next  a  coplanar  slotline  which  is  symmetric  with  respect  to  y  —  6/2  where  6  is  the  height  of  the  waveguide  is 
analyzed.  One  even  and  one  odd  TEM-mode  which  are  orthogonal  to  each  other  can  be  defined.  The  even  (odd)  mode 
is  characterized  by  a  magnetic  (electric)  wall  at  y  =  6/2.  This  is  confirmed  by  Fig.  6,  where  the  electric  (solid  line)  and 
magnetic  (dashed  line)  field  lines  the  two  TEM-modes  are  shown.  The  electric  field  lines  of  the  even  (odd)  mode  are 
parallel  (orthogonal)  and  the  magnetic  field  lines  are  orthogonal  (parallel)  to  y  =  6/2.  Note  that  not  only  for  symmetric 
transmission  lines  but  for  all  transmission  lines  an  orthogonal  set  of  TEM  modes  can  be  defined. 

In  order  to  check  the  results  of  the  suggested  method,  a  reference  method  has  been  implemented  [9],  It  is  based  on 
expressing  TEM-modes  in  terms  of  a  scalar  electric  potential  <t>  which  is  excited  by  the  electric  currents  on  the  strips. 
Again  the  performance  of  the  reference  method  is  improved  by  using  basis  functions  of  the  electric  currents  which  satisfy 
the  edge  conditions  [7].  Enforcing  <j)  to  be  constant  on  the  strips  and  zero  on  the  fins  yields  a  characteristic  matrix 
equation,  the  unknown  of  which  are  the  expansion  coefficients  of  the  electric  currents.  In  Fig.  7  results  for  the  symmetric 
transmission  line  according  to  Fig  6  are  presented.  The  electric  current  on  the  strips  and  fins,  computed  by  the  reference 
method  are  compared  to  the  difference  of  the  of  the  tangential  magnetic  fields  at  the  plane  of  the  slots  computed  by  the 
suggested  method.  Both  should  be  equal  by  definition.  This  is  in  good  agreement  with  the  plots. 


Conclusions 

A  new  method  for  the  computation  of  TEM-modes  in  multi-strip  transmission  lines  has  been  derived.  The  supporting 
transmission  line  has  been  treated  as  a  slot-coupled  waveguide  with  more  than  one  coupling  slot.  Applying  the  GSD 
technique,  all  field  components  have  been  expressed  in  terms  of  a  scalar  magnetic  potential  that  must  jump  at  the 
coupling  slots.  Enforcing  the  continuity  of  the  tangential  magnetic  fields  at  the  coupling  slots,  the  surface  magnetic 
currents  and  consequently  all  field  components  have  been  determined.  Furthermore  the  characteristic  impedance  matrix 
of  the  transmission  line  has  been  derived.  This  algorithm  has  been  applied  to  coplanar  slot  lines  and  compared  to  the 
results  of  other  methods. 
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Fig.  3:  M-strip  transmission  line. 


Fig.  4:  Electric  (— )  and  magnetic  (-  -)  field  lines  for  Fig.  6:  Electric  (— )  and  magnetic  (-  -)  field  lines  for  the 

the  two  TEM-modes  of  a  three-slot  coplanar  slot  line  even  and  the  odd  TEM-modes  of  a  symmetric  three-slot 


coplanar  slot  line 


y  Fig.  7:  Comparison  between  the  jump  of  the  slot  tangential 

magnetic  fields  (-  -)  and  the  axial  surface  electric  current 
Fig.  5:  Comparison  between  the  slot  tangential  electric  (— )  corresponding  to  the  two  TEM-modes  shown  in  Fig.  6. 

fields  (-  -)  and  the  axial  surface  magnetic  current  (— )  The  first  one  is  computed  by  the  suggested  method;  the 

for  the  two  TEM  modes  shown  in  Fig.  4.  latter  one  by  a  reference  method. 
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ABSTRACT 


A  study  of  a  rectangular  patch,  with  a  dielectric  plate  installed  in  front  of  the  patch  at  a 
“resonant”  distance,  has  been  performed  at  the  upper  Ka  frequency  band.  For  this  purpose 
three  antennas  have  been  designed,  analyzed,  built  and  measured.  These  antennas  are: 
a  “conventional”  rectangular  patch;  an  enhanced  gain  rectangular  patch  (a  “conventional” 
patch  with  a  dielectric  plate  in  front  of  it);  and  an  “equivalent”  2x2  array  of  “conventional” 
patches  with  the  beamwidth  nearly  the  same  as  that  of  the  enhanced  gain  patch  antenna. 

A  significant  increase  in  the  gain  of  the  enhanced  gain  patch  antenna  as  compared  with  the 
“conventional”  one,  was  initially  predicted  theoretically  based  on  the  analysis,  and  then, 
confirmed  by  the  measurements.  In  addition,  it  was  shown  that  the  enhanced  gain  patch 
antenna  exhibits  a  larger  gain  and  essentially  lower  sidelobes  than  the  ’’equivalent’ ’  array. 

1.  INTRODUCTION 


The  idea  to  increase  the  gain  of  common  radiating  elements,  such  as  a  slot  or  dipole,  by 
placing  the  element  between  two  reflecting  planes,  one  of  which  is  perfect  reflector  and  the 
other  a  semi-reflector,  was  proposed  in  the  late  1970th  and  implemented  by  R.  G.  Immell  and 
B.  H.  Sasser  [1]  to  improve  the  performance  of  single  slot  and  slot  array  antennas  operating 
at  X-band.  Later,  the  idea  received  further  attention  in  conjunction  with  the  development 
and  wider  implementation  of  microstrip  antennas.  To  overcome  the  low  gain  problem, 
a  gain  enhancement  method  relying  on  substrate-superstrate  resonance  has  been  proposed  in 
several  papers  by  N.  G.  Alexopoulos  et.  al.  (  see  [3]  for  a  list  of  references),  where  asymptotic 
formulas  and  a  moment  method  solution  have  been  derived  for  the  enhanced  gain  printed 
dipole  antennas.  The  solution  for  the  enhanced  gain  rectangular  patch  antenna  has  been 
derived,  first,  by  G.  Qasim  and  S.  S.  Zhong  in  [2],  and  then  by  Xiao-Hai  Shen  et.  al.  in  [3], 
where  thorough  moment  method  solution  has  been  given  for  a  rectangular  patch  operating  at 
X-band.However,  to  our  knowledge,  there  are  no  up-to-date  references  in  the  technical 
literature  describing  this  method  as  applied  to  millimeter  wave  problems,  and  the  only 
measurement  results  available,  which  confirm  the  method’s  feasibility  at  X-band,  are 
contained  in  [1]. 

Note,  that  the  problems,  such  as  gain  limit  in  microstrip  arrays,  feeder  conductor  losses, 
manufacturing  tolerances,  etc.,  are  much  more  critical  at  millimeter  waves,  and  significantly 
restrict  the  implementation  of  printed  antennas.  Therefore,  any  noncontact  technology, 
particularly,  the  enhancement  gain  method,  may  simplify  design  and  production  and, 
therefore,  reduce  the  price  of  millimeter  wave  printed  antennas. 

In  this  paper,  the  single  square  patch  operated  at  upper  Ka  band  is  analyzed  using  the  Finite 
Element  Method  (FEM).  Then,  the  dielectric  plate  is  added  in  front  of  the  patch  at  the 
“resonant”  distance  and  the  renewed  enhanced  gain  patch  antenna  is  analyzed  once  again. 

The  prototype  of  the  patch  has  been  built  and  measured  with  and  without  the  ’’resonant” 
plate,  and  the  results  are  compared  with  the  theory.  In  addition,  the  performance  of  the 
enhanced  gain  patch  antenna  is  compared  with  a  2x2  printed  array  built  on  the  basis  of  the 
single  square  patch. 
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2.  MODEL  DESCRIPTION  AND  ANALYSIS 


Usually,  microstrip  antenna  design  begins  with  the  choice  of  material  for  substrate/  superstrate 
layers.  When  considering  the  materials  available,  frequency  band,  low  loss  and  an  impedance 
match  requirements,  it  can  be  derived  that  only  a  few  of  materials  can  be  used  for  substrate/ 
superstrate  layers  of  the  patch  antenna  operating  at  upper  Ka  band.  The  “RT/duroid”  5880 
with  dielectric  constant  Ei  =  2.2,  and  thickness  0.25  mm  was  found  to  be  most  suited  for  the 
substrate  material  of  the  patch  (See  P.  Bhartia  et.  al ,  Chapter  3  in  [4] ),  and  the  “RT/duroid  ” 
6010  with  dielectric  constant  e2  =  10.5,  and  thickness  0.64  mm  is  very  well  suited  for  the 
dielectric  “resonant”  plate.  These  materials  were  used  in  the  manufacturing  of  the  antenna 
prototypes,  and  their  properties  were  accounted  for  in  the  analysis  of  the  antennas. 

The  basic  geometry  of  the  enhanced  gain  patch  antenna  is  shown  in  Fig.  1.  The  radiating 
element  is  an  approximately  0.48  mm  square  patch  fed  by  a  microstrip  line  from  an  edge  of 
insert,  designed  to  match  the  impedance  of  the  patch  to  that  of  the  microstrip  line.  The  patch 
element  is  placed  in  the  bottom  of  the  rectangular  metallic  box  with  area  2.5A,o  x  2.5A,0  mm. 
The  top  of  the  box  is  covered  by  a  superstrate  “resonant  “  plate.  The  separation  D  between  the 
patch  and  “resonant”  plate  is  chosen  to  be  around  0.5Xo  mm.  The  FEM  analysis  using 
pWaveLab  software  by  ANSOFT  has  been  performed  for  two  models:  a  “conventional” 
square  patch  antenna  (a  radiating  element  without  metallic  box  and  superstrate  “resonant” 
plate),  and  an  enhanced  gain  patch  antenna.  The  results  of  the  analysis  are  presented  in  Figs. 
2-6.  In  Fig.  2  the  E-plane  patterns  of  the  “conventional”  patch  are  presented  for  the  frequency 
band  .  The  effect  of  the  insert  and  microstrip  line  on  pattern  symmetry  is  clearly  seen.  The 
gain  and  return  loss  of  the  two  models  are  presented  in  Figs.  3,4.  In  Fig.  3  one  can  see  the 
significant  increase  of  the  gain  of  the  enhanced  gain  patch  antenna  as  compared  with  the 
"conventional”  patch.  In  Fig.  4  one  can  recognize  the  drift  of  the  resonant  frequency  of  the 
enhanced  gain  patch  antenna  to  the  lower  region  as  compared  with  the  original  resonant 
frequency  -  fy.  The  calculated  difference,  Af,  is  about  3.5%  off. 

Going  back  to  Fig.  3,  one  can  see,  that  the  gain  peaks  are  at  frequencies,  which  are  in  the 
vicinity  of  resonance  for  both  antennas.  Note,  that  the  resonant  frequency  drift  obtained 
earlier  in  [3]  is  only  1.78%  i.e.,  twice  less  than  shown  in  Fig.  4.  Such  a  deviation  may  be 
explained  by  the  difference  in  the  models  considered  in  [3]  and  in  the  paper,  namely,  that 
the  model  considered  in  [3]  is  an  infinite  plane-parallel  structure,  whereas  the  model 
presented  in  our  paper  is  like  a  closed  volume  cavity.  It  is  worth  noting,  that  the  gain  data 
presented  in  Fig.  3  may  exceed  the  realistic  values.  The  reason  for  this  is  the  introduction 
of  the  infinite  ground  plane  into  the  models.  This  ground  plane  limits  the  volume  involved 
in  calculations  by  FEM  and  is  necessary  for  software  operation. 

In  Figs.  5,6  the  E-  and  H-  plane  patterns  of  the  enhanced  gain  patch  antenna  are  presented 
for  the  frequency  band.  Note,  that  the  patterns  do  not  have  a  typical  lobe  pattern  structure. 

The  first  saddle  point  in  E-plane  is  at  -15  dB  below  the  peak  and  the  effect  of  the  insert  and 
the  feeding  line  is  still  noticeable,  producing  pattern  asymmetry.  The  H-pIane  pattern 
saddle  point  is  at  -25  dB  below  peak. 

3.  MEASUREMENT  RESULTS 

In  order  to  validate  the  method,  the  prototypes  of  the  antennas  discussed  in  Section  2  have 
been  built  and  tested  at  the  upper  Ka  frequency  band.  The  measurement  results  of  the 
“conventional”  patch  are  presented  in  Figs.  7,8.  The  measured  return  loss  of  the 
“conventional”  patch  in  Fig.  7  shows  that  the  resonant  frequency  and  impedance  beamwidth 
(  VSWR  2:1)-  2.7%  of  the  prototype  coincide,  in  general,  with  the  theory.  The  prototype  gain 
and  H-  plane  patterns  for  frequency  band  are  shown  in  Fig.  8,  from  which  one  can  recognize 
a  6.3  dBi  peak  gain  of  the  “conventional”  patch. 
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A  special  device,  which  enabled  holding  the  “resonant”  plate  in  front  of  the  patch  and 
regulating  the  distance  D  between  the  patch  and  the  plate,  has  been  designed  and  constructed. 
The  “resonant”  plate  has  been  installed  at  the  required  distance,  and  antenna  pattern,  gain 
and  return  loss  measurements  have  been  done.  The  E-  and  H  -  plane  patterns  are  shown 
in  Figs.  9,10.  As  predicted  in  Section  2,  the  patterns  do  not  have  an  explicit  lobe  pattern 
structure  and  saddle  point  levels  in  Figs.  9,10  coincide  with  theory.  The  pattern  oscillations 
at  far  angles  in  Fig.  10  are  noisy,  and  are  explained  by  measurement  difficulties  at  upper  Ka 
band.  The  discrepancy  in  the  peaks  of  E-  and  H  -  plane  patterns  is  a  consequence  of 
misalignment  of  the  positioning  equipment  to  the  measurement  range  boresight.  Even  so,  the 
13.2  dBi  gain  peak  has  been  registered  and  is  shown  in  Fig.  10.  The  relative  prototype  gain 
reduction  as  compared  with  the  predicted  value  in  Section  2  value  is  explained  by  the  absence 
of  the  metallic  walls  around  the  patch  circumference  in  the  enhanced  gain  prototype  antenna. 
In  Fig.  1 1  the  return  loss  measurements  show  a  drift  of  resonant  frequency,  Af,  of  1 .8%  to  the 
lower  region,  i.e.  the  measured  drift  is  closer  to  the  results  of  [3]  than  of  Section  2.  The  reason 
for  this  may  be  the  same  as  for  prototype  gain  reduction.  Finally,  the  2x2  array  of  the 
“conventional”  patches,  designed  to  provide  nearly  the  same  beamwidth  as  in  Fig.  10,  has 
been  built.  The  measured  H  -  plane  pattern  is  presented  in  Fig.  12.  Comparing  Fig.  10  and  12 
one  can  see  that  the  performance  of  the  enhanced  gain  patch  antenna  supersedes  that  of  the 
2x2  array  in  gain  and  sidelobe  behavior. 

4.  CONCLUSIONS 


The  validity  of  the  enhanced  gain  method  at  upper  Ka  frequency  band  has  been  confirmed 
theoretically  by  using  FEM,  and  by  measurements  of  the  three  prototype  antennas. 

The  agreement  between  theory  and  experiment  proves  the  quality  of  the  measurements. 

The  gain  of  the  enhanced  gain  patch  antenna  may  reach  13.2  dBi  (measured)  or  more 
(according  to  theory).  That  is  more  than  twice  as  large  as  the  gain  of  a  “conventional” 
patch,  6.3  dBi.  In  addition,  the  patterns  of  enhanced  gain  patch  antenna  do  not  posses  a 
typical  lobe  pattern  structure,  but  are  smoother.  This  is  one  more  advantage  of  the  enhanced 
gain  patch  antenna,  confirmed  experimentally  when  comparing  the  enhanced  gain  patch 
antenna  with  a  2x2  “equivalent”  array  of  “conventional”  patches.  The  former  surpasses  the 
latter  in  gain  and  sidelobe  behavior,  and  may  replace  the  2x2  elements  in  the  array  designes. 
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FIG.  7.  MEASURED  RETURN  LOSS  OF 
•‘CONVENTIONAL”  PATCH. 


FIG.  8.  MEASURED  H-PLANE  PATTERN  OF 
“CONVENTIONAL"  PATCH . 
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FIG.  9.  MEASURED  E-PLANE  PATTERN  OF 
ENHANCED  GAIN  PATCH  ANTENNA  . 
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FIG.  10.  MEASURED  H-PLANE  PATTERN  OF 
ENHANCED  GAIN  PATCH  ANTENNA 
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ABSTRACT 

In  previous  articles,  an  easy  way  to  analyse  a  slot  array  fed  through  a  radial  line  was  presented.  The  analysis  was  based 
on  a  circuit  approach  where  circuit  parameters  have  been  estimated  using  the  first  propagation  mode  in  the  radial  line  and 
the  far  field  theory.  Here  we  study  the  design  of  a  particular  application  for  circularly  polarised  broadside  antenna.  The 
design  defines  the  length,  position  and  orientation  of  the  slots  in  the  antenna  surface.  The  final  analysis  of  the  antenna 
gives  a  good  behaviour  in  field  diagrams  and  gain. 

INTRODUCTION 

Antennas  based  on  narrow  slots  directly  coupled  to  a  radial  line  have  been  used  previously  in  Direct  Broadcast  Satellite 
(DBS)  receivers  [1]  and  mobile  communications  [2].  One  of  the  most  important  features  for  such  antennas  is  their  low 
cost  and  low  loss  feeding  line.  This  paper  shows  a  synthesis  method  to  define  the  length,  position  and  orientation  of  slots 
on  the  antenna  surface.  The  basic  model  is  based  on  the  assumption  that  fundamental  TEM  mode  keeps  is  original 
structure  over  the  radial  line,  except  for  the  attenuation  due  to  the  slot  power  coupling.  Changes  in  phase  in  the  coupled 
field  due  to  the  slot  resonance  must  be  taken  into  account  to  obtain  an  uniform  phase  aperture  field.  Finally  second  order 
effects  like  the  change  in  the  field  phase  or  field  reflections  must  be  included  in  the  design  process.  The  antenna  final 
analysis  using  the  equivalent  circuit  analysis  method  developed  by  the  authors  [3],  [4]  give  a  good  behaviour  of  the 
antenna. 

ANTENNA  BASIC  STRUCTURE:  FIRST  DESIGN 

The  radial  line  is  a  parallel  plate  structure,  fed  at  it  centre  by  the  penetration  of  the  inner  conductor  of  a  coaxial  probe.  The 
space  between  the  plates  (h)  is  less  than  half  wavelength,  so  only  the  TEM  mode  can  propagate  between  them.  The  slots 
are  placed  on  the  upper  plate  of  the  radial  line.  Figure  1  shows  the  antenna  structure  and  the  design  variables  for  each  slot: 
slot  length  (Lj),  tilt  angle  between  the  slot  and  the  radial  line  (oq)  and  slot  position  referred  to  the  feeding  point  (pj,  <J>j). 

Other  parameters  are  considered  as  constants:  slot  with  (w),  metal  thickness  (t)  or  dielectric  inside  the  waveguide  (e).  The 
original  field  inside  the  radial  line  can  be  considered  as  an  ideal  TEM  mode  with  symmetry  of  revolution,  and  far  from 
the  coaxial  probe  can  be  written  like  : 


(2) 


TWIN  SLOTS  FOR  CIRCULARLY  POLARISED  FAR  FIELD 

The  slots  are  narrow  and  close  to  resonance,  so  we  can  assume  uniform  field  in  the  narrow  dimension  and  cosine  in  the 
resonant  dimension,  giving  a  linearly  polarised  radiated  field.  To  obtain  the  circular  polarisation  we  must  combine  at  least 
two  slots  as  shown  in  figure  2.  The  relative  field  in  the  slots  must  satisfy  the  condition  : 
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The  field  phase  can  be  obtained  moving  the  slots  along  the  radial  direction  (Ar).  The  sign  of  previous  equation  depends  on 
the  desired  polarisation.  The  parameter  “s”  is  a  final  free  parameter  defining  the  relative  position  of  the  slots,  and  has 
been  adjusted  to  minimize  the  coupling  effect  on  the  radiated  field  polarisation. 

APERTURE  PHASE:  SLOT  POSITION 

Keeping  constant  the  slot  radial  tilt  angle  (a),  the  far  field  phase  from  each  slot  twin  depends  on  it  orientation  and  must  be 
compensated  through  the  distance  to  the  feeding  point.  This  condition  gives  the  position  of  slots  over  an  spiral.  To  keep 
the  space  between  slot  pairs  constant,  an  iterative  formula  is  applied  : 


Pm  =  Pi  ±“ 


i±“  + 
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r2npi  ^ 


,2np  ,  2np 

>  =  ±- x  ~a  +  ^0=- x  +*0 
8  8 
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where  Yo  is  a  constant  and  d  is  the  distance  from  slot  pairs.  Figures  3  shows  the  relative  slot  position  obtained  in  the  case 
of  0=71/4,  d=Xg/2  and  y0=0. 

APERTURE  MAGNITUDE:  SLOT  LENGTH 

The  coupled  field  to  slots  depends  on  the  slot  position,  tilt  angle  and  length.  Keeping  constant  the  angle,  the  field  inside 
the  guide  spreads  and  attenuates  in  previous  slots  and  the  slot  length  must  grow  from  the  centre  to  the  antenna  border. 
Assuming  each  slot  turns  as  a  coupling  element  and  the  field  attenuation  is  uniform  (keeping  the  symmetry),  a  closed 
formula  for  the  slot  coupling  can  be  developed  as  : 
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where  pmax  and  p™,,  are  the  maximum  and  minimum  distances  from  the  feeding  point,  and  t  is  the  power  fraction  over  the 
final  load.  Figure  4  shows  the  coupling  versus  distance  from  the  centre  for  a  6X  antenna  radius.  The  slot  coupling  depends 
on  the  slot  length  like  a  resonant  cavity  and  can  be  computed  from  an  equivalent  circuit  like  shown  in  figure  5.  Not 
always  is  possible  to  reach  the  estimated  coupling  and  the  maximum  is  assumed  for  the  last  slots. 


PHASE  CHANGE  DUE  TO  SLOT  RESONANCE 

The  slot  field  phase  changes  from  the  ideal  field  inside  de  guide  due  first  to  the  slot  resonance  and  second  to  field  phase 
changes  when  coupled  to  previous  slots.  In  general  these  changes  are  lower  than  7t/4  but  add  with  the  same  sign  and  can 
lower  the  antenna  efficiency  as  much  as  3dB.  To  compensate  them,  the  slots  are  moved  toward  the  centre  of  the  antenna. 
This  change  in  slot  position  allows  reducing  the  wavelength  in  the  guide  keeping  the  grating  lobes  under  control,  without 
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using  any  dielectric.  The  phase  change  due  to  the  slot  resonance  is  shown  in  figure  6.  in  figure  7  we  present  the  change 
in  phase  and  amplitude  of  the  wave  after  a  ring  of  several  slots.  Both  graphics  can  be  written  depending  on  the 
parameters  of  the  circuit  approach. 


Figure  3.  Initial  slot  position  for  antenna. 
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Figure  4.  Theoretical  coupling  vs.  Radius 


These  changes  of  phase  produce  a  change  in  the  position  of  the  slots,  that  can  be  written  as: 


Ap  = 


in 


(8) 


FIELD  REFLECTION 

The  field  reflected  in  the  slots  creates  an  incoming  mode  that  is  not  absorbed  by  the  coaxial  probe  and  propagates 
outward.  This  mode  can  be  described  as  a  TEM  mode  with  a  spiral  phase  front  like: 


Er 


(9) 


where  T  is  a  reflection  coefficient  that  depends  on  the  slot  coupling.  This  field  adds  to  the  main  field  mode  and  creates  an 
asymmetry  in  the  aperture  field,  reducing  the  aperture  efficiency  and  rising  the  lateral  lobes.  The  asymmetry  is  more 
important  in  small  antennas,  where  slot  coupling  is  larger.  To  avoid  the  influence  of  the  reflected  mode,  the  slots  are 
moved  again  from  its  previous  position  but  now  in  a  non  symmetric  way.  They  are  moved  a  small  fraction  of  the 
wavelength  in  a  random  way.  This  displacement  changes  slightly  the  phase  of  the  reflected  field  and  it  influence  in  the 
final  slot  field,  although  does  not  avoid  the  reflection. 
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After  considering  all  these  effects  we  can  calculate  the  field  over  each  slot  with  the  analysis  method  described  in  [4],  In 
figure  8  we  present  the  magnitude  and  phase  of  the  field  over  each  slot  for  a  275  slots  antenna. 
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Figure  7:  Change  of  phase  after  a  ring  of  slots 
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Figure  8.  Final  field  over  the  slots 


ANALYSIS 

We  designed  an  antenna  based  on  this  philosophy  to  be  used  for  the  reception  of  DBS  with  the  Spanish  Satellite 
HISPASAT.  The  frequency  band  was  12.1  -  12.5  GHz,  left  circular  polarisation.  We  imposed  a  maximum  diameter  of 
300  mm  .  The  best  design  we  could  get  with  these  limits  were: 

•  Slot  width:  1,5  mm 

•  Metal  plate  thickness:  0,1mm 

•  Distance  between  metal  plates:  8  mm 

•  The  radial  guide  is  finished  in  a  short-circuit. 

•  Dielectric  material:  e=  1,1  (honeycomb) 

•  Coaxial  probe:  SMA  (50  ohm  and  0,65  mm) 

•  Gain  =  29,5  dBi 

•  SLL  better  than  -13,5  dB  in  the  frequency  band 

•  S  I  1  better  than  -17  dB  in  the  frequency  band 

•  Beamwidth  =  5° 

MULTIPROBE  FEED:  SECOND  DESIGN 

The  effects  of  the  reflection  field  can  be  eliminated  if  we  place  the  slots  in  concentric  rings.  That  means  we  have  to 
generate  a  cilindric  wave,  whose  phase  fronts  are  Archimedes  spirals  instead  of  generating  a  radial  wave  with  the  slots 
placed  forming  a  spiral. 

DESIGN  OF  THE  COAXIAL  PROBES 

This  is  got  if  you  excite  the  antenna  with  four  coaxial  probes,  and  you  feed  each  one  with  phase  changes  of  90°.  The 
purity  of  the  spiral  wave  front  depends  on  the  separation  of  the  four  probes.  The  mode  is  better  when  the  probes  are 
closer,  but  the  impedance  bandwidth  is  perturbed  when  the  probes  are  very  close.  We  got  an  optimum  value  for  a 
separation  of  4  mm  from  the  centre  of  the  antenna  to  each  probe.  An  scheme  of  the  coaxial  probes  is  shown  in  figure  9. 
With  this  value  we  estimate  the  impedance  of  each  element  in  figure  10.  In  figure  11  and  figure  12  we  show  the 
amplitude  and  phase  of  the  electric  field  81  mm  from  the  centre  of  the  antenna. 

The  equivalent  circuit  of  the  four  probes  is  calculated  as  a  four  ports  multipole  where  the  mutual  impedances  follow  the 
next  formula: 


ZJL±  r  r  ,_JL_ 

ZiJ  4-h  '  '  k-n-pij 
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„  cos (k8Lt )  -  cos (k ( L.  +  SL  )) 
sen  (kiLi+SLj)) 


Figure  1 1 :  Amplitude  in  r  =  8 1  mm  Figure  1 2  :  Phase  in  r  =  8 1  mm 


The  excitation  circuit  must  be  very  simple  in  order  to  minimize  the  final  cost  of  the  product.  We  designed  a  serial  circuit, 
where  we  adapt  each  probe  varying  the  width  of  the  microstrip  lines.  The  circuit  is  composed  by  three  \&/4  microstrip 
lines. 


DESIGN  OF  THE  SLOTS 

We  have  the  same  design  we  had  in  the  previous  section  in  several  aspects.  We  calculate  the  position  of  the  two  slots  to 
get  the  circular  polarisation,  the  slot  length  and  width  and  we  apply  the  corrections  due  to  the  resonance  of  the  radiant  and 
incident  field  in  the  same  way  we  did  before.  The  only  difference  is  we  generate  now  a  wave  whose  phase  front  is  a 
spiral. 

If  we  want  to  get  a  circular  polarised  antenna  we  do  not  have  to  modify  that  phase  with  the  different  position  of  the  slots. 
That  means  we  can  place  the  couple  of  slots  in  concentric  rings,  where  each  ring  is  separated  Xg  of  the  previous  one,  in 
order  to  add  in  phase  the  radiated  field  of  each  slot. 

When  we  place  the  slots  in  concentric  rings  the  reflected  field  does  not  depend  on  the  angle,  so  we  are  going  to  have  an 
uniform  field.  The  position  of  the  first  ring  is  going  to  fix  the  effect  of  the  reflected  field  over  the  total  field. 

The  position  of  the  short  circuit  we  placed  at  the  end  of  the  antenna  is  different  too.  That  short  circuit  has  to  be  placed 
\/4  from  the  centre  of  the  last  slot.  In  the  first  design  it  had  to  be  an  Archimedes  spiral  but  now  it  is  a  circumference, 
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much  easier  to  manufacture.  Te  reflected  field  on  that  short-circuit  will  no  depend  on  the  angle,  so  the  design  will  be 
easier  to  optimise.  In  this  case  the  electric  field  in  the  guide  is  shown  in  Ec.  12. 


E.  x'eMe-jbP 

m  JFp 


(12) 


An  scheme  of  the  array  is  shown  in  figure  13.  Figure  14  shows  the  radiated  field  (copolar  and  crosspolar)  obtained  with  a 
five-turns  circular  array  of  9.4-10.2  mm.  slots,  analyzed  at  12.1  GHz.  This  means  a  30  cm.  antenna  diameter  with  good 
characteristics  to  receive  satellite  communications. 


CONCLUSIONS 

This  paper  describes  the  way  to  design  the  antenna,  giving  the  slot  position  and  angle  to  get  a  radial  line  slot  antenna 
having  circular  polarisation  and  broadside  main  beam.  We  show  two  different  techniques ;  with  the  first  one  the 
excitation  is  very  simple,  only  the  coaxial  probe,  while  the  position  of  the  slots  and  the  final  short-circuit  is  complicate. 
This  design  generates  a  reflected  field  that  depends  on  the  angle.  To  solve  this  problem  we  complicate  the  excitation  of 
the  antenna  (four  coaxial  probes  with  one  microstrip  circuit),  but  the  antenna  is  perfectly  symmetrical.  This  technique 
can  also  be  extended  to  other  kind  of  antennas  and  it  is  specially  interesting  for  small  arrays. 
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ABSTRACT 


The  present  paper  describes  a  microstrip  patch  antenna  array  to  be  used  in  the  mobile  terminal  of  a 
mobile  communication  system  at  2  GHz.  The  array  can  be  used  in  two  frequency  sub-bands  has  an 
almost  omnidirectional  radiation  pattern  and  provides  a  vertical  plane  shaped  beam. 


FRAMEWORK 


The  work  described  in  this  paper  has  been  carried  out  in  the  frame  of  a  research  project  entitled 
“ITCOM  -  Integration  of  Technologies  for  Mobile  Communications”  and  TEMPUS  project  JEP 
7403-94.  The  main  objective  of  the  research  project  is  the  integration  of  optical  millimetric  and 
microwave  technologies  for  the  implementation  of  mobile  communication  systems.  The  integration 
is  focused  in  providing  an  optimum  balance  among  some  important  features  such  as  high 
performance,  reliability,  miniaturisation  and  low  cost.  A  demonstrator  for  image  transmission  is 
under  implementation.  It  is  composed  of  two  main  subsystems: 

■  a  cellular  outdoor  subsystem  formed  by  one  mobile  terminal  (MT)  and  two  base  stations  (BS) 
connected  to  a  central  node  by  an  optical  fiber  link; 

■  a  wireless  indoor  subsystem  formed  by  two  infrared  LAN  cells  interconnected  via  a  wired 
Ethernet  backbone. 

The  two  systems  are  interconnected  by  an  interconnection  subsystem  providing  inter  working 
functions. 


INTRODUCTION 


Microstrip  patch  antennas  have  some  well  known  typical  advantages,  particularly  important  in 
mobile  communication  system  applications,  such  as,  small  size,  lightweight,  low  profile  and  low 
cost.  Moreover  they  are  suitable  for  planar  and  non-planar  array  configurations.  Due  to  such 
important  advantages  the  microstrip  patch  radiator  has  been  selected  as  the  basic  element  of  the 
mobile  communication  system  MT  array  antenna. 

The  antenna  will  operate  in  the  two  frequency  sub-bands  1910-2000  MHz  (up  link)  and  21 10-2200 
MHz  (down  link).  The  demonstration  scenario  is  an  elongated  rectangular  street  cell  with  10x400 
m.  The  BS  antenna  is  mounted  in  the  middle  of  the  rectangle  narrow  side  at  10  m  height 
To  allow  the  MT  to  move  freely  within  the  cell,  an  omnidirectional  radiation  pattern  is  required.  To 
try  to  compensate  the  free-space  attenuation  (FSA)  along  the  elongated  cell  and  provide  a  power 
flux  variation  as  small  as  possible  a  vertical  shaped  beam  is  used. 

For  the  two  extreme  MT  antenna  locations  shown  in  figure  1,  below  the  BS  antenna  and  at  the  end 
of  the  elongated  cell,  the  FSA  variation  is  33.5  dB. 
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A  total  compensation  of  the  FSA  would  require  the  cosec2  radiation  pattern,  Sanford  et  al  (1).  That 
is  not  possible  with  the  simple  array  configuration  used  here.  Moreover  the  need  to  compensate  the 
FSA  can  also  be  taken  into  account  in  the  BS  antenna  specifications,  Armogida  and  Peixeiro  (2). 
Therefore  only  a  decrease  of  the  33.5  dB  FSA  variation  along  the  cell  is  envisaged. 


ARRAY  BASIC  PATCH  ELEMENT 


To  provide  the  dual  frequency  band  the  multilayer  configuration  of  electromagnetically  coupled 
patches,  shown  in  figure  2,  has  been  chosen  as  sub-array  elements.  A  tuning  stub  has  been  included 
to  compensate  the  modelling  inaccuracy  and  fabrication  tolerances.  Both  driven  and  parasitic 
patches  are  printed  on  a  Duroid  5880  substrate  separated  by  an  air  gap. 

The  sub-array  elements  are  fed  with  semi-rigid  coaxial  cables.  They  have  been  designed  with  the 
help  of  the  software  package  ENSEMBLE  (3).  Conventional  photolithography  printing  circuit 
technology  has  been  used  in  the  fabrication.  The  input  return  loss  is  shown  in  figure  3. 


ARRAY  CONFIGURATION 


Four  patches  have  been  mounted  on  the  side  walls  of  the  truncated  pyramid  shown  in  figure  4.  The 
side  walls  are  tilted  approximately  45°.  The  elements  are  fed  with  equal  amplitude  and  phase  by  a 
cheap  commercially  available  4  -way  power  divider.  Photos  of  the  array  are  shown  in  figures  5  and 
6.  The  array  will  provide  vertical  polarisation.  Due  to  the  relatively  large  dimensions  and 
considerable  weight  the  array  in  conceived  for  vehicular  applications,  not  portable  terminals. 


ARRAY  EXPERIMENTAL  RESULTS 


The  amplitude  of  the  experimental  input  reflection  coefficient  of  the  array  prototype  is  shown  in 
figure  7.  As  expected  the  required  double  resonance  has  been  achieved  providing  an  input  return 
loss  less  than  -10  dB  in  the  two  specified  frequency  sub-bands. 

Preliminary  radiation  pattern  experimental  results  have  been  obtained  in  an  anechoic  chamber  far 
field  facility.  As  expected  the  radiation  pattern  is  almost  omnidirectional  with  a  maximum  gain 
around  6  dBi  and  a  ripple  less  than  3  dB.  The  vertical  plane  beam  shaping  provides  a  decrease  of 
about  10  dB  in  the  variation  of  the  power  flux  along  the  rectangular  street  cell. 


CONCLUSION 


A  small  array  of  microstrip  patches  has  been  presented  to  be  used  as  the  mobile  terminal  antenna  of 
a  mobile  communication  system  at  2  GHz.  A  multilayer  structure  of  electromagnetically  coupled 
microstrip  patches  provides  the  dual,  up  and  down  link,  frequency  bands.  Four  such  sub-arrays  have 
been  mounted  on  the  45°  tilted  side  walls  of  a  truncated  pyramid.  An  almost  omnidirectional 
radiation  pattern  with  beam  shaping  in  the  vertical  plane  is  obtained.  As  the  mobile  terminal  moves 
freely  within  the  rectangular  street  cell  a  decrease  of  about  10  dB  is  obtained  in  the  power  flux 
dynamic  range.  An  antenna  prototype  has  been  designed,  fabricated  and  tested.  The  good  agreement 
obtained  between  theoretical  predictions  and  experimental  results  has  allowed  the  validation  of  the 
design/fabrication  procedure. 
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Figure  1:  MT  antenna  located  below  BS  antenna  or  at  the  end  of  the  cell. 
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Figure  2:  Sub-array  configuration  (dimensions  in  mm). 
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ABSTRACT 

A  novel  two-step  reconstruction  approach  for  one-dimensional  permittivity  profiles  in  the  frequency  domain 
is  presented.  At  the  first  step,  the  profile  is  reconstructed  as  a  stack  of  homogeneous  layers  using  minimax 
criterion  for  the  modulus  of  the  reflection  coefficient.  This  method  yields  accurate  reconstruction  of  simple 
layered  profiles.  In  other  cases,  it  provides  good  starting  conditions  for  another  method,  based  on  application 
of  the  Newton-Kantorovich  iterative  procedure  to  the  Riccati  equation  describing  the  reflection  of 
electromagnetic  wave  from  an  inhomogeneous  half-space.  Thus,  a  computation  time  is  considerably  reduced 
without  using  a  priori  information.  The  convergence  and  the  stability  of  solution  are  improved  due  to 
handling  the  problem  in  terms  of  an  optical  path  length  rather  than  in  spatial  coordinate.  This  is  explained  by 
a  better  accuracy  of  the  integral  equation  derived  to  obtain  the  next  iterates  to  the  profile.  The  approach  is 
valid  for  the  inversion  of  discontinuous  and  highly  contrasted  profiles  and  retains  a  good  stability  with 
respect  to  the  noise  in  the  simulated  data. 

INTRODUCTION 

Most  of  the  imaging  techniques  that  exist  in  literature  are  devoted  to  the  two-  and  three-dimensional 
reconstruction  because  of  their  better  orientation  to  the  practical  applications.  Nevertheless,  some  new 
approaches  are  easier  to  find  in  the  one-dimensional  case  due  to  its  relative  simplicity.  Moreover,  existing 
solutions  to  the  one-dimensional  inverse  scattering  problem  are  not  ideal  especially  when  the  discontinuous 
profiles  of  high  contrast  are  to  be  reconstructed.  In  particular,  the  Born-type  approximation  does  not  take 
into  account  multiple  reflections  and  therefore  is  valid  for  weakly  scattering  objects  (Bolomey  et  al  ( 1),  Cui 
and  Liang  (2)).  Another  class  of  of  inversion  algorithms  aims  to  obtain  reconstructions  by  using  solution  of 
exact  equations.  Jaggard  and  Olson  (3),  Frangos  and  Jaggard  (4)  used  the  Gel'fand-Levitan-Marchenko 
theory.  Iterative  numerical  methods  based  on  the  exact  integral  equations  had  been  applied  to  the  one¬ 
dimensional  inverse  scattering  by  Uno  and  Adachi  (5),  Habashy  et  al  (6),  Zhuk  and  Batrakov  (7). 
Unfortunately,  these  approaches  do  not  give  reliable  results  for  discontinuous  profiles  of  high  contrast.  In 
many  cases  the  convergence  of  the  solution  is  strictly  dependent  on  actual  contrast  values  and  initial  guess 
used  as  a  starting  point  for  the  reconstruction.  That  is  why  an  importance  of  a  priori  knowledge  of  the 
object  under  investigation  is  usually  emphasized. 

In  this  work,  two  new  complementary  methods  are  proposed  which  yield  accurate  reconstruction  of  the 
discontinuous  profiles  of  high  contrast  without  using  a  priori  information.  One  of  them  utilizes  successive 
reconstruction  of  the  dielectric  interfaces  and  homogeneous  layers.  The  second  method  is  based  on 
application  of  the  Newton-Kantorovich  iterative  scheme  to  the  inversion  of  the  Riccati  equation. 

DISCRETE  RECONSTRUCTION 

The  inhomogeneous  half-space  can  be  represented  as  a  stack  of  homogeneous  layers  and  treated  using  a 
concept  employing  2x2  scattering  matrices  (Azzam  and  Bashara  (8)).  Accordingly,  the  scattering  matrix  of 
the  stratified  half-space  is  given  by: 


where 


I 


HM) 


=- J-f  1 

1  i+1)  Vi(i+1) 


(1) 

(2) 


-584- 


is  the  matrix  of  interface  between  two  adjacent  layers  numbered  /'  and  /+1 , 


(4) 


where  k  =  litf/c  is  the  free  space  wavenumber,  /denotes  frequency,  n,  and  di  denote  the  refractive  index 
and  the  thickness  of  layer  with  the  number  respectively.  The  medium  in  the  observation  domain  is  assumed 
to  be  a  free  space  with  n0=  1.  The  reflection  coefficient  is  calculated  from  the  formula  (1)  as 


R=S(2,\)!S(\,\). 


(5) 


This  formulation  is  valid  not  only  for  step-like  profiles  because  any  continuous  profile  can  be  represented 
with  the  desired  accuracy  by  a  large  enough  number  of  homogeneous  layers. 

The  inversion  principle  valid  for  the  lossless  step-like  profiles  is  based  on  the  behavior  of  the  maximum  of 
modulus  of  the  reflection  coefficient  of  a  normally  incident  electromagnetic  wave.  It  can  be  shown,  that  an 
addition  of  one  more  step  to  the  step-like  multilayered  profile  results  in  increasing  the  maximum  of  modulus 
of  the  reflection  coefficient  in  the  infinite  frequency  range,  and  the  increase  is  the  larger,  the  higher  is  the 
step.  Hence,  the  principle  of  reconstruction  can  be  formulated  as  follows:  the  parameters  of  the  layers  are  to 
be  chosen  successively  one  after  another  to  ensure  minimization  of  the  maximum  of  modulus  of  the 
reflection  coefficient  for  the  remaining  region  in  the  frequency  band  of  operation.  A  corresponding  formula 
derived  using  the  scattering  matrices  concept  can  be  written  in  the  form 

Ri  (/)exp(2y/v/ nt )-~~ 

max|/?f+i  (/)|=max - +B*+1-->min,  /=0,1,2, ...  (6) 

\-R,(f)exV(2jkcl,nl'fi^ 


where  Q  (/)  is  the  reflection  coefficient  from  the  layered  medium  with  i  first  interfaces  being  excluded. 
Rq  (/)  is  the  given  reflection  coefficient  from  the  whole  inhomogeneous  half-space. 

At  the  first  step  of  reconstruction  the  distance  between  the  first  layer  and  the  reference  plane  d0  and  the 
refractive  index  of  the  first  layer  n,  (case  r=0)  are  obtained  from  (6).  Consequently,  the  unknowns  dx  and 
n2,  d2  and  n3  etc.  can  be  calculated  by  solving  the  optimization  problem  (6)  repeatedly.  The  procedure  is 
stopped  at  step  p  when  the  reflection  coefficient  Rp(f) becomes  zero  at  all  frequencies,  or  when  its 
maximum  does  not  go  down  any  more. 

The  method  yields  exact  reconstruction  for  lossless  layered  profiles,  if  the  reflection  data  are  given  in  a  wide 
enough  frequency  band.  In  other  cases,  the  reconstruction  is  approximate  because  the  frequency  of  maximal 
reflection  can  be  outside  the  given  frequency  band.  However,  a  discrepancy  between  the  given  profile  and 
the  reconstructed  one  is  usually  small.  Therefore,  this  approach  if  does  not  cope  with  the  reconstruction  by 
itself,  creates  ideal  starting  conditions  for  the  optimization  method  described  below. 

CONTINUOUS  RECONSTRUCTION 

Another  way  to  calculate  the  reflection  of  electromagnetic  wave  from  the  inhomogeneous  medium  of 
unknown  refractive  index  profile  n(x)  is  based  on  solution  of  the  Riccati  differential  equation  for  the 
reflection  coefficient: 
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The  problem  of  interest  is  to  find  the  refractive  index  profile  from  a  knowledge  of  the  reflection  coefficient 
/'(A',0)  given  over  some  frequency  band. 

Introducing  a  new  variable,  optical  path  length 

(8) 

o 

equation  (7)  can  be  rewritten  in  the  form: 


dr(k,z) 

dz 


=2jkr(k,z)+ 


\-r2(k,z)  dnjz) 
2 n(z)  dz 


(9) 


Since  the  solution  to  this  nonlinear  equation  in  closed  form  with  subsequent  inversion  is  impossible,  some 
optimization  technique  is  to  be  applied.  In  this  work,  an  iterative  Newton-Kantorovich  procedure  (e.g.,  Zhuk 
and  Batrakov  (7),  Roger  (9))  is  used.  The  initial  profile  n*(z )  is  obtained  by  the  method  given  above. 
Accordingly,  the  inversion  process  can  be  summarized  as  follows: 


step  1  solution  of  a  forward  problem  for  the  initial  profile  n*(z) .  The  numerical  integration  of  the 

equation  (9)  from  z  -  0  to  some  depth  z0  with  initial  conditions  given  by  the  measured  or 
simulated  reflection  coefficient  data,  yields  the  reflection  coefficient  r*(k,z ) ;  z0  must  be 
larger  than  the  total  electromagnetic  path  length  in  the  inhomogeneous  part  of  half-space 
step  2  derivation  of  a  linear  integral  equation  relating  a  small  change  of  the  medium  profile  An(z) 

and  corresponding  change  of  the  reflection  coefficient  Ar(k,z0 )  : 


J- - 

J0  n*(z) 


jk[\+r*2  {k,z)Yn(z)dz  +1  —.^h)  j =Ar(k,z0 ) , 


(10) 


step  3 
step  4 
step  5 


where 


0  «*(z‘)  d? 


(11) 


First-order  estimation  of  the  function  An(z)  eliminating  a  discrepancy  between  calculated  and 
given  reflection  coefficient,  by  solving  integral  equation  (10)  with  A r(k,  z0)  =  -r*  {k,  z0 ) . 
The  equation  (10)  is  solved  by  a  commonly  used  technique,  including  expansion  of  the 
unknown  A n(z)  by  some  basis  functions  and  transformation  of  the  integral  equation  into  a 
matrix  equation  to  find  the  expansion  coefficients.  The  standard  Tikhonov  regularization  is 
employed  to  improve  the  stability  of  solution 
updating  the  profile  function  «(l)  (z)  =  n  *(z)  +  A n{z) 
go  to  step  1  as  long  as  |r*(A:,z0)||is  larger  than  an  acceptable  error 

otherwise,  stop  the  iterative  procedure  and  return  to  the  geometrical  distance  in  the  final 
profile  using  the  equation  (8). 


The  convergence  and  the  stability  of  solution  are  improved  considerably  by  handling  the  equations  in  terms 
of  the  optical  path  length.  It  can  be  explained  by  a  better  accuracy  of  the  linear  integral  equation  to  calculate 
the  iterates  to  the  profile.  Indeed,  if  the  derivation  of  equation  (10)  is  accomplished  using  the  equation  (7)  as 
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a  starting  point,  the  second  order  term  2jkAr(k.z)An(z)  among  others  is  to  be  neglected.  When  the 
coordinate  transformation  (8)  is  applied  before,  this  term  is  absent. 

A  comparison  of  reconstructions  performed  using  described  approach  and  its  analog  derived  using  spatial 
coordinate,  demonstrated  apparent  advantage  of  the  proposed  formulation  with  regard  to  the  convergence 
and  the  stability  of  solution,  i.e.  the  effect  of  ill-posedness  of  the  problem  is  considerably  reduced.  The 
reconstruction  depth  z0  can  be  chosen  to  a  certain  extent  arbitrarily.  Naturally,  it  must  be  larger  than  the 
optical  path  length  in  the  inhomogeneous  slab.  However,  it  must  not  be  too  large  to  avoid  loss  of  resolution. 

NUMERICAL  EXAMPLES 

The  capabilities  of  the  proposed  approach  are  demonstrated  for  multilayered  profiles  of  high  contrast  using 
simulated  reflection  coefficient  data  calculated  in  the  frequency  range  of  0.5  to  10  GHz  with  the  use  of 
formulas  (l)-(5). 

Fig.  1  represents  a  two-layered  lossless  profile  on  a  substrate.  The  Newton-Kantorovich  procedure  converges 
to  the  final  reconstructed  profile  shown  in  Fig.  1  in  six  iterations  when  started  from  a  constant  initial  guess 
with  w=3.5  (the  best  choice  from  the  convergence  viewpoint).  The  effect  of  measurement  errors  is  estimated 
by  adding  to  the  real  and  imaginary  parts  of  the  reflection  coefficients  a  random  signal  distributed  uniformly 
over  the  interval  [-0.02  +0.02].  The  solution  retains  a  good  stability  as  seen  from  Fig.  1.  By  using  the 
discrete  reconstruction  method,  the  inversion  of  the  same  profile  is  performed  exactly  in  a  few  seconds  of 
microcomputer  time. 

A  more  complicated  highly  contrasted  three-layered  profile  on  a  substrate  is  shown  in  Fig.2.  An  approximate 
reconstruction  is  obtained  in  this  case  by  the  discrete  reconstruction  method.  Although  an  accuracy  of  the 
reconstruction  is  not  good,  a  discrepancy  between  the  exact  profile  and  the  reconstructed  one  is  not  too 
large.  Using  this  profile  as  initial  guess,  the  Newton-Kantorovich  method  completes  the  reconstruction  in 
eight  iterations. 

CONCLUSIONS 

A  new  two-step  inverse  scattering  method  valid  for  the  discontinuous  profiles  of  high  contrast  has  been 
proposed.  The  fast  convergence  of  the  solution  and  its  stability  are  achieved  due  to  handling  the  inverse 
problem  for  the  Riccati  equation  in  terms  of  optical  path  length  instead  of  the  usual  spatial  coordinate.  The 
initial  profile  needed  for  the  optimization  procedure  is  calculated  using  discrete  reconstruction  method  based 
on  application  of  the  minimax  criterion  to  the  modulus  of  reflection  coefficient  in  the  frequency  band  of 
operation.  Therefore,  a  lot  of  computation  time  is  saved  without  using  any  a  priori  information. 
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Fig.  2.  Reconstruction  of  three-layered  profile  on  a  substrate  using  the  two-step  approach. 
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Abstract 

In  this  paper,  we  discuss  the  shielding  effects  of  lossy  dielectric  materials  located  in 
front  of  the  human  body.  Using  the  Method  of  Moment,  we  investigate  the  shielding 
effects  by  calculating  the  ‘whole  average  SAR’  and  ‘local  SAR’  for  a  three  layered 
elliptical  model  of  the  human  body,  which  simulated  the  skin,  fat  and  muscle  tissues. 

Two  dielectric  shield  constants  at  a  high  frequency  range  of  1.3  GHz  are 
selected  for  the  shielding  investigation  and  the  results  are  presented  for  several 
thickness  and  gap  values  (between  the  human  model  and  shield).  This  paper  presents 
an  interesting  viewpoint  on  the  high  frequency  shielding  properties  of  these  materials, 
and  implementations  for  protecting  the  human  body  from  possibly  damaging 
electromagnetic  effects. 

1.  Introduction 

Recently,  the  marked  increase  in  use  of  electromagnetic  devices  has  raised 
concerns  as  to  the  possible  damaging  effects  of  the  emitted  electromagnetic  waves  on 
the  human  body. 

Much  research  has  been  done  on  this  field  and  the  specific  absorption  rate 
(SAR)  criteria,  has  been  used  to  obtain  the  dosimestric  data  and  to  gain  further 
understanding  of  the  biological  tissue  absorption  characteristics  [1][2], 

It  is  worth  nothing  however,  that  there  has  been  little  published  research  on  the 
electromagnetic  shielding  of  the  human  body[3]. 

In  our  research,  we  focused  on  the  shielding  effects  on  a  homogeneous  human 
model.  Because  of  the  resonance  phenomena  in  the  gap  between  the  shield  and  the 
human  model,  we  found  out  that  a  low  loss  material  shield,  located  in  front  of  the 
human  model,  at  a  frequency  of  300  [MHz],  actually  increased  the  SAR  values 
compared  with  the  unshielded  values[4]. 

Later  we  investigated  a  three-layered  elliptical  model  and  found  that  a  an 
elliptical  axis  ratio  choose  to  that  of  a  human  (b/a  equal  to  1 .6),  the  resonance  between 
the  layers  of  skin,  fat  and  muscle  (layering  resonance)  occurred  at  the  1.3  [GHz] 
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frequency  region  and  increased  the  SAR  values  compared  to  those  calculated  for  the 
homogeneous  human  model[5J. 

In  this  paper,  we  focus  on  the  shielding  effect,  of  a  lossy  dielectric  shield  placed 
in  front  of  a  three-layered  human  model.  The  results  are  presented  for  several  shield 
thickness,  gap  values,  covered  shielding  range.  During  our  research,  we  found  out  that 
at  the  frequency  range  of  1.3  [GHz]  which  the  layering  resonance  occurred,  a  large 
shielding  effect  was  achieved  using  low  loss  shield  materials. 

2.  Formulation 

As  shown  in  Fig.  1 ,  the  incident  plane  wave  E'(TM  Wave)  which  has  the  power  density 
P  of  1  [mW  /  cm2]  and  pointed  in  the  Z  axis,  is  travelling  in  the  positive  X  direction 
and  is  incident  on  the  3-layered  human  model. 


Fig  1:  Analysis  Model 

The  elliptical  human  model,  which  is  infinite  in 
the  Z  direction,  has  an  ellipse  axis  ratio,  b/a, 
equal  to  1.6,  with  a  pertniUivity(£sMnx 
SMvscic),  conductivitv((7sfcin,  oFal,  cr/wuSde)[6] 
and  free  space  permeability  /x0. 
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The  shield  is  positioned  in  front  of  the  human  mode!  and  the  shielding  range  is  depicted 
as  a  function  of  the  angle  0,  with  a  permittivity  and  permeability  of  shield, 
respectively.  The  gap  distance  between  the  shield  and  the  human  model  is  d\  [cm]  and 
the  thickness  of  the  shield  is  d2  [cm]. 

Using  this  model,  we  calculated  the  electric  field  inside  both  the  human  model 
and  shield,  Ema„(n)  and  EShenAn\  using  the  Method  of  Moment  [7][8],  We  calculated 
the  local  SAR  and  the  whole  average  SAR  using  the  following  equations: 

Local  SAR(n)  = 

26 

N 

Average  SAR  =  Yl(Loca.l  SAR(n))/S 

n=l 

Where  a ,  S ,  S  are  the  conductivity,  specific  weight  of  the  human  body  and  the  cross 
section  area  of  the  human  model,  respectively. 


The  specific  weight  of  the  human  body  are  used  1000.67 [kg/m3]  and  the  electro 
-magnetic  constants  are  used  the  value  which  is  written  in  [6],  The  parameters  used 
for  the  computations  are  as  follows: 

(a)  For  an  axis  ration,  b/a,  equal  to  1.0,  the  radius  of  the  human  cylindrical  model  was 
set  to  1 1 .28  [cm],  by  maintaining  the  same  cross  sectional  area,  the  axis  ratio,  b/a, 
was  changed  from  1.0  to  1.6. 

(b)  The  gap  distance  dj ,  between  the  human  model  and  shield,  varied  from  0.8  to  2.0 
[cm]  and  the  shield  thickness  d2  varied  from  0.5  to  3.0  [cm], 

(c)  Shield  angle  range,  0  ,  was  set  to  180°. 

For  the  shield  material,  we  assumed  a  carbon  fiber  reinforced  plastic  material 
(CFRP)  and  rubber  sheets  mixed  with  carbon  fiber/particles[9].  The  material  constants 
which  were  used  are,  for  a  low  loss  shield  Esi,eiid  ~  (\0-jS)Eo  and  for  a  higher  loss  shield 

Esheiid  ~  (20j20)zo 

3.  Numerical  Results 
3.1  Whole  average  SAR 

Fig.  2  shows  the  whole  average  SAR  as  a  function  of  shield  thickness  for  a  fixed 
gap  distance,  coverage  angle,  0,  of  180°  and  an  axis  ratio,  b/a,  of  1.6.  The  shield 
permittivity  values  for  low  loss  material  is  used  (10-j5)eo  and  for  high  loss  material 
shield  -  (20-/20)eo  .  The  x,  A  and  *  symbols  represent  the  calculated  SAR  values 
for  a  gap  distance,  d\,  of  0.5,  2.0  and  3.0  [cm],  respectively.  From  this  result,  we 
found  that  by  low  loss  material  shield  (10-j5),  compared  to  300[MHz],  the  resonance 
phenomena  between  the  gap[4]  didn’t  occur  and  the  SAR  is  reduced.  Also  by  high 
loss  material  shield  (20-J20),  an  improved  shielding  effect  was  achieved.  Because  of 
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large  reduction  of  transmission  wave,  using  high  loss  material  shield,  there  wasn’t  big 
variation  of  $AR  by  changing  the  distance  (c/i),  and  thickness  (d2),  compared  to  low 
loss  material  shield  (10-j5). 


Fig-2  : 

ted  whole  a' 
1.3[GHz] 


In  Fig.3  shows  the  calculated  whole  average  SAR  for  low  (10-j5)  and  high 
(20-j20)  material  shield,  as  a  function  of  shield  coverage  angle  0  from  0  0  to  320  °  . 
The  calculation  is  done  for  shield  thickness  0.8  [cm]  and  distance  for  1  and  3  [cm]. 
From  these  plots,  it  is  fund  that  the  whole  average  SAR  were  large  reduced  by 
extending  the  shield  range  to  the  back  side  of  the  model  However,  the  local  SAR 
value  hardly  changes  at  angle  0  above  200  °. 


Fig.3  : 


Whole  average  SAR  as  a  function 
of  covered  shielding  range 


3.2  Local  SAR 


3 

I 

i 


Covered  Shielding  Range  (  Q  (OegJ) 


Fig  4  displays  the  unshielded  local  SAR  distribution  (a)  and  the  sectional  view  (b)  at 
Y=0.0[cm]  From  this  distribution,  it  is  found  that  the  large  local  SAR  value 
concentrated  in  the  front  of  skin  layer. 


Fig.  5  and  6  show  the  shielded  local  SAR  distribution  and  the  sectional  view  for  low 
( 1 0-j5)  and  high  (20-j20)  material  respectively.  The  shield  thickness,  distance  and 
covered  range  (0)  is  set  to  2[cm],  3  [cm]  and  180  °,  respectively. 
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In  the  case  of  locating  low  loss  material  shield  in  front  of  the  model  (Fig,  5),  the 
SAR  value  decreased  in  comparison  with  unshielded  values.  But  the  large  local  SAR 
value,  still  appeared  in  front  of  the  model. 


Otherwise,  by  locating  high  loss  material  shield  (Fig.6),  large  reduction  of  SAR 
value  was  appeared  to  the  whole  model,  because  of  the  shielding  effect. 

,.s  , - - - , - , - - - - 


[W/KgJ  — 
1.5? 


Fig-4  :  Destribution  of  shieldless  Local  SAR 
and  the  sectional  view  at  Y=0.0[cm] 


3.3  Shielding  effect  and 

frequency  characteristics 


In  the  investigation  of  [4],  we  found  out  that  by  using  low  loss  material  (10-J5) 
at  the  frequency  300[MFIz],  because  of  the  resonance  phenomena  between  the  gap, 
SAR  values  was  higher  compared  to  unshielded  SAR  values.  On  the  other  hand,  a 
large  reduction  of  SASR  was  achieved  1.3  GHz. 

To  know  the  relation  between  frequency  and  the  shield  effect,  we 
investigated  the  frequency  characteristics  (100  to  2000[MHz])  of  shielding  effect 
using  low  loss  material  shield.  In  Fig.4,  the  shield  range,  0,  is  set  to  180  0  and  the 
calculation  is  done  for  shield  thickness  0.8  and  2.0  [cm].  The  +,  □  and  X  symbols 
represent  the  calculated  SAR  values  for  a  gap  distance,  d\,  of  0.5  1.0  and  3.0  [cm], 
respectively.  The  solid  line  shows  an  SAR  value  of  unshielded  human  model. 


As  a  result,  we  found  out  that  by  large  value  of  shield  thickness,  the 
frequency  range  was  narrower  which  the  SAR  values  was  higher  compared  to 
unshielded  SAR  values.  And  also  a  large  shielding  effect  was  achieved  at  the 
frequency  range  of  1.3  [GHz]  which  the  layering  resonance  occurred  in  the  three 
layered  human  model. 
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4.  Conclusion 


The  shielding  effects  of  several  dielectric  materials  covering  parts  of  human 
body  are  investigated  through  the  calculation  of  the  average  SAR  The  following 
conclusions  are  drawn. 

1.  At  the  frequency  I  3[GHz),  an  improved  shielding  effect  was  achieved  for  both  low 
and  high  loss  material  shield  Also,  there  wasn’t  big  variation  for  shielding  effect  by 
changing  the  value  of  the  gap  and  shield  thickness  for  high  loss  material  shield 

2.  By  extending  the  shield  range  to  the  back  side  of  the  human  model,  up  to  the 
coverage  angle  200  n,  the  SAR  value  was  large  reduced  However,  above  this 
angle,  the  SAR  value  hardly  clanged. 

3.  A  large  local  SAR  value  concentrated  in  the  front  of  the  skin  layer,  in  comparison  to 
fat  and  muscle  layer. 

4.  Through  the  calculation  of  the  frequency  characteristics  for  shielding  effect  by  using 
low  loss  material  shield,  we  found  out  that  the  frequency  range  which  the  SR 
value  was  higher  compared  to  unshielded  SAR  values  is  going  smaller  by  increasing 
shield  thickness  values.  And  also  a  large  shielding  effect  was  achieved  in  the 
frequency  range  which  the  maximum  SAR  values  appeared 

Future  research  will  include  the  calculations  of  the  SAR  for  three  dimensional  model 
and  experimental  investigation. 
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Abstract  - This  work  presents  the  results  obtained  by  further  experiments  consisting  in 
irradiation  of  human  blood  samples  with  high  frequency  low  power  density  electromagnetic 
waves  (2.45  GHz  /  0.025...  10  mW/cm2).  The  effect  was  studied  by  measuring  the  induced 
hemolysis  of  the  exposed  eiythrocytes  compared  to  controls.  As  a  general  result  one  confirm 
the  observations  and  the  conclusions  of  [1]  indicating  that  the  hemoglobin  loss  from  the 
microwave  irradiated  cells  is  due  to  the  membrane  permeabilisation  of  the  exposed 
erythrocytes  rather  than  to  their  lysis 

INTRODUCTION 

The  purpose  of  the  present  study  was  to  examine  the  effects  of  long  -  tenn  exposure  of  human 
blood  to  2.45  GHz  CW  radiation  at  low  power  densities  which  are  supposed  not  to  induce 
thermal  effects.  Following  the  discussions  carried  out  at  25  EuMC,  Bologna,  Italy  (1995)  (see 
[1]),  a  different  microwave  setup  was  used,  with  the  possibility  of  measuring  the  effective 
power  absorbed  by  the  load.  The  microwave  frequency  of  2.45  GHz  has  been  chosen  for  this 
study  due  to  its  extensively  use  in  domestic,  industrial  and  medical  applications.  The  effects  on 
the  erythrocyte  membrane  have  been  characterized  by  measuring  hemoglobin  loss  before  and 
after  irradiation  at  different  power  levels  for  both  the  irradiated  samples  and  the  controls. 

EXPERIMENTS 

The  experimental  setup  (see  Fig.  1)  permits  simultaneous  irradiation  with  different  power  levels 
the  blood  samples  collected  from  the  same  single  donor  at  the  begimiing  of  the  experience, 
usually  in  the  morning..  The  microwave  generator  (1)  was  a  R&S  SLRD  41004  power 
generator  able  to  provide  2.45  GHz  CW  in  a  power  range  up  to  5  W.  This  power  is  applied  via 
the  isolator  (2)  to  a  series  of  directional  couplers  (3)  with  the  coupling  of  10  dB  that  allows 
simultaneous  irradiation  of  three  sets  of  blood  samples.  The  variable  attenuator  (5)  allows 
power  adjustment  for  the  irradiating  system.  The  group  built  by  the  dual  directional  coupler 
(6),  the  two  synchronized  microwave  switches  (7)  and  the  powermeter  (9)  with  its  detector  (8) 
allows  the  measurement  of  incident  and  reflected  powers  from  the  applicator  (11).  The 
effective  power  level  introduced  in  the  applicator  (11)  is  obtained  as  difference  between  these 
incident  and  reflected  powers.  These  are  the  power  levels  indicated  in  Tables  1  and  2. 

The  microwave  radiation  is  applied  to  the  blood  samples  through  the  applicators  made  of  the 
coaxial  to  R32  waveguide  adapters.  The  aliquots  containing  blood  were  made  in  polystyrene 
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(s  =  2.5).  Their  dimensions  were  chosen  so  that  10  aliquots  occupy  the  whole  inner  space  of  a 
R32  waveguide  used  as  microwave  irradiating  chamber  (13).  The  whole  aliquots  ensemble  was 
practically  made  in  a  polystyrene  block  (13)  with  the  dimensions  72  x  34  x  8  mnT  in  which 
10  holes  with  5  mm  diameter  and  32  mm  depth  were  made.  These  holes  were  filled  with 
human  blood  up  to  approx.  3/4  of  their  height  (25  mm).  The  polystyrene  block  so  prepared  is 
introduced  in  the  waveguide  (12)  that  follows  to  the  applicator  (11).  The  blood  quantity 
contained  in  each  aliquot  is  approx.  0.5  ml  and  in  all  10  aliquots  there  are  approx.  5  ml  of 
blood.  A  second  R32  waveguide  to  coaxial  adapter  (14)  close  this  irradiation  chamber. 

By  means  of  a  second  powermeter  (15)  HP  436  with  the  detector  (16)  HP  8481,  the  emergent 
power  from  the  irradiation  chamber  is  measured.  The  difference  between  this  power  and  the 
incident  power  gives  an  indication  on  the  power  effectively  absorbed  by  the  blood  in  aliquots. 
This  measurement  was  performed  for  the  maximum  incident  power  density  of  10  mW/cm2  in 
order  to  see  if  the  microwave  power  effectively  absorbed  by  the  blood  modifies  or  not  its 
temperature.  The  input  power  level  was  adjusted  for  a  value  Pin  =  245.6  mW  that  means  an 
incident  power  density  of  10  mW/cm2  on  the  surface  of  R32  waveguide  aperture.  The  output 
power  level  from  the  irradiating  chamber  was  measured  as  Pout  =  118.4  mW.  One  estimates 
that  the  power  absorbed  by  the  polystyrene  volume  is  approx.  10  mW.  It  follows  that  the  10 
aliquots  containing  blood  samples  absorb  a  power  PabS  =  117.2  mW  that  corresponds  to  a 
microwave  power  density  of  approx.  5.5  mW/cm2  calculated  for  the  effective  surface  of  blood 
samples. 

It  is  well  known  from  literature  [4]  that  for  biological  1  micrometer  sized  entities  (like  cells) 

that  heating  induced  by  power  densities  below  10  mW/cm2  is  of  the  order  of  10"5  °C.  We 
think  that  for  a  power  density  of  10  mW/cm2  in  the  irradiation  chamber  aperture,  the  effect  of 
raising  the  hemoglobin  relaxation  from  red  cells  is  always  a  nonthermal  effect.  As  an  additional 
safety  element,  the  whole  irradiating  chamber  was  maintained  at  the  temperature  of  +4  °C. 

The  methods  used  to  investigate  the  interaction  of  human  erythrocytes  with  non-thermal  power 
level  densities  of  0.025... 10  mW  /  cm2  of  2.45  GHz  radiation  were: 

—  hemoglobin  release  measurements  for  irradiated  blood  at  different  power  densities  and  for 
the  controls; 

~  Coulter  Counter  control  of  irradiated  blood; 

-  measurement  of  the  kinetics  of  irradiation  induced  hemolysis  at  different  power  levels  in 
parallel  to  the  measurement  of  the  radiation  induced  osmotic  fragility  of  the  cells. 

After  irradiation,  the  free  hemoglobin  of  both  control  and  irradiated  samples  were  measured. 
For  this  purpose  the  suspension  from  each  test  tube  was  homogenized  and  resedimented  by 
centrifugation  (450g  /  4  oC  /  0.5  hour).  The  relative  content  of  free  hemoglobin  from  the 
supernatant  was  established  by  a  spectrophotometric  technique,  measuring  the  corresponding 
absorption  at  420  nm  (the  point  of  maximum  hemoglobin  absorption,  characteristic  of  the 
Soret  band).  The  remaining  sediment  of  the  irradiated  samples  (integral  erythrocytes  and 
fragments  of  plasmatic  membrane)  was  weighted  and  totally  hemolysed  by  adding  1  ml 
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distilled  water,  with  10  min.  repose  at  room  temperature  and  centrifugation  (8000g/  4  °C/  0.5 
hour).  The  total  hemoglobin  content  of  the  supernatant  was  estimated  by  spectrophotometry. 
Except  the  kinetic  measurements,  time  of  irradiation  was  60  hours.  The  degree  of  hemolysis 
was  determined  spectrophotometrically  as  the  ratio  of  the  optical  absorbency  of  the 
supernatant  from  each  sample  at  420  nm  to  the  mediated  absorbency  of  a  control  samples 
totally  hemolysed  by  osmotic  shock.  The  main  results  are  indicated  in  Tables  1  and  2. 


Table  1.  The  hemolysis  degree  of  6  blood  units  exposed  for  60  hours  at  different  power 
densities 


Blood 

unit 

Controls 

Microwave  power  density  (mW/cm2)  j 

0.025 

0.050 

0.100 

0.250 

1 

1.97  ±0.12 

— 

2.33  ±0.15 

— 

— 

2 

1.25  +  0,14 

— 

1.39  ±0.09 

— 

— 

3 

1.92  +  0,15 

1.97  ±0.12 

— 

— 

2.09  ±  0.07 

4 

2.01  ±0.14 

2.61  ±0.25 

— 

— 

3.00  ±0.19 

5 

1.33  ±  0.16 

— 

1.44  ±0.13 

— 

— 

6 

2.00  ±0.15 

— 

— 

2.29  ±0.09 

— 

Blood 

unit 

Microwave  power  density  (mW/cm2)  | 

0.500 

1.000 

2.500 

5.000 

10.000 

1 

2.88  ±0.19 

— 

— 

3.45  ±0.25 

— 

2 

1.63  ±0.11 

— 

— 

2.07  ±0.10 

— 

3 

— 

— 

2.39  ±  0.07 

— 

— 

4 

— 

— 

4.61  ±0.23 

— 

— 

5 

1.69  ±0.13 

— 

— 

2.09  ±0.18 

— 

6 

... 

IBJmMEB 

... 

— 

3.71  ±  .025 

Table  2:  Percentual  increase  of  hemolysis  degree  of  irradiated  blood  samples  compared  to 
controls 


Blood 

unit 

a  (%)  =  (A  -  Ao)/Ao  x  100 

Microwave  power  density  (mW/cm2) 

0.0250 

0.050 

0.100 

0.250 

0.500 

1.000 

2.500 

5.00 

10.00 

1 

— 

18.27 

— 

— 

46.19 

— 

— 

— 

2 

— 

11.2 

— 

— 

30.4 

— 

— 

— 

3 

2.6 

— 

— 

BUM 

— 

— 

24.5 

— 

— 

4 

29.8 

— 

— 

— 

— 

129.3 

— 

— 

5 

— 

8.2 

— 

— 

— 

— 

57.1 

— 

6 

— 

... 

... 

— 

38.5 

— 

— 

85.5 

In  Table  2:  A  =  hemolysis  degree  of  irradiated  blood  samples  measured  at  420  nm  wavelength; 
Ao  =  spontaneous  hemolysis  degree  of  control  blood  samples; 
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It  was  found  that,  at  the  mentioned  power  level  densities  irradiation  induces  a  significant 
hemoglobin  loss  due  to  transient  permeabilisation  of  irradiated  erythrocytes  rather  than  to  their 
lysis.  The  microwave  induced  hemoglobin  loss  by  irradiated  erythrocytes  is  up  to  80  %  of  the 
spontaneous  hemoglobin  loss  by  the  controls.  The  rate  of  the  increase  of  hemoglobin  loss  with 
the  increased  power  density  was  found  to  be  highly  dependent  on  the  initial  level  of 
spontaneous  hemolysis.  It  seems  that  the  membrane  is  as  more  sensitive  to  the  microwave 
radiation  as  it  was  leakier  at  the  start. 

Kinetics  of  hemolysis  degree  at  three  different  power  densities  was  studied.  While  at  low 
power  densities  (0.8...  1.3 6  mW/cm2)  there  is  a  quasi-linear  increase  of  the  hemolysis  degree 
with  the  time  of  irradiation,  at  higher  density  (5  mW  /  cm2)  this  tendency  seems  to  reverse  after 
first  10  hours  of  irradiation.  The  only  reasonable  explanation  for  this  seems  to  be  that  the 
spontaneous  hemoglobin  loss  of  controls  increases  faster  that  of  the  exposed  samples.  It 
appears  like  long  term  irradiation  would  exert  a  protective  action  against  spontaneous 
hemolysis  caused  by  cells  aging. 

This  observation  is  paralleled  to  the  results  of  kinetic  measurements  of  the  osmotic  resistance 
of  irradiated  erythrocytes  showing  a  progressive  increase  of  the  osmotic  resistance  with  time  of 
irradiation  at  exposure  levels  of  5  mW  /  cm2  (cf.  [3]). 

CONCLUSIONS 

Summarizing  our  observation  it  may  be  found  that: 

—  the  microwave  induced  increase  of  hemoglobin  loss  by  irradiated  erythrocytes  is  up  to  80  % 
of  the  spontaneous  hemoglobin  loss  by  the  controls; 

—  the  microwave  induced  increase  of  the  hemoglobin  loss  reaches  saturation  below  10  hours 
for  irradiation  with  5.00  mW/cm2 . 

—  the  rate  of  increase  of  hemoglobin  loss  with  the  increasing  power  density  is  highly  dependent 
on  the  initial  level  of  spontaneous  hemolysis.  It  looks  like  the  membrane  is  as  more  sensitive  to 
the  radiation  power  as  it  was  leakier  at  the  start. 
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ABSTRACT 

A  high  resolution  laser  radar  useful  for  object  scanning,  profile  measurements  and  level  control  has  been  set  up.  The  distance 
measurement  uncertainty  is  less  than  300pm,  the  spot  size,  which  defines  the  lateral  resolution,  is  less  than  1mm.  Powerful 
picosecond  laser  pulses  are  used  to  scan  also  surfaces  with  low  reflectance.  Although  the  pulse  repetition  frequency  (PRF)  is 
relatively  high  (40kHz),  eye-safety  laser  condition  class  1  is  fulfilled.  Scanned  objects  can  be  drawn  as  a  3D-wireframe  (useful  for 
3D-modelization)  and  as  a  2D-contour  plot. 


I.  INTRODUCTION 

As  is  known,  microwave  radars  generally  exhibit  a  relatively  large  divergence  of  transmitted  beam.  This  makes  them  less  suited  for 
precise  imaging  purposes.  Operating  at  optical  frequencies,  the  beam  divergence  angle  can  be  made  very  small  resulting  in  high 
angular  resolution  (e.g.  Rodriguez  et  al  [1]). 

Fig.  1  gives  a  schematic  view  of  a  laser  radar  configuration  for  3D-imaging,  Hofler  et  al  [12].  The  focussed  laser  beam  from  the  laser 
transmitter  is  directed  toward  the  target  via  scanning  mirrors.  There  the  signal  is  reflected  back  to  the  scanning  mirrors  and  then 
collected  and  focussed  by  the  receiver  optics  onto  the  photodetector. 

The  following  problems  generally  occur  in  the  design  of  a  3D  laser  radar  system  for  commercial  use:  Class  1  laser  condition  [2] 
should  be  fulfilled,  which  means  that  the  laser  emission  is  totally  eye-save.  The  radar  system  should  be  strictly  cost-effective, 
including  the  laser  source.  Because  of  fast  measurement  response  time,  the  PRF  should  be  as  high  as  possible.  This  requirement 
generally  collides  with  the  class  1  condition.  Spacial  measurement  uncertainty  in  the  x-,  y-  and  z-direction  at  distances  up  to  some 
meters  should  be  less  than  1mm.  Reliable  detection  of  targets  with  low  reflectance  require  sufficiently  high  optical  peak  power  of  the 
transmitted  pulses.  Scanning  of  hot  targets  (e.g.  1200K)  is  difficult  due  to  high  background  radiation  which  may  significantly 
decrease  the  SNR,  Kompa  [4]. 

There  are  two  fundamental  limitations  in  the  design  of  high  resolution  imaging  systems.  High  optical  power,  which  is  needed  for  the 
detection  of  low-reflecting  targets,  can  be  obtained  by  using  laser  diodes  with  large  emitting  areas.  However,  as  is  known  from  the 
Lagrange-relation  (Meyer-Arendt  [3]),  it  is  very  difficult  to  image  commonly  used  large  apertures  to  sufficiently  small  laser  spot  sizes 
in  the  desired  measuring  reference  plane.  Alternatively,  stacked  laser  diodes  are  being  used  for  providing  higher  optical  power  (e.g. 
[4]).  However,  in  this  case  a  problem  occurs  regarding  very  fast  current  pulse  modulation,  the  delay  time  between  pumping  and  lasing 
is  different  for  the  cascaded  diodes.  This  leads  to  optical  pulses  with  stepped  leading  pulse  edges  and  isolated  spikes  (see  Fig.  2), 
which  make  unique  and  precise  time  interval  measurements  impossible.  In  a  particular  case  the  difference  in  delay  time  for  the  laser 
diodes  is  significantly  large,  so  that  a  burst  of  a  few  single  pulses  can  evolve.  The  number  of  pulses  is  then  equal  to  the  number  of 
diodes  in  the  stack. 

The  following  sections  describe  the  laser  radar  system  and  the  laser  transmitter.  A  novel  pumping  current  modulation  technique  is 
proposed  which  exhibits  extremely  improved  emission  characteristics.  It  can  generally  be  applied  to  any  weakly  index  guiding  laser 
structure  such  as  single-quantum  well  ridge-waveguide  (Eliseev  et  al  [5])  and  single  heterostructure  (SH)  lasers.  Results  for 
investigated  SH  laser  diodes  will  be  given. 


II.  LASER  RADAR  SYSTEM  SETUP 

Fig.  3  shows  a  block  diagram  of  the  pulsed  laser  radar  system.  The  concept  is  similar  to  that  given  in  Fig.  1.  In  this  case,  both  the 
reference  and  reflected  signal  are  directed  onto  the  same  photodetector.  This  is  used  to  eliminate  temperature  drift  and  various  jitters 
of  the  laser  transmitter  and  the  photodiode.  Sampling  technique  is  used  for  economic  time  interval  measurement,  Kompa  [8].  With 
knowledge  of  the  mirror  positions,  a  complete  image  of  the  target  can  be  obtained.  Ranging  errors  of  several  millimeters  are  observed 
with  high  received  signal  dynamics,  which  originate  from  the  non  linearities  of  the  used  photodiode,  Stolze  and  Kompa  [9].  However, 
knowing  accurate  nonlinear  photodiode  models,  error-correction  can  be  performed. 
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III.  PUMPING  CURRENT  MODULATION  TECHNIQUE 


Mainly  AlGaAs-GaAs  SH  laser  diodes  have  been  investigated.  In  Fig.  4  the  energy  band  diagram  under  forward  bias  (a)  and  the  real 
part  of  the  complex  refractive  index  (b)  are  shown.  Under  normal  operating  conditions,  i.e.  at  moderate  pumping  currents,  the 
concentration  of  the  injected  carriers  in  the  center  p-layer  will  not  remarkably  change  the  index  profile  of  the  asymmetric  optical 
waveguide.  In  this  case,  at  room  temperature,  an  emission  wavelength  of  about  904nm  is  expected  for  the  investigated  laser  diodes. 
However,  as  is  indicated  by  the  dashed  line  in  Fig.  4b,  very  strong  carrier  injection  attributes  to  a  considerable  negative  contribution 
to  the  real  part  of  the  refractive  index,  so  that  the  commonly  observed  laser  mode  is  weakened  or  even  nearly  suppressed.  Regarding 
the  dynamics,  this  operating  condition  can  only  be  attained  if  the  starting  phase  of  the  carrier  injection  is  sufficiently  fast,  so  that  the 
index  profile  is  considerably  changed  within  the  normal  delay  time  of  lasing  being  about  2.5ns.  Typical  rise  time  of  the  used  pumping 
current  is  about  2ns  and  FWHM=3.4ns,  as  can  be  seen  in  Fig.  5.  Then,  still  keeping  up  carrier  injection  gives  rise  to  a  further  increase 
of  the  gain  in  the  laser  active  area.  Theoretical  models  using  a  quasi-static  approach  show,  that  due  to  these  changes  in  the  complex 
refractive  index  the  threshold  of  the  next  higher  order  transversal  mode  is  reached.  After  an  additional  delay  time  of  roughly  1.5ns  the 
laser  radiates  a  very  powerful  and  short  single  pulse  at  shorter  wavelengths.  The  optical  field  of  this  pulse  is  both  index-  and  gain- 
guided.  A  more  detailed  understanding  using  a  full  time-dependent  approach  is  expected  from  further  investigations. 

Laser  pulses  with  an  optical  peak  power  of  128W  and  pulse  duration  of  32ps  have  been  obtained  with  a  2.032pm  x  76.2pm  emitting 
area,  which  exceeds  the  rated  optical  power  by  a  factor  of  55.  A  laser  diode  with  an  emitting  area  twice  as  large  delivers  253W  and  a 
FWHM  of  44ps.  The  pulses  in  Fig.  6  have  been  measured  with  a  60GHz  photodetector.  These  lasing  characteristics  are  the  most 
advanced  values  reported  so  far  for  comercially  available  single  chip  laser  diodes  with  comparable  emitting  areas. 

Preliminary  simulation  of  the  laser  diodes  is  based  on  the  drift-diffusion  model  for  electrons  and  holes  under  steady  state  condition 
(Gel’mont  et  al  [6],  Sola  [7],  Volpe  [13]).  A  more  profund  understanding  of  the  physical  effects  are  expected  from  numerical 
simulations  involving  the  time-evolution  of  the  strong  carrier  injection  process,  Biemat  et  al  [14]. 


IV.  EXPERIMENTAL  RESULTS 

Fig.  7  shows  the  attained  measurement  uncertainty  at  a  distance  of  1.5  meters.  An  uncertainty  of  less  than  ±300  pm  has  been  obtained 
using  averaging  over  1 6  measurements  for  each  grid  point. 

Fig.  8  and  9  show  the  scanned  image  of  a  standard  plug  for  a  wall-socket  as  reflectance  image  and  3D-wireframe,  respectively.  For 
the  reflectance  image  the  difference  in  intensity  of  the  reflected  and  the  reference  pulse  is  coded  into  a  colortable  from  black 
(maximum  difference)  to  white  (minimum  difference)  for  each  pixel.  Because  of  the  fact  that  the  scanning  mirrors  can  be  moved  very 
accurately  in  very  small  steps,  the  pixel  size  can  even  be  somewhat  smaller  than  the  spot  size  of  the  laser  beam.  For  the  3D-wireframe 
the  difference  calculated  from  the  time  separation  of  the  reflected  and  reference  pulse  of  each  raster  points  is  plotted  in  the  xy-plane. 
The  distance  data  can  also  be  coded  into  a  colortable.  The  result  is  shown  in  Fig.  10a,  which  also  contains  the  reflectance  image  of  the 
same  object  (Beethoven’s  head,  Fig.  10c).  After  calculating  the  (in  this  example  horizontal)  derivative  of  Fig.  10a,  a  gradient  image  is 
obtained  as  can  be  seen  in  Fig.  10b.  The  effect  of  a  virtual  light  source  from  the  left  can  be  observed.  The  derivative  of  the  distance 
uncertainty  is  very  much  larger  than  the  uncertainty  itself,  so  in  this  case  the  gradient  image  creates  the  impression  of  a  stone  texture 
on  the  object.  To  reduce  this  effect,  various  methods  of  filtering  can  be  done.  Using  a  low-pass  filter  (e.g.  a  spline  approximation  with 
constant  weight  factors),  a  certain  amount  of  egde-smoothing  occurs.  This  can  be  circumvented  by  using  a  Medianfilter  which  does 
not  calculate  an  average  value,  but  which  sorts  the  distance  values  of  the  actual  pixel  and  the  neighbouring  ones.  The  value  in  the 
middle  of  the  linear  array  is  used  as  the  filtered  distance.  This  does  not  smooth  sharp  edges  in  the  image,  only  the  noise  is  reduced. 
Image  processing  in  general  can  enhance  the  resolution  and  reduce  the  distance-uncertainty  of  the  scanned  pictures. 


V.  CONCLUSIONS 

A  fundamentally  new  modulation  technique  has  been  developed  for  weakly  index-guiding  laser  diode  structures.  It  has  been  shown 
that  the  application  to  well-known  SH  laser  diodes  exhibits  extremely  improved  lasing  characteristics  never  observed  before.  The  new 
modulation  scheme  based  on  a  fast  ‘  superinjection  ’  of  carriers  into  the  active  region  of  the  device  leads  to  powerful  single  laser  spikes 
which  are  very  useful  for  laser  radar  applications. 

A  high  PRF  eye-save  laser  radar  for  precise  3D  imaging  has  been  set  up.  The  attained  measurement  uncertainty  is  less  than  300pm, 
the  spot  size  is  less  than  1mm.  Other  applications  such  as  quality  assurance  of  hot  workpieces  (Kompa  [10]),  precise  velocity 
measurement  and  identification  of  vehicles  are  under  investigation  (Kompa  [11]). 
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Fig.  1 :  Laser  radar  arrangement  for  3D  imaging 

(after  Ref.  [12]) 
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Fig.  2:  Optical  output  of  a  3-stack  laser  diode 
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Fig.  6:  Measured  laser  pulses  of  two  different  diodes 


RECORDED  RANGE  DATA 


Fig.  7:  Attained  measurement  uncertainty  as  a  function  of 
the  number  of  averaged  range  data.  N=16  has  been 
used  for  imaging 
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Block  diagram  of  the  realized  pulse  laser  radar 


II 

Fig.  8:  Imaged  standard  plug  for  a  wall-socket 
(contour).  The  size  is  45  mm  x  45  mm. 
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5:  Typical  current  pulse  of  the  laser  diode  driver  Fig.  10:  Scanned  image  of  Beethoven’s  head  (1 30x190mm) 

a)  depth  information 

b)  horizontal  gradient  of  Fig.  10a 

c)  reflectance  image 
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Abstract 

In  this  paper  the  scan  properties  of  integrated  lens  antennas  with  a  quarter- wavelength  matching  layer  are 
analyzed.  For  beam  scanning  on  and  within  a  cone,  optimum  feed  positions  are  determined.  It  appears 
that  for  beam  scanning  on  a  cone  the  elliptical  lens  is  the  best  choice  if  a  small  scan  angle  is  required  while 
the  extended  hemispherical  lens  should  be  used  in  case  of  a  large  scan  angle.  For  beam  scanning  within 
a  cone  it  is  recommended  to  select  an  elliptical  lens  if  a  large  average  directivity  is  required  while  the  ex¬ 
tended  hemispherical  lens  appears  to  be  the  best  choice  if  a  small  variation  in  the  directivity  is  important. 


1  Introduction 

In  recent  years  the  advancement  of  photo-lithographical  and  micromachining  techniques  has  resulted  in 
a  very  reliable  and  repeatable  process  for  creating  planar  structures  on  dielectric  substrates.  This  emer¬ 
gence  of  planar  technology  now  allows  millimeter-wave  system  components  to  be  accurately  produced 
in  large  numbers  at  low  cost.  Consequently,  planar  integrated  antennas  become  a  viable  alternative 
for  classical  waveguide-based  designs  at  these  high  frequencies  [1].  Many  commercial  applications  are 
already  known  in  the  low  millimeter-wave  range  and  can  for  example  be  found  in  the  field  of  diagnostics, 
autonomous  aircraft  landing  systems,  car  collision  avoidance  and  traffic  management. 

It  is  obvious  that  with  planar  integrated  technology  extremely  compact  receivers  can  be  made  and 
that  the  technology  is  quite  suitable  for  imaging  antenna  arrays  (single  lens  or  fly’s  eye)  which  are  of 
great  interest  for  spaceborne  radio  astronomy  and  atmospheric  research.  Particularly,  in  radio  astronomy 
most  of  the  spectral  line  emitting  regions  are  usually  spatially  extended  over  many  observing  beams  in 
the  sky,  and  mapping  is  required  to  astrophysically  understand  the  regions  under  study.  In  atmospheric 
research  multi-beams  allow  to  make  pushbroom  measurements  in  limb-sounding  experiments. 

A  disadvantage  of  the  integrated  lens  antenna  is  the  large  amount  of  power  (typical  20-30%)  that  is 
reflected  at  the  lens  surface,  especially  for  the  high  dielectric-constant  materials  as  Alumina  and  GaAs 
[2].  These  internal  reflections  degrade  the  performance  of  the  antenna  [3]  and  therefore  a  matching  layer 
should  be  applied,  which  reduces  the  reflection  losses  to  about  5%.  The  radiation  properties  of  later  ally- 
defocused  extended  hemispherical  lens  antennas  without  matching  layer  lens  were  studied  by  Filipovic 
et  al.  [4].  In  the  present  paper  we  will  investigate  scan-optimized  single  lens  antenna  systems  with  a 
quarter-wavelength  matching  layer  and  an  elliptical  or  extended  hemispherical  lens.  The  choice  of  this 
type  of  matching  layer  instead  of  a  layer  with  an  optimized  thickness  is  mainly  because  of  the  ease  of 
fabrication.  Moreover,  in  Ref.  2  it  is  shown  that  the  performance  of  both  type  of  layers  is  quite  similar. 
As  feed  element  a  double  dipole  with  backing  reflector  (b.r.)  [5,6]  will  be  used.  Of  course  the  same 
analysis  can  be  performed  for  double-slot  feeds,  but  the  results  will  not  differ  significantly  because  the 
main  reason  for  beam  scanning  is  the  modification  of  the  phase  of  the  incident  field  at  the  lens  surface 
due  to  the  feed  displacement. 


2  Geometry  and  modeling  of  the  lens  antenna 

A  two-dimensional  cross-section  of  the  integrated  lens  antenna  with  matching  layer  and  a  laterally- 
defocused  planar  feed  are  depicted  in  Figure  1.  Actually,  this  feed  represents  a  double-dipole  with 
backing  reflector,  but  the  ground  plane  is  not  shown  here.  The  orientation  of  the  double  dipole  is  along 
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the  z-axis,  which  means  that  the  cross-section  is  in  the  H-plane. 


The  length  of  the  double  dipole  equals  0.5Ad  while  the  distance  between  the  elements  is  0.4 Ad,  result¬ 
ing  in  a  nearly  rotationally  symmetric  feed  pattern.  The  backing  reflector  is  placed  0.25Ad  behind  the 
double-dipole  feed  in  order  to  improve  its  directivity  towards  the  lens  surface.  It  should  be  noted  that 
Ad  denotes  the  wavelength  in  the  dielectric.  For  the  electromagnetic  modeling  of  the  planar  feed  a  cosine 
current  distribution  is  assumed  over  each  dipole  element.  This  is  justified  because  the  width  over  length 
ratio  of  planar  dipole  elements  is  generally  very  small.  For  the  calculation  of  the  field  within  the  dielectric 
the  influence  of  the  metal  backing  reflector  is  accounted  for  by  introducing  two  image  dipole  elements 
which  are  180°  out  of  phase  with  the  real  dipole  elements.  Typical  radiation  patterns  of  this  type  of 
planar  feed  are  shown  in  Ref.  5  for  various  lens  materials.  The  scan  locus  shown  in  Figure  1  indicates  the 
feed  positions  which  yield  maximum  directivity  for  scanned  beams.  The  axial  displacement  dL  denotes 
the  distance  between  a  certain  scan  plane  (perpendicular  to  the  y-axis)  and  the  intersection  point  of  the 
scan  locus  with  the  y-axis. 


3  Off-axis  displacement  from  focus 

As  an  example  the  far-field  patterns  of  two  elliptical  lens  antennas  are  calculated  for  an  H-plane  off- 
axis  feed  displacement  of  10%  of  the  lens  radius  (7.5  mm)  at  a  frequency  of  250  GHz.  In  Figure  2  the 
H-plane  power  patterns  are  depicted  for  an  Alumina  (er  =  9.8)  and  a  GaAs  ( er  =  12.8)  lens  material 
and  it  is  can  be  seen  that  a  certain  off-axis  feed  displacement  results  in  a  larger  scan  angle  when  the  lens 
is  made  of  GaAs  instead  of  Alumina.  This  follows  from  a  simple  ray  optics  analysis,  which  shows  that 
the  central  ray  is  refracted  as: 


sint?/  = 


sin  Tuscan 
y/Zr 


where  denotes  the  angle  of  the  central  ray  with  the  y-axis. 


(1) 
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Figure  2:  H-plane  power  patterns  for  two  elliptical  lens  antennas,  illuminated  by  a 
double-dipole  feed  with  b.r.  at  250  GHz  (solid:  Alumina  and  dashed:  GaAs). 

Obviously,  the  scanned  patterns  are  not  just  shifted  versions  of  the  focused  patterns.  This  would  be  the 
case  if  a  feed  displacement  would  introduce  only  a  linear  phase  aberration.  However,  also  higher  order 
phase  aberrations  occur,  resulting  in  pattern  distortions. 

In  Figure  3a  the  scan  angles  are  given  as  a  function  of  the  off-axis  feed  displacement,  while  3b  shows 
the  corresponding  scan  loss  curves.  For  feed  displacements  up  to  25%  of  the  lens  radius  it  appears  that 
the  relation  between  scan  angle  and  off-axis  displacement  is  almost  linear,  which  is  in  agreement  with 
Equation  (1)  for  small  1 ?/.  From  combining  Figures  3a  and  3b  it  can  be  concluded  that,  given  a  certain 
scan  angle,  the  scan  losses  are  slightly  higher  for  Alumina  than  for  GaAs  lenses  due  to  the  larger  feed 
displacements  required.  Consequently,  in  multi-beam  operation  (e.g.  in  a  pushbroom  system)  a  GaAs 
lens  will  have  the  advantage  of  a  higher  directivity.  However,  a  disadvantage  of  GaAs  with  respect  to 
Alumina  is  the  possibility  of  having  larger  mutual  couplings  between  the  different  double-dipole  feed 
elements  as  a  result  of  the  higher  packing  density. 


(a)  (b) 

Figure  3:  Scan  angle  (a)  and  scan  loss  (b)  as  a  function  of  the  H-plane  off-axis  displacement. 
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4  Maximum-directivity  scan  locus 

The  previous  scan  angle  curves  were  computed  for  an  off-axis  feed  displacement  in  the  H-plane.  Like  in 
reflector  antennas,  the  unwanted  phase  aberrations  introduced  by  a  feed  displacement  in  the  (lateral)  re¬ 
direction  can  partly  be  reduced  by  also  tolerating  a  feed  displacement  in  the  (axial)  y-direction  [7].  This 
results  in  a  less  distorted  pattern  with  a  higher  directivity.  Figure  4a  shows  the  maximum-directivity 
scan  curves  for  both  lens  materials  and  for  two  lens  shapes,  i.e.  elliptical  (ell)  and  extended  hemispherical 
(hem).  It  appears  that  the  scan  loci  for  the  elliptical  lenses  do  not  exactly  start  in  the  focus.  This  is 
explained  by  the  fact  that  for  a  very  small  axial  feed  displacement  towards  the  lens  surface  the  increase 
of  the  spillover  and  transmission  efficiency  dominates  the  decrease  in  phase  efficiency  [8].  For  an  axial 
feed  displacement  of  approximately  0.4%  of  the  lens  radius,  with  the  focus  as  a  reference,  the  directivity 
is  at  its  maximum. 


(a)  (b) 

Figure  4:  H-plane  scan  loci  (a)  and  corresponding  directivity  curves  (b). 

Figure  4a  also  shows  that  as  a  result  of  the  larger  refractive  index  of  GaAs  compared  to  Alumina  the  scan 
loci  are  longer  for  the  latter.  Another  remark  is  that  for  high  dielectric-constant  materials  the  elliptical 
lens  can  be  accurately  synthesized  by  an  extended  hemispherical  lens,  and  this  is  the  reason  why  the  scan 
loci  for  GaAs  are  more  alike  than  those  for  Alumina.  Figure  4b  shows  the  directivity  as  a  function  of  scan 
angle  for  the  four  integrated  lens  antennas  considered.  Comparing  Figures  3  and  4  clearly  demonstrates 
that  the  directivity  can  be  increased  substantially  by  an  additional  feed  displacement  in  the  y-direction. 
Another  conclusion  that  can  be  drawn  from  Figure  4  is  that  for  scan  angles  up  to  24-25°  it  is  better  to  use 
an  elliptical  lens  if  a  large  directivity  is  required  while  for  larger  scan  angles  the  extended  hemispherical 
antenna  performs  better. 

If  the  scan  loci  of  Figure  4a  are  rotated  around  the  y-axis,  scan  surfaces  are  obtained.  The  inter¬ 
section  of  such  a  scan  surface  with  a  plane  perpendicular  to  the  y-axis  gives  a  ring  on  which  the  feed 
elements  should  be  placed  if  beam  scanning  on  a  cone  is  required.  However,  when  beam  scanning  within 
a  cone  is  needed  the  optimum  feed  positions  are  not  located  on  a  plane  but  on  a  curved  surface.  Be¬ 
cause  such  an  antenna  system  cannot  be  realized  in  practice,  it  is  necessary  to  find  an  optimum  scan  plane. 


5  Optimum  scan  plane 

The  optimum  scan  plane  for  beam  scanning  within  a  cone  will  be  defined  as  the  plane  that  is  perpendicu¬ 
lar  to  the  y-axis  and  gives  the  highest  average  directivity  of  all  possible  scanned  beams  within  that  cone. 
The  distance  of  this  plane  to  the  maximum  directivity  feed  position  (zero  scan  angle)  is  denoted  by  dL, 
as  can  be  seen  in  Figure  2.  In  Figure  5a  the  displacement  dL  is  given  as  a  function  of  the  maximum  scan 
angle  for  the  four  lens  antenna  designs  considered.  The  corresponding  average  directivities  are  depicted 
in  Figure  5b,  and  it  is  seen  that  the  elliptical  lenses  give  the  best  results. 
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For  some  scanning  applications  it  is  important  that  the  variation  of  the  directivity  is  small  Therefore, 
the  differences  between  the  maximum  and  the  minimum  directivity  are  plotted  in  Figure  5c.  It  should 
be  noted  that  these  directivity  variations  are  calculated  by  subtracting  the  maximum  and  minimum 
directivity  in  dB,  while  Figure  5b  was  obtained  by  calculating  the  average  of  the  true  linear  (so  not  in 
dB)  directivity  values.  Figure  5c  clearly  shows  that  the  extended  hemispherical  lens  antenna  appears  to 
be  a  better  option  if  a  small  directivity  variation  is  required.  This  agrees  with  wide-angle  beam  scanning 
with  reflector  antennas  where  the  spherical  reflector  performs  better  than  the  parabolic  reflector  [9]. 


(a)  (b) 


Figure  5:  Displacement  dL  (a),  average  directivity  (b)  and  directivity  variation  (c) 
in  optimum  scan  plane. 


6  Conclusions 

For  scanning  applications,  which  require  a  scanning  beam  on  or  within  a  cone,  the  integrated  lens  antenna 
with  quarter-wavelength  matching  layer  can  be  used  in  a  single  lens  imaging  antenna  configuration.  How¬ 
ever,  there  appears  to  be  a  substantial  difference  between  an  elliptical  and  and  extended  hemispherical 
lens.  To  obtain  a  good  performance  for  scanning  (small  scan  angles)  on  a  cone  an  elliptical  lens  should 
be  chosen,  while  for  larger  scan  angles  the  extended  hemispherical  lens  shows  the  highest  directivities. 

On  the  other  hand,  if  a  certain  application  requires  scanning  within  a  cone  then  the  criterium  of  a 
high  average  directivity  or  a  small  directivity  variation  results  in  a  antenna  system  with  an  elliptical  or 
an  extended  hemispherical  lens,  respectively. 
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ABSTRACT 


We  compute  the  mutual  coupling  between  transverse  slots  in  cylindrical  structures.  The 
coupling  is  included  in  the  slot  antenna  analysis  and  the  waveguide  scattering  parameters 
are  determined.  Results  agree  well  with  measured  S  parameters.  A  proposed  SAR  antenna 
structure,  that  cannot  be  analyzed  with  the  conventional  infinite  ground  plane  couplings 
is  used  as  an  example  of  possible  applications  of  this  work. 


1  INTRODUCTION 


Traditionally,  the  outer  structures  of  waveguide  slot  antennas  have  been  assumed  to  be 
infinitely  large  ground  planes.  It  was  pointed  out  early,  however,  that  this  restriction 
might  be  a  serious  restriction  [l].  As  the  need  of  dual-polarized  antennas,  for  instance  for 
SAR  applications,  has  been  pronounced  lately  [2,  3],  it  is  time  to  remove  this  restriction. 
In  the  dual-polarized  slot  antennas  there  is  not  room  for  both  transverse  and  longitudinal 
slots  if  grating  lobes  are  to  be  avoided.  Instead,  the  antennas  need  to  be  corrugated  [2,  3], 
like  the  one  in  Fig.  1. 

The  proposed  dual-polarized  antennas  [2,  3]  have  outer  structures  of  cylindrical  shapes. 
We  therefore  try  to  predict  the  mutual  couplings  between  slots  in  such  geometries,  in 
order  to  include  them  in  the  overall  slot  antenna  analysis.  It  is  of  great  advantage  to 
restrict  the  analysis  to  infinitely  long  cylindrical  structures,  rather  than  to  treat  arbitrary 
geometries,  since  the  Fourier  transform  can  be  used  along  the  structure  to  reduce  the 
complexity  of  the  analysis.  Previously,  we  have  analyzed  longitudinal  slots  [4,  5]  and  now 
we  consider  transverse  slots. 
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For  slots  in  infinite  ground  planes,  there  is  no  need  to  distinguish  between  longitudinal 
and  transverse  slots,  since  they  amount  to  the  same  thing.  There  is  no  preferred  direction. 
In  cylindrical  geometries,  however,  the  analysis  of  longitudinal  and  transverse  slots  are 
different.  Longitudinal  slots  is  the  simpler  case,  since  the  analysis  is  restricted  to  the  TE 
polarization.  Transverse  slots  excite  generally  polarized  fields.  The  longitudinal  slots  also 
have  a  longer  extent  in  the  longitudinal  direction.  This  gives  a  narrower  spatial  spectrum, 
when  the  Fourier  transform  is  used  to  simplify  the  analysis. 


2  THEORY 


In  rigorous  analyses  of  slot  antennas  [6],  the  structure  is  divided  into  canonical  regions. 
The  field  problems  of  the  regions  are  solved  separately  and  then  matched  together  using 
the  moment  method.  This  gives  rise  to  a  matrix  equation.  For  instance,  the  antenna  in 
Fig.  1  is  described  by 


A-i  q 

V 

M  q 

i*2p 

Mq 

0 

.A  4  q_ 

.0. 

where  Abq  are  the  coefficients  of  the  basis  functions  in  the  apertures  between  the  regions. 
In  this  case  there  are  four  regions:  The  interior  of  the  waveguide,  the  cavities  at  the  slot 
between  the  inner  and  outer  surfaces  of  the  waveguide  and  the  cylindrical  exterior  region. 
The  incident  field  reactions,  4P,  are  the  incident  field  in  the  waveguide  weighted  with  the 
moment  method  weighting  functions.  Both  the  basis  and  weighting  functions  are  chosen 
as  a  trigonometric  expansion.  The  admittance  matrix, 


Y  = 


+y}}pq 

yfpq 

- yflpq 


ypp, 

~ynPq 

0 

vV- 

yjpq 

+y2ihpq 

0 

~y]hpq 

0 

Vnpq 

+ylvPq 

ylvpq 

_„42 

Vlllpq 

q, 43 

V I  Vpq 

ylllpq 
+y1vpq  . 

(2) 


consists  of  the  mutual  couplings,  ybpq,  between  the  apertures.  The  couplings  in  the  exterior 
region,  yjypg,  represent  the  novelty  of  this  work.  Instead  of  using  the  conventional  infinite 
ground  plane  couplings,  we  solve  the  field  problem  in  an  arbitrary  cylindrical  structure  [7]. 


The  external  mutual  couplings  are  computed  in  the  spectral  domain.  A  Fourier  transform 
along  the  structure  is  utilized  to  reduce  the  dimensionality  of  the  analysis.  In  the  trans¬ 
formed  domain,  an  integral  equation  has  been  formulated  [8]  with  the  induced  currents 
on  the  structure  as  unknowns.  These  currents  are  directly  related  to  the  magnetic  field, 
which  in  turn  is  part  of  the  mutual  coupling  calculation.  The  integral  equation  was  semi- 
decoupled  to  allow  determination  of  one  current  component  at  the  time  [8].  This  reduces 
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computer  storage  space  and  CPU  time.  The  integral  equations  to  solve  are 
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where  E\  and  E]  are  the  longitudinal  and  transverse  components  of  the  incident  tangen¬ 
tial  electric  field  on  the  surface.  The  sources  of  the  incident  fields  are  the  electric  fields 
or  equivalent  magnetic  currents  at  the  slots.  The  unknown  induced  electric  current  com¬ 
ponents,  and  J] ,  are  computed  with  the  moment  method  using  the  free  space  Green’s 
function  G.  Subsectional  basis  functions  in  the  form  of  triangles  for  Jj  and  pulses  for  J\ 
are  used.  The  pulses  and  triangles  are  placed  in  correspondence  to  each  other  in  order  to 
produce  an  efficient  solution  [8]. 


The  mutual  couplings  are  computed  in  the  transformed  domain  and  inverse  Fourier  trans¬ 
formed  numerically,  since  the  spectral  magnetic  field  was  determined  numerically.  For  an 
arbitrary  cylindrical  structure  there  are  no  closed  form  solutions.  The  numerical  inverse 
transformation  has  a  discretization  and  truncation  according  to 
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where  A kz  is  the  sampling  interval  and  z0  is  the  longitudinal  displacement  between  the 
slots.  The  discretization  introduces  a  periodic  array  of  slots,  which  is  known  as  aliasing. 
We  have  used  A kz  =  k/ 20,  which  corresponds  to  an  array  with  20A  between  the  slots.  The 
truncation  is  done  at  N  —  400  (kz  =  20A:),  which  is  at  a  fairly  high  value  of  the  spectral 
wavenumber.  This  is  necessary  due  to  the  broad  spectrum  of  the  transverse  slots. 


3  RESULTS 


The  antenna  of  Fig.  1  was  fabricated  in  order  to  perform  measurements  as  verification 
of  the  computations.  The  results  are  shown  in  Fig.  2.  The  two  30mm  x  3mm  slots  are 
centered  in  the  broad  wall  of  a  50.80mm  x  25.40mm  waveguide.  The  waveguide  wall  is 
1.625mm  thick  and  the  trough  size  is  45.8mm  x  23.5mm.  The  distance  between  the  slots, 
Zq,  is  16mm. 

The  solid  curve  in  Fig.  2  shows  the  computed  scattering  parameter  Sn  and  the  dashed 
curve  shows  £>12  ■  The  dotted  curves  show  measurements  of  all  four  scattering  parameters. 
The  agreement  between  the  computations  and  measurements  is  very  good. 
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4  CONCLUSION 


Transverse  slots  in  cylindrical  structures  were  analyzed  with  good  agreement  to  measured 
scattering  parameters.  The  considered  geometry  where  two  transverse  slots  radiate  from 
the  side  wall  of  a  trough  cannot  be  analyzed  with  the  conventional  infinite  ground  plane 
methods. 
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frequency 


Figure  2:  The  magnitude  in  dB  of  Sn  (solid)  and  S\2  (dashed)  for  the  waveguide  slot 
antenna  of  Fig.  1  with  two  transverse  slots  in  one  waveguide.  The  dotted  lines  show 
measurements  of  all  4  scattering  parameters. 
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Abstract 

Path-loss  in  indoor  environments  is  investigated  at  1.8  GHz,  using  a  power-law  model  where  the  exponent 
of  the  distance  is  the  descriptive  random  variable.  The  model  is  extremely  simple  and  easily  applicable  in 
practice  by  working  engineers  who  need  only  make  a  few  measurements  to  get  a  knowledge  of  path  loss 
sufficient  for  many  applications.  The  model  fits  well  experimental  data  in  various  environments  under 
different  propagation  conditions,  including  cross  polarization,  and  the  observed  behavior  of  the  exponent 
suggests  the  possibility  of  using  only  one  distribution  function  to  statistically  characterize  path  loss. 

1.  Introduction 

A  complete  channel  description  requires  a  good  knowledge  not  only  of  path  loss,  but  also  of  delay  spread, 
angle  of  arrival  distribution,  etc.  However,  in  many  engineering  applications  where  the  main  objective  is  to 
define  the  required  transmitted  power,  necessary  to  cover  a  specific  service  area  for  a  given  signal  to  noise 
ratio  of  the  received  signal,  a  simple  statistical  path  loss  model  is  a  useful  tool  which  allows  to  estimate  the 
fade  margins  with  which  a  system  must  operate  in  a  particular  indoor  environment.  The  model  investigated 
is  statistical  and  does  not  require  a  detailed  knowledge  of  environment  topography.  However,  its  application 
requires  of  measurements  in  order  to  get  the  statistical  parameters,  i.e.,  mean  and  standard  deviation,  to  be 
used  in  a  particular  propagation  environment.  The  descriptive  parameter  in  this  path  loss  model  is  the 
exponent  of  the  distance;  i.e.  the  received  power  can  be  expressed  as: 


where  Prad  is  the  radiated  power;  d,  the  distance  in  meters  between  transmitting  and  receiving  antennas, 
and  X  the  wavelength,  n  is  the  exponent  of  the  distance  and  is  assumed  a  random  variable  in  this  model.  In 
small  or  local  areas  a  few  wavelengths  in  radius,  n  varies  randomly,  its  mean  and  standard  deviation  being 
larger  at  distances  up  to  about  20 X  from  the  transmitting  antenna.  At  larger  distances,  the  local  means  tend 
to  be  nearly  constant  in  a  given  environment  under  the  same  propagation  conditions.  This  characteristic  in 
the  behavior  of  n  was  observed  for  various  propagation  conditions  in  different  buildings:  line-of-sight 
(LOS),  shadowing  (NLOS)  and  total  obstruction  between  the  transmitting  and  receiving  antennas  by  walls 
and  floors  (OBS),  and  suggests  that,  in  the  range  of  distances  encountered  in  indoor  communications,  only 
one  type  of  statistics  can  be  used  to  describe  path  loss. 

2.  Theory 

In  (1)  the  received  power,  Pr  can  be  assumed  random  and  expressed  as: 

(Pr)  =  Pr0(a„)  (2) 

Where  Pro  is  the  free  space  value  of  the  received  power  and  <aP  >  is  an  attenuation  (or  gain)  factor, 
dependent  on  propagation  mechanisms  which,  in  general,  are  not  possible  to  quantify  individually,  and 
include  directive  gains  of  antennas,  reflection,  diffraction,  etc.  The  bracket  notation  is  used  to  stress  the 
random  nature  of  the  variable.  From  (1)  it  can  be  seen  that: 
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is  the  excess  attenuation  referred  to  free  space  conditions.  Using  dB  form,  the  path  loss  can  now  be  written 
as: 


LdB  =  10(n)\og(d)  +  K 


where  K  is  the  free  space  attenuation  at  1  m.  The  value  of  n  can  be  obtained  directly  as: 


<">  = 


10\og(d) 


(4) 


(5) 


where,  in  actual  conditions,  Prad  is  known  and  the  samples  of  the  received  power,  <PR  >  are  obtained 
through  measurements  in  the  particular  environment.  The  model  given  by  equation  (4)  is  formally  equal  to 
other  models  previously  reported  in  the  literature  [1]-[3J,  the  main  difference  is  that  here,  the  exponent  of 
distance  is  treated  as  a  random  variable  and  no  further  variables  are  introduced,  nor  assumptions  made 
about  its  statistical  behavior. 


3.  Experimental  procedure 

Various  experiments  were  made  in  different  buildings  of  the  University  of  Cantabria,  Spain.  One  df  them,  of 
simple  geometry  with  open  areas  and  straight  aisles.  The  other,  of  complex  geometry,  with  narrow  aisles 
occasionally  curved,  and  with  numerous  obstructions  by  walls,  columns  and  furniture.  Measurement 
environments  were  chosen  for  well  differentiated  propagation  conditions:  line-of-sight  (LOS),  non  line  of 
sight  (NLOS),  mainly  shadowing,  and  total  obstruction  between  transmitter  and  receiver  (OBS). 
Additionally  the  effect  of  depolarization  was  also  measured.  All  experiments  were  made  with  a  10  dBm 
unmodulated  carrier  at  1.8  GHz  using  an  RF  signal  generator  as  transmitter  and  a  spectrum  analyzer  as 
receiver  at  distances  ranging  between  1  and  32  m.  Transmitting  and  receiving  antennas  were  A74  vertical 
monopoles  at  2  m  and  1.5  m  height  respectively.  A  7J2  ratable  dipole  was  also  used  for  reception,  thus  the 
copolar  and  crosspolar  powers  of  the  received  signal  could  be  easily  measured  at  the  same  sampling  points. 
The  measurement  procedure  was  mainly  manual,  and  devised  in  order  to  make  it  easily  applicable  in 
practice,  bearing  in  mind  that  it  is  essential  that  signal  measurements  should  be  made  in  a  manner  that 
permits  the  basic  parameters  to  be  extracted  with  an  appropriate  level  of  accuracy  [4].  Thus,  the  sampling 
interval,  i.e.  the  distance  between  individual  samples,  distance  between  local  areas,  and  minimum  number  of 
samples  per  local  area,  must  be  properly  defined.  An  empirical  approach  was  followed  with  this  purpose. 
Local  areas  were  defined  as  squares  of  maximum  area  of  1  m2,  with  a  minimum  separation  between  them  of 
20X  and  several  sets  of  measurements  were  taken  over  the  same  local  areas,  with  sampling  intervals  of  1, 
2.5  and  5  cm.  Differences  in  the  mean  received  power  were  within  ±1.5  dB  for  1  and  2.5  cm  intervals,  and 
in  the  order  of  ±5  dB  for  2.5  and  5  cm  intervals.  A  maximum  sampling  interval  of  2.5  cm  was  considered 
adequate  for  practical  purposes. 

In  order  to  establish  the  minimum  number  of  samples  required  per  local  area,  a  similar  approach  was 
followed.  Various  sets  of  measurements  were  made  over  the  same  local  areas  in  LOS  and  NLOS  conditions, 
taking  first  500  samples,  then  100  and  finally  several  sets  of  50  samples.  In  all  cases,  the  errors  in  the  mean 
values  of  the  exponent  were  less  than  5%,  and  of  7.5%  in  the  standard  deviations.  As  a  consequence,  a 
minimum  value  of  50  samples  per  local  area  was  considered  sufficient.  Such  figure  is  in  good  agreement 
with  the  criteria  suggested  by  other  authors  [5],  [6],  and  with  those  drawn  theoretically  [7].  The  distance 
between  samples,  as  well  as  the  number  of  samples  per  local  area,  results  in  a  very  simple  measurement 
procedure  to  be  used  by  practicing  engineers  who  need  to  make  only  a  few  measurements  in  order  to  extract 
the  basic  parameters  to  get  good  idea  of  path  loss  behavior,  and  who  do  not  need  to  have  a  deeper 
knowledge  of  channel  dynamics.  Such  knowledge  is  sufficient  in  many  practical  applications  where  the  main 
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objective  is  to  dimension  the  power  of  a  communications  system  and  provides  reliable  information  about  the 
fading  margins  required  in  a  practical  design. 

LOS  measurements  were  performed  in  corridors  and  open  areas,  at  distances  between  1  and  32  m.  NLOS, 
between  perpendicular  corridors,  corridors  into  open  areas  and  open  areas  partially  obstructed  by  clutter  at 
distances  up  to  25  m  and,  finally  OBS  measurements  were  made  with  the  transmitter  inside  a  closed  room 
and  the  receiver  in  separated  rooms  and  corridors  at  distances  up  to  18  m  from  the  obstructing  wall. 
Measurements  with  transmitter  and  receiver  in  different  floors  were  also  performed.  In  all  cases, 
transmission  was  vertically  polarized,  and  the  transmitter  kept  fixed  for  each  set  of  measurements  while 
moving  the  receiver.  Finally,  polarization  measurements  were  made  taking,  at  each  measurement  point,  two 
samples  of  the  received  power,  one  with  the  receiving  antenna  vertical  and  then,  rotating  it  to  an  horizontal 
position.  Measurements  were  made  in  73  local  areas  in  the  various  environments  and  for  the  propagation 
conditions  already  mentioned. 

4.  Statistics  of  the  exponent 

The  statistical  behavior  of  either  received  power,  envelope  amplitude,  or  path  loss  can  always  be  described 
by  unimodal  and  asymmetrical  probability  density  functions  (pdf),  and  it  is  assumed  that  the  statistics  of  the 
exponent  of  distance  should  behave  in  the  same  way.  However,  since  the  relationship  between  n  and  the 
power  is  not  linear,  the  function  that  best  describes  n  will  not,  necessarily  be  the  same  as  that  of  the  power, 
and  it  cannot  be  assumed  a  priori  that  n  will  follow  distributions  such  as  Rayleigh,  Rice  or  log-normal. 
Fitting  of  n  to  these  functions  was  investigated  with  acceptable  results,  however,  large  deviations  were 
observed  in  a  significant  number  of  cases,  particularly  at  the  tails.  Such  deviations  would  lead  to  very 
pessimistic  predictions  of  fade  margins,  unless  some  corrections  are  introduced.  Several  empirical 
corrections  were  attempted  to  obtain  better  fittings  to  actual  data,  however,  no  general  rule  was  found  for  a 
correction  that  worked  in  all  cases.  Therefore,  fitting  to  other  distributions  was  investigated,  in  particular 
gamma  [8],  Weibull  [9]  and  Nakagami  [10],  with  remarkably  better  results.  In  most  cases,  differences  in 
fitting  to  these  functions  were  only  marginal,  with  the  gamma  distribution  producing  smaller  errors  and 
higher  correlation  coefficients  between  the  theoretical  function  and  the  distribution  of  the  samples.  It  must 
be  said  that  the  particular  distribution  functions  used  to  fit  the  experimental  data  were  used  only  as 
mathematical  tools  capable  of  describing  the  exponent  behavior,  and  no  attempt  was  made  to  establish  a 
relationship  between  their  parameters  and  the  physical  process.  Fitting  of  data  to  probability  density 
functions  used  the  mean  and  standard  deviation  of  the  samples  as  input  variables;  the  resulting  cumulative 
distributions  (cdf)  being  easily  obtained  from  them.  Goodness  of  fit  was  measured  in  terms  of  the  rms  error 
in  pdfs  between  the  theoretical  function  and  experimental  data,  cdf s,  and  correlation  coefficients  in  each 
case.  Fitting  errors  with  gamma  distribution  were  in  the  order  of  0.025  to  0. 1  for  pdf  s,  and  between  0.01 
and  0.068  for  cdf s,  whereas  correlation  coefficients  were  between  0.75  and  0.99  for  pdfs  and  between 
0.975  and  0.9995  for  cdf  s.  Similar  figures  were  observed  with  Weibull  and  Nakagami  distributions. 

In  all  cases  investigated,  two  distinct  regions  of  exponent  behavior  can  be  identified.  At  distances  up  to 
about  20A,  from  the  transmitter  in  LOS  and  OBS  conditions,  and  from  the  scattering  edge  in  NLOS,  means 
and  standard  deviations  are  higher  and  decay,  approximately,  in  exponential  form  to  nearly  constant  values, 
with  small  fluctuations,  at  distances  greater  than,  approximately,  20X.  Typical  values  for  LOS  conditions  in 
corridors  are  shown  in  Table  1. 


Table  1 

In  the  near  region  (d  <  20X),  values  of  n  as  high  as  8.4  and  as  low  as  0.2  were  observed  in  local  areas  at  2 
m  distance,  with  standard  deviations  about  three  times  as  large  as  those  observed  in  the  distant  region  (d  > 
20A.),  where  maximum  and  minimum  values  of  n  were  4. 1  and  1.2  respectively.  The  terms  near  region  and 
distant  region  used  before  are  arbitrary,  and  not  necessarily  related  with  the  concepts  of  near  (induction) 
field  and  far  (Fraunhofer)  field  and  must  not  be  confused  with  them.  No  attempt  is  made  here  to  relate  the 
observed  multipath  effects  with  such  concepts.  It  can  be  said  that  the  measurements  made  at  distances 
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smaller  than  20X  from  the  transmitting  antenna  do  not  reflect  actual  propagation  conditions  in  large  area, 
and  from  a  practical  point  of  view,  if  values  of  the  exponent  in  this  region  are  considered,  a  pessimistic 
coverage  prediction  will  result.  However,  attention  must  be  paid  to  NLOS  (shadowing)  cases  where,  in  the 
vicinity  of  diffracting  comers,  the  received  power  follows  a  similar  behavior  than  that  in  the  neighborhood 
of  the  transmitting  antenna.  In  practical  situations  these  conditions  must  be  properly  evaluated  for  particular 
cases.  In  Table  II,  the  statistical  parameters  of  the  exponent  are  presented  for  the  various  experimental 
cases.  Such  values  correspond  to  samples  in  the  distant  region  defined  before. 

Table  2 

Mean  values  of  the  exponent  are  in  reasonable  agreement  with  those  reported  by  others  [11],  [12].  Standard 
deviations  are  environment-sensible,  being  higher  where  the  amount  of  furniture,  columns  and  objects  is 
larger.  This  effect  has  direct  consequences  on  the  fade  margin  as  can  be  seen  in  figure  1,  where  the  gamma 
cumulative  distribution  for  two  LOS  cases  in  corridors  in  different  buildings  is  shown.  The  mean  values  of 
the  exponent  are  almost  equal  (1.96  and  1.97),  however  the  standard  deviation  is  larger  in  building  1.  From 
the  figure  it  seems  clear  that  the  second  building  offers  better  LOS  propagation  conditions.  For  the  cases 
shown  in  figure  1,  99%  of  values  of  the  exponent  will  be  below  3.75  for  building  1,  and  below  2.6  for 
building  2  and,  for  a  distance  of,  say,  100  m,  the  excess  path  loss  with  respect  to  free  space  conditions  will 
be  22.8  dB  for  the  first  building  and  7.8  dB  for  the  second.  The  differences  in  the  expected  path  losses  in 
worst  conditions  (99%  of  values  of  the  exponent  in  this  example),  are  due  only  to  the  different  standard 
deviations,  since  mean  values  are  approximately  equal. 

Figure  I 

Similar  plots  can  be  produced  for  other  environments  and  propagation  conditions.  As  mentioned  before,  the 
gamma  distribution  function  fits  very  well  in  general,  to  experimental  data,  and  equation  (4)  can  be  easily 
used  to  describe  the  statistical  behavior.  Since  the  mean  value  of  the  exponent  is  assumed  constant  in  the 
range  of  distances  of  interest,  there  is  no  need  to  specifically  describe  the  large  area  behavior  with  this 
model.  Furthermore,  all  sets  of  samples  under  the  same  propagation  conditions  in  a  given  environment  can 
be  grouped  in  a  larger  set  whose  parameters  adequately  describe  the  path  loss  behavior.  A  remark  must  be 
made  for  the  case  of  total  obstruction  (OBS)  between  antennas:  a  total  obstacle  introduces  a  fixed 
attenuation  which,  in  general,  is  not  known  and  causes  that  the  exponent  after  the  obstacle  be  distance- 
dependent.  Such  dependence  has  not  been  found  significant  in  the  range  of  distances  of  the  experiments, 
except  at  short  distances  from  the  obstacle.  However,  in  this  situation,  the  following  expression  can  be  used 
for  the  exponent: 


n(d)  =  no  + 


Lobs 

10\og(d) 


(6) 


where  n(d)  is  the  mean  value  of  the  exponent  after  the  obstacle,  n0  is  its  value  in  the  region  before  the  obstacle.  Lobs 
is  the  mean  of  the  attenuation  introduced  by  the  obstacle,  and  d  is  the  distance  from  the  obstacle  to  the  measurement 
point.  Lobs  can  be  easily  obtained  with  the  above  expression,  through  measurements  in  the  regions  before  and  after 
the  obstacle. 

Polarization  effects  [13].  In  the  indoor  propagation  environment,  electromagnetic  waves  suffer 
depolarization  as  a  consequence  of  multiple  scattering.  The  amount  of  depolarization  was  measured,  as 
described  in  Section  3,  in  most  of  the  experiments  performed  in  building  2,  and  the  statistical  behavior  of 
the  exponent  for  copolar  and  crosspolar  components  analyzed.  The  results  are  resumed  in  Table  3  in  terms 
of  the  exponent  values,  as  well  as  path  loss  difference  between  copolar  and  crosspolar  components. 

Table  3 
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Values  in  Table  3  suggest  that  the  amount  of  depolarization  depends  strongly  on  clutter  in  the  environment, 
being  greater  when  LOS  and  OBS  conditions  prevail.  Crosspolar  components  can  also  be  characterized 
with  the  gamma  distribution  function,  and  it  is  interesting  to  notice  that,  in  the  experiments  performed, 
observed  standard  deviations  are  very  similar  for  copolar  and  crosspolar  components.  In  the  worst 
conditions  observed,  the  received  crosspolar  component  was  higher  than  the  copolar  in  about  35%  of  the 
samples,  which  strongly  suggests  the  convenience  of  polarization  diversity  in  such  in  such  circumstances. 

6.  Conclusions 

A  very  simple  model  in  which  the  exponent  of  distance  is  considered  a  random  variable  has  been 
investigated  to  statistically  characterize  path  loss  at  1.8  GHz  in  indoor  environments.  Such  model  can  be 
used  by  working  engineers  who,  through  a  few  measurements,  can  obtain  the  basic  information  needed  to 
estimate  the  power  budget  of  communications  systems  in  a  particular  environment,  and  who  do  not  require  a 
deeper  knowledge  of  channel  dynamics.  The  exponent  can  be  described  with  a  gamma  distribution  function 
through  which,  the  necessary  information  about  fading  can  be  extracted.  Since  the  behavior  of  the  exponent 
is  fairly  constant  in  large  areas,  only  one  distribution  function  is  necessary  to  characterize  it.  Polarization 
effects  were  also  measured  and  strong  depolarization  was  observed  in  cases  of  shadowing  (NLOS),  and 
total  obstruction  in  the  signal  path,  suggesting  the  convenience  of  polarization  diversity  in  such  cases. 
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Table  1.  Typical  values  of  the  exponent  (n)  and  its  standard  deviation  (<r„)  for  LOS  conditions  in  corridors. 


distance 

2 

4 

8 

16 

32 

n 

2.49 

2.21 

1.94 

1.96 

2.05 

a„ 

1.26 

0.46 

0.38 

Table  2.  Statistical  parameters  of  the  exponent  in  various  environments. 


Building  1 

Building  2 

Case 

1^1 

rimeui 

CI„ 

LOS 

Corridors 

1.96 

0.453 

1.97 

0.187 

2.05 

0.535 

2.07 

0.528 

NLOS 

Corridors 

3.1 

0.347 

Corridors  into  open  area 

2.6 

0.235 

Open  area  with  partitions 

3.79 

0.45 

OBS 

One  wall 

2.54 

0.53 

Three  walls 

4.35 

0.28 

Five  walls  +  stairs 

4.93 

0.54 

Adjacent  floors 

4.28 

0.286 

Table  3.  Statistical  parameters  of  exponent  and  path  loss  difference  for  copolar  and  crosspolar  components. 


Environment 

Polarization 

T-R 

Lh-v 

(dB) 

ctl 

(dB) 

LOS  -  Open  areas  and  aisles. 

V-V 

Ba 

Small  clutter. 

V-H 

mM 

15.6 

7.0 

NLOS  -  Open  areas.  Heavy  clutter 

V-V 

3.8 

fjfWB 

and  metallic  objects 

V-H 

4.38 

8.05 

4.25 

NLOS  -  Aisles  and  open  areas.  Mild 

V-V 

2.6 

obstructions 

V-H 

3.21 

6.6 

OBS  -  Thick  brick  walls 

V-V 

4.35 

V-H 

5.05 

■S9S 

6.6 

6.0 

OBS  -  Concrete  walls  and  areas 

V-V 

4.93 

■ 

mm 

with  heavy  clutter 

V-H 

5.03 

■ 

1.44 
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Figure  1.  Gamma  cumulative  distributions  for  LOS  conditions  in  corridors  in  two  different 
buildings. 
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I.  Abstract 


The  problem  of  a  herzian  dipole  in  the  presence  of  a  dielectric  sphere  is  solved  by  expanding  the  electromag¬ 
netic  field  in  the  vector  spherical  harmonics  and  imposing  the  appropriate  boundary  conditions.  The  solution  is 
generalized  to  a  N-layered  sphere.  The  algorithm  is  programmed  as  the  RAME  (Radiation  Analysis  by  Multipole 
Expansion)  code  by  means  of  Matlab.  Specific  choice  of  the  location  of  the  dipole  gives  short  computation  time. 
The  output  includes  near-  and  far-field  plots  and  efficiency.  The  results  have  been  compared  with  static  solutions 
when  applicable  and  good  agreement  was  found.  The  analysis  is  extended  to  the  arc  antenna  which  is  otherwise 
only  numerically  solvable.  The  theory  of  RAME  is  presented,  followed  by  results  for  testing  the  program.  Finally 
RAME  results  relevant  to  personal  communications  are  presented. 

II.  Theory,  Realization  and  Verification  of  RAME 


The  geometry  of  a  dipole  in  front  of  a  sphere  is  depicted  in  figure  1  .  Similar  problems  have  been  analyzed  in  [2] 
and  [3].  Both  authors  solve  the  problem  by  inserting  the  fields  radiated  by  the  dipole  in  free  space  and  solving  for 
the  scattered  fields.  They  both  deal  with  a  homogeneous  sphere  only.  In  the  present  work  the  source  is  inserted  as  a 
boundary  condition.  This  enables  straightforward  insertion  of  other  sources  and  multilayered  spheres.  In  RAME, 
the  electromagnetic  fields  are  expanded  in  the  vector  spherical  harmonics  [1].  The  source  is  expanded  in  the  same 
functions  and  the  appropriate  boundary  condition  is  imposed,  thus  creating  a  matrix  equation  for  the  coefficients 
of  the  fields.  Following  the  general  solution  to  the  Maxwell  equations  in  spherical  coordinates  ([1], 16.46) ,  the 
electromagnetic  fields  in  the  three  regions  are  given  by: 


~aEi{l,m)ji(kir)Xim  -\ — —  cjvri(^m)V  x  ji(kir)Xi„ 

1<KI 

Ei  =  Y\  x  3i{kir)Xim  +  aMi(l,m)ji(kir)Xi„ 

—  OJCi 


1  <«I 


Hi-  T  -aE2h{l,m)hl{kor)Xim  H — —aM2h{l,rn)V  x  hj(k0r)Xin 
lfi<Z 

-aEij(l,  m)ji(k0r)Xim  +  x  ji(k0r)X[n 

UfiQ 

E7=  Y]  —aE2h{l,  m)V  x  h}(kQr)Xim  +  aM2h{l,  m)hj  ( k0r)Xin 

-l^<l  U€° 

K!<I 

%  — 

+ - aE2j{l,m)V  x  ji(k0r)Xlm  +  aA/2j(/,  m^ffcor);^ 

U>£  o 

H3  =  -aE3{l,m)hl(k0r)Xim  +  aM3(l,m)'V  x  h}(k0r)Xln 


1<KL 


UflQ 


E3=  Y\  - ciE3(l,m)V  x  hf(k0r)Xim  +  aM3{i,‘m)hj(kQr)XiT7 

* — '  we  o 


1<KL 


Where  the  vector  spherical  harmonics  are  given  by: 

_  \/(/  —  m)(l  +  m  +  l)Vj  m4.i  (0,  <j>)  -f  \/{l  +  m)(l  —  m  +  l)T)|m-i  (0,  <t> ) 


Xlm{0A)-x 


2y/f[T+T) 


(1) 

(2) 


(3) 

(4) 

(5) 

(6) 
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xtm{9A)-y 


Xlm{OA)  z  = 


a/(/  -m)(l  +  rn  +  l)Yiit»+1(fl,  <j>)  -  ^/(l  +  rn)(l  -  m  +  l)V/,m-i  (fl,  <ft) 

2iy/WTi) 

mYim(9,  <f>) 

VWTTj 


The  Yim  are  the  scalar  spherical  harmonics  : 


(7) 


Ylm(0,<j>) 


Y  4? r  (l  +  m)rl  v  1 


(8) 


and  p™  are  the  associated  Legendre  polynomials,  jt  and  hj  are  the  spherical  Bessel  functions  and  spherical  Hankel 
functions  of  the  first  kind,  respectively  .  Note  that  one  has  to  pay  attention  when  making  use  of  the  expressions 
([1],  16.46),  since  they  are  only  valid  in  free  space  and  their  form  in  a  given  media  is  not  given  simply  by  replacing 
the  wave  number  in  free  space  with  the  relevant  wave  number  but  one  must  rewrite  the  expressions  so  that  they 
satisfy  the  Maxwell  equations. 

The  above  procedure  is  implemented  for  elementary  electric  and  magnetic  dipoles  as  well  as  for  an  arc  antenna, 
whereby  the  source  expansion  is  analytical.  For  a  radial  elementary  dipole  the  boundary  condition  is  derived  by 
extending  ([1],  16.73)  to  time  harmonic  dependence. 

For  an  electric  dipole  close  to  a  small  dielectric  sphere  ,  a  static  solution  is  valid.  The  simulation  results  for  this 
case  as  long  with  the  static  solution  are  shown  in  figure  3  and  very  good  agreement  is  found.  One  notices  from  the 
static  solution  that  the  radiated  power  of  the  L’th  multipole  is  singular  for 


ft 


-0  +  1). 
L  0 


(9) 


These  resonance  can  easily  be  seen  in  the  figure  4  where  lmax  =  5  and  therefor  only  5  resonance  are  seen.  These 
are  the  plasma  resonances. 

The  RAME  results  for  the  impedance  of  a  loop  antenna  in  free  space  are  compared  to  [5]  in  figure  5  and  very 
good  agreement  is  found. 

The  results  of  RAME  were  further  checked  for  many  different  problems  and  good  agreement  with  MAFIA 
was  found.  The  near  field  results  were  sometimes  slightly  different.  A  canonical  problem  was  defined  by  Luc 
Martens  [4],  as  follows.  An  homogeneous  dielectric  sphere  with  radius  a  =  10  cm  is  situated  at  the  center  of  the 
coordinate  system.  The  sphere  is  filled  with  brain  tissue  with  properties:  p  -  1.0510 3I<g/m3  f  =  900M Hz; 
er  —  43;  a  —  0.83 S/m.  An  elementary  herzian  dipole  source  is  placed  on  the  x-axis  at  x  =  11.5cm  and 
is  oriented  along  the  z-axis.  Since  again  the  far  field  results  showed  exact  correspondence,  only  the  near  field 
comparison  is  shown.  Fig  6  shows  the  comparison  between  RAME,  MAFIA  and  Luc  Marten's  analytical  results 
for  this  case.  Good  agreement  is  seen,  though  there  is  a  slight  difference  close  to  the  surface  of  the  sphere  away 
from  the  source.  RAME  has  been  further  generalized  to  include  a  multilayered  sphere  by  imposing  the  appropriate 
boundary  conditions,  see  fig  2. 


III.  Application  of  RAME  to  antennas  for  hand  held  mobile  telephones 


In  this  section  RAME  is  applied  to  antennas  for  hand  held  mobile  telephones,  the  source  is  situated  on  the  x-axis 
at  a;  =  12cm.  A  3-layered  model  was  used  ,  see  table  I : 

The  convergences  of  the  solutions  for  900  MHz  and  1800  MHz  are  depicted  in  figures  7  and  8  respectively.  It 
is  noted  that  the  convergence  is  much  faster  for  the  radiated  power,  (1=7),  while  the  loss  converges  slower  (1=20 
for  the  electric  and  magnetic  dipoles,  1=10  for  the  arc  antenna).  The  convergence  for  the  arc  antenna  is  faster,  this 
is  due  to  the  fact  that  its  series  representation  decays  much  faster  than  that  of  the  point  sources  which  are  delta 
functions  and  cover  the  whole  spherical  harmonics  spectra. 

The  near  field  results  in  terms  of  the  SAR  (Specific  Absorption  Rate)  are  seen  in  figures  9  and  10  for  for  900 
MHz  and  1800  MHz  respectively.  The  plots  are  normalized  to  the  maximum  value  for  each  source.  For  the  arc 
antenna  the  decay  of  the  field  into  the  head  is  slower.  A  peak  in  the  SAR  is  noticed  at  the  CSF  layer.  The  far 
field  plots  for  900  MHz  and  1 800  MHz  are  depicted  in  figures  1 1  and  12  respectively.  It  is  noted  that  the  magnetic 
source  is  much  less  influenced  by  the  head.  The  results  of  this  section  are  summarized  in  table  II.  The  highest  SAR 
is  found  for  the  electric  dipole.  It  is  also  seen  that  the  magnetic  source  could  theoretically  be  a  good  choice  at  900 
MHz  due  to  the  high  efficiency  compared  to  the  two  other  sources  investigated. 
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IV.  Conclusion 


An  analytical  algorithm  for  the  solution  of  Maxwell  Equations  in  a  multilayered  spherical  media  has  been 
derived  and  implemented  in  the  code  RAME  under  MATLAB.  The  program  was  successfully  tested  and  applied  to 
antennas  for  hand  held  mobile  telephones.  The  program  is  a  premium  design  tool  for  the  portable  radio  engineer, 
providing  the  radiation  characteristics  of  the  dipole  or  arc  antenna  in  the  presence  of  a  multilayered  spherical 
model  of  the  head.  Plots  of  radiation  patterns  as  well  as  plots  of  efficiency  as  a  function  of  different  parameters, 
ie.  frequency  or  distance  of  the  source  to  the  model  of  the  head  are  obtained  within  a  matter  of  a  few  minutes  on 
a  Sun  ultra- 1  workstation.  The  near-  and  far-field  results  presented  for  the  3-layered  head  model  are  of  important 
value  for  evaluating  the  user  -  mobile  interaction.  They  show  that  a  magnetic  antenna  has  advantage  in  terms  of 
electromagnetic  compatibility  at  900  MHz,  reducing  the  losses  by  a  factor  of  2  as  compared  to  the  electric  dipole. 
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Tissue 

Frequency 

[MHz] 

€r 

(T 

[S/m] 

P 

[\03  Kg/m3] 

m 

0.83 

1.04 

ku 

1.14 

121 

2.1 

1.01 

U 

mm 

Skull 

9.5  cm  <  r  <  10  cm 

900 

17 

0.25 

1.81 

1800 

16 

0.50 

TABLE  I 

Tissue  properties  for  the  layered  model  of  the  head 


Source 

Frequency 

[MHz] 

Total  power 
(normalized  to 
same  source 
in  free  space) 

Far  field 
Front-back 
ratio 
[dB] 

Efficiency 

[%i 

Maxima! 

SAR 

ptot=lW 

[W/Kg] 

Infinitesimal 
elec,  dipole 
(tangential) 

900 

0.710 

5.9 

32.6 

1.79 

1800 

0.838 

12.5 

66.3 

15.61 

Infinitesimal 
mag.  dipole 
(tangential) 

ism 

2.722 

wm 

67.4 

1.26 

1.658 

i.i 

66.8 

6.60 

Arc  antenna 
(tangential) 

900 

0.607 

5.8 

36.5 

0.61 

1800 

0.883 

13.5 

63.3 

8.69 

TABLE  II 

RAME  comparison  of  antennas  in  front  of  a  layered  spherical  model  of  the  head 
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Sinusoidal  current:  RAME  -  - ,  Vector  potential  solution  o 
Constant  current:  RAME  — ,  Vector  potential  solution  + 
Figure  5:  Radiation  resistance  of  a  circular  loop 
with  constant  and  with  sinusoidal  current  distributions, 
RAME  versus  the  vector  potential  solution 


electric  tangential  -  magnetic  tangential  arc  antenna  — 

Figure  7:  Convergence  of  the  RAME  solution  for  the 
layered  model  of  the  head  at  900  MHz 


RAME:  — ,  MAFIA:  +  ,  Luc  Martens:  o,  f  =  900 MHz 
Ri  =  10cm,  Rs  =  11.5cm,  ei  =  43,  m  -  I ,<ri  =  0.83 
Figure  6:  Near  field  comparison  for  the  canonical 
problem 


electric  tangential  -  -,  magnetic  tangential  arc  antenna  — 

Figure  8:  Convergence  of  the  RAME  solution  for  the 
layered  model  of  the  head  at  1800  MHz 


electric  tangential  -  magnetic  tangential  arc  antenna  — 

Figure  9:  SAR  inside  layered  model  of  the  head  at  900 
MHz 
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x-axis,  [cm] 

electric  tangential  -  magnetic  tangential  arc  antenna  — 
Figure  10:  SAR  inside  layered  model  of  the  head  at 
1800  MHz 

electric  tangential  -  magnetic  tangential  arc  antenna  — 


Figure  11:  Far  Field,  layered  model  of  the  head,  900 


MHz,  electric  field,  [dBi] 

electric  tangential  -  -,  magnetic  tangential  arc  antenna  — 


Figure  12:  Far  Field,  layered  model  of  the  head,  1800 
MHz,  electric  field,  [dBi] 
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Abstract 

This  paper  presents  a  phase  shifter  for  dielectric  waveguide.  Phase  shifting  is  achieved  by  varying  the  distance 
between  the  waveguide  and  a  block  of  dielectric.  By  calculating  the  propagation  constants  of  a  coupled 
dielectric  slab  waveguide  an  approximate  expression  for  the  phase  shift  is  given  and  is  shown  to  be  in  good 
agreement  with  experimental  results. 

INTRODUCTION 

There  has  been  a  renewed  interest  in  dielectric  guiding  structures  for  the  millimeter/submillimeter  range  in 
recent  years.  Automatic  vehicle  guidance  systems  and  other  radar  applications  all  require  low  loss  guiding 
structures  in  the  millimeter/submillimeter  range.  Waveguides  that  rely  on  metallic  planes  such  as  microstrip, 
coplanar  and  conventional  rectangular  waveguide  suffer  from  increased  losses  as  frequency  increases  due  to 
the  skin  effect  and  surface  roughness.  This  has  caused  interest  in  guiding  structures  that  do  not  require  any 
conductors  such  as  layered  ridge  dielectric  waveguide  [1]  and  dielectric  ribbon  waveguides  [2],  Furthermore, 
dielectric  waveguides  can  be  made  flexible  at  the  higher  frequency  ranges  making  them  ideally  suitable  for 
systems  that  require  some  movement.  However,  for  dielectric  structures  to  replace  guiding  structures  that  use 
conducting  planes,  waveguide  components  such  as  attenuators  and  phase  shifters  are  required.  This  paper 
presents  a  design  method  for  a  low  loss  phase  shifter  for  dielectric  waveguide. 

Existing  phase  shifters  for  dielectric  waveguide  [3-5]  use  a  conducting  plane  in  order  to  change  the  phase 
velocity  of  the  propagating  modes.  By  varying  the  distance  between  the  dielectric  waveguide  and  the 
conducting  plane  a  varying  phase  shift  is  achieved.  However,  as  we  shall  see,  metallic  plane  phase  shifters  can 
become  very  lossy  due  to  losses  in  the  image.  Furthermore,  resistive  losses  in  the  metallic  plane  will  increase 
with  at  least  the  square  root  of  frequency  due  to  the  skin  effect.  This  paper  will  present  a  low  loss  phase  shifter 
for  dielectric  waveguide  that  uses  an  arbitrary  piece  of  dielectric  placed  a  distance  2D  from  the  waveguide.  By 
varying  this  distance  the  phase  velocity  of  the  propagating  mode  is  changed  and  therefore  the  phase.  It  is 
shown  that  even  at  X  band,  phase  shifters  using  a  dielectric  as  the  phase  shifting  material  have  less  attenuation 
than  existing  metallic  plane  phase  shifters.  It  is  further  envisaged  that  the  difference  in  attenuation  at  higher 
frequencies  will  be  even  more  prominent  due  to  the  skin  effect. 

THEORY 

The  basic  configuration  of  the  phase  shifter  can  be  seen  in  Figure  1.  The  structure  consists  of  a  dielectric 
waveguide  with  cross  sectional  dimensions  2 a  by  2d  and  relative  permittivity  sa.  A  piece  of  dielectric  with 
cross  sectional  dimensions  2b  by  2d,  of  length  L  and  relative  permittivity  zb  is  situated  parallel  to  the 
waveguide  at  a  distance  2D.  Both  materials  are  assumed  loss  less  and  are  surrounded  by  loss  less  dry  air. 

The  phase  shift  of  this  structure  is  then  given  by 

®{2D)  =  [kz-k'z(2Dj\L  (1) 

where  k.is  the  longitudinal  propagation  constant  of  the  isolated  waveguide  and  k’z  is  the  propagation  constant 
of  the  coupled  dielectric  waveguide  which  is  formed  by  the  piece  of  dielectric  situated  a  distance  2D. 
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We  therefore  need  to  evaluate  the  function  k'p.D).  However,  accurate  evaluation  of  the  propagation  constants 
for  dielectric  waveguides  is  very  difficult  due  to  the  rectangular  geometry  of  the  problem.  We  therefore  use  the 
simple  effective  index  method  as  described  by  Chiang  [6],  Firstly,  we  solve  the  TE  (TM)  coupled  slab 
structure  exactly  in  a  method  similar  to  Marcuse  [7],  This  gives  us  an  effective  permittivity  f. ^(kjkjp.  We 
then  solve  a  TM  (TE)  slab  structure  of  width  2d  with  a  permittivity  The  propagation  constant  we  calculate 
for  this  second  structure  is  then  a  good  approximation  of  the  coupled  dielectric  waveguide  in  Figure  1 . 

If  k'z(2D)  is  known  then  the  phase  shift  in  equation  (1)  can  be  calculated  for  the  given  structure.  However,  the 
composite  structure  can  in  general  support  more  than  one  mode.  This  makes  phase  shift  calculations  more 
difficult  since  we  then  require  the  absolute  amplitude  of  all  of  the  modes.  Furthermore,  if  the  coupled  guide 
supports  two  modes  (an  odd  and  even)  then  depending  on  the  asymmetry  the  energy  will  transfer  back  and 
forth  between  the  main  waveguide  and  the  dielectric  with  a  beat  length  equal  to  L-n/[k^e)-k2(o)].  Where  k^e)  and 
&z(0)  are  the  propagation  constants  of  the  even  and  odd  modes,  respectively.  However,  if  the  dielectric  is  much 
smaller  than  the  waveguide  then  the  composite  structure  can  be  made  to  propagate  only  a  single  mode,  thereby 
preventing  the  energy  from  transferring  to  the  dielectric.  Furthermore,  radiation  and  reflection  from  the 
discontinuities  at  z=  0  and  z=L  are  reduced  if  the  dielectric  is  small  in  comparison  with  the  main  guide. 

RESULTS 

Figure  2(a)  shows  experimental  and  theoretical  results  for  a  dielectric  phase  shifter  operating  at  8  GHz  and  12 
GHz.  The  results  show  &  mode  solutions  for  a  PTFE  dielectric  waveguide  of  relative  permittivity  sa=2.07  [8] 
and  dimensions  2<?=10.9  mm  by  2d=22.9  mm.  The  phase  shifting  dielectric  is  also  PTFE  with  dimensions 
26=3.4  mm  by  2d-22.9  mm  and  is  of  length  L=180  mm. 

Figure  2(b)  shows  the  attenuation  of  this  structure.  As  can  be  seen  the  attenuation  is  less  than  1  dB  for  both 
frequencies.  If  the  phase  shifter  is  operated  for  2D>10  mm  then  the  attenuation  is  reduced  to  less  than  0.1  dB. 
This  will  of  course  reduce  the  maximum  phase  shift  to  less  than  20  degrees.  However,  if  the  longitudinal 
length  is  increased  then  from  equation  (1)  we  see  that  the  phase  shift  is  also  increased.  Furthermore,  increasing 
L  has  no  effect  on  the  attenuation  (assuming  the  dielectric  is  loss  less)  because  the  losses  are  only  due  to  the 
discontinuities  at  z= 0  and  z=L.  The  losses  can  be  decreased  further  if  the  b  dimension  of  the  dielectric  is 
reduced. 

For  the  purpose  of  comparison  a  phase  shifter  using  a  metallic  wall  in  place  of  the  dielectric  is  given  in  Figure 
3.  The  longitudinal  length  L  is  again  180  mm  and  results  for  both  8.0  GHz  and  12.0  GHz  are  given.  As  can  be 
seen  the  attenuation  for  the  metallic  phase  shifter  is  far  greater  than  that  of  the  dielectric,  especially  in  the  low 
frequency  case. 

CONCLUSIONS 

In  summary,  a  low  loss  phase  shifter  for  use  with  dielectric  waveguide  has  been  presented.  Phase  shifting  is 
achieved  by  using  a  movable  dielectric  block,  which  forms  an  asymmetrical  coupled  waveguide.  By 
introducing  the  appropriate  asymmetry  the  coupled  structure  remains  monomode,  thereby  eliminating 
coupling.  The  phase  shifter  has  been  shown  to  have  a  much  lower  insertion  loss  than  existing  phase  shifters 
that  rely  on  conducting  planes.  Furthermore,  the  phase  shifter  is  expected  to  far  outperform  metallic  phase 
shifters  at  higher  frequency  bands. 
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Figure  1 .  Geometry  of  dielectric  waveguide  phase  shifter. 
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Figure  2.  Phase  shift  (a)  and  attenuation  (b)  for  dielectric  phase  shifter.  2#=  10.9  mm,  26=3.4  mm,  2d=22.9 
mm,  1=180  mm  and  e=eb=2.07. 
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Attenuation:  dB  Phase  shift:  degrees 
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Figure  3.  Phase  shift  (a)  and  attenuation  (b)  for  metallic  wall  phase  shifter  of  length  1=180  mm. 
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ABSTRACT 

Microwave  signals  can  be  generated  by  the  photo-detection  of  multiple  optical  signals.  This  approach 
has  potential  for  the  generation  of  signals  having  characteristics  not  readily  obtainable  by  other  means, 
such  as  fast  tuning  over  multi-octave  ranges,  low  dispersion  and  non-linearity  penalties  in  millimetre- 
wave  over  fibre  transmission  and  compact  millimetre-wave  local  oscillator  generation.  Obtaining  the 
spectral  purity  required  for  practical  applications  is  however  a  significant  challenge.  This  paper 
describes  techniques  for  the  optical  synthesis  of  microwave  signals,  focusing  on  optical  heterodyne 
generation  techniques  and  including  recent  results  for  a  high  spectral  purity  optical  injection  phase 
lock  loop. 

1.  INTRODUCTION 

Quantum  efficient  depletion  layer  photodetectors  having  3dB  bandwidths  in  excess  of  100GHz  were 
first  reported  several  years  ago  [1].  For  operation  well  within  the  3dB  bandwidth  a  simple  current 
generator  model  for  the  photodiode  can  be  used.  Consider  two  monochromatic  optical  signals  having 
polarisation  matched  electric  fields 

E1=E1cos(©1r+01)  (1) 

and 

E2  =  E2cos{(Q2t+<p2 )  (2) 

where  co  is  the  signal  frequency  and  0  the  signal  phase.  For  co^  ~(02  and  perfect  wavefront  overlap 
the  photodiode  output  current  is  given  by 

i  <=c  £j  +  E2  +  2£j E2  cos  (tUj  -  co2  +  -  02 )  (3) 

Using  the  relationship 

E2=2^£  (4) 

A  K  J 

where  A  is  the  photodiode  area,  P  the  optical  power  and  Z0  the  characteristic  impedance  of  the 
medium  where  the  power  is  measured,  the  photodiode  current  can  be  written  as 
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I  =  R[P}+  P2  +  ^P\P2  cos (fi)j  - (Q2  +  01  -  02 )]  (5) 

where  R  is  the  photodiode  responsivity.  Note  that  a  signal  is  generated  at  the  difference  frequency 
between  the  two  optical  signals  and  that  the  microwave  power  generated  is  proportional  to  the  product 
of  the  powers  of  the  incident  optical  signals.  The  analysis  extends  naturally  to  multiple  frequency 
optical  inputs.  Note  also  that  the  spectral  purity  of  the  generated  signal  depends  on  the  correlation  of 
noise  between  the  two  inputs. 

In  this  paper  correlation  of  the  noise  by  optical  phase  lock  loop  will  be  considered  followed  by  a 
description  of  a  locking  technique  that  greatly  eases  the  realisability  of  systems  using  semiconductor 
lasers;  the  optical  injection  phase  lock  loop  (OIPLL).  A  conclusion  section  discusses  applications  of 
the  techniques  described  and  suggests  avenues  for  further  work. 

2.  OPTICAL  PHASE  LOCK  LOOP 

The  simplest  heterodyne  microwave  generation  scheme  would  comprise  two  polarisation  matched 
lasers  with  overlapped  wavefronts  incident  on  a  suitable  photodiode.  Laser  diode  pumped  Nd:  YAG 
lasers  have  been  used  in  this  way  and  can  offer  a  beat  linewidth  in  the  kHz  region  [2].  Tuning  is  by 
crystal  heating  and  PZT  applied  stress  giving  maximum  rates  of  order  1  GHz/ps.  Semiconductor 
lasers  can  offer  much  higher  tuning  rates,  >  100  GHz/ns,  and  are  less  bulky  and  expensive,  but  have 
much  wider  linewidths,  typically  in  the  3  MHz  -  50  MHz  range.  The  emission  frequency  is  also  a 
strong  function  of  temperature  and  current,  values  of  30  GHz/K  and  3  GHz/mA  being  typical  of 
distributed  feedback  (DFB)  lasers  operating  at  a  wavelength  of  1,550  nm.  Whilst  semiconductor 
lasers  can  be  stabilised  by  locking  their  frequency  to  a  cavity  resonator,  such  as  a  Fabry-Perot  etalon, 
the  system  is  complex  and  wideband  suppression  of  phase  noise  is  not  possible  [3].  Figure  1  shows 
an  alternative  technique,  the  optical  phase  lock  loop  (OPLL).  Samples  of  the  outputs  from  the  two 
lasers  are  combined,  photo-detected  and  the  resulting  heterodyne  signal  compared  with  a  microwave 
reference  to  derive  an  error  signal  which  controls  the  frequency  of  one  laser  to  lock  the  heterodyne 
frequency  to  the  supplied  reference. 

The  main  difficulty  in  implementing  OPLLs  arises  from  the  wide  linewidth  typical  of  semiconductor 
lasers  which  requires  a  very  wide  bandwidth,  short  propagation  delay  control  loop.  Figure  2  shows 
the  dependence  of  the  mean  time  to  cycle  slip  on  loop  propagation  delay  for  lasers  of  combined 
linewidth  8  MHz  [4].  It  is  clear  that  to  obtain  reliable  operation  delays  of  less  than  0.35  ns  are 
required,  corresponding  to  a  free  space  path  length  of  less  than  105  mm.  Considering  that  this 
includes  delay  in  both  optical  and  electronic  components  of  the  system  the  difficulties  in  OPLL 
construction  become  clear. 

Optical  injection  locking  (OIL),  in  which  light  from  a  modulated  master  laser  is  injected  into  a  slave 
laser  to  lock  its  output  frequency  [5],  does  not  present  the  loop  delay  restriction  and  the  level  of  phase 
noise  can  be  controlled  by  the  amount  of  light  injected  into  the  slave  laser  cavity.  However,  the  OIL 
locking  range  can  be  severely  reduced  due  to  instabilities  occurring  in  the  locking  process  above 
critical  levels  of  injection  [6]. 
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Figure  1 :  Optical  phase  lock  loop 
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Figure  2:  Mean  time  to  cycle  slip  as  a  function  of  loop  propagation  delay  for  first  and  second  order 
optical  phase  lock  loops. 


3.  OPTICAL  INJECTION  PHASE  LOCK  LOOP 

We  have  developed  a  new  loop  architecture,  combining  OPLL  and  OIL  techniques,  the  optical 
injection  phase-lock  loop  (OIPLL)  [7].  This  system  allows  low  phase  error  variance  to  be  achieved 
for  loops  using  wide  linewidth  lasers  and  having  significant  loop  propagation  delay,  offering 
improved  performance  over  either  OPLL  or  OIL  systems  used  individually.  An  experimental 
homodyne  OIPLL  using  lasers  of  summed  linewidth  36  MHz  achieved  a  phase  error  variance  of  less 
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than  0.006  rad2  in  measurement  bandwidth  500  MHz  and  had  a  stable  tuning  range  exceeding 
26  GHz,  limited  only  by  saturation  of  the  loop  filter  electronics  [8]. 


Figure  3  shows  an  experimental  heterodyne  OIPLL.  Part  of  the  light  emitted  by  the  master  laser  is 
injected  into  the  slave  laser  cavity.  The  other  part  is  combined  with  the  slave  laser  output  light  and 
photodetected.  The  resulting  electrical  signal  is  compared  with  the  microwave  reference  signal  in  the 
phase  detector.  The  loop  filter  includes  an  integration  stage  to  give  a  second  order  type  II  loop 
response. 


Phase 

Detector 


Figure  3  -  Heterodyne  OIPLL  experimental  set-up.  ML:  master  laser;  SL:  slave  laser;  I:  isolator;  H: 
half-wave  plate;  Q:  quarter-wave  plate;  PBS:  polarising  beam  splitter;  NBS:  non-polarising  beam 
splitter;  M:  mirror,  LSA:  lightwave  signal  analyser,  FPI,  Fabry-Perot  interferometer. 

The  reference  signal  is  also  used  to  modulate  the  master  laser  so  as  to  produce  FM  sidebands  at 
harmonics  of  the  reference  frequency.  The  slave  laser  can  be  locked  to  the  chosen  harmonic  by 
adjusting  its  bias  current.  Since  phase  comparison  takes  place  at  both  the  slave  laser  and  the  phase 
detector  an  adjustable  mirror  is  used  to  match  the  path  lengths  and  so  avoid  competition  between  the 
two  locking  processes. 

Figure  4  shows  the  detected  modulated  output  for  a  reference  frequency  of  8  GHz  and  lasers  of 
summed  linewidth  36  MHz.  The  noise  power  spectral  density  is  -94  dBc/Hz  at  10  kHz  offset,  within 
1  dB  of  the  phase  noise  level  of  the  microwave  synthesiser  used  as  a  reference  and  the  phase  error 
variance  is  0.003  rad2  in  a  bandwidth  of  100  MHz  (limited  by  lightwave  signal  analyser  noise  floor). 
The  hold-in  range  was  greater  than  24  GHz. 

Harmonic  locking  was  also  shown  to  be  possible  with  the  OIPLL  system.  Since  modulation  of  the 
master  laser  results  in  both  intensity  modulation  (IM)  and  frequency  modulation  (FM),  multiple  side 
frequencies  are  generated.  The  hold-in  range  was  4  GHz.  The  hold-in  range  is  lower  than  for 
fundamental  locking  because  the  injection  ratio  for  the  16  GHz  sideband  is  smaller  at  -37  dB  resulting 
in  reduced  loop  gain. 
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Figure  4:  Heterodyne  OIPLL  spectrum.  Injection  ratio:  -30  dB.  Span  =  200  MHz,  resolution 
bandwidth  =  3  kHz. 

In  contrast  an  OIL  system  using  the  same  conditions  had  a  stable  tuning  range  of  less  than  2  GHz  and 
it  was  not  possible  to  achieve  OPLL  operation  with  the  parameters  used  here. 

4.  CONCLUSIONS 

The  OIPLL  and  related  heterodyne  techniques  offer  several  attractions  in  microwave  over  fibre 
transmission  systems.  First,  it  is  possible  to  apply  baseband  modulation  to  one  of  the  laser  outputs 
only  and  then  combine  master  and  slave  laser  outputs  for  transmission  through  fibre.  This  enables  a 
modulator  of  modest  bandwidth  to  be  used,  with  the  up-conversion  to  the  required  microwave 
frequency  taking  place  at  the  receiver  photo-detector.  Further,  since  modulation  is  applied  to  one  laser 
output  only,  dispersion  effects  are  reduced,  since  they  affect  only  the  baseband  signal  for  narrow 
linewidth  sources.  Second,  where  the  heterodyne  frequency  and  laser  linewidths  are  substantially 
greater  than  the  Brillouin  linewidth  [9]  (20  MHz  at  a  wavelength  of  1 .55  Jim)  the  power  that  can  be 
launched  into  an  optical  fibre  link  can  be  raised  above  the  Brillouin  limit  for  a  conventionally 
modulated  system,  thus  allowing  an  improvement  in  received  signal  to  noise  ratio.  Third,  the  chirp 
characteristic  of  directly  modulated  sources  can  be  avoided  using  the  heterodyne  technique,  thus 
increasing  the  dispersion  limited  transmission  distance.  In  practice  the  main  limitation  comes  from  the 
dispersion  induced  decorrelation  of  the  phase  noise  on  the  two  laser  outputs  and  polarisation  mode 
dispersion  [10]. 

More  generally,  approaches  based  on  laser  heterodyning  can  be  used  for  signal  generation  at 
frequencies  limited  only  by  the  bandwidth  of  the  photodetector  used.  They  are  thus  attractive  for  local 
oscillator  generation  at  the  higher  millimetre-wave  frequencies  where  compact  and  efficient 
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conventional  electronic  sources  are  difficult  to  realise.  The  development  of  kHz  linewidth 
semiconductor  lasers  [11]  also  makes  practical  optical  heterodyne  swept  frequency  sources  of  tuning 
speed  and  range  much  greater  than  YIG  tuned  oscillators.  A  further  development  that  could  offer 
wide  bandwidth,  uniform  tuning  response  is  the  use  of  the  quantum  confined  Stark  effect  for 
semiconductor  laser  tuning  [12]. 

The  main  disadvantage  of  the  heterodyne  approach  using  semiconductor  lasers  is  its  complexity  and 
the  need  for  milli-Kelvin  precision  temperature  control  of  the  source  lasers  due  to  their  high 
temperature  tuning  sensitivity.  Work  by  Braun  et  al  [13]  on  the  integration  of  two  DBR  lasers  has 
produced  a  source  having  a  free  running  heterodyne  temperature  stability  of  better  than  10  MHz/K, 
offering  the  possibility  of  widespread  application  of  the  techniques  described  above  to  microwave  and 
millimetre-wave  systems. 
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Abstract 

This  paper  is  concerned  with  the  use  of  fiberoptic  links  in  millimeter  wave  systems. 
Two  approaches  are  discussed.  The  first  is  an  optically  fed  W-band  transceiver.  The 
second  describes  a  mode-locked  microchip  laser  to  be  used  in  optical  generation  and 
distribution  of  millimeter  wave  signals  in  wireless  communication. 

Introduction 

The  transmission  of  microwaves  over  fiber  is  now  a  common  practice.  Its 
advantages,  often  described  in  detail,  include  low  loss,  immunity  to  interference,  small 
size  and  weight.  However  the  transmission  of  millimeter  wave  signals  over  fiber  is  still 
in  the  experimental  stages  although  impressive  gains  have  been  recorded.  As 
communications  and  remote  sensing  applications  advance  to  higher  frequencies,  into  the 
millimeter  wave  region  of  the  spectra,  optical  transmission  of  these  signals  becomes 
more  desirable  because  conventional  techniques  such  as  coaxial  cables  and  waveguides 
are  more  problematic.  The  main  difficulty  in  producing  high  quality  millimeter  wave 
fiberoptic  links  has  been  the  optical  transmitters  and  receivers,  more  specifically  the 
modulators  and  detectors. 

Optical  transmitters  operating  in  the  microwave  region  employ  either  direct 
modulation  of  semiconductor  lasers  or  external  modulators  like  the  Mach-Zehnder 
interferometer.  However,  semiconductor  can  not  be  directly  modulated  at  millimeter 
waves,  because  their  relaxation  oscillation  frequencies  are  typically  limited  to  thirty 
GHz  or  lower.  Although  external  modulators  can  operate  in  the  millimeter  wave  range 
[1],  their  performance,  particularly  high  driving  voltage  and  insufficient  linearity,  poses 
problems. 

Optical  heterodyning  is  an  effective  alternate  way  of  generating  millimeter  waves 
[2j.  In  this  case  two  laser  lines  are  combined  in  a  high  speed  photodetector  generating  a 
millimeter  wave  beat  frequency.  If  one  of  the  laser  lines  is  tunable  then  the  resulting 
beat  frequency  is,  naturally,  variable.  Both  semiconductor  and  solid  state  lasers  can  be 
employed  in  heterodyning.  Another  technique  that  is  gaining  considerable  popularity  is 
injection  locking  [2]  or  mode-locking  lasers  [3].  Although  all  these  approaches  are 
continually  improving  and  in  many  instances  excellent  results  have  been  obtained,  the 
relative  complexity  of  these  techniques  is  of  concern  and  may  be  an  impediment  to 
many  applications. 

PIN  photodetectors  with  very  good  responsivity  up  to  the  40GHz  range  and 
beyond  are  commercially  available.  Traveling  wave  photodetectors  operating  in  the 
hundreds  of  GHz  have  been  demonstrated  in  several  laboratories  [4].  The  microwave 
HBT,  which  has  a  built  in  PIN  diode,  is  a  promising  detector,  with  gain  at  millimeter 
wave  frequencies  [5]. 

Use  of  alternate  components  and  techniques  is  usually  governed  by  the 
particular  application.  In  the  subsequent  sections  two  approaches,  emphasizing 
simplicity  and  reliance  on  established  microwave  methods,  will  be  presented. 
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Fiberoptic  link  for  a  YV-band  transceiver 

The  particular  application  of  concern  is  a  VV-band  Doppler  radar.  The  function 
of  the  optical  distribution  is  to  provide  a  transmitter  signal  as  well  as  a  local  oscillator 
signal  for  the  W-band  transmit/receive  (transceiver)  module  [6].  The  schematic  diagram 
of  the  system  is  depicted  in  Fig.l.  The  optical  link  is  configured  at  the  Ku-band 
frequency,  and  reliable,  low  cost  microwave  monolithic  integrated  circuits  (MMIC) 
frequency  multipliers  at  the  output  of  the  optical  link  obtain  the  required  millimeter  wave 
transmit  and  local  oscillator  signals.  For  the  radar  application  the  key  design  parameter 
is  the  phase  noise,  which  must  be  kept  to  a  minimum. 

Referring  to  Fig.  1,  the  optical  link  is  configured  to  be  compatible  with  the 
direct  frequency  synthesizer  which  provides  a  common  reference  signal  to  the 
transmitter,  and  to  the  receiver  local  oscillator.  On  the  transmit  side  the  Ku-band 
reference  signal  generated  by  the  synthesizer  is  transmitted  via  the  fiberoptic  link.  The 
received  optical  signal  is  detected,  amplified  multiplied  by  two,  amplified  again  and 
multiplied  by  three.  The  resultant  W-band  signal  is  once  more  amplified  and 
transmitted.  On  the  receiver  side  the  Ku-band  signal  is  amplified  and  multiplied  by 
three.  The  upconverted  Q-band  signal  is  raibharmonically  mixed  with  the  received 
signal.  The  design  and  performance  of  the  MMIC  chips  were  reported  earlier.  The 
system  can  change  frequencies  rapidly  since  no  phased  lock  loops  with  voltage 
controlled  oscillators  are  used. 

The  Ku-band  optical  link  comprises  of  commercially  available  components,  a 
solid  state  laser,  a  Mach-Zehnder  modulator  and  a  PIN  photodetector.  The  diode- 
pumped  solid-state  non-planar  YAG  ring  laser  provides  for  8-mW  output  power  at 
1319nm.  The  laser  was  coupled  to  a  Mach-Zehnder  modulator  with  a  half  wave 

modulator  voltage  (V^)  of  13.5  volts,  an  optical  loss  of  3.74dB,  and  a  modulation  loss 
of  3dB.  The  PIN  diode  photo  detector  employed  was  terminated  internally  with  an  ac 
coupled  50-ohm  resistor  for  matching.  The  measured  responsivity  was  0.45  A/W  at 
15-16  Ghz. 

The  externally  modulated  laser  system  was  chosen  for  its  low  noise  capability 
compared  to  a  direct  modulated  system.  This  system  reduced  the  relative  intensity  noise 
(RIN)  to  about  -135  dBc  at  1-MHz  offset  frequency.  The  noise  then  falls  off  to  within 
2dB  of  the  shot  noise  limit  for  offset  frequencies  greater  than  20MHz.  Since  the  offset 
frequency  is  Ku-band,  this  noise  is  insignificant. 

The  residual  phase  noise  of  the  optical  link  was  determined  using  a  low  noise 
source  consisting  of  a  640-MHz  crystal  output  signal  followeu  uy  a  step  recovery 
diode.  A  filter  was  fabricated  to  pick  the  24th  harmonic  for  Ku-band  output.  Fig.  2 
illustrates  the  measured  phase  noise  at  Ku  band.  The  noise  floor  is  -145dBm/Hz  and 
the  measured  signal  level  at  the  PIN  diode  optical  detector  is  -26.2dBm.  The  noise 
floor  is  then  -171.2dBm.  The  calculated  noise  floor  is  -172dBm/Hz  taking  into  account 
both  thermal  noise  and  shot  noise.  The  phase  noise  at  W-band  will  increase  20  log(6)  = 
15.6dB  over  the  Ku-band  phase  noise  due  to  the  multipliers. 

This  experiment  proves  that  a  proper  balance  between  the  optical  and  microwave 
components  can  lead  to  a  high  performance  system.  Specifically,  the  use  of  millimeter 
wave  domain  up  and  down  conversions  employing  MMICs.  a  mature  and  cost  effective 
technology,  can  significantly  reduce  the  requirements  on  the  fiberoptic  links. 

Millimeter  wave  signal  generation  with  a  microchip  laser 

Applications,  like  fiberoptic  feed  of  wireless  communications,  require  the 
generation  and  transmission  of  high  fidelity  millimeter  wave  carriers.  Diode  pumped 
solid  state  lasers  have  no  chirp  and  are  inherently  less  noisy  then  their  semiconductor 


-643- 


counterpart,  making  them  exceptionally  good  candidates  for  fiberoptic  communication 
links.  In  the  subsequent  paragraphs  we  describe  a  new  laser  which  has  two  novel 
attributes.  First,  the  host  material,  LiNbO,,  is  electrooptic,  which  means  that  it  can  be 
directly  modulated  for  mode  locking.  Second,  the  device  is  embedded  in  a  millimeter 
wave  cavity  which  enhances  interaction  between  the  crystal  and  the  microwave  field  and 
provides  for  compact  packaging  as  well. 

The  microchip  laser  was  fabricated  by  depositing  dielectric  mirrors  on  the 
surface  of  the  Neodymium  doped  Lithium  Niobate  (NdiLiNbOj  crystal  to  form  the 
optical  cavity.  The  length  of  the  laser  cavity,  3.48mm,  corresponds  to  a  round-trip  time 
of  50psec  yielding  an  axial  mode  spacing  of  20GHz.  Thus,  an  applied  microwave 
signal  at  20GHz  (or  its  multiples)  will  phase  lock  the  modes  thereby  generating  an 
optical  and  a  millimeter  wave  carrier. 

The  laser  was  mounted  in  the  gap  of  a  20GHz  reentrant  microwave  cavity  where 
most  of  the  electric  field  is  concentrated  [7],  and  the  driving  field  was  applied  along  the 
z  axis  in  order  to  effectively  interact  with  the  crystal.  The  pump  beam  from  a  laser 
diode  was  collimated  and  coupled  to  the  Nd:LiNbO-  laser  using  free-space  optics. 

The  output  signal  was  analyzed  in  the  optical,  time  and  microwave  domains. 
Optical  domain  measurements  revealed  six  modes,  20GHz  apart,  with  a  linewidth  of 
~30kHz  (or  -10-6  A).  Time  domain  measurements  showed  the  emergence  of  the  pulse 
train  when  the  microwave  field  locked  the  modes.  With  a  12.6dBm  microwave  signal 
applied  to  the  microwave  cavity  an  8.6dB  increase  of  the  peak  output  at  20GHz  is 
noted  on  the  spectrum  analyzer.  The  signal  becomes  very  stable  with  a  bandwidth  of  84 
kHz.  Furthermore,  the  microchip  laser  was  also  mode-locked  at  40GHz  which 
corresponds  to  the  second  harmonic  of  the  cavity.  With  an  input  microwave  power  of 
30dBm,  a  7.2dB  increase  in  the  millimeter  wave  signal  was  obtained,  as  depicted  in 
Fig.  5. 


A  maximum  of  95.6%  modulation  index  was  measured.  The  residual  phase 
noise  at  1kHz  offset  was  -llOdBc/Hz  and  the  amplitude  noise  was  less  than  - 
150dBc/Hz.  These  results  imply  that  this  particular  laser  source  can  meet  the  most 
stringent  noise  requirements  of  most  applications.  In  a  separate  experiment  the  output 
of  the  mode-locked  microchip  laser,  with  the  20GHz  modulation  envelope,  was  fed 
into  an  external  modulator  where  information  signals  were  superimposed  on  the  carrier 
v  cr;  lying  the  viability  of  the  method  for  communications. 

Theoretical  calculations  predicted  a  temperature  variation  of  -0.8MHz/°C  of 
the  output  implying  that  a  simple  temperature  controller  wotuu  provide  good 
stability.  Experimentation  proved  this  assertion  correct. 

A  few  comments  are  in  order: 

i.  this  technique  can  be  extended  to  higher  frequencies  by  properly  scaling  the 
dimensions  of  the  laser  and  the  reentrant  cavity.  In  fact  our  models  predict  that 
the  laser  should  work  as  well  or  better  at  frequencies  up  to  about  100GHz. 

ii.  the  simplicity  of  the  approach  signified  by  the  fact  that  only  four  tenninals  are 
needed  for  the  entire  packaged  unit:  two  optical  (one  for  pumping  and  one  for 
the  laser  output),  one  for  the  microwave  input  for  the  mode  locking  and  one  for 
the  temperature  controller. 
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iii.  employing  Erbium  doped  LiNbOi  lasing  and  mode-locking  can  be  achieved  at  the 
important  1.55pm  wavelength.  New  crystal  growing  and  processing  techniques 
are  reducing  the  cost  of  the  microchip  lasers. 

Summary 

Two  alternate  approaches  were  presented  for  millimeter  wave  fiberoptic  links.  The 
first  emphasized  the  proper  balance  between  millimeter  wave  and  optical  components 
to  achieve  good  results  at  a  moderate  cost.  The  second  approach  discussed  the  use  of 
mode-locked  microchip  lasers  in  millimeter  wave  applications. 
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Figure  1 .  W-Band  Optical  Link. 
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Figure  2.  Measured  Ku-Band  Phase  Noise  and  Projected  W-Band  Phase  Noise. 
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Figure  3  -  The  mode-locked  microchip  Nd:LiNbO?  microchip  laser.  The  laser  is 
mounted  in  the  gap  of  the  reentrant  microwave  cavity  where  the  driving  electric  field  is 
polarized  along  the  z-axis  of  the  crystal. 
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Figure  4  -  Microwave  spectrum  intensity  of  the  laser  output  at  20GHz. 


fa)  (b) 

Fiuure  5  -  Microwave  -pectrum  intensity  of  the  laser  output  at  40GHz  for  (a)  free- 
running  and  (b)  mode-locked  operation. 
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ABSTRACT 

This  contribution  reviews  a  number  of  aspects  relevant  for  interconnects  and  packaging  of  monolithic  integrated 
millimeter-wave  circuits,  possibly  combined  with  hybrid  or  even  waveguide  circuits.  Topics  are  packaging  and 
front-end  architecture,  package  materials,  and  standard  interconnects  to  microstrip  or  coplanar  MMIC's. 
Following  this,  a  special  interconnect  technique  based  on  electromagnetic  field  coupling  is  presented.  Finally,  as 
a  system  application,  the  front-end  of  a  77  GHz  automotive  radar  is  described. 

INTRODUCTION 

In  recent  years,  great  efforts  have  been  undertaken  to  develop  mm-wave  monolithic  integrated  circuits 
(MIMICs)  which  now  are  being  introduced  into  radar  [1],  [8]  and  communication  equipment  [2],  Especially  for 
low  cost  civil  systems,  however,  there  is  still  a  lack  of  suitable  and  affordable  techniques  for  interconnects  and 
packaging  of  MIMICs,  possibly  together  with  hybrid  integrated  circuits  or  even  waveguide.  Packaging  of  micro- 
and  mm-wave  MICs,  MMICs,  components  or  subsystems  has  to  provide  protection  against  mechanical  stress, 
environmental  loads  like  moisture  and  chemicals,  and,  in  some  cases,  against  electromagnetic  interferences 
(EMI).  In  addition,  the  complete  assembly  must  operate  in  a  wide  temperature  range,  and  it  must  allow  the 
removal  of  heat  generated  in  its  interior  [3]  -  [7],  Equally,  packaging  includes  interconnects  between  different 
circuits  (possibly  between  different  types  of  transmission  lines,  too),  feed-through  elements  into  and  out  of  the 
package,  choice  of  materials,  or  front-end  architecture.  With  increasing  mass  applications  like  phased  arrays  [4], 
[8]  or  traffic  applications  [1],  packages  have  to  be  fabricated  and  assembled  easily  and  quickly  based  on  reliable 
processes  at  reasonable  cost.  All  these  problems  are  increasingly  relevant  for  applications  at  mm-wave 
frequencies.  Therefore,  this  contribution  will  address  topics  like  front-end  architecture  for  mm-wave  circuits 
based  on  different  transmission  line  media,  package  materials,  and  different  techniques  for  circuit  interconnects 
and  feed-through  elements. 

PACKAGING  AND  FRONT-END  ARCHITECTURE 

While  at  lower  frequencies,  single  devices  or  single  MMICs  are  placed  into  a  package,  this  mostly  is  not  effective 
at  millimeter  wave  frequencies.  Even  a  single  MIMIC  is  no  longer  small  compared  to  wavelengths  resulting  in 
package  resonance  problems,  and  the  cumulating  effects  of  the  interconnects  from  the  MIMIC  to  the  package 
feed-through,  out  of  the  package  and  from  one  packaged  component  to  the  other  will  add  to  high  insertion  and 
return  losses.  Therefore,  carefully  designed  assemblies  of  MJMICs,  passive  components,  radiating  structures  and 
other  elements  have  to  be  combined  to  subsystems  or  "supercomponents“  and  will  be  placed  together  on  a  metal 
or  dielectric  carrier,  shielded  by  a  single  package  with  special  precautions  against  package  resonances.  The 
combination  of  components  will  be  determined  by  good  functionality,  short  interconnects  for  low  noise  figure  or 
low  loss  in  transmitter  power  paths,  low  number  of  package  feed-through  elements,  limitation  of  interferences 
between  single  components,  limitation  of  gain  within  one  package  (feedback  prevention),  sufficient  removal  of 
heat  generated  by  active  devices,  separation  of  power  and  low  noise  elements  etc.  Typical  topics  to  be 
considered  are  package  materials,  carrier  plate  material,  or  choice  of  transmission  line  types. 

PACKAGE  MATERIALS 

Metal  as  material  for  at  least  part  of  a  package  shows  optimal  properties  concerning  thermal  conductivity, 
electromagnetic  shielding,  mechanical  and  thermal  stability.  For  thermal  expansion,  best  match  to  semiconductor 
and  ceramic  materials  can  be  achieved  with  molybdenum,  tungsten,  or  special  composites  like  kovar.  These, 
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however,  exhibit  a  medium  thermal  conductivity  only  and  are  difficult  to  machine  and  therefore  expensive. 
Copper  tungsten  or  copper  molybdenum  provide  an  improved  thermal  conductivity  and  a  thermal  expansion 
coefficient  matched  to  semiconductor  materials  combined  with  high  stability.  Standard  metals  with  good 
electrical  and  thermal  conductivity  like  aluminium  or  brass  (mostly  plated  with  a  less  corrosive  layer),  are 
cheaper  for  these  applications,  but  special  precautions  have  to  be  taken  due  to  their  higher  thermal  expansion. 
Fabrication  of  metal  package  parts  may  be  done  using  standard  machining  procedures  or  injection  casting;  new 
techniques  like  metal  powder  sintering  and  metal  injection  moulding  may  pave  the  way  for  reduced  production 
cost. 

Ceramic  materials  are  applied  both  as  parts  of  the  package  as  well  as  for  substrates  carrying  RF  transmission 
lines.  To  this  end,  and  to  provide  electromagnetic  shielding,  these  materials  (partly)  have  to  be  metallized. 
Beryllia  (poisonous),  aluminium  nitride,  or  aluminium  silicon  carbide  show  best  thermal  conductivity  and  are 
therefore  applied  in  high  power  applications,  while  alumina  is  well  known  from  standard  microwave  applications. 
These  materials  show  a  low  thermal  expansion  sufficiently  matched  to  semiconductors.  Ceramic  parts  typically 
are  fabricated  from  fine  powder,  pressed  to  the  required  form  and  sintered  at  high  temperatures.  The  sintering 
leads  to  a  considerable  shrinking  of  the  dimensions  which  has  to  be  taken  into  account  during  the  design. 

In  some  applications,  even  quartz  [12]  with  its  relatively  low  dielectric  constant  or  silicon  which  can  be  formed 
with  micromachining  techniques  [13]  are  used. 

Plastic  materials  are  cheapest  in  material  and  production  cost;  pure  plastic  provides,  however,  a  number  of 
challenges  concerning  mechanical  and  thermal  stability  and  thermal  expansion.  Even  as  substrate  material,  PTFE 
is  enforced  by  fillings  like  glass  fiber  of  ceramic  powder.  At  lower  frequencies,  leadframes  are  used  as  stabilizing 
elements  [6],  As  a  relative  stable  material  for  packages,  polymers  with  special  fillings  of  ceramic  powder,  glass 
or  carbon  fibers  or  even  metal  powder  have  been  investigated  [5],  These  composite  materials  are  engineered  for 
high  stability  and  low  thermal  expansion,  they  can  withstand  temperatures  up  to  200°  C,  and  they  may  be  easily 
fabricated  employing  powder  or  metal  injection  techniques.  Metal  inserts  are  used  to  remove  heat  from  active 
areas.  Liquid  crystal  polymers  with  their  anisotropic  behaviour  may  be  of  interest  for  a  low  thermal  expansion  in 
one  plane  [5].  Special  care  has  to  be  taken  using  plastic  materials  with  respect  to  hermeticity;  in  most  cases,  a 
metallisation  will  be  used  to  keep  penetration  of  vapour  low  enough;  this  improves,  at  the  same  time,  the 
electromagnetic  shielding  of  the  package. 

PACKAGE  FEED-THROUGH  ELEMENTS 

A  package  feed-through  structure  has  to  provide  an  electrical  interconnect  into  or  out  of  the  package 
maintaining  a  good  seal  and  mechanical  as  well  as  thermal  stability.  With  increasing  frequencies,  the  width  of  a 
package  wall,  especially  in  conjunction  with  a  material  of  high  dielectric  constant  like  ceramic,  is  no  longer  small 
compared  to  wavelength.  Regarding  possible  discontinuities  of  the  interfaces  at  the  package  wall  edges,  strong 
reflections  may  occur,  and  some  compensation  has  to  be  included.  For  measurement  purposes,  coaxial  cables  and 
connector  systems  have  been  pushed  into  the  mm-wave  frequency  region.  Consequently,  efforts  are  made  to 
extend  these  systems  to  packaging  techniques.  The  coaxial  systems,  however,  require  very  stringent  tolerances  (a 
few  nm  only),  and  above  40  GHz,  they  pose  severe  problems  with  the  transition  to  planar  circuits  within  the 
package.  Using  planar  lines  on  a  carrier  substrate  serving,  at  the  same  time,  as  package  carrier,  the  lines  could 
easily  be  extended  out  of  the  package.  Suitable  compensating  and  matching  structures  have  to  be  included  to 
compensate  the  involved  discontinuities  [9],  [10],  In  addition,  attention  has  to  be  paid  to  possible  resonances  of 
the  feed-through  structure  [9],  For  a  compact  integration  of  microwave  and  mm-wave  front-ends,  multilayer 
structures  are  used  as  carrier  substrates  which  can  support  a  complex  interconnect  network  [6],  [19];  a  possible 
material  for  such  substrates  is  low  temperature  cofired  ceramic  (LTCC),  [20], 

CIRCUIT  INTERCONNECTS 

At  mm-wave  frequencies,  interconnects  between  different  MIMIC  chips  or  to  an  additional  substrate  with  either 
hybrid  circuits  or  interconnect  lines  behave  more  and  more  as  strong  discontinuities.  Dye  bonding  as  well  as  the 
interconnects  themselves  require  tight  tolerances,  but  in  spite  of  this,  the  respective  production  processes  should 
be  easy  and  low  cost.  Therefore,  the  choice  of  the  best  interconnect  technique,  a  good  model  for  the  microwave 
(and  possibly  thermal)  behaviour,  and  a  tolerance  oriented  optimisation  is  necessary.  Equivalent  circuit  models 
as  well  as  full  wave  calculations  of  different  types  of  interconnects  therefore  are  investigated. 
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A.  Galvanic  Interconnects  to  Microstrip  MMICs 

A  great  part  of  the  present  MMICs  are  based  on  microstrip.  Therefore,  an  interconnect  between  two  chips  or 
between  one  chip  and  a  hybrid  circuit  placed  side  by  side  is  of  great  importance.  Due  to  tolerances  in  chip  size, 
non-regular  edges  of  the  chips,  and  thermal  expansion,  some  gap  must  remain  between  the  two  substrates,  and 
the  bonding  structure  must  include  some  kind  of  loop.  This,  however,  leads  to  a  pronounced  low  pass  behaviour 
of  the  interconnect  (Fig.  1)  resulting  in  increased  difficulties  with  increasing  frequencies.  As  bonding  elements, 
one  or  two  wires  (at  the  edges  of  the  lines),  bond  tapes,  or  special  tapes  integrated  on  thin  dielectric  carriers 
(TAB:  tape  automated  bonding,  [7])  are  employed.  At  mm-wave  frequencies,  however,  some  compensation  of 
the  low  pass  performance  of  such  transitions  is  necessary.  One  proposal  is  based  on  a  theoretical  model  of  bond 
wire  interconnects  [14]  and  a  flexible  compensation  network.  Depending  on  the  gap  between  two  circuits,  the 
lateral  distance  between  two  bonds  is  modified  such  that  a  good  transmission  performance  is  maintained  [5],  Fig. 

1  The  distance  between  the  chips  is  monitored  by  a  camera,  and  by  a  suitable  algorithm,  bond  wire  positions  and 
loop  height  are  adjusted  and  controlled  automatically.  Up  to  100  GHz,  a  return  loss  of  better  than  20  dB  is 
predicted  theoretically  including  reasonable  ranges  of  gap  widths  as  well  as  dye  and  loop  bonding  tolerances. 

For  some  applications,  microstrip  MMICs  may  favourably  be  placed  on  top  of  a  carrier  substrate  using  coplanar 
interconnect  lines.  The  ground  planes  of  both  circuits  then  are  in  the  same  plane,  and  as  the  microstrip  substrate 
height  typically  is  relatively  small,  a  galvanic  interconnect  from  the  microstrip  line  to  the  coplanar  line  is  feasible. 
A  photograph  and  experimental  results  are  shown  in  Figs.  2  and  3. 

B,  Interconnects  for  Coplanar  MMIC's 

As  coplanar  circuits  are  gaining  increasing  interest,  great  efforts  are  done  developing  effective  interconnect 
techniques  for  this  type  of  transmission  line,  too.  Placing  two  coplanar  circuits  side  by  side  ends  up  in  even  more 
severe  problems  compared  to  microstrip,  as  the  ground  plane  has  to  be  bonded  together,  too  [15j.  Therefore, 
flip-chip  techniques  have  been  introduced  consisting  of  bumps  fabricated  (with  galvanic  processes)  on  top  of  the 
circuit  metallisation.  The  MMIC  -  or  even  a  single  device  like  a  FET  -  then  is  placed  top  down  and  bonded  to  an 
equivalent  coplanar  transmission  line  structure  on  a  carrier  substrate.  The  same  technique  can  be  used  to  remove 
the  heat  of  active  elements  via  bumps  placed  directly  at  the  FET  source  region  [8j.  The  height  of  the  bumps 
should  be  about  three  times  the  coplanar  slot  width  (or  equal  to  the  ground-to-ground  distance)  to  prevent 
interactions  with  the  carrier  substrate;  typical  values  are  30.. .75  m n.  At  mm-wave  frequencies,  some  concern  has 
to  be  made  about  the  inductance  of  the  bumps  [16],  but  in  any  case,  flip-chip  mounting  provides  an  effective  and 
economical  interconnect  technique  in  the  mm-wave  range  [2],  [15],  [17]. 

INTERCONNECTS  AND  FEED-THROUGH  ELEMENTS  USING  ELECTROMAGNETIC  FIELD 
COUPLING 

While  at  mm-wave  frequencies,  the  performance  of  standard  interconnects  is  deteriorating,  and  tolerance 
requirements  for  bonding  techniques  get  more  and  more  critical,  quarter-wave  structures  on  GaAs,  on  the  other 
hand,  for  electromagnetic  field  coupling  measure  only  a  few  tenths  of  a  mm  being  compatible  with  the  size  of 
MMICs.  Fig.  4  shows  some  possible  configurations  suitable  as  feed-through  elements.  Fig.  5  structures  for  chip 
interconnects. 

A  first  example  given  here  is  a  novel  transition  from  microstrip  to  waveguide  [11]  which  is  sketched  in  Fig.  6. 
From  the  microstrip  line,  the  power  is  fed  via  a  slot  to  a  patch  radiating  into  the  waveguide.  In  this  way,  no 
waveguide  structure  is  necessary  on  top  of  the  planar  circuit  which,  therefore,  can  extend  independently  of  the 
transition.  Results  around  75  GHz  for  two  transitions  placed  back  to  back,  connected  by  21  mm  of  microstrip 
line  are  given  in  Fig.  7.  Taking  into  account  a  microstrip  loss  of  0.8  dB/cm,  an  insertion  loss  of  about  0.3  dB  per 
transition  results  in  this  frequency  range.  A  second  example  is  a  transition  from  a  microstrip  line  on  a  MMIC  to  a 
carrier  substrate  with  a  coplanar  line.  The  microstrip  circuit  (chip)  must  have  a  gap  in  the  ground  metallisation  in 
the  coupling  area;  this,  however,  should  not  be  any  problem  as  some  back  side  structuring  is  done  anyway  to 
enable  dye  separation.  As  an  example  of  this  technique,  the  results  of  two  cascaded  transitions  from  a  coplanar 
line  on  a  carrier  substrate  to  a  microstrip  line  on  a  GaAs  substrate  (and  back)  with  electromagnetic  coupling 
(including  some  small  matching  structure  on  the  carrier  substrate)  is  presented  in  Fig.  8. 
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SYSTEM  EXAMPLE 


To  demonstrate  some  packaging  technologies,  a  76.5  GHz  automotive  radar  front-end  [1]  realized  within  a 
research  project  in  Germany  is  described  in  this  section.  Its  general  block  diagram  is  shown  in  Fig.  9.  In  this 
pulse  radar,  the  oscillator  based  on  a  38  GHz  voltage  controlled  oscillator  (VCO)  together  with  a  frequency 
doubler  serve  both  as  transmitter  and  local  oscillator  (LO).  To  enable  some  imaging  of  the  street  in  front  of  the 
car,  three  waveguide  feed  horns  for  three  different  antenna  beam  angles  alternatively  illuminate  a  dielectric  lens. 
All  circuits  are  realized  as  MBS/UCs,  placed  side  by  side  on  a  carrier  plate  made  from  a  plastic  compound.  The 
mm-wave  interconnects  are  done  by  compensated  bonds  [5],  the  transitions  from  microstrip  to  waveguide 
according  to  [11]  and  Fig.  6.  The  heat  generated  by  the  active  elements  is  removed  by  a  metal  insert  in  the 
carrier  plate.  A  photograph  of  this  arrangement  is  shown  in  Fig.  10. 
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Fig.  1 :  Microstrip  -  microstrip  bonding,  equivalent  circuit  and  compensated  bonding  interconnect. 
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Fig.  2:  Transition  from  a  microstrip  chip  to  a 
coplanar  line  on  a  carrier  substrate  (courtesy  of 
Daimler-Benz  Research  Institute,  Ulm). 


Fig.  3:  Return  and  transmission  loss  of  a  double 
transition  from  a  microstrip  chip  to  a  coplanar  line 
on  a  carrier  substrate  (courtesy  of  Daimler-Benz 
Research  Institute,  Ulm). 


Microstrip- 
coplanar  line 


Microstrip  line  - 
metal  waveguide 


Microstrip- 
microstrip  line 
via  slot 


Microstrip-  Micros  trip- 
copianar  line  microstrip  line 

via  slot 


Micros  trip- 
micros  trip  line 
direct 


Fig.  4:  Possible  configurations  for  feed-through 
structures  from  the  interior  of  a  package  to  the 
outside  using  electromagnetic  field  coupling. 


Fig.  5:  Possible  configurations  for  the 
electromagnetic  field  coupling  from  a  microstrip  line 
on  a  MMIC  to  a  carrier  substrate. 
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Fig.  6:  Patch-coupled  microstrip  to  waveguide 
transition. 


Fig.  7:  Return  and  insertion  loss  of  two  cascaded 
microstrip  to  waveguide  transitions  (Fig.  6)  placed 
back  to  back  and  connected  by  a  21  mm  microstrip 
line. 
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Fig.  8:  Scattering  parameters  of  two  cascaded  transitions  from  coplanar  line  to  microstrip  using  electromagnetic 
field  coupling. 
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Fig.  9:  Block  diagram  of  automotive  radar  front-end 
[1]. 


Fig.  10:  Photograph  of  automotive  radar  front-end 
[1]  (courtesy  of  Daimler-Benz  Aerospace,  Ulm). 
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ABSTRACT 

The  increase  demand  for  MMIC  based  systems  in  ISRAEL,  coupled  with  the  long 
lead  time  between  specification,  design  and  chip  fabrication/realization,  led  us  here  in 
ISRAEL  to  decide  and  build  a  National  MMIC  Foundry.  The  Fab  which  is  part  of 
ELTA  Electronics  Industries,  was  funded  both  by  ELTA  and  the  Government  of 
ISRAEL. 

The  4  year  project  started  in  1994  and  has  as  a  goal  to  achieve  a  list  of  different  device 
technology.  Several  processes  are  currently  being  developed,  among  them  are  the  0.5 
micron  Ion  Implantation  POWER  MESFET  and  0.25  micron  e_beam  lithography 
Power  P-HEMT 

The  ISRAELI  MMIC  fab  is  tailored  for  the  Companies  in  Israel.  The  FAB  has  750 
sq.-m  of  clean  room  class  100-1000,  capable  of  running  2000-3000  wafers  per  year. 
There  wasn’t  any  know-how  in  ELTA  or  Israel  of  MMIC  processes,  or  how  to  run  a 
MMIC  fab,  We  had  to  develop  everything  from  the  beginning. 

This  paper  will  review,  the  sequence  of  events  that  led  us  to  build  the  MMIC  FAB, 
our  first  MMIC  prototype,  type  of  equipment  we  use,  the  process  we  develop, 
examples  of  results  in  terms  of  design,  technology  and  measurements  will  be 
described. 

Obstacles  encounter  in  the  development  and  their  solutions  will  be  presented,  as  well 
as  unsolved  problems. 

INTRODUCTION 

In  order  to  start  an  MMIC  operation  in  Israel,  most  of  the  Microwave  system  houses 
joined  together  in  a  Consortium  of  seven  companies  including  ELTA.  Six  of  them  are 
learning  how  to  design  MMIC  according  to  ELTA  design  rule  book,  while  ELTA  has 
to  build  it’s  own  fabrication  facility. 

In  starting  a  new  GaAs  MMIC  fab,  one  has  to  consider  the  following  issues: 

•  Types  of  systems  to  be  produced. 

•  Types  of  MMIC’s  that  will  be  needed  to  satisfy  those  requirements? 

•  Are  the  fab  going  to  be  profitable? 

•  Should  it  be? 

•  Decide  about  the  technology  to  develop  for  the  active  element  -  Mesfet,  P-HEMT, 
or  HBT,  Gate  -  length,  Power,  Low-noise,  High  gain  or  Switch.  Passive  elements 
that  are  needed,  Via-holes,  Thinning,  etc. 

Taking  in  consideration  the  above,  a  decision  about  the  equipment  should  be  made, 
keeping  in  mind  all  the  process  steps  that  has  to  be  done. 

This  paper  will  go  through  all  these  consideration,  give  example  of  problem  and 
discuss  the  solutions. 
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DEFINITION  OF  PROCESSES 


From  system  point  of  view,  we  decided  to  develop  the  following  processes: 

•  0.5  micron  Power  Mesfet 

•  0.25  micron  Power  P-HEMT 

•  Schottkey  diode 

•  PIN  diode 

•  HBT 

The  first  process  is  double  selective  Ion  Implantation  with  contact  lithography. 

We  choose  a  process  of  gate  and  air-bridge  gold  plate-up,  because  of  similarity  to  the 
MIC  process  which  “run”  parallel  to  the  MMIC. 

We  try  to  keep  the  difference  between  processes  to  a  minimum  and  made  our 
P-HEMT  process  similar  to  the  MESFET  one  with  changes  only  in  the  necessary 
stages  of  gate  recess  and  deposition. 


Consideration  in  Equipment 

To  be  able  to  develop  all  the  above  processes  with  the  amount  of  wafers  per  year,  we 
do  need  automatic  equipment  only  for  specific  stages  in  the  process,  this  will  become 
clear  in 


Fig.  1 

MMIC  Infrastructrue 


GATE  METAL 
DEPOSITION 


Since  all  the  processes  have  to  pass  through  the  lithography,  the  lithography  step 
should  be  an  automatic  one. 


For  example:  processing  4  wafers  per  day,  in  a  process  cycle  of  two  weeks  long,  will 
put  40  wafers  per  day  through  the  lithography  and  only  4  wafers  per  day  through  the 
process  like  the  Thinning  Evaporation  or  the  Measurements. 

This  ratio  of  1:10  put  a  lot  of  pressure  on  the  lithography  to  be  accurate,  reliable,  with 
minimum  of  breakage  -  Operator  free  stations.  All  other  steps  can  be  manually 
handled,  with  an  automatic  process. 


Steps  in  Development 

The  following  steps  should  be  taken  in  order  for  the  fab  to  be  qualified: 

•  Definition  of  process  steps. 

•  Generate  layout  for  all  the  passive  and  active  elements. 

•  Define  the  layout  design-rules. 

•  Develop  all  the  process  steps  and  verify  repeatability. 

•  Generate  S-Parameters  and  electrical  models  for  both  the  passive  and  active 
elements. 

•  Verify  the  repeatability  of  the  process  through  the  electrical  model  and 
S-Parameters. 

•  Decide  about  automatic  connections  between  the  Layout  and  the  electrical 
model. 

•  Transfer  all  the  information  to  the  MMIC  Designer,  and  verify  that  the  loop  is 
working  without  any  loop-holes. 

•  A  decision  should  be  made  on  the  sequence  of  events:  First  to  develop  the  best 
performance  fet,  or  to  establish  a  stable  ground  and  confidence  between  the  fab 
and  the  designers  with  less  performance  fet?  Both  steps  should  be  done.  They 
cannot  be  done  together,  so  a  choice  has  to  be  made. 

Fig.  2  shows  an  example  of  the  Mesfet  that  was  developed  at  ELTA: 
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Fig  2. 


Problems  and  Solutions 

Developing  the  process,  we  run  into  different  types  of  problems.  Most  of  the  problems 
can  be  avoided,  using  the  right  equipment.  Entering  into  the  business  late,  mean  that 
our  equipment  is  more  advanced  and  we  might  have  less  problems.  Equipment  is  not 
everything,  good  manpower  is  crucial  for  the  success  of  the  operation. 

Running  wafers  we  started  to  have  problems. 

One  example  of  a  problem,  was  the  distribution  of  Idss  across  the  wafer.  Starting  to 
run  the  process,  we  knew  that  we  have  to  check  the  distribution  of  Idss,  but  nothing 
really  prepared  us  for  the  results  shown  here  in  Fig  3. 
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The  lack  of  any  correlation  between  the  points,  at  the  end  of  the  process  was  very 
discouraging.  This  graph  explain  how  difficult  it  is  to  find  the  source  of  the  problem. 
This  problem  can  arise  from  Ion-Implantation,  Anneal  process  or  the  gate  recess.  It  is 
very  difficult  to  decide  which  one  of  them  is  responsible  and  try  to  rectify  it. 

Fig.  4  shows  the  same  results  in  a  different  way,  using  MATLAB  to  connect  every 
point  to  it’s  corresponding  X-Y  position  on  the  wafer,  we  got  the  following  result: 


Fig  4. 


From  this  picture,  it  is  clear  that  we  have  a  smooth  change  in  value  of  Idss  from  the 
major  flat  to  the  opposite  side.  The  changes  are  very  smooth  and  can  easily  be 
attributed  to  problem  of  inhomogenious  in  the  recess.  One  can  imagine  the  operator 
hand  moving  the  wafer  in  and  out  from  the  acid  bath. 

Changing  the  recess  to  automatic  top  spray  with  tight  control  on  time  -  without 
changing  the  equipment  we  have  -  solved  the  problem  immediately 

Another  problem  that  we  faces  -  like  every  other  MMIC  fab  anywhere,  was  the 
e_beam  gate  and  recess  process  development.  It  is  very  difficult  to  view  the  PMMA 
using  SEM.  Knowing  the  result  of  the  “writing”  is  crucial  for  the  decision  whether  or 
not  to  keep  processing  the  wafer  as  well  as  understand  the  end  result.  It  is  impossible 
to  decide  using  an  optical  microscope. 

First  issue  involve  etching  down  to  the  right  plane  at  a  known  distance  from  the  2-D 
channel.  Using  a  stopping  layer,  we  believed  it  will  stop  at  this  plane  without  any 
problem. 
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ELTAMMICFAB 


Fig  5. 
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Fig  5.  Shows  how  does  a  stopping  layer  look  like  after  etching  and  how  the  plane 
really  look  like. 


Fig  6.  Shows  how  it  looks  after  we  “saw”  the  problem  and  fixed  it. 


Fig  6. 
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PG4-3a:  after  selective  recess 


Summary 


Building  the  Israeli  MMIC  fab  was  an  exciting  job,  today  we  are  facing  a  bigger  and 
more  challenging  task  of  polishing  the  processes  and  introducing  devices  into 
systems.  The  major  task  of  a  fab  is  establishing  good  connection  between  designers 
and  technology.  The  confidence  of  the  designers  in  the  process  is  crucial  for  the 
success  of  the  fab,  maintaining  the  process,  getting  repeatable  results,  will  serve  as  a 
positive  feedback  for  the  designers  and  the  system  engineers  in  their  decision  to 
introduce  the  MMIC  devices  into  their  systems. 
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IN  1964, 

HP  MADE  HIGH  QUALITY 
SPECTRUM  ANALYZERS 
AT  AN  AFFORDABLE  PRICE. 


TODAY, 

HP  STILL  PRODUCES  THE  BEST  QUALITY 
MICROWAVE  PRODUCTS  IN  MANY  CATEGORIES: 

★  VECTOR  NETWORK  ANALYZERS 

★  SCALAR  NETWORK  ANALYZERS 

★  MICROWAVE  SOURCES 

★  POWER  METERS 

★  SPECTRUM  ANALYZERS 

★  MICROWAVE  ACCESSORIES 

★  COMPUTER  AIDED  DESIGN 

★  EMC  SYSTEMS 
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